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=

cause distortion of the transmitted signal and result in the generation of
signals outside of the intended frequency channel or band. These unwanteq
distortion products are potential interfering sources to other radio users ang
must be reduced to a level where both systems can operate satisfacrorily,

In the case of a high power broadcast transmitter this requirement
becomes acute, as the distortion products, although many times smaller than

‘ the main output signal, may still be quite large in absolute terms and hence
cause interference.

Fortunately, radio frequency systems can employ filtering successfully
to reduce harmonic distortion compenents to an acceptable level (unlike
their audio-frequency counterparts). Thus transmitters radiating a single

| carrier signal with constant envelope modulation (such as an FM radio
| station) can be restricted to radiate only within their allocated bandwidth, by
means of filtering alone. Transmissions incorporating envelope variations

Harmanic

filter

NG

RF power

amp

L (including AM, SSB, and many filtered digital schemes) can still use filtering g
|‘| to eliminate harmonics, but will also produce intermodulation distortion (IMD) 3
\ | ‘ products close to the wanted channel and these cannot usually be eliminated 3 €&

by filtering.
| “ It is possible, therefore, to use highly nonlinear amplifiers to transmit
|| constant envelope modulation schemes and to rely on lowpass or bandpass
‘ filtering to remove the nnwanted harmonic distortion products (see Figures 1.1
IH and 1.2). The fidelity of the recovered audio signal will be unaffected by any
| amplitude nonlinearity within the radio frequency (RF) parts of either the

X

N

Ly 2
Band-pass
filter

|
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" Figure 1.1 Use of filtering to eliminate harmonic distortion components.
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Figure 1.2 Typical FM transmitter architecture.
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transmitter or the receiver. The greater efficiency’ and simplicity of highly
nonlinear amplifiers therefore renders them ideal for constant envelope
transmitter applications. >—

o
1.21 Linear Modulation Schemes 5
Linear modulation schemes can be defined as those in which information is 888 J%;'_;?

transmitted in both the amplitude and phase of the RF signal. The envelope
of the RF signal thus varies with time and hence must be preserved in order

a
to preserve the full information content of the original message signal. €5
Recent interest in linear modulation schemes has been fuelled by the need to 3 g
use the radio spectrum more efficiently, both for analog voice transmission s
(e.g., telephone conversations) and for data transmission.

~ Single-sideband is one popular choice for analog voice transmission Fa
and a number of technically advanced derivatives have been used, such as: ;m; §
ACSSB—amplitude companded single-sideband, and TTIB- transparent £ g‘

tone-in-band. Many data transmission schemes require both the amplitude
and phase of the RF signal to be preserved. Recent inrerest has been centered
around guradrature amplitude modulation (O AM) and guadrature phase shift keying
(OPSK) schemes with specific interest in 16-QAM and n/4-shift QPSK for
mobile radio systems.

The major drawback which prevented the early widespread adoption
of many linear modulation techniques (e.g., SSB) was the requirement for a
linear power amplifier in the transmitter (Figure 1.3). The traditional form of
RF linear amplifier has been a class-A or class-AB design and these are both
inefficient and not particularly linear. They are thus only suitable for certain
point-to-point forms of communication and are far from ideal for use in a
mobile radio environment, Battery life considerations restrict the use of such
amplifiers from an efficiency standpoint, and the near—far effects of mobile
propagation (Figure 1.4) can result in unacceptable levels of interference to
other users, due to their inherent levels of distortion.

The use of a true linear modulation scheme in a mobile environment
therefore requires a highly linear amplifier and hence, ideally, the use of some
form of linearisation technique, such as those described in this book. The
fact that spectrum efficiency is generally the major reason for employing 2
linear scheme means that the channel bandwidth is often narrow. The linear
amplifier in the transmitter may therefore only be required to operate over 2
small instantaneous bandwidth; however, that bandwidth could appear at

>,

=
Band-pass
filter

S

Local

Band-pass

filter

AF Source
and filtering
Y
SSB
Gen

Local
oscillator

! Efficiency may be defined in various ways and the assumption made in this statement is that
of DC supply to RF power conversion efficiency (see Section 1.3 for further details).

oscillator

Figure 1.3 Typical {traditional) linear transmitter architecture.
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Figure 1.4 Near-far effect encountered in a mobile environment.

Introduction 7

any point in the frequency allocation of the service. A broadband linearisa-
tion technique, such as feedforward or RF predistortion, is therefore not
fﬁqﬂ-ﬂfd (although either could be used, if desired). Cartesian loop and
adaptive predistortion are currently popular for this application, although
'LINC and EE&R may begin to challenge this view in the near future.

; Wider-band, quasi-linear schemes are also popular, such as direct-
sequence CDMA, and in such cases true wideband linearisation must be

f@ployed.

122 Multicarrier Amplifier Systems

The ability to amplify multiple channels simultaneously is a desirable, if not
‘essential characteristic of many systems. For example, successive satellite
rograms have, for many years, telied on travelling wave tube amplifiers
(TW‘TAS) as broadband multicarrier transmitters for the many traffic signals
involved in such systems. The linearity constraints in this case are such thata
class-A amplifier with suitable output back-off is quite adequate; inter-
‘modulation products in the order of 25 dB down on the wanted signals
‘are often sufficient. The principal problem with output back-off is that of
inefficiency: a back-off level of 10 dB means that an amplifier capable of 10
times the desired output power must be used. The power supplies, heatsinks
- and output devices must all be considerably larger than the actual output
power level might suggest.
il Curtent trends in satellite systems are, however, in the direction of
ncreasingly stringent linearity specifications and these may soon be similar
ﬁat}mse of terrestrial systems. This will place increasing importance on the
- lmearity and efficiency of this type of system.
;: - Since the degree of linearity necessary in the satellite field is generally
] 'mt Iarge (at present), a variety of simpler linearisation techniques have been
- 3pplied in order to reduce the level of output back-off required. Simple
‘ntermediate frequency (IF) predistorters [1] have been used and adaprive
5 techniques [2] employed, resulting in an improved efficiency for the
tall amplifier system. The goal in each case is principally that of efficiency
provement (and hence weight saving) and not linearity improvement as
i€h. The saving of weight on the satellite in turn yields huge savings in
3nch costs, and hence is very attractive to the satellite community.
The situation is very different for a mobile radio system, as efficiency
€ base station) is less important (although far from unimportant as will
ﬁﬁmansttated below), and absolute linearity is usually of much greater
ance. This difference arises because of the near—far effect encountered
bile propagation, and this is illustrated in Figure 1.4. The signal from
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Carrier 1

RF Power amplifier

RF Power amplifier

Frequency-selective
filter combiner

(a)

Figure 1.5 Low (b) and high (a) level combining for a mobile radio base-station.

the nearer base station (B1) is being blocked by the large building and hence
is greatly attenuated before reception by the mobile. A spurious signal
(intermodulation product, for example) from an adjacent-cell base station
(B2) could therefore be of an equivalent or greater strength as it may not
suffer the same attenuation. The intermodulation distortion spcciﬁcatio;:: ofa
cellular base station is therefore very tight, with the unwanted products
needing to be at least 60 dB lower (or more in many systems) than the main
signal output. This is true even if multi-path propagation is not present,
although multi-path will generally increase the number of locations at which
problems may be encountered. Thus, if a linear amplifier is to be used in a
cellular or PCN base station, the design of the linearisation system must be

Intraduction

Carrier 1

High-linearity
high-power
RF amp.

n-way, non frequency-.
selective power combiner

(b)

ered very carefully. Currently the most popular choice for this
band case is feedforward, with low-level broadband power combina-
employed at the input.

‘The configuration of a low-level combination system is shown in
1.5, where it is compared with the traditional approach of using a
sower combiner. The use of tuned power combination has many
ages, beside the inherent power loss, which occurs at the point
it can least be afforded, that is, at the output of the base station [3].
use of dynamic channel allocation is described below and such
s cannot easily be applied with a tuned combiner (often called a
). An alternative form of high-power combining, using high-
rid combiners, overcomes the frequency inflexibility disadvan-
cavity combining, but at the expense of significant combiner loss (3
pair of channels). The current interest in broadband linear amplifica-

S very great.
Iﬁl’ﬂtinatﬁer Modulation Formats

of multiple narrow-band carriers is emerging as a method for
litting very high bit-rate data without the need for an equaliser. The
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primary requirement for this rechnology, at present, is in digital broadcast
systems, such as digital audio broadcast (DAB) [4] and digital video broadcast
(DVB) [5]. These schemes utilise orthogonal frequency division multiplexing
(OFDM) as their modulation format and involve many hundreds (orin some
cases thousands) of individual carriers, such that each can be treated as an
individual signal within the coherence bandwidth of the channel. It is this use
of sufficiently narrow-band carriers which removes the need for an equaliser,

The carriers are, ideally, arranged in such a manner as to minimise the
required peak-to-mean ratio of the overall channel to be transmitted.
Without this encoding, theoretically the full peak-to-mean ratio of this
number of carriers would be presented to the transmitter. A very high
power, linear amplifier would then be required and this would almost
certainly be impossible to realise for any sensible level of mean power (in
a broadcast context). Fortunately, the statistical likelihood of this peak
power being reached is small and hence a degree of cli pping can be tolerated.
This fact is relied upon in many OFDM systems.

Multicarrier modulation has also been proposed for the same purpose
in narrower band systems, such as SMR (specialised mobile radio) in the
United States. One example uses six narrowband, linearly-modulated
carriers, employing 16-QAM on each, within a narrowband channel. This
is again designed to eliminate the requirement for an equaliser, but does, of
course, still require a linear transmitter— both for the multicatrier formart of
the modulation as well as for the amplitude and phase modulations inherent
in the use of 16-QAM on each carrier.

124 Dynamic Channel Allocation

The use of frequency synthesisers in the base station transceiver units of a
mobile radio system should allow an individual transceiver to operate on any
channel within the allocated system bandwidth. This should therefore permit
the distribution of channels within the entire network to be reallocated to
meet demand at various points during the day; this is known as dynamic
channel allocation [6,7]. At present, however, the use of tuned power
combiners in many systems (to reduce loss) places an additional restriction
on the frequency agility of the system. A given transceiver may only be used
within the set (narrow) bandwidth of the cavity resonator to which it is
connected. Alteration of the operational frequency of the transceiver
therefore not only requires reprogramming of the synthesiser but also
necessitates retuning of the cavity combiner. It is this particular operation
which often requires direct human intervention and hence greatly increases
the time taken and therefore the expense of the operation.

Introduetion n

The combiner manufacturers are attempting to flddress this p.roblern by
reloping remotely-tuneable combiners utilising czthf:r mechamcal' Servo-
r control systems or varactor diodes. Thl?: .tormer ‘ techmqufz is
byiously slow and has the potential for um.rt:]iablhty,‘ pamcglar{y given
. infrequent operation predicted for the s‘_vstcm. It will also increase the
ady considerable size of the combiner still further. _—
. The varactor-based systems [8,9] overcome the speefi and re]!ablyty
i blems of the mechanical system, but decrease the mrermodula'fmn
ormance of the combination process and restrict the power hand].lr{g.
arc thus removing arguably the two greatest strengths of the cavity
combination system, and no commercial high-power systems are currently
!:'i' to be in widespread use. - . .
» Both of the above variable tuning systems are lumtecl‘ in their
‘bandwidth of operation and could not hope to provide total flexibility. At
- ‘;ﬁst:hcy may provide a ‘stop-gap’ soluti_cn ip some systems but should
Itimately be replaced by broadband ampllﬁr:fjmon techniques. ‘ _
B The application of a broadband amplifier to a base station scenario
‘allows total flexibility. Not only can any transceiver be used‘on any channel
‘within the system bandwidth, but additional channels may simply be added,
ut significant modification to the system (assuming that the power
plifier rating is large enough). '
The system is, ideally, independent of the modulatdon scheme
loyed and should even permit a number of different sche{pes to be
d simultaneously at the same base station. This could be of consider-
benefit during the transition from an old system to a newer one, such as
the transition from the current GSM system to, for example, GSM
DGE. The financial savings which may thus be made have promp.ted
investment in research into broadband amplification

Power Efficiency

| Single-Carrier Applications

1ssue of power efficiency of amplifiers and modulation schemes has becn_
Subject of considerable debate, in particular between the advocates of
Stant envelope and linear modulation schemes, The use of class-C

tion has, for many years, been justified on the grounds of power
y and has of itself been used to justify the continued service of
ant envelope modulation schemes. For a constant envelope signal,
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there is no doubt that the efficiency of a class-C stage is very high compared
to the more traditional forms of linear amplification (class-A and class-AB);
however, what is perhaps more important is the issue of battery drain.

The increasing use of hand-portable equipment has focused attention
on methods of decreasing the size and weight of the handheld unit and
consequently on reducing the size and weight consumed by the battery. A
class-C stage in a unit utilising a constant envelope modulation scheme will
consume its full current from the battery no matter what level or form the
input signal takes. Thus, for a unit designed to transmit analog voice the
battery drain will be identical on the voice peaks as it is in the gaps between
words. By comparison, a unit designed around a linearised class-C module
(using a Cartesian loop, for example) and a linear modulation scheme, will
only draw a battery current corresponding to the level of the modulation
[10]. Thus, very little currenr will be drawn during the interword gaps and
the overall current drawn will be comparatively low, due to the low duty
cycle of normal speech.

The above is perhaps a rather simplistic argument, particularly as it
takes no account of companding on the voice signal, but serves to illustrate a
peint: when considering the efficiency of an amplifier, its raw CW (carrier
wave) efficiency is only part of the problem; the intended application must
also be considered. It is no longer the case that a linear amplifier is, almost by
definition, an inefficient amplifier, as many of the configurations described in
this book prove.

1.3.2 Multicarrier Applications

The use of linearised power amplification in 2 multicarrier application, such
as a cellular base station, can also lead to significant power savings, despite
the more modest efficiencies available from the high-linearity systems
required in this case.

Power efficiency is of prime importance in a base station PA, since both
capital and running costs are influenced by it. The requirement for air
conditioning (or otherwise) and its maintenance and running costs are an
additional drain on resources, over and above that required for the
equipment itself. With the increase in market penetration of mobile net-
works, it is predicted that 8 or 16 carrier base stations will be common and
even dominant in the future. The power consumption of a base station
amplifier resulting from using the techniques detailed in this book could be
roughly one-third (or less) of that of a conventional hybrid eombiner
amplifier solution (based on the ETSI GSM product developed by Wireless
Systems International Ltd. [11]). Across a complete network of around
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hase sites (based on a major EU country and a DCSI'SOU system), witlz
average supply requirement per site of 2.5 kW (dor‘mlnatcd l?y .the RF
, and based on 8 carriers with conventional combining), this leads to
wal power saving of 164 million kilowatt hours. Tlfljs would clearly havea
an,t impact on network running costs (apptaxlmétely £10M/anuu{;n).
‘The impact of this technology on future generations of communica-
setworks (e.g., 3G and GSM EDGE) is preaijctcd o bcT even more
i ":’;, since these will be using modulation formats _w_1th mhmfent
pe variations. The conventional approach of comblglng multiple
e carriers will therefore become significantly less lefﬁc}ent m.an was
med above. Coupled with this, the aumber of base sites is predicted to
ase in order to support a larger number of users and sigruﬁcm:_it]y greater
width demands (such as rapid data transfer or internet l{row?mg). Some_
predict that the required number will be roughly five times that of
tional DCS1800 nerwork (i.e. 50,000 for an EU country). Based on
. gures, the power consumption benefit across a network.ean now lead
wing of up to £150M/annum. This is clearly a substantial sum.

Base Station Example—GSM EDGE

EDGE is emerging as a ‘2.5G’ standard providing a relatively
orward upgrade path from current GSM networks._.N.iany of the
| parameters are the same or similar to those of GSM (unlike Fhose of
deband CDMA standard adopted for 3G) with the principal difference
the adoption of a filtered 8-PSK modulation format. The hltf:rlgg
ed to the modulation results in an envelope variation for the modulated
er, creating a 3.2 dB peak-to-average ratio (PAR). The consequence qf
for the amplifier is in the imposition of a linearity requirement. This
ity requirement is difficult to meet (particularly in a ptodljlctlon system,
wide temperature range) by a conventional unlinearised (but still
single-carrier power amplifier (SCPA). o

, most EDGE implementations will need a linearised power
, in order to achieve a reasonably sensible power efliciency, of
15% and 25% (for the amplifier alone). This is rather less than is
ed in some comparable GSM installations and hence the overall
ncy of an EDGE base station is likely to be less than that of a

ional GSM site.

Signal vector error (SVE) is also an important parameter for GSM
and is affected by the linearity of the power amplifier (in addition to
oscillator phase noise, and modulator accuracy). SVE requir_emcr‘lts
In some cases, place a more stringent requirement on amplifier linearity
s adjacent channel performance.
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Figure 1.6 Comparison of SCPA and MCPA approaches to an EDGE base station architecture.
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Figure 1.6 clearly shows the significant energy saving resulting from
adoption of an MCPA-based approach to an EDGE base station
iitecture, when compared to an SCPA-based approach employing
ve power combining. The figures shown can be considered as “worst-
?, since the SCPA efficiency figure used may be optimistic and the MCPA
ciency can probably be improved upon. In addition, this energy saving
not take into account the power consumption of the additional cooling
d in the SCPA based approach (for example, air conditioning).
the above argument assumes a passive combining network for the
CPA-based approach, even the use of spatial combining or frequency-
e combining (that is, lower loss combining) results in the MCPA
0 ch being at least as efficient. Thus the other benefits of, for example,
v low EVM degradation (< 0.1%), more efficient space and cooling
tion within the base site, and improved ACP around the carriers (that
carrier very easily meeting its individual mask) are all achieved for
‘The latter benefit greatly aids efficient spectral utilisation in congested
rks and hence can be particularly valuable in, for example, 900 MHz
ns. In addition, the use of frequency-selective combining places severe
rictions on the use and spacing of carrier frequencies within a base station
ntroduces additional mechanical or electro-mechanical tuning issues.
The use of linearisation in the form of multicarrier power amplification
station applications is therefore very desirable and is set to increase
atically in the future.

__ Tﬂﬂct of Nonlinearity on a W-CDMA System

new third-generation wideband CDMA (W-CDMA) standard places
Interesting constraints on the linearity of both the handset and base
transmitters [12]. The envelope variations inherent in the modulation
lead to an adjacent channel issue, in much the same way as for any
ind system —however, in the case of W-CDMA, this is generally an
for another network operator and not one of ‘self-interference’ as in
other mobile radio systems. Thus, to take the scenario to its extreme, a
perator could specify low-linearity equipment, with poor adjacent
petformance, and could still operate his network with little or no
ﬂf €apacity. A neighboring network operator (in frequency terms)
lowever, suffer a severe loss of capacity, particularly close to his
Site. An adjacent channel power (ACP) standard is therefore required
th the handset and the base station and this must be based on an overall
‘€apacity for all of the networks to be deployed and not just for a single
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Table 1.1

Adjacent channel power requirements for a 3G handset [13]
Frequency offset from Minimum Measurement
carrier Af requirement bandwidth
2.5-3.5 MHz —35-15*(Af-2.5) dBc 30 kHz (Note 1)
35-7.5 MHz —35-1*(Af-3.5) dBc 1 MHz (Notes 2 and 3)
7.5-8.5 MHz —39-10%Af-7.5) dBc 1 MHz (Notes 2 and 3)
8.5-12.56 MHz —49 dBe 1 MHz (Notes 2 and 3)
L
Notes:

1. The first and last measurement position with a 30 kHz filter is 2.515 MHz and 3.485 MHz.
2. The first and last measurement position with a 1 MHz filter is 4 MHz and 12 MHz.
3. The lower limit shall be —50 dBm/3.84 MHz or which ever is higher.

operator. At the present time, this has been set to the values outlined in
Table 1.1 (for handsets) [13]. A similar table exists for base station
equipment [14].

As the number of users on the 3G networks increase, it is possible that
improved linearity specifications will be required in order to realise the
necessary capacity. This will require cooperation between different network
operators and also the upgrading of equipment to a higher linearity standard.

1.5 Requirement for Linearity in Adaptive Antenna Systems

An adaptive antenna system may be deploved in a cellular network in order
to provide capacity enhancement without the need for further cell sites. The
available frequencies may be reused in a2 number of beams and these beams
steered to follow the required traffic pattern, so long as they are not required
to overlap, as serious co-channel interference would then result. As a
consequence of the operation of an adaptive antenna system, each of the
antenna elements must be capable of radiating all of the available channels
and the most obvious (and generally lowest cost) solution is therefore 2
multicarrier power amplifier for each array clement.

In this configuration, there are two effects of nonlinearity within the
amplifier on system performance:

1. Intermodulation distortion causes adjacent channel interference to
users in another cell, or even users served by another ‘beam’ in the
same cell.
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Table 1.2
Effect of intermodulation distortion on adaptive antenna performance [15]

la- Beamwidth Sidelobe Null Change in
(degrees) level depth null direction
(dB) (dB) (degrees)

1.7 —8.7 —35.7 9.9

133 —126 —~28.0 74

14.1 —15.0 —262 6.2

15.6 —214 —24.6 28

159 -231 —-25.8 1.7

16.4 —29.6 —425 0

2. Intermodulation products cause a degradation in the antenna
‘amplitude and phase weightings and hence a degradation in the
~ antenna beam pattern and null depth.

r effect has been studied and the results presented in [15]. The effect
t levels of intermodulation distortion on beamwidth, sidelobe
depth and the change in null direction were quantified by means of
- simulation and the results are summarised in Table 1.2. These

"he results clearly show that the sidelobe level of the array is degraded
levels of intermodulation distortion and that the change in null
also marked. This has implications for the array’s ability to reject
by steering nulls to reduce their effect.

IMD level of —75 dBc is also shown in Table 1.2 for reference
This shows that although most of the parameters approach
levels at —30 dBe IMD, null depth is still significantly affected
could have serious implications for system performance.

curious effect is also evident from Table 1.2, in that the null depth
improve as the IMD level degrades. This is reported to be due to
Dolph—Chebyshev weighting becoming distorted. All of the other
‘degrade, hence rendering this ‘benefit’ useless.

anisation of the Text

divided into eight chapters covering all aspects of linear radio
plifier design. The main sections may be summed up as follows:
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Introduction.

Distortion in Amplifiers. The concepts of noise and distortion in
both small and large signal amplifiers are covered including 2
discussion of the various distortion measurement techniques and
performance parameters. Amplifier modelling techniques are also
discussed.

RF Amplifier Design. All of the standard power and small-signal
RF amplifier classes are discussed, including various forms of
switching amplifier. They are compared in terms of linearity,
efficiency and operational characteristics. Biasing techniques and
affects are also covered in this chapter.

Feedback Linearisation Techniques. The use of feedback in
linearising various forms of radio frequency amplifier is dis-
cussed. The problems of stability in RF feedback systems are
highlighted and 2 method of overcoming some of these problems
is described in the form of modulation feedback systems. The
design of both polar and Cartesian loop systems is described and
practical results and problems are discussed.

Feedforward Linearisation. The recent resurgence of interest in
feedforward techniques for RF amplifier linearisation is due to their
inherent broadband properties and stability. The theory and
practice of feedforward systems is discussed for both RF and
microwave applications and the problems of temperature stability
and component ageing are highlighted.

Predistortion Linearisation. The use of RF, IF and baseband
predistortion is covered, including both adaptive and nonadaprive
schemes. The relative merits and applications of the various
techniques covered are also discussed.

Linear Transmitters Employing Signal Processing. This category
of linear power amplifier or transmitter technique requires the use
of baseband signal processing as a fundamental part of its opera-
tion. The resulting linear amplifiers and transmitters are generally
nartow-band and highly efficient (ar least in theory). Envelope
climination and restoration, LINC (LInear amplification using
Nonlinear Components) and LIST (LInear amplification using
Sampling Techniques) techniques are described.

Efficiency Boosting Systems. A number of ‘linearisation’ techni-
ques exist which are primarily intended to improve the efficiency of
an already linear amplifier. The theory and practical limitations of
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these techniques are examined and their success is gauged in terms
of both efficiency and linearity.
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scussion of amplifier linearity and of methods of ensuring that
maintained to a high degree, it is necessary to examine the nature
er distortion in all of its various forms and to establish techniques
mining its level accurately and simply.

o amplifier distortion has been of concern for very many years and
1ble design effort has resulted in its virtual elimination from modern
ty amplifiers. The feedback techniques conventionally used at
uencies are, however, not generally applicable to many radio-
v amplifiers due to problems of stability at high bandwidths and of
h gains in RF stages. As a result many RF amplifier designs need
s the compromise of linearity vs. efficiency. This chapter examines
us forms of RF amplifier distortion, together with some of the
methods of measurement and characterisation.

litude Distortion

amplifier would have a linear transfer characteristic, where the
itage would be a scalar multiple of the input voltage, that is,

Vnnrr(t) == K] [/m(f) (2‘1)

 the voltage gain of the amplifier. This situation is illustrated in

21
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A A
e — D —> >
@
Vou (D
Slope = K|
. Vald
(b)

Figure 2.1 Ideal amplifier (a) with a linear transfer characteristic (b).

The output waveshape from such an amplifier will be identical to that of the
input and no new (additional) frequency components will be introduced
either within or outside of the amplifier bandwidth.

221 Square-Law Characteristic

The simplest form of amplitude nonlinearity may be illustrated by the
addition of a second term to the transfer characteristic (2.1): a term
proportional to the square of the input voltage.

V() = Ky Vi(#) + Ko V5 (4) (2.2)

This form of transfer characteristic is referred to as second-order due ro the
power of two which has now been introduced. Figure 2.2 illustrates an
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example characteristic for the case where K; = 10 and K; = 2 and demon-
strates the effect of such a characteristic on a pure sinusoid in both the time
and frequency domains.

The larger the coefficient of the second-order term (Kj3), the more
curved the transfer characteristic will appear and hence the greater the
distortion of the input waveshape. Note that in the frequency domain a
second signal component has now appeared at twice the original frequency
(2f1) and this gives rise to the term second harmonic distortion used to describe
the form of nonlinear distortion introduced by the second-order term. Note
further that a DC term also results from the second-order term in the transfer
characteristic.

Examination of the amplitude of the second harmonic component
indicates that it will increase in proportion to the square of the input signal
(and also in proportion to the constant, K;). The amplitude of the
fundamental frequency component, however, will only increase in propor-
tion to the fundamental gain, K;. As a result, it is evident that the amplitude
of the second harmonic will increase at a greater rate than that of the
fundamental component. A point can thus be envisaged where the funda-
mental and second harmonic components are of equal level; the signal level
at which this would occur is termed the second-order intercept point, usually
expressed as a power in dBm. This may be quoted as either an input or an
output intercept point; the former is most commonly found in receiver
front-end specifications and the latter is the usual form for medium- and
high-power amplifiers.

The characteristics of the fundamental and second harmonic amplitude
levels, with varying input level, are shown in Figure 2.3 for the transfer
characteristic illustrated previously (K; =10 and K; =2). The latter parts of
the two characteristics are shown dotted since the input and output levels
required to obtain these parts of the characteristics in practice would be
impossible without destroying the device. In this example the second-order
(output) intercept point may be quoted as approximately 50 voits (+47 dBm
for a 5082 load), corresponding to the output signal level where the two
characteristics cfoss.

The advantage of using an intercept point to indicate the linearity
performance of an amplifier is that it is a fixed quantity from which the
distortion level at a particular operating point may be predicted. The
percentage of harmonic distortion which is generally specified in audio
amplifiers must he referenced to a particular output power level (usually the
maximum for which the amplifier is rated) and gives no indication of the
amplifier’s performance below that level. A compromise often adopted in RF
amplifiers is to de-rate them from their maximum power level, in order tO
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llustration of the second-arder intercept point of a nonlinear amplifier,

an improved distortion performance. It would be impossible to
the level of de-rating required from a percentage distortion
ent unless it was either tabulated or presented graphically.

lly, note that a second-order characteristic produces harmonic
tion, as outlined above, but does not produce in-band intermodulation
n (see below). This is an important distinction, in general, berween
tr and odd-order nonlinearities: even-order nonlinearities do not
> in-band intermodulation distortion.

Third-Order Characteristic

ferent set of problems occur if an amplifier has a third-order term
characteristic.

Vas!(’) = K! ['/:'f:(’*] + K3 Vi(t) (23)
cteristic is shown for K; =10 and K3= —3 in Figure 2.4, Note
Ioutput waveshape is now symmetrical above and below the
axis and that a term at three times the original input signal
has appeared in the spectrum, This signal is the third harmonic
xise to its description as third harmenic distortion. Note further that

ponent exists for third-order distortion unlike that present with
tder distortion.
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Figure 2.4 Transfer characteristic (a) and effect on a sinusoid in the time domain (b) and
frequency domain (c) of an amplifier with transfer characteristic:
Vourl ) =10V, (1) — 3V (1),
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1dB Compression Point

dB compression point of an amplifier refers to the output power level at
the amplifier’s transfer characteristic deviates from that of an ideal,
characteristic by 1 dB. The 1 dB compression point of the amplifier
d-order nonlinearity is illustrated in Figure 2.5.

further problem arises when considering two amplitude modulated
as the input signals, instead of the simple case of two unmodulated
nined previously. The amount of compression experienced by a
al will depend on the instantaneous level of the other signal being
. It is thus possible for the amplitude modulation appearing on one
to transfer to the other carrier and vice-versa. This problem is known
odulation and can be a major problem in AM receivers when they are
iith very strong signals, as well as in transmitters operating close to
n. This is described in more detail in Section 2.12.

lthough gain compression is obviously a problem for amplifiers with
_order nonlinearity, of greater concern are the intermodulation
ts appearing at 2f> — fi and 2f; — f5. These distortion products
in-band’ and hence will distort the desired waveshape of the original
rnal. Furthermore, since these products appear within the band of
is usually impossible to filter them our, unlike the harmonic
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1 dB compression point of an amplifier with a characteristic given by:
Vourlt) =10V, (1) — 3V3(2).
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products at 3f; and 3f;. For this reason advanced amplifier linearisation
techniques, such as those discussed in this book, are required in order 1o
secure their elimination.

2.2.2.2 Third-Order Intercept Point

A third-order intercept point may be defined in a similar manner to that of the
sccond-order intercept point examined above; however, the form of the
fundamental characteristic requires further explanation. The fundamental
and third-order characteristics of an amplifier with a transfer function of the
form shown in Figure 2.4 are shown in Figure 2.6. At low signal levels the
magnitude of the fundamental component increases almost linearly with
input signal level, however, it then begins to deviate from a linear
characteristic and eventually decreases again.

This result (Figure 2.6) may be explained as follows, Suppose the input
sinusoid is of the form:

V() = Vpsin(w?) (2.4)

This signal forms the input of an amplifier with a transfer characteristic:

I"]m(f) =10 V.;,,('T) = 31/&(“) (2'-5)
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Figure 2.6 lllustration of the third-order intereept point of a nonlinear amplifier,
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resulting output signal is thus:

17,,(2) = 10V sin(wr) — 3{ Vp sin(@z) (2.6)
h reduces to:
. W 3V .
V,u(?) =101 sin(@t) — Tsm(wl) + sin(3w7) (2.7)

irst term represents the linear amplification of the fundamental (input
) and the final term represents the third harmonic distortion. The
lle term gives rise to the unusual shape of the fundamental characteristic
= 2.6 as it causes partial cancellation of the fundamental due to it
g at the same frequency. The level of this cancelling signal is
rtional to the cube of the input signal amplitude and hence it can
have a significant effect on the level of the fundamental in the output

hus, in an amplifier where third-order distortion predominates, the
n characteristic of the fundamental must be extrapolated in order to
third-order intercept point. This is indicated by the dashed line in

; ‘wo-Tone Test
vo-tone test is an almost universally accepted method of assessing
linearity and can illustrate both amplitude and phase distortions
in an amplifier. The effect of the two-tone test is to vary the envelope
input signal throughout its complete range in order to test the
er over its whole transfer characreristic. It is thus arguably the most
test of an amplifier’s linearity performance, although it is being
d as a ‘standard’ test by alternative techniques more suited to
ng nonlinearities in digital modulation transmitters (e.g., white
multicarrier test signals).
Vhen viewed in the frequency domain, the spectrum of 2 two-tone test
shown in Figure 2.7. The individual signals are unmodulated
d if the test is carefully constructed, no other products should be
=nce within the band of interest (there will inevitably be some signals
the generators’ harmonics, but these should be small).

two-tone signal is viewed in the time domain, the envelope
can clearly be seen (Figure 2.8). The signal levels should be
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Figure 2.7 Two-tane test in the frequency domain.
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Figure 2.8 Tima domain representation of a two-tone test.

arranged such that the peak envelope power (PEP) from the two-tone signal
is equal to that of the full power rating at which the amplifier will be used
(which may or may not be the same as its maximum CW power rating). For
two unmodulated sinusoidal tones of equal level, the peak envelope power
of the resulting two-tone signal is 6 dB greater than the CW power in either
of the tones (the mean power being 3 dB higher than the CW power in either
tone).
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Two-Tone Test Applied to an Amplifier With a Second-Order
(Square-Law) Nonlinearity

two-tone test can be applied to an amplifier of the form discussed in
2.2.1. Each of the two tones will have a second harmonic and
al sum and difference frequencies will appear. These additional rones
cur at frequencies of: 5 — f; and 5 + f; and are known as second-order
odulation products since they are created by the |/ Z(#) term in the
characteristic.

In many RF applications, these distortion products are not significant
jr'-wi_ll occur out of the bandwidth of interest, many RF applications
bandwidths of less than one octave. Thus the harmonics and
nodulation products falling outside of this bandwidth can be filtered
he only penalty in this process being the insertion loss of the filter.

. square-law characteristic is often usefully applied in frequency
where the two ‘tones’ are formed by the local oscillator and
RF signal. A runed circuit or monolithic filter is then used to
the required upconverted or downconverted signal.

Two-Tone Test Applied to an Amplifier With a Third-Order
Nonlinearity

general case of distortion created by any order of nonlinearity when
1 with a two-tone input signal, new frequencies will be generated, as
e of the second-order nonlinearity discussed above, and these will
form:

Sim =mfy nfs (2.8)
j rmud n are positive integers (including zero) and 7+ is equal to the

of the distortion.
s for a third-order nonlinearity, the additional output frequencies

S =3

finz="3f2

Sims =2 ‘ffz (2.9)
Sims =51 + 2/

Jas =21 — Iz

Sws =51 — 2%

al tones will, of course, also appear amplified at the output.
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Figure 29 Spectrum of an amplifier with linear gain and a third-order nonlinearity.

Figure 2.9 shows these intermodulation products in the frequency
domain, along with the amplified tones. The amplified tones will again not
appear as large as would be expected from the linear gain portion of the
amplifier characteristic (that is, the 1077,(#) term in the example given in
Figure 2.4) due to the partial cancellation of each tone as described in
Section 2.2.2, This effect is termed compression and leads to a commonly used
specification of maximum output level for an amplifier, that of the 1 dB
compression point,

233 Higher-Order Nonlinearities

When applying a two-tone test to an amplifier exhibiting a number of orders
of nonlinearity, a large number of harmonics and intermodulation produets
are generated and these are all given by the general expression of (2.18).
Thus, if the amplifier contains nonlinearities up to and including a seventh-
order then » and » will run between () and 7 in that equation (provided, of
course, that m+un < 7), If the band of interest is fltered such that out-of-
band products are removed, then the remaining intermodulation products
will show the classic shape shown in Figure 2.10, for a well-behaved
nonlinearity.

The most commonly used measure of intermodulation distortion
(TMD) is the ratio of the largest intermodulation product to the amplitude
of one of the two tones (assuming that they are equal in level). For a class-A
amplifier, this will generally be in the range —30 dB to —35 dB. For most
semiconductor amplifiers, the largest IMD product (in-band) will be the
third-order product, although this is not always the case.
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0 In-band intermodulation spectrum of an amplifier with up to a seventh-order

Combined Effect of Harmonic and Intermodulation Distortion

lifier with all orders of distortion up to a seventh-order is supplied
 two-tone test and the out-of-band produets are not assumed to be
by filtering, the complete spectrum will be that shown in Figure
harmonic zones refer to the lowest order of nonlinearity which will
signal in that zone. Thus, for example, the second harmonic zone
ain products generated by a second-order nonlinearity (and above).

235 Effect of IMD on Carrier-to-Noise Ratio

t of IMD on a system also corrupted by noise will be to degrade the
oise ratio (CNR) from that arising due to noise alone. The IMD
may therefore be considered to add to the received noise level,
o in 2 new CNR level,
the IMD products can be considered noise-like in their properties
not true of CW carriers, but is true of most digital modulation
- and of multicarrier signals consisting of a large number of
carriers), then it is possible to provide a simple mechanism for
the degradation in CNR resulting from the addition of IMD.

esultant CNR ratio (in dB) for a system corrupted by both IMD

G
CINE pgqaes = CNR, — Iﬂlog(l +10 “’flﬂ) (2.10)

VR; is the intrinsic carrier-to-noise ratio (in dB), Cjp is the
between the carrier-to-interference ratio and the intrinsic CNR
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Figure 211 Complete frequency-domain response of a nonlinear amplifier supplied with a two-tone test input signal.
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hout any IMD); it is usually negative, implying thac the system noise
‘higher than the IMD ‘noise’ level. Thus, for example, if a multicarrier

nal requires a CNR of 18 dB per carrier (10 dB for the FM capture-
to operate satisfactorily and 8 dB to allow for a satellite channel fading
), then a carrier-to-interference ratio of >28 dB is required in order
e IMD to have a negligible effect (approximately 0.4 dB degradation).

Calculation of Intermodulation Distortion Ratio

1 Two-Tone Intermodulation

amplifier with a transfer characteristic given by:

V(1) = Kyoy(#) + Kol () 4+K5 [ (1)) (2.11)
ar [input signal of the form:
v,(1) = Ay cos(0y2) + A, cos(,¢) (2.12)

d an output signal containing both harmonic and intermodulation
(IMD) terms, as outlined in Section 2.3.5.
he intermodulation distortion ratio is defined as the ratio of the
le of the highest intermodulation product to the amplitude of one of
in the two-tone test. In the ideal case assumed above, with equal
Is for the two-tone test (i.e., A; = A;) and a simple polynomial
or the amplifier characteristic, the highest intermodulation products
rally be the third-order products and both will be equal in level.
this case, the intermodulation distortion power will vary as the cube

ut signal power, giving:

Pop = (KjpPy)’ (2.13)
ap i the power in a single third-order IMD product, Kjyp is a
tand P, = A%/Q is the power in one of the input signal components.
‘each change in input power of 1 dB, the IMD output power will
dB.

intermodulation distortion ratio at the output of the amplifier is

P
Ll (2.14)

P IMR = P
0,11
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where P, 41 is the output power in one of the wanted two output tones and
the two input tone amplitudes are the same.

Combining the above equations, and recalling that the power level of 2
wanted tone at the output of the amplifier is linearly proportional to its inpur
power, gives:

Ppyg = KeP7 (2.15)

where K¢ is a constant.

The input third-order intercept point, Ps,y; illustrated in Figure 2.6, is
the input power at which the IMD power (in the output spectrum) is equal
to the output power contributed by the linear term (K;.A,)” /2. It is
therefore possible to relate this quantity to the IMD ratio and the input
power, by realising that at the intercept point, the IMD ratio is unity (by
definition), and hence:

1=KiP} (2.16)

At this point, the input power from a single tone is then the input third-
order intercept point, Py, that is, Py = Ps,,, and (2.16) then becomes:

(2.17)

K — 1
€ P_’fm’

Therefore (2.15) becomes:

P, \2
Piyp = (P 1 ) (2.18)
rid

If the various values are expressed in dB, this expression may be simplified
further to become:

Pispas = 2(Py s — P gon) 2.19)

Thus, for example, an amplifier with an input intercept point of +30 dBm
and receiving a two-tone input level of () dBm per tone (6 dBm PEP), would
produce third-order intermodulation products:

Prapas = 2(0—30) = —60 dBc

that is, —60 dB with respect to the level of each tone. The same would be
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G, G, Gy G,
IP3, IP3, IP3, IP3,

212 Cascaded intercept point calculation.

an amplifier with an output intercept point of +30 dBm, when
g an output power level of 0 dBm per tone.

Cascaded Third-Order Intercept Point

ble to calculate the effective third-order intercept point of a cascade
ats (such as amplifiers, mixers) from the intercepr points of the
1 elements. This is useful in determining an approximate value for
ercept point of a complete receiver front-end or of a cascade of
r stages forming a power amplifier. The general situation is
in Figure 2.12.

e third-order intercept point of the complete amplifier chain is then

1
Y =T & o &%)
IP3, ' 1P3, | I3, 1P3,

each of the IP3 and gain terms is expressed in linear units (not dB),

G” = 10(-_,‘;5,(1”

(2.21)
IP3, = 10/PHal10

)portant not to forget about the intercept point units used initially, as

ill ‘usually be specified in dBm, hence producing an intercept point in

ts in linear units. Note also that the above intercept points are at the

each stage and that the overall result is therefore an input intercept

ect of a Driver Stage on Overall Amplifier IMD

ting to assume that the outpur IMD of an amplifier consisting of a
f two or more stages is approximately equal to the IMD from the
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lower than that of the final stage (i.e., IM3(Driver) —IM3(Final)
(2.22)). This results in an TM3 degradation of 1 dB for the output
he final stage, when the two stages are cascaded.

| final stage, assuming that each of the previous stages has some headroom in
driving the following stage. Unfortunately, the IMD produced by a driver
b ‘ stage can have a significant effect upon the overall IMD of the amplifier and
' ‘ henee the amount of ‘headroom’ allowed must be carefully considered,

Examining (2.20), it is clear that when the output intercept point of the
K driver stage is equal to the input intercept of the final stage (that is, if the
i1 stages were individually tested with low-distortion input signals, each would
! produce the same relative level of IMD), then the overall output IMD) leve}
|l will degrade by 3 dB. For example, if each of the stages individually (one
H| ‘ | driver and one output stage) was running at an IMD level of —30 dBc, then
| ' | the cascaded amplifier would produce an output IMD level of —27 dBe. This

can be expressed mathematically as:

nlinearity Measures for Multitone and Modulated

a number of standard measurements for determining the degree of
d signal energy added by a nonlinear device. The two-tone test has
vered extensively above and provides a good indication of the degree
rity present over the whole of the amplifier characteristic, under
1al conditions. Most modern systems are not, however, simple in
't and hence a number of other measures are required; these will be

| below.

M Diriver)—LM3(Ffnal
e e

| Degradation in IM3 (dB) = 101og [1 T

L where ‘IM3(Driver) and ‘IM3(Final)® refer to the relative third-order
| intermodulation levels of the driver and final stages in the (two-stage)
m |‘ amplifier and both are expressed in —dBc. This equation is illustrated in
h!l |I ;l Figure 2.13 for a representative range of refative IM3 levels.

' As an example, consider a driver amplifier with an output intercept
Il ‘ point which is 6 dB greater than the input intercept point of the final stage.
| U It will therefore produce third-order IMD, when tested independently, at

acent Channel Power Ratio

channel power ratio (ACPR) is a measure of the degree of signal
ng into adjacent channels, caused by nonlinearities in the power
It is defined as the power contained in a defined bandwidth (B;) at
offset (/) from the channel center frequency (f,), divided by the
in a defined bandwidth (B;) placed around the channel center
. The two bandwidths B; and B, need not be the same (and
are not for many current standards). The concept is tllustrated in

3.0
4.
| 2.0t
| g Noise Pawer Ratio
= 20r wer ratio (NPR) is 2 measure of the unwanted in-channel distortion
e - caused by the nonlinearity of the power amplifier. This can be
Mg- 1.5"
& B B
B 10} A > >
15)) ANV
8 E
0.5} a
E
<
pel— eeeee

0 2 4 & 8 10 32 A% 98 18 20
Difference in relative IM3 (IM3(driver) - IM3(final))

L1, f, Frequency

Figure 2.13 Degradation in IMD for a two-stage cascaded amplifier. 4 Adjacent channel power ratio.
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Amplitude

f:,, Frequency

Figure 2.15 Naise power ratio.

measured by extracting a portion of the input signal, using a notch filter, and
examining the level of distortion “filling in’ the space within the resulting
gap. Further details of this test are provided in Figure 2.15.

NPR is defined as the ratio between the noise power spectral density of
2 white noise signal passing through the amplifier, measured at the center of
the notch, to the noise power spectral density without the notch filter, where
the amplifier is driven at the same power level in each case. The concept is
illustrated in Figure 2.15.

253 Multitone Intermodulation Ratio

Multitone intermodulation ratio (M-IMR) is a measure of the effect of
nonlinearity on a multicarrier signal. This could be a multicarrier modula-
tion format (e.g., OFDM) or a multicarrier signal from, for example, a base-
station transmitter. It is defined as the ratio between the wanted tone power
(of one of the multiple tones) and the highest intermodulation tone power
just outside of the wanted band. The concept is illustrated in Figure 2.10.

M-IMR

Amplitude

f',,. Frequency

Figure 2.16 Multitone intermodulation ratio.
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Relationship Between Two-Tone IMD and Complex Signal IMD

‘on simple third-order modelling of an amplifier characteristic, it is
e to derive empirical relationships between the above complex-signal
seasures and their two-tone counterparts [1,2]. It is therefore possible
oximate the multitone or complex signal behavior of an amplifier
on only a simple two-tone measurement. This process has many
areas of inaccuracy, but it does serve to provide an approximate
of the desired response prior to more detailed measurements.

. The process is based upon Volterra- Weiner theories [3,4], which state
y third-order system may be completely characterised by a three-tone
Increasing the number of tones, therefore, will not yvield any further
rmation about the system and any additional effects seen in practice,
1 performing multitone testing, are due to the presence of higher-order

By examination of the statistics of a multitone signal with uncorrelated
s and greater than about 10 carriers, the central limit theorem indicates
resulting waveform tends toward a narrow-band noise excitation
e response of the system therefore approximates a noise power ratio
mination of a multicarrier signal utilising an analytical approach can
ore be used to derive approximate measures of the three complex-

IMD measures discussed above (ACPR, NPR, and M-IMR).

ed on the definitions below, the following equations may be

one 1'wo-tone intermodulation ratio (dBc)

Device third-order intercept point (dBm)

Mean output power from the device (dBm)

Number of tones

Adjacent channel product number (r = 1 for the first—
closest—IMD product)

Number of tones on one side of the ‘gap’, where one or more
tones is removed for NPR testing. For removal of a single tone
at the center of the band, b = f|(» — 1) /2], where /() extracts
the integer part of the expression in brackets (by rounding
down).

ACPR

ACPR-dBc - IMRg_mm —6 + 10 Iog( {223)

"
44+ B
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where

20 — 3 — Zﬂ+ mod(#/2)

$ow= 24 8

and

= # — mod(n/2)

B
4

Note that mod(x/[y) is defined as the remainder when x is divided by .

2542 NPR

"]
NPR g = IMRy_o0e — 6 + 10 log ( 4;+ D)

where

o (tﬂ)z_m-od{wm B (;;ﬁ 1)2

2 4 2
2
. mad[(iﬁ:— 1)/2] +bln—b—2)
and
e (r: —bh— 2) _ mod|[(n + b)/2] 4 (b — 1)
2 2 2
@ mod[(b+ 1) /2]
2
2543 M-IMR
72

where

e (r:; r) 2 mo‘d_[(.:—i— r)/2]

(2.24) F=(>37 *mOd[(#z+ = (231)

I of equations (2.23), (2.26), and (2.29), the relationship between the
e intermodulation ratio, IMRs..,qe, and the total zean output power,
_ rven by:

(2.25) <

- H_IMRE-mm:

Py +IP; + 3dB (2.32)

ional factor of 3 dB (when compar'c_d with (2.19)) arises from the
t (2.32) uses the average power of the output signal and not the
tone considered previously.

2.17 plots these characteristics, taking the same equivalent two-
level in each case (0 dB). This allows the relative level of each
: to be judged and indicates that ACPR is the closest to a two-tone
t, with NPR being the furthest from the two-tone case.

(2.26)

@2 Examples

er an unlinearised multicarrier power amplifier with a third-order
voint of + 60 dBm, which is required to amplify 16 carriers, each of

o

(2.28)"

2
(2.29) ! —
| f PR
_ —-me MM
48 12 16 20 24 28 32 96 40 44 48 52 56 60 64

Number of tones

7 Normalised relationship between the various nonlinearity measures for
multitone signals.
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1W (+30 dBm). Using this as an example, it is possible to predict (ang
compare) the three multicarrier IMD specifications outlined above (ACPR
NPR, and M-IMR).

iting for IMRa e from (2.35) above gives:

NPR g = 41.9 — 6.456
= 35.5 dBc (2.39)
2551 ACPR

Calculating the two intermediate values gives:

Ay =308 g the two intermediate values gives:
By, = 64 (2.33)
Ey =56 .
and hence: Fig =8 S
ACPR 5. = IMR ;.10 — 1.023 (2.34)
substituting for IMRy. gne from (2.32): MIMRgpe = IMRy. g — 5.593 (2.41)
IMRy e =2(IP;—P,.)+6 ing for IMR one from (2.35) above gives:
= 2[60 — (10log(16) + 30)] + 6 v MIMR gp. = 41.9 —5.593
= 41.9 dBc = 36.3 dBc (2.42)

where # is the number of carriers (16 in this example) and P,,,, is the per-
cartier power of the signal (+30 dBm in this example).
Therefore;

sis in no way represents a ‘worst-case’ for # carriers being
a single amplifier—the phases have been assumed to be
uniformly distributed and the nonlinearity has been assumed
' third-order. It can therefore be said to represent an ‘average’
odulation if a device were to be tested with a number of
ge number of times. It is therefore not a conservative estimate of
(or power rating), although it does serve to illustrate, in some
effect of multiple tones on a nonlinear amplifier. A more
e ‘rule-of-thumb’ often used in the absence of more rigorous

ACPR =419 —1.023

{ =40.9 dBc (2204

| 2552 NPR

‘ Calculating the two i di . or analysis, is to rate a multicarrier amplifier at a mean power
' SRS PR RS e gy 0 dB below its peak power rating, for a large number of
|
\I I Cyg =162 . applied to the carriers, specifically that involving a
' D=7 (2'-371' ce of phase modulation, may serve to create the ‘random’
i I ~assumed in this analysis, as a continuous feature.
1 ’| and hence:
| filt NPR g = IMR; e — 6.456 (2.38)
| ' |
|
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Table 2.1
Peak to mean ratios for some common modulation formats

26 Crest Factor and Crest Factor Reduction Techniques
26.1 Crest Factor Definition

There are a range of terms and often contradictory definitions for ‘crag
Jactor’, “peak factor’, “peak to average ratio’ and ‘peak to mean ratio’. Essentially
they are all methods of defining the statistics of a modulated signal in 5

on scheme Parameter Crest factor (dB)

manner which an amplifier designer can understand and interpret. The twg 16 nct:upfgd channels 105
definitions which have become standard are: 2 prcupiod;channels 1_1'1
64 occupied channels 12.2

Crest factor: the ratio of the peak to r.m.s. amplitude of a signal [5]

128 occupied channels 13.6

]j'(f” DAPSK (see Note 2)

CF (2.43) 2 =020 488

VISP 4 =025 455

a =030 423

Peak-to-mean ratio: the ratio of the peak power to r.m.s. power of a signal (for o =035 387

example, 6). Some typical values for common modulation formats are ¥ = 040 3.38

provided in Table 2.1. o — 050 an
: Peak Power i VI (see Note 3)

M= Average Power (244 a =020 6.03

0=025 5.92

Note that: 2 =030 5.66

o =035 5.40

PMR = CF? (2.43) o= 040 5.18

o = 050 4.94

26.2 Crest Factor Reduction for Multicarrier Signals E 8-PSK) 321

There are a range of techniques for reducing the crest factor (and hence by
implication the peak-to-average ratio) of a multicarrier signal and this can
have a significant impact upon the power rating required of a linear 0f
linearised power amplifier. This is a substantial (and highly mathemarical)
subject and a detailed treatment is beyond the scope of this book —however,
a brief summary of the primary techniques is appropriate. These techniques
involve either careful phasing of RF carriers to minimise the overall peak-t0-
mean ratio, coding of the modulation information in order to minimis®
signal transitions which increase the peak-to-mean ratio (e.g., those traver
sing the origin in the complex plane) or appropriate distribution (mappiﬂ&)_fr
of the required data across the carriers (e.g., in an OFDM system). C]carl.f.
not all techniques are appropriate to all systems and much of the work 1n this
area has been directed toward OFDM systems.

The primary methods include Shapiro—Rudin sequences [1,8], Golay codes

and CDMA parameters: chip-rate: 4.096Mchips/s, filter type: root-raised cosine,
.22. All channels occupied with statistically-independent pseudo-random data.
SK parameters: symbol rate: 24.3ksymbols/s, filter type: root-raised cosine,
-coding applied.

| parameters: symbol rate: 25ksymbols/s, filter type: root-raised cosine, no
g applied.

)GE: as per ETS| SMG2 technical document WPB 386/98.

imial-length sequences [11], Barker codes [12,13], Newman phases [14,5],
ses [15], block coding [16), selected mapping (6] and partial transmit
More recently, attention has turned to multicarrier CDMA and
n of peak-to-mean power in this type of system [18].
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Alternatively, the delay may be measured using a high-frequency
flloscope and by passing a sinusoidally modulated carrier through the
. under test (DUT). The envelope delay may be measured as illustrated
gure 2.20 and this should be constant as the modulating frequency is
‘The absolute value of envelope delay is given by:

2.7 Phase Distortion

Any deviation from perfect linearity of the amplitude transfer characteristic
of an amplifier will lead to distortion of the output waveshape. The same ig
also true of the phase characteristic for that amplifier, although the reasop
why is perhaps less obvious. A nonlinear phase characteristic will result if an
amplifier does not delay all frequency components within the input signal by
the same amount when they reach the output. The effect of such g
characteristic on a 1 kHz ‘squarewave’, comprised of only the first three
frequency components of its Fourier analysis, is shown in Figure 2.18.

The fundamental (1 kHz) has been delayed by 100 ps, the third
harmonic (3 kHz) by 200 ps and the fifth harmonic (5 kHz) by 300 ps; the
resultant waveshape bears little relation to that of the original squarewave,
Similar distortion is present in long cable runs, such as those of the public
switched telephone network (PSTN), and hence the use of direct baseband
data modulation on such systems is inadvisable (FSK or M-ary QAM
modems are more usual),

The relationship between time delay, T and phase shift, ¢ is:

G+ _ Ao
he= 2nAf

seconds (2.47)

A is the phase difference between the carrier and the modulation
d (in radians) and Af is the frequency difference between carrier and

ote that envelope delay and group delay are #o/ the same and are
ed in a different manner. The terms are frequently used interchange-
the error resulting from this is small in a narrow-band system,
care should be exercised to ensure that the correct term is used [19].

Practical Creation of a Multitone Test Signal

tion of 2 multitone test signal suitable to fully characterise the in-
rtion characteristics of a highly linear RF amplifier is 2 non-trivial
The distortion present on the test signal must be appreciably below
ated distortion level from the amplifier and this may prove
- if the amplifier is expected to perform to an IMD specification of
or better.
1¢ problem may be broken down into that of testing at RF and that of
g baseband information (such as when a complete transmitter is
). RF testing will be covered first.
OSt two-tone or multitone testing is performed with the aid of signal
s of some description, at least during the design phase. Modulated
m ‘real” system sources are usually only applied when satisfactory
nce of a prototype with either simulated or CW signals has been
Most laboratory signal generators contain power-levelling diodes
¥ close to their RF output port(s) and any signal energy leaking
€ power combiner (combining the various signal sources) will
rmodulation to occur in this diode. This will occur at the output of
! generator, resulting in a distorted output signal from the power
ee Figure 2.21). The level of this distortion will vary with the
cnerator employed, the isolation of the power combiner and the
tput level, However as a ‘rule of thumb’ a distortion level in the
50-55 dBc will result from a two-tone test, employing commer-

_ ¢ :
=5 (2.46)

where f'is the fundamental frequency of the waveform and @ is in radians.
The time delay will be identical for all frequency components making up 2
complex waveform, if the phase-shift increases in proportion to the
frequency. Thus it is the time delay imposed by the amplifier, and not its
phase-shift, which must remain constant over the bandwidth of interest, t0
climinate distortion of the waveshape.

If these ideas are extended to an amplifier operating at radio frequency,
then it is the modulating signal’s waveshape which must be preserved. Asaf
example, consider the three-frequency ‘squarewave” used above. If it is uSﬂd
to amplitude modulate a high frequency carrier, then the spectrum shown it
Figure 2.19 will result. Since the modulation will be recovered from the
carrier further on in the communication system it must be preserved in the
transmitter to a high degree of fidelity. Thus the delay through the RE
amplifiers for each of the frequencies including the carrier must be constant
The actual magnirude of the delay is, in general, not important. _

With modern network analysis techniques it is a relatively simPJf'E
matter to obtain the delay characteristics of an amplifier over the frequencl
range of interest. The deviation from a flat characteristic indicates the degre®
of phase distortion which may be expected for the amplifier.
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Figure 2.18 Phase distortion of a 1 kHz squarewave. (a) Original signal and (b) Distorted resultant.
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Desired path
Levelling of tone 1
diode
Y
* \‘ Two-tone output
1 (including unwanted IMD)
Leakage + [

of tone 1

<)/

Carrier
A

1st Signal generator

! 1

> —
Levelling
-5 -3 ~1 1 3 5 diode IMD from tones
' 1&2 created in the
Frequency offset * levelling diode
from carrier (kHz)

| 2nd Signal generator

Figure 219 Spectrum of a carrier plus 1 kHz squarewave amplitude modulation.

1 Unwanted IMD generation when using commercial signal generators to create
a two-tone test (note that a similar process, not shown, oceurs in the first
signal generator).

ench signal generators at a power output of + 10 dBm per tone, using a
ormer-based 3 dB hybrid as the combiner. It must be stressed that this
is only a rough guide and a particular test arrangement may yield

;?‘r;lgtllfier r worse performance than this.
signal 0 enable the satisfactory testing of higher performance amplifiers,
T feedforward systems for base station applications, it is necessary to
an IMD specification for the test signal approaching 80 dBe. To
¢ this level of performance requires a high degree of isolation to be
aced between the signal generators and the power combiner.
| A typical test arrangement is illustrated in Figure 2.22. In this
ment, each signal source is provided with either an attenuator or
t in its output path. An attenuation value of at least 10 dB is
ded for 60-70 dBc IMD performance and must be provided
Ampifier ¥, as the levelling diode is often placed after the internal attenuators
output Zenerator.
signal The use of an attenuator will obviously reduce the drive level of the

nal and this is usually undesirable. A better solution is to use one or
Figure 220 Measurement of envelope delay using an oscilloscope. isolators in each generaror output. In this manner, multitone test
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Figure 2.22 Practical realisation of a multitone test at RF.
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s with an IMD performance of 80 dBc or greater may be created, with
y little loss of drive level (1-2 dB is typical).

gh-quality baseband test signals are generally easier to create, but
e careful thought if an in-phase and quadrature test signal is required
' as for Cartesian loop and CALLUM transmitters). It is possible to
the test tones to appear above, below or either side of the carrier,
Jatter usually being the preferred option. In the case of a complete
ter these test tones can also be used to judge the gain and phase
hieved between the [ and Q channels in the upconversion process,
may be slightly offset (i.e., non-symmetrical about the carrier) and
low the image signals to be seen. The gain and phase balance of the
gnals can then be adjusted until the desired image cancellation is
and the gain and phase ‘error’ required to do this, noted. Further
diagnostic testing of this nature are provided in Chapter 4.

e 2.2 illustrates the I and Q signals required to provide a two-tone
inding the carrier in an SSB-type system. Such a signal is ideal for
h Cartesian loop and CALLUM transmitters and may also be used
e baseband predistortion systems. The tones should be straight-
sinewaves, with an amplitude appropriate for the transmitter under
ern four-channel audio-frequency synthesisers are ideal for this

- 1/Q upconversion, the two tones will have a frequency spacing of
d should be of equal level. If the carrier is at a frequency, f, the

be located at: (/- — /1) and (f¢ + f2); the image sidebands will
t (fc + fi) and (/e — /f2). Thus, for example, to achieve a tone
£ 20 kHz, set f; = 9 kHz and f» =11 kHz. The terms 8« and 8¢
gain and phase error respectively in the upconversion process
in the case of transmitters involving baseband feedback, for
2, Cartesian loop, the gain and phase error is set in the error path, that

! Table 22
eband signals to create a two-tone test around a carrier in a quadrature-based
transmitter

Frequency Ampiitude Phase
f| a 0
fa a 180°
fi a+ da 907 + 6db
£ a+da 90° - &




56 High Linearity RF Amplifier Design
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is, by the downconverter). Both 6 and 8¢ must be varied by equal amouns
in the directions indicated by their respective signs. Thus, for example, 1o
correct for a 3° phase error in the upconversion process, the phase of /; in the
Q channel should be increased by 3% and the phase of /3 in the Q channe]
should be reduced by 37,

29 Two-Tone Test With Unequal Tone Powers

The above discussions have all assumed thar the two tones used are identica]
in level, hence providing an infinite (theoretically) envelope variation,
although the peak to mean ratio is only 3 dB. If the tone amplitudes are
made unequal, then it is possible to test particular parts of the amplifier’s
transfer characteristic. In particular it is often useful to be able to test the top
few dB of the characteristic (up to the 1 dB compression point), as this allows
the amplifier’s effect on quasi-linear modulation formats to be assessed (e.g.,
7/4-DQPSK). These formats have envelope variations which do not fall to
zero, despite (in many cases) having a typical peak-to-mean ratio of around
3 dB.

Figure 2.23 shows the peak-to-minimum ripple obtained from a two-
tone test for a range of values of amplitude difference between the tones.

25

20

15

10

Peak-to-minimum envelope variation (dB)

q! .00 5.75 10.50 15.25 20.00

Tone power difference (dB)

Figure 2.23 Peak-to-minimum envelope variation of a two-tone test with unequal tone
powers.
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Tahle 2.3
inimum envelope variation obtained from a two-tone test for a range of values of
| amplitude difference between the tones

co 248 188 153 129 111 896 83 73 64
1 11 12 13 14 15 16 17 18 18

40 35 &1 28 25 22 29
|

57 50 45

Variation (dB)

is also reproduced in Table 2.3. Using these it is possible to select
ropriate tone inequality in order to simulate the effect of amplifier
rity for a given modulation formar, without the need for advanced
ipment. Note that the results will only be approximately correct, but
r will generally give a more realistic idea of performance than would
onal, equal-power two-tone test.

. comparison between the (measured) equal power two-tone perfor-
f an amplifier and the equivalent TETRA n/4DQPSK performance
ed in Chapter 4. This shows clearly that a conventional two-tone
pessimistic for this application.

hite Noise Testing of Amplifier Linearity

\ the two-tone test is widely used to measure the linearity of
stages it does not accurately simulate the effects of speech signals
ar data schemes (such as 16-QAM). It is also a poor indicator of
for TWTA systems involving a large number of carriers (> 10). A
tic test for these systems is to use a band-limited white noise
lich has a flat power spectrum across a single channel within the
bandwidth of the amplifier (or an appropriate band representa-
number of carriers in a multicarrier amplifier). At all frequencies
t the channel (or band, in the case of a multicarrier system), the
Id be zero.

signal forms the input to an amplifier, then any signals in the
Ctrum which appear outside of the channel are due to amplifier
In the case of a multcarrier system, the white noise is
a large number of carriets of random amplitude and phase and
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Is are referred to as spuriows products and consist of parasitic and
monic oscillations together with unwanted external interference
h is inadequately shielded by the amplifier casing.

Most spurious signal problems are the result of poor RF constructional
ues and inadequate case design or build quality. The problems are
jade more acute by the constant desire to make RF circuitry as small
ssible, particularly in the hand-portable radio market. Amplifiers for use
ucts in this area must be extremely stable and robust.

Y

Broadband Band-pass Notch PA under o
white noise filter filter test
source

Cross-Modulation

Figure 2.24 White noise testing of amplifier linearity. : :
» ) ’ % nonlinear system in which two input signals are being processed, one

1 and one undesired, amplitude modulation present on the undesired
can be imposed upon the desired signal and this can cause potentially
interference to the wanted signal (see Figure 2.25), This is a particular
n for receiver systems, as amplitude modulation present on a strong
ted signal can transfer onto a weaker, wanted signal and interfere
r even mask, the wanted amplitude modulation present on that
Figure 2.25 illustrates this problem for a two-tone modulated
d’ signal and 2 CW ‘wanted’ (weaker) signal. Note that third-,
and seventh-order distortion only is assumed in this example.

This affect can also, however, have a bearing upon multicarrier power-
r systems in a power-controlled environment. In such a scenario, it is
e to have a large signal, required to serve a user close to the cell

a narrow notch filter may be used to leave a ‘gap’ in the center of the band of
interest. This gap will then be ‘filled” with any IMD resulting from
nonlinearities in the power amplifier, and the ratio of the noise power in
this notch to that in the bands either side is the noise power ratio (NPR) for
the amplifier,

A block-diagram of this approach is shown in Figure 2.24. The width
of the notch should be about 1% or less of the width of the bandpass-filtered
noise source and this may most easily be produced at IF, with subsequent
(high-linearity) upconversion to the required RF band of interest. The notch
depth of the resulting test signal should be at least 10 dB greater than the
maximum NPR to be measured [20].

In practice, it may be difhicult to produce an input signal of the form
described above, particularly for narrow-band systems, and so a carrief,

amplitude modulated by a pseudo-random binary sequence (PRBS) of 1 i1 Unwanted
level, may be used instead. The resulting signal has zeros at the edges of the channel
channel and at the edges of the adjacent channels throughout the band,
assuming that the bit-rate is chosen appropriately. Thus for a channel of Wanted
bandwidth 2/}, the bit rate of the PRBS must be £, and zeros will occur at carrier
4/, £3f3, +5f;, and sequentially. Any energy present in the output of the
amplifier at these frequencies is then a measure of its nonlinearity [21].
al||]| ]| Il 5
2.11 Spurious Signals =" ~——"  Frequency
Cross- Intermodulation
Some signals appearing at the output of an amplifier bear no obviou glrggtl‘:;:o" products

relationship to the input signals being amplified. They may appear ﬁﬂd

disappear at random and may change frequency and level at will, Such Cross-modulation affecting a weak carrier.
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boundary, in the presence of a much smaller signal, required to serve a usep . Memoryless (Instantaneous) Nonlinear Model
close to the base station transmitrer. Amplitude modulations, such as those
present on filtered digital modulation schemes, can transfer from the highey
powered signal to the lower powered signal, and thereby degrade the signg]
vector error of the lower powered signal.

The likely effect of this in a practical system scenario is that the mobile
will report a poor signal quality and the base station will therefore increage
its output power in order to provide the mobile with a better signal. Thig
mechanism will succeed, at some power level; however, this power level wil|
be higher than that strictly necessary to provide the required service quality
(in the absence of nonlinearity in the power amplifier). The result of this will
be the potential for additional interference elsewhere in the network, as
unnecessary power is being transmiteed.

s its name suggests this form of madel assumes that the power amplifier has
nory effects, that is, that it has no knowledge of past events and hence
sent output signal is only a function of the present input signal(s). It is
ble to further simplify this type of model by restricting the analysis to
and distortion contained within the first harmonic zone; such models
referred to as bandpass memoryless nonlinear models and are further
d since they do not need to model even-order nonlinearities (none
n distortion in the firstharmonic zone).
When applying a memoryless nonlinear model to an RF amplifier, the
ristics of primary interest are the nonlinear gain response (AM/AM
ristic) and amplitude to phase conversion (AM/PM characteristic).
may be modelled in polar (amplitude and phase) (Section 2.13.5) or
(I and Q) form (Section 2.13.7).

2.13 Modelling of Amplifier Nonlinearities
AM-AM and AM—PM Conversion in a Nonlinear Amplifier

e discussions so far in this chapter have concentrated on amplitude
rity, that is the nonlinear relationship between input power and
power present in all practical amplifiers. This is often termed AM-
sion since it is a conversion between the amplitude modulation
- on the input signal(s) and the modified amplitude modulation
on the output signal (the ‘modification” being due to the amplitude
* of the amplifier).
. other effect is, however, also present and that is a conversion from
de modulation on the input signal to phase modulation on the output
this is known as AM-PM comversion. Consider a sinusoidally-
ed input carrier, P,,(#), with a modulating signal defined by:

2.13.1 Ideal Transfer Characteristic

The model of an ideal linear amplifier, with an optimal transfer character-
istic, may be represented by an ideal linear limiter, with a transfer function

given by:

T il 48

The form of this (amplitude) characteristic is illustrated in Figure 2.26 for
both positive and negative input signal swings. The phase characteristic is
assumed to be linear (constant delay) at all input amplitude levels.

AWy M(F) = Ay cos(oyt) (2.49)

K ........
eal amplificr, the output phase is given by:

D(P;, (1)) = Ky (2.50)

R LT =

3"

Is a constant. In other words, the outpur phase remains constant,
of the amplitude (or envelope level) of the input signal.

case of a real amplifier, however, amplitude modulation present
ut signal will result in phase modulation of the output signal (i.e.,
nversion), hence (2.50) becomes:

--------- _K

Figure 2.26 Ideal linear limiter as a model of a linear amplifier characteristic.
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n are in-phase, whereas a component of those resulting from AM—
onversion can be 1807 out of phase. The phase difference in the IMD
created by the AM-PM conversion process can arise from the
ms described in Section 3.13. The effect of the superposition of the
V[ and AM—PM characteristics is illustrated in Figure 2.27.

D(P;,(#)) = Kp cosjwt + Ay cos(@yy7)]

=Ky Z Ju(Ap) cos|(@ + nay )] (2:51)

=0

where [, is 2 Bessel function of order # and @ is the angular frequency of the
carrier signal. The resulting spectrum is effectively that of a phase-modulated
carrier with a sinusoidal modulating signal, hence forming TMD products
similar to those resulting from an amplitude nonlinearity.

A real amplifier will, of course, suffer from both forms of nonlinearity
to some degree and the output spectrum will consist of a superposition of
both effects. This superposition can result in an asymmetry of the IMD
products, sittce the upper and lower IMD products resulting from AM—AM

! Measurement of AM/AM and AM/PM Characteristics

most convenient method of determining these characteristics from a
power amplifier is by means of a vector network analyser, although
/AM characteristic alone may be measured by a scalar network analyser,
ost modern network analysers contain a ‘power sweep’ function
permits the source power to be linearly varied by the instrument
ge of 20 dB or more, at a single operating frequency. The amplitude
e characteristics which result from this measurement are then the
nate AM/AM and AM/PM characteristics of the amplifier under test.
 must be exercised when making this measurement (as with any
ower amplifier measurement) to ensure that the instrument is not
by the application of an excessive RF input level.
measurement is most useful if the (sav) 20 dB power variation
ed by the network analyser is arranged to just drive the amplifier into
0 (by perhaps 1 dB or 2dB). This will then illustrate what is likely
e most nonlinear portion of the characteristic and is usually all that is
to characterise most amplifiers (the lower portion of the char-
is usually relatively linear). 1f, however, it is suspected that
t nonlinearity is contained in the lower portion of the character-
the measurement can be repeated with 20 dB of attenuation
ore the amplifier under test and the rwo characteristics combined.
caused by the attenuator itself (e.g., increased delay) will need to
ted out. The required data from the two measurements is usually
via the GPIB interface on the analyser, and hence the two
sties may easily be combined to form the complete model.
versions of these measurements provide a more accurate
the 1 dB compression point for signals containing a significant

(a)

‘ (b)

(©) ar Form of a Memoryless Nonlinear Model

Figure 2.27 IMD resulting from a combination of AM—AM and AM—PM conversion.
{a) IMD from AM-AM conversion. (b} IMD from AM-PM conversion,
(c) Resultant IMD from combined AM—AM and AM—PM conversion.

If: to treat the AM/AM and AM/PM components of a nonlinearity
€ Items and hence produce a model which is effectively a cascade of
focesses. This may be considered at two levels: first, by considering
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the effect of the model on a single RF sinewave (CW carrier) and, secondly,
by extension of this to a modulated signal. The latter is of considerab;
greater value, since it will model the distortion of the signal envelope ang
hence the important in-band effects which are usually of greatest interest,
Consider a CW signal, C(#), at a frequency fc and with an amplitude 4.
C(#) = Acos(2rfet +0) (2.52)
The distorted output signal, D(?), of a bandpass memoryless nonlinearity i
then:

D(#) = f(A) cos2mfet + 0+ g(A)] (2.53)
where f{A) describes the AM/AM characteristic of the nonlinearity and g(A4)
describes its AM/PM conversion.

Work by Minkoff [22,23] has shown, by means of measurement,
computer simulation and analytical methods, that (2.52) and (2.53) can be
applied to modulated signals as well as to a single CW carrier. Thus:

C(r) = A(4) cos[2rf ¢ + 0(7)] (2.54)
where (/) describes the envelope modulations present on the carrier.
The resulting distorted output signal, D(#), is now:
D(1) = f{A(#)} cos[2mfe-# +0(2) + 2{A(N}] (2.55)
This model can therefore characterise envelope nonlinearities and can be used to
describe the in-band distortion of a signal containing some form of envelope
variation. Such variations are present on a wide variety of signals, including
full-carrier AM, SSB, filtered 7/4-DQPSK, 16-QAM (and above), all
multicarrier signals and many other forms of modulation. A block diagram
of this form of envelope nonlinearity is shown in Figure 2.28.
The AM/AM and AM/PM characteristics of a typical class-A amplifier

AlHeosle, HO(H+g{AD]]
A(ficos[o, t+6()] fA(D)cos(o, t+6(0)+gtADN
—>» glA(H} Al ————>
AM/PM AM/AM

o

Figure 2.28 Polar form of an envelope nonlinearity for both AM/AM and AM/PM distortionc
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AM/AM (a) and AM/PM (b) conversion of a 900 MHz 40W class-A amplifier.

in Figure 2.29 (results obtained from measurements on an actual
lifier at 900 MHz). By eye, this amplifier looks to have an
¥ linear characteristic, although its actual third-order IMD perfor-
only around 27 dBc at its 1 dB compression point.
M/AM and AM/PM characteristics of a typical class-C amplifier
1 in Figure 2.30 (results obtained from measurements on an actual
mplifier at 400 MHz). This amplifier has a very small amount of bias
ich has the effect of improving amplifier stability at the point
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ridth to cope with these rapid transitions and it is this factor which
mits the loop gain available from such techniques when applied to a
> stage. The AM—PM conversion characteristic also has a point of
n, which is not present on that of the class-A stage.

where the devices turn on; it therefore does not exhibit the abrupt ‘turngp
characteristic usually associated with amplifiers operated in class-C. ]

The overall DC to RF conversion efficiency of the amplifier, even with
the addition of the bias, is almost 60%. It is evident therefore that the added
bias has very little effect on the power cfficiency of the amplifier. The
amplifier does, however, exhibit a much steeper transfer characteristic thag
Fhe class-A stage (roughly a 1.5 dB increase in output signal for every 1 dB
increase in input signal over much of its characteristic). Feedback linearisy.
tion techniques, for example, the Cartesian loop, must have sufficien

Effect of AM—AM and AM-PM Conversion on Digital Modulation
Formats

o use is being made of digital modulation formats in both voice and
unications, Many of these formats are severely affected by the
and AM—PM conversion processes which take place in nonlinear
s, irrespective of adjacent-channel considerations. The formats
re affected are those with envelope variations present on the RF
, after any relevant filtering) and include two of the most popular
s currently in use, namely QAM and filtered QPSK.

t is possible to highlight the effects of amplifier nonlinearity on the
lation itself, by examining the constellation and eye diagrams for these
hemes both before and after passing through a highly nonlinear (class-
wer amplifier. The resulting characteristics are shown in Figures 2.31
and the relevant modulation scheme parameters in Table 2.4. The
power amplifier had an output power rated at 10W peak and the
fion peaks were arranged to be at this level (i.e., the amplifier was not
the signal peaks). The channel center frequency was 435 MHz.
that in both cases, the constellation points have become ill-
d; the QAM constellation also betrays the severe AM—-PM conversion
 the class-C stage through the obvious rotation of the eatire
ation. The eye diagrams show clearly the effect on bit-error
e, as the sampling points (where the eyes should be ‘open’) are
letely closed, thus making error-free detection impossible, even
dsence of other noise or interference.
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Cartesian Form of a Memoryless Nonlinear Model

ar manner to the above polar nonlinear model, an equivalent
n model can be generated. This model has the advantage thart it can
tucted from two nonlinear amplitude models, I{ A(f)} and O{ A1)},
oiding the potential complexity of an AM/PM model.

€ distorted output from a bandpass memoryless nonlinearity (from

¥ be expanded to give:

D(#) = f{A(#)} cos[g{ A(#)}] cos[orf-# + 8(2)]
—/{A(0) } sin[g{ A(H)}] sin[2rfc 2 + 0(4)]

Phase shift (degrees)
BB 2E 3

59
-30 -20 -10 -0 10

Backoff from P45 (dB)

(b)
(2.56)

Figure 2.30 AM/AM (a) and AM/PM (b) conversion of a 400 MHz 150W class-C amplifie®
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Figure 2.31 The effect of a class-C power amplifier upon a n/4-DQPSK (TETRA) signal.
(a) Input signal constellation. (b) Output signal constellation. (c) Input signal
eye diagram. (d} Output signal eye diagram
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Figure 2.32 The effect of a class-C power amplifier upon a 16-0AM signal. (a) lnput signél
constellation. {b) Output signal constellation. (c) Input signal eye diagram. (d)
Output signal eye diagram.
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Table 2.4
Digital modulation scheme parameters used to obtain Figures 2.31 and 2.32 50
B g
Modulation Measurement filter Reference Symbol 40 _ jfﬁ'f: _ i
format and transmitter filter filter rate g / ;
- ) . £ 2
/4-DAPSK Root-raised cosine Raised cosine 18 kbps = ) '
(TETRA) o =035 o =035 ‘g L
16-0AM Root-raised cosine Raised cosine 15 ks/s 5 ' :
4 bits/symbol o =035 2 =035 (60 kbps) 8 4 A —— Poynomial it
- 5 / |- Original data I]
00 01 02 03 04 05 08 07
This may be expressed in quadrature components as: MGl NP
(@)
D(t) = I{A(#)} cos [2nfct + 8(2)] — @{ A7)} sin[2mfet + 0(7)]  (2.57)
90
where: 80 .
| 7 // -
HA®)} =AW} cos[ef AN (259) . y :
2 // ...... -
O{AW} =AW} sinlef AWY] (2.59) Ew
o 2 : - =3 -

. . . ) g — Palynomial fit
and is shown diagrammatically in Figure 2.33. 10 7 Original data
The Cartesian form of the AM/AM and AM/PM characteristics of 2. 0f . i

00 o1 02 03 04 05 06 07

typical class-C stage are shown in Figure 2.34 (for the same amplifier a8 Input level (volts rms)

KA(f)coslwc t+6()] ®
> I{A()) 4 _ﬂ:artasfian form of the AM/AM and AM/PM characteristics of a typical class-C
e Bmpm‘ler. (a) I-channel, with cubic polynomial fit: Vgyr, = 86.79V,+
Alfcosle, t+6(8)] neninsanity o 197.45V;; — 353.92V. (b) Q-channel, with cubic polynomial fit
it & Vour,a = 290.025V;, — 67.39V% — 309.7012,
i 900 > QfA(t)} | 2 Jn Figure 2.30). At first glance, the AM—~AM and I-channel
-QlA(D}sinfo, t6(0] : Fistics appear very similar and this may be explained as follows.
P D (2.56) and (2.57), it can be seen that for low levels of AM/PM
non-linearity s Where:

Figure 2.33 Cartesian form of an envelope nonlinearity for both AM/AM and AM/PM
distortion.

sin[g{A()}] = g{A(1)} (2.60)
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3 A standard Taylor series, as described by (2.64), will only characterise

s tude (AM/AM) distortion. If significant AM/PM distortion exists
cos[g{A(1)}] =1 (2.61) n the nonlinear device, then a complex power series must be used:

then (2.58) and (2.59) may be simplified to become:

D(s) = i CRTIN A (2.65)
A} = f{A(N} (2.62) =

and y, are constants.
This approach can be shown to be valid, since intermodulation
ion produced by AM/PM conversion is orthogonal to that produced
I/AM conversion [26,27].
An alternative is the use of two series, one representing the I-
eristic and the other the Q-characteristic. This is effectively a splitting
he terms in (2.65) and results in 2 model of the form shown in Figure 2.35,
If this approach is used on the class-A and class-C amplifier character-
presented previously (Figures 2.29 and 2.30), then the characteristics
in Figures 2.36 and 2.37 result, when terms of up to a seventh-order
d. The resulting models are sufficiently accurate for most purposes
°t are very straightforward to understand and use. Note that # and #,
d be zero (in Figure 2.35), since a properly-functioning amplifier
ld have an output of zero when no input signal is present.

Note also that in both cases (class-A and class-C), the characteristics

¢ models extend beyond the 1 dB compression point (see Figures 2.29
2.30). In general, this will lead to a poorer model fit than if it were
ricted to this range, however, most of the nonlinearity, in the case of the

L stage, occurs well before the compression point and hence the effect
model accuracy will be relatively small. The models presented do,
er, allow ‘overload’ effects to be modelled and this is useful in
g the performance of a system under these circumstances.

and
o{An} =A@} e A} (2.63)

Thus, over most of the AM/PM range depicted in Figure 2.30, these
approximations hold true and hence explain the overall shape of the
characteristics in Figure 2.34.

2138 Approximate Forms of Memoryless Nonlinear Model

The polar and Cartesian modelling techniques described above require full
knowledge (and hence measurement) of the AM/AM and AM/PM char-
acteristics of the nonlinear stage and also often require interpolation between
data points, which may prove time consuming. A number of simpler models,
involving more analytical functions may be used to improve speed at the
expense of model accuracy.

2.13.8.1 Taylor Series

The use of this approach has already been illustrated, for a simple case, 7
Section 2.2. The concept involves describing the distorted output of the
system, D(7), in the form of a Taylor series [24,25] of the input, i)

b=
D) =3 anty(r) (2.64)
=1
- w+aV, +bv, +"r'yf: +d,¥,
where g, are constants. > R S
T‘r:js form of model has the advantage that the relative level of each B (pust | Vot SV + 8V —
order of distortion is clear from its coefficient 4; and the level of each chlﬁ : ) "
product may therefore be calculated. It is most useful for systems Whj‘;h :
contain relatively few orders of distortion, such as TWT amplifiers whiclt | wpragy, +8y2 wc v
have a predomin-antly third-order characteristic, and hence the series may be > reglE L g
truncated after a manageable number of terms without loss of accuracy:

: of
Most semiconductor amplifiers, however, generate a very large aumber

orders of distortion and hence yield a long Taylor series expansion. 'Qure 2.35 Quadrature Taylor series amplifier model.
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Figure 2.36 |- and Q-channel characteristics ({a) and (b}, respectively) and seventh-order
polynomial fit for a 900 MHz 40W class-A amplifier. Fit equations:
Vour | = 166.50V;, — 109.02V%+ 1856V3 — 259001+ 1.53 % 10°V5—
4.63 x 10°VE +5.75 x 10°V], Vgyr.o = 91.80V;, — 67.35V5+
1124V3 — 1760015+ 1.087 5 10°V5 — 3.46 x 10°V + 4.52 x 10°V/,.
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re 237 |- and Q-channel characteristics ({a) and (b), respectively) and seventh-order

polynomial fit for a 400 MHz 150W class-C amplifier. Fit equations:
Vour,) = 73.02V, + 159.59V; + 106.8V5, + 2270V} — 175015+
32700V}, — 19100V, Vour o = 129.78V, + 654.62V/2 + 33705 —

30800V} ++ 73300V, — 726005 + 25900V,

A summary of the quadrature PA model characteristics for the class-A

amplifiers considered above is given in Table 2.5, for a model of

given in (2.66).

1=a Vb ViV +di Vi +e 4+ 1V + g1
= agV+boVo + ¢V}, +dgv;-‘,+egv§ +foVi +20Vi

(2.66)
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8.2 Saleh Functions

e functions have been suggested as a simple method of approximating a
near characteristic in either polar or Cartesian form [28]. They have
equently been applied to the problem of predistortion linearisation of
I amplifiers and the prediction of carrier-to-intermodulation ratios for
arrier and Gaussian input signals [29].

. The basic concept of Saleh functions is to approximate the AM/AM
1 AM/PM characteristics of a nonlinearity unsing two formulas. The
ts within these formulas are determined by means of a least-squares
fit to experimentally-determined AM/AM and AM/PM data. For a
- representation, these functions are:

flr)= (2.67)

h+m]

2

#r)= D+Bﬂ

(2.68)

.+ %9, P., Pgare constants and r is the envelope of the input signal.
e corresponding Cartesian representation is:

I(r) = ATBA (2.69)
e CCQ?
o(r) i T (2.70)

%, %, Br. By are constants.

iese functions have been shown [29] to provide an accurate, yet
le, model for a bandpass memoryless nonlinearity.

‘An example of the use of these functions (in polar form) is provided in
e the normalised amplitude and phase nonlinearities of a travelling
 tube amplifier are given as:

(2.71)
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and

2
#

14

&(r) = 60° (2.72)

However, as the nonlinearity of the device increases, the modeling accuracy
of Saleh functions decreases. Hence, they are appropriate for quasi-linear
amplifiers, such as class-A and class-AB, but are not appropriate for highly
nonlinear amplifier classes, such as class-C.

2.13.9 Bandpass Nonlinear Models Incorporating Memory Effects

The instantaneous nonlinear models described in Section 2.13.8 do not
account for memory effects within the amplifier (other than AM/PM
conversion) and hence are unable to describe the frequencyv-dependent
behavior of the system. Frequency dependent behavior can often be
neglected, since the operating bandwidth of most systems is relatively
small with respect to the bandwidth capability of the devices used within
them. However, in wideband amplifier designs, this assumption is no longer
valid and hence frequency dependent models are required.

The frequency-dependence of the amplifier characteristic causes the
AM/AM and AM/PM conversion behavior to alter with frequency. It is
possible to approximately model this frequency dependent behavior of a
nonlinearity with memory and some of the relevant techniques are described
below.

213.10 Saleh Model

The approximate equations proposed by Saleh and described in Section
2.13.8.2 can be extended to incorporate memory effects [28,29]. This
extension does, however, introduce some significant loss of generality [32]
since it restricts the shape of the in-phase and quadrature nonlinearities 10
being independent of frequency; a scaling factor alone provides the
frequency dependence. The general shape of the AM/AM and AMf[_’M
characteristics does not alter radically with frequency (the same also being
true of the in-phase and quadrature characteristics), however, this loss (_’f
generality will still reduce the accuracy which can be obtained using this
model. .

The model is extended to incorporate frequency-dependent behavior
by altering the coefficients & and B in (2.69) and (2.70) to make them 2
function of frequency. The resulting equations are:
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oy (f)r

Ir)=—— 2:73

T e

- ;x_Q(f)rj
[1+ B (/)]

e oy(f). ag(f)s Bi(f). By(f) are determined by a number of best-fit
imations at 4 number of frequencies within the band of interest,
ting in an overall best-fit function in each case. These functions can be
posed into a cascade of three elements: a filter, a memoryless
rity and a further filter. Finally, an additional block, labeled
s required to model the small-signal phase (the phase which results
0). The complete model is shown in Figure 2.38.

Qol(r) (2.74)

Blum and Jeruchim Model

sadvantage with the models described so far is that the interaction effects
jacent signals on a si gnal of interest, have not been assessed. These arise
e measurement method employed in determining the models, namely
of utilising a single frequency tone and stepping it in both power and
sency in order to generate a series of curves. These curves are then the
a curve fitting exercise which yields the parameters for the model.

~ An improved model has therefore been suggested [32] in which the
Onlinear device is ‘channel-sounded’ by a pseudo-random (PN) sequence,
phase-shift key (BPSK) modulated onto a carrier at the center of the
| of interest (thus forming a direct-sequence spread-spectrum signal). A
ty of this type of modulated carrier is that a number of spectral lines
nerated, with a separation determined by the ‘chipping-rate’ (clock-
f the PN generator). These spectral lines act like a multicarrier signal
erefore provide the required adjacent signals, assuming that one
line is designated as the tone of interest.
- The PN modulated carrier signal is applied to the nonlinear device
T test and the resulting output signal passed through a narrow bandpass
The output of this filter is 2 measure of the amplitude of a particular
i€ney component, with the center frequency being swept actoss the
of interest to generate a complete frequency characteristic. The input
level is also varied, thereby creating a complete series of curves in a
- manner to that required for the Saleh model above. The PN
ed carrier itself is constant envelope (assuming that it is not filtered
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Figure 2.38 Frequency-dependent nonlinear model as proposed by Saleh (after [28]).
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239 Freguency-dependent nonlinear model as proposed by Blum and Jeruchim
(after [32]).

re being fed to the input of the device under test) and hence atrenuation
level at the input provides a valid measure of the level dependence of
amplifier’s characteristics.
The form of the resulting model is shown in Figure 2.39. The input
al is split, with the upper path feeding a fast-Fourier transform (FFT) to
ert the time-domain signal into the frequency domain. The resulting
is passed through the power-dependent transfer function, with the
lired average power information supplied from a power measurement
ithm operating on the lower-path split of the input signal. The output
 transfer function is then converted back to the time domain using an
rse FFT to provide the bulk of the modeling process.
It has been acknowledged, however, that the treatment by this model
dulation products may be less than ideal and hence an additional
has been added in the lower path. This block takes account of the
oming in intermodulation generation by providing a power-depen-
rmodulation noise generation function which can then be summed
output of the inverse FFT. The resulting signal forms the complete
f the nonlinear device.

12 Volterra Series
lterra series [33,34] can be described as a “Taylor series with memory’

d can be used to accurately model an arbitrarily nonlinear system. It
y describing the distorted output signal, D(), as an infinite series:

D) =3 D, (2.75)
p=i



84 High Linearity RF Amplifier Design

where D, (7) is the nth order response of the system, formed from an #-fold
convolution of the input signal x(#) with the sth-order nonlinear impulse
response of the system, 4,(Ty,...,T,):

D,,,('t)=[j:---12&,(11,...,1,)x(f—t,)...x(!—‘l:”)dtl..
(2.76)

The functions 4,(ty,...,T,) are known as the nth-order Volterra kernels of
the system and the system can thus be completely characterised by a
knowledge of these kernels. Thus, for example, /4y describes the system
responsé to a DC input signal, /4y the linear response of the system and the
higher order kernels, 4, _,, the higher-order nonlinearities of the system.

The primary advantage of the Volterra series is in its ability to
individually describe all orders of distortion present in the system and to
allow comparisons to be made between the different components. It does,
however, share a number of disadvantages with the Tavlor series, for
example that of slow convergence. It also has the disadvantage that
computation of the higher-order kernels from measured data is difficult.

Equations (2.75) and (2.76) describe the baseband Volterra series
nonlinear model; this can be modified to yield a bandpass model by
eliminating the DC term and the even-order terms, since these will yield
harmonics of the bandpass signal. The resulting equations are complex and
the Volterra kernels difficult to compute, making this form of model
unattractive in most circumstances.

21313 Generalised Power Series

It is possible to create a frequency-domain power series representation of the
output of a nonlinear system (the Taylor and Volterra series being time-
domain representations) and the result is a much more efficient series [36,37]
which can deal with severe nonlinearities; it can be shown to be related to the
Volterra series [38].

The input signal to a nonlinear system may be described as:

N
1) = |x,| cos(@,z + b,) @277)
=l

where |x,| are the magnitudes of the individual frequency components, Oy
The distorted output signal from the nonlinear system, D(#), can then be
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ibed as a generalised power series:

D(t)= A Za, Zb 2, (4 — 'cw) (2.78)

i=t

j is the order of the power series, coefficients 2, and b, are complex and
espectively, and T, is a time delay term which depends upon frequency
1e order of the power series.
The improved modelling efficiency of this technique over the Volterra
representation stems from its operation in the frequency-domain,
ugh it is unclear how to generate the above coefficients from tabulated
red data. The inclusion of frequency-dependence of the time delay
 and the use of complex coefhicients in the model allows a very wide
of nonlinearities to be characterised. This is therefore potentially a
modelling method, assuming that the relevant coefficients can be
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Introduction

o frequency power amplifiers (PAs) may be broadly defined by two
: those which attempt to preserve the original waveshape of the
signal at the output, and those which make no attempt at its
on. The former category is termed /linear amplifiers and the latter
envelope, or nonlinear amplifiers. The terms ‘linear’ or ‘nonlinear’ refer
pe of the transfer function of the amplifier as outlined in Chapter 2.
thin the two broad categories outlined above, there are a number of
sions, or classes of amplifier commonly used. The distinction
the various classes occurs, for example, because of their circuit
rations, operational topologies, linearity, and efficiency.
The three main classes of linear amplifier are A, AB and B, with class-A
ly being the most linear and least efficient of the three, Such amplifiers
onally most commonly employed in SSB or AM transmitters,
1€ modulation is transmitted at least partially by means of the
of the RF signal and hence preservation of the signal envelope is
. In such transmitters the nonlinearities which are inevitably
?ﬁf)duce distortion in the form of ‘splatter” onto adjacent channels
distortion within the wanted channel. The linearity performance of
nsmitters is therefore an important parameter.
re are a larger number of nonlinear amplifier classes ranging from
chemes to various forms of switching amplifiers. The main classes
ed: C, D, E, F, G, H and S. Class-C amplifiers use a similar circuit
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topology to that of class-A amplifiers as the active device is also acting as 4
current source (for valve or FET circuits), however, the bias arrangement is
radically different leading to considerable levels of distortion. Class-D, -E
and -S amplifiers utilise the active device as a switch and hence the theoretica]
maximum efficiency is 100%, assuming that the device has zero switching
time, zero on-resistance and infinite off-resistance. Class-F, -G and -H
amplifiers are novel configurations which attempt to improve upon the
basic efficiency of class-B or -C amplifiers by adopting modified forms of the
standard circuit topologies.

The derivations detailing the operation of the various amplifier classes
covered in this chapter are based on those of Raab, and further detail can be
found in [1].

3.2 Power Semiconductors

The amplifier linearisation techniques discussed in this book are applicable
to all forms of amplifier, however, it is anticipated that they will most
frequently be used in power amplifier and transmitter design. It is therefore
worth examining briefly some of the characteristics of the semiconductor
devices which are usually employed in such circuits.

There ate two main types of power semiconductor currently employed
in high-power RF power amplifiers: bipolar junction transistors (B]Ts) and
MOSFET devices (in the form of VMOS, TMOS, and LDMOS technol-
ogies).

The more recently adopted MOS devices have a number of advantages
over the more traditional B]T. They are considerably easier to bias, both
when used as linear devices in class-A amplifiers and when negatively biased
for class-C operation. The bias circuitry does not need to take account of the
temperature of the power device since most MOSFET devices have 2
negative temperature coefficient and are thus thermally stable. Close thermal
coupling is required in BJT bias circuits due to their positive temperaturé
coefficient and consequent tendency toward thermal runaway. This close
coupling (usually of 2 biasing diode to the transistor case) is generally
unnecessary for MOS devices.

MOSFET devices are also less susceptible to secondary breakdowsn
effects occurring within the device. Such breakdown is caused by excessive
instantaneous power levels, due to the peak voltage-current product, which
cause hot-spats within the transistor and subsequent device failure.

One disadvantage, however, is the variability of the threshold voltage

V1, between different examples of the same device. This can result in biasing

RF Power Amplifier Design qN

ces between production units and must be taken into account in the
er design. In particular, there is much concern over ‘g drift’ in
OS devices, with various techniques being suggested to overcome the
lem. Essentially the problem amounts to a change in the threshold

of 20% or more over the lifetime of the device, with much of this
e occurring within the first few hours after first use. Techniques which
been suggested to overcome the problem include:

1. A period of ‘burn-in’ of a given amplifier during post manufactur-
ing ‘test’, to allow the bulk of the change to occur prior to final bias
setting. This can prove expensive in test time (and hence product
cost).

2. Automatic (feedback-based) bias control, usually based upon a
measure of the average drain current under particular operating
conditions.

3. Open-loop bias trimming based on elapsed time from first switch
on. The drift profile of a range of samples of a given device may be
used to determine a ‘typical’ drift characteristic and this can be
stored in a look-up table which is accessed based on the elapsed
time since the device was first used.

4. Bias control based upon gain monitoring. A change in the bias level
will cause an associated change in amplifier gain and this can be
monitored by comparing the input and output power levels to the
amplifier (or just the output power level, if the input level is known
to be fixed and constant).

5. Intelligent monitoring of any linearisation scheme surrounding the
amplifier. As the bias level changes, the degree of linearisation
required to meet a given specification will also change and a well-
designed linearisation scheme will be aware of this. It can therefore
re-adjust the bias level to return the degree of correction required
to that determined during its design.

| semiconductor field effect transistors (MESFETS) are increasingly of
rest in the RF power amplifier field. They are widely used in GaAs
grated circuit power amplifiers [2], particularly for handset applications
tlicon carbide (SiC) devices are now being fabricated experimentally for
higher power systems [3]. SiC devices, in patticular, have a number of
Testing and uscful properties with regard to high power RF and
Towave amplification:

1. SiC has a wide bandgap of 3.2 €V (compared with 1.1 eV for silicon
and 1.4 eV for gallium arsenide). This wide bandgap gives rise to a
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very high breakdown electric field, some ten times greater than that
of either Si or GaAs.

2. The saturated electron velocity is predicted to be around three
times that of GaAs at high electric fields.

3. It has a high drain efficiency (largely due to the high breakdown
voltage of ~100V).

4. It also has a good channel current density (300 mA /mm for 0.7 pm
gate-length devices).

5. Combining 3 and 4 above yields a large RF power density of
3W/mm.

6. Finally, it has a very high thermal conductivity (roughly three times
that of silicon and ten times that of GaAs).

The above properties lead to a predicted ultimate power level for a SiC
MESFET being at least five times that available from GaAs. This is clearly a
significant benefit and hence SiC may well become a key technology in RF
amplifier designs in the near future.

Many RF transistors are designed with their application in mind and
are often unsuitable for other applications seemingly within their ratings.
Devices intended for class-C operation, for example, may be destroyed by
even modest amounts of standing bias intended to induce class-A operation.
Selection of devices for a particular application is therefore not as straight-
forward as is the case with audio-frequency power amplifier designs.

A large signal semiconductor device may be characterised by three
regions of operation: cut-gff, linear or active and safuration. These definitions
will be used in subsequent discussion of the various amplifier classes and
therefore will be briefly explained here.

Cut-off refers to the region of operation in which there is insufficient
forward bias on the device for conduction to occur. In the case of a silicon
NPN BJT, cut-off occurs when the base-emitter voltage is less than about
0.7V. The equivalent situation for a MOSFET occurs when a gate-source
voltage of less than the threshold voltage, 17y, is applied. The value of 17718
around 2V to 3V for a typical MOS power FET. In the cut-off region the
device may essentially be considered as an open circuit between all terminals.

As the forward bias on the device is increased and eventually exceeds
the relevant threshold (175 > 0.7V or gy > Vo), the active region i
entered. In the case of 2 B]T, the base-emitter junction becomes a forward
biased diode and the collector-emitter junction becomes a current source
whose value is equal to the base current times the current gain of the device,
B—a linear relationship. To operate in this region the base current must be
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1l enough such that the device does not enter saturation, in other words
collector-emitter voltage must be larger than that at saturation, 1y 4. A
ical value of this saturation voltage is around 0.2V, although it will vary
nding upon the device in question.

- In the case of a large-signal FET, the active region is represented by a
rent source between the drain and source terminals of value /p = g,
- Vi)

When an FET is driven into saturation, it appears as a pure resistance,
L, (to a first approximation). Tt will enter saturation if a drain voltage of less
ipR,, appears due to the load, whilst the device is operaring in the active

R

A BJT will enter saturation when the voltage across the load, 17, is
(3.1)

e
Ve = Vi

s region, the collector-emitter voltage is roughly constant (=17,,,). The
 condition for entering this state is that Iy (or [7zz) and therefore I

D
—
G
I S
Cut-off Saturated
(a)
& c c

Saturated

.’;3;1 FET (a) and BJT (b) simplified device models for the major regions of operation.
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are increased to a level such that 17 falls to . In other words the base-
collector junction is on the verge of becoming forward biased. Further
increases of [ (or 1) and therefore I¢, lead to V¢ falling very close to 7,
and limiting at Vg

The various modes of operation of MOSFET and B] T semiconductor
devices are summarised in Figure 3.1.

3.3 Class-A Amplifiers

A class-A amplifier is one in which the operating point and input signal level
are chosen such that the outpur current (collector or drain current) flows at
all times. It therefore operates in the linear portion of its characteristic and
hence the signal suffers minimum distortion.

The circuit of an RF class-A amplifier is very similar to that of its small
signal counterpart. In practice the transistor will have a complex impedance
and hence will require matching, however, the matching circuit and its
effects will be neglected in the following analysis and the reader is referred to
the literature [4] for further information on matching network design.

The basic configuration of a single-ended class-A stage is shown in
Figure 3.2. The radio frequency choke (RFC) ensures the suppression of RF
currents which would otherwise be drawn from the supply and the coupling
capacitor, C,,, prevents the standing bias of the device from being fed to the
load.

1f the transistor is biased to operate in the center of its linear region and
a signal voltage superimposed on this bias level, the collector current may be
written as:

ic(1) = Icp = Iy sin(o2) (3.2)

where I¢p is the standing bias drawn from the supply and I, is the peak
value of the sinusoidal RF current produced by the device.

The input current from the supply is equal to the quiescent current
above due to the action of the choke, hence:

f Dpe — Icg (3-3)
Similarly, the action of the output capacitor yields an output current of:

?-a(f) = Lux Siﬂ(mf). (3'4)

Figure 3.2 Configuration of a single-ended class-A power amplifier showing the various voltage and current waveforms.
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If the components are assumed perfect, then the output voltage may be
written as:

1,(1) = L Ry_sin(@2) = V. sin(a7) (3.5)

Finally, the collector voltage consists of a DC component from the supply
and an AC component which forms the signal output voltage, 2,(#), hence:

1,(1) = Ve + Vi sin(o#) (3.6)

To prevent the device from entering the cut-off region, the collector voltage,
v,(#), must be kept positive. The energy stored in the RFC (inductor) permits
the collector voltage to swing higher than the supply in a2 manner analogous
to that of a transformer-coupled class-A audio amplifier. It is thus possible to
limit the peak output signal excursion to ¢ instead of the usual 72
required by an audio class-A amplifier with a resistive collector load. In
practice the maximum signal excursion must be less than 1 due to the
non-zero saturation voltage of the transistor.
The output current must similarly be positive, giving:

Ty = Lo = P00 = 3
pe=lap="p "=, (3.7)
The power from the supply is then:
Vec
Py = Veclpe =— (3.8)
Ry
and the RMS output power supplied to the load is:
2 A2
Vm.“ o l cC (39)

Finally, the overall efficiency is:

2
o Vi o 1 (3.10)
Py 2Vi. 2

The power dissipated in the active device is the difference between the
supply power and the output power; this will be at least 50% of the supply
power, in a class-A stage. Careful consideration must therefore be paid t©
cooling in the design of this type of amplifier.
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In a practical class-A amplifier harmonic components will still exist,
. to the inherent nonlinearity of the device, and these must usually be
sved. This may be done either by careful choice of the output matching
(that is, using a low-pass design) or by the use of a separate output
The effect of these harmonic components on the efficiency of the
amplifier is considered to be negligible since they will form less
n 1/100th of the output power in a typical amplifier.

‘The effect of the finite saturation voltage of practical devices acts to
ice the efficiency calculated above. The maximum collector voltage
ng is reduced ro:

1§ ’.m' = V(f(.' = [")fmr (311)
, Vee in (3.7) and (3.9) must be replaced by 17, and the overall

cy is reduced by a factor of 17, [ The maximum efficiency then

Viw (3.12)
2Viee .

nmax ==

alue of 17, and hence 17, is frequency dependent. At low frequencies
/10, where /7 is the transition frequency of the device), the device has
at time to become fully saturated and 17, will be typically around
a silicon device. At higher frequencies, the average saturation
will rise and can be as high as a few volts at the maximum operating
cy of the device.

, or ‘on’ resistance. A similar maximum voltage swing exists and
ven (for single ended operation) by [1]:

" By

V. =——— " Ml

34 Class-B Amplifiers

B amplifier is one in which the operating point is at one or other
of its characteristic, so that the quiescent power is small. The
t current or the quiescent voltage of a class-B stage is approximately
hence if the excitation is sinusoidal then amplification takes place
ne-half of a cycle.
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Class-B operation is significantly more efficient than class-A for use in
linear power amplifiers, whilst still providing useful levels of linearity. The
standard configuration of a push-pull transformer coupled design is shown
in Figure 3.3. This differs from its audio frequency counterpart in the use of
two NPN devices, rather than the complementary NPN/PNP configuration
usually adopted at lower frequencies. The poor availability of high power
PNP devices at higher frequencies has tended to restrict the use of
complementary class-B amplifiers to the HF bands.

A single-ended class-B amplifier conducts for 50% of the input cycle
(sinusoidal excitation will be assumed) and hence produces significant
distortion. The push-pull configuration essentially employs two class-B
stages operating in antiphase, with each conducting for a separate half of
the input waveform. This antiphase arrangement ensures that whilst one
device is conducting, the other is off and consumes no power.

When a device is conducting, it is assumed to be operating in its active
region as a perfectly linear current source. The output from each device will
be a half sinusoidal current waveform of peak amplitude I, and the output
from both devices will combine in the transformer to produce a sinusoidal
output current, 7,(£):

i) = E;—Im sin(@/) (3.14)

This produces a voltage across the load resistance, R, of:

Py =Ry = :—;rm_RL sin(@F) = Vi sin() (3.15)

The bidirectional action of the transformer means that this load voltage
waveform will be transformed back and appear at the collectors of the
transistors. Thus:

2
v (1) = i(ORL = Ve +:—‘ Ve sin(@f) = Ve + E%Im“RL sin(@)
2 2
(3.16)

Examining this more closely treveals two things. First, the peak collector
voltage for each of the transistors, I/¢ mas, 1S given by:

(3.17)
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Figure 3.3 Configuration of a push-pull transfarmer coupled power amplifier, showing the voltage and current waveforms at various points.
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and secondly, the transformation of the load resistance, R, back to that
resistance which is seen by each of the transistors (across one-half of the
primary winding), R, gives:
2
P
= -'_})RI,
)

R, (3.18)

As in the class-A amplifier, the transistor must not go into saturation and
therefore 17 > (, hence:

f
S A 7 (3.19)
Hy
The maximum RMS output power is then limited to:
VE’,R;\-M‘ ”f / ’fg g} "é‘(:
PL— = = [ max — E (320)
R, 2K, y
Substituting for Rp from (3.18) gives:
- - (3.21)
Py = & 3.21
? 2(”%/ )R

To find the input power, that is, the power drawn from the supply, it is
necessary to obtain an expression for the mean value of the current drawn by
the transistors. This current is fed to the centre-tap of the transformer and
consists of half cycles of current drawn by each device. The sum of these 18
therefore equivalent to a full-wave rectified sinewave, 7y 5(f) = llsin (or)].
Thus the average, or DC component, of the supply current waveform will

be:

ZIRIQS

Ipe - f a8 io(2) di = (3.22)
n Jo T
The supply power is therefore:
Py = Veelpe = M" (3-23)
Finally, the efficiency is then:
B Vée /20 /7)Re. (3.24)

g P! B 2 L;(:Cimaxt(n ]
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tituting for Ve = (/1) VY max from (3.19) and [ Rp = (01/#2) 1V e
m (3.17) and (3.18) results in:

(3.25)

=
Il
| A

. optimum efhiciency, assuming ideal components, is therefore approxi-

y 78.5%.

The total power dissipated in the transistors is Py — P, with each

g an cqual (half) share.

In practice the idealised efficiency and power dissipation expressions

ved above will be degraded by the effects of device saturation and by the
ce of residual reactive clements in the load [1].

- Class-AB Amplifiers

AB amplifier is 4 compromise between the two extremes of class-A
class-B operation. The output signal of this type of amplifier is zero for
but less than one-half of the input sinusoidal signal.

The distortion added by a class-AB amplifier is consequently greater
that of a class-A stage, but less than that of a class-B stage. Conversely
hiciency will be less than that of a class-B stage and greater than that of a
-A stage. The degree of distortion improvement (or degradation) will
upon the level of standing bias applied and the consequent level of
ncy which can be tolerated in a given application. Quite good levels
rformance may be achieved with modest levels of standing bias in a
I configuration and such designs are consequently popular for
-power amplifiers at both audio and radio frequencies.

A practical class-B amplifier will exhibit significant crossover distortion
0 the imperfect (nonlinear) transition from cut-off to the active mode.
ition is also usually accompanied by an offset voltage, such as is
€d in overcoming the base-emitter voltage of the devices, and these
ead to a flat portion being observed in the outpur waveform daring
ition between the active devices. The resulting waveform is shown
e 3.4,

addition of biasing to produce a small quiescent current in the
O1S (or drains) of the devices will overcome this problem with only a
“'1083 of efficiency. The improvemenr in linearity of the amplifier is
ly well worth the small sacrifice in efficiency which must be made and is
Sumed by many designers when discussing class-B amplifiers. The
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Figure 3.4 Crossover distortion in a class-B amplifier.

addition of the small bias level strictly speaking results in the amplifier being
a class-AB design, although this term is often reserved for designs in whicha
significant amount of bias is applied.

3.6 Class-C Amplifiers

A class-C amplifier is characterised by the operating point being chosen such
that the output current (or voltage) is zero for more than one-half of an input
sinusoidal signal cycle. This class of amplifier will thus result in significant
distortion of the input signal waveshape during the amplification process,
thus making it unsuitable for ‘linear” amplification applications.

There are two different types of class-C stage: the original or ‘classical
class-C PA which was used in valve applications and is now widely used in
MOS amplifiers, and the analytically more complex ‘class-C mixed mode’
configuration utilising a B] T. The former of these will be analysed first, with
the principle differences being highlighted later.

36.1 Classical Class-C Stage

As in the class-A stage discussed earlier, the original class-C amplifiefs
involved the active device (valve or FET) operating as a current soufce
driving a load via a tuned filter (to remove harmonics). The configuration
and circuit waveforms at various points are shown in Figure 3.5.

The current waveform produced may be modelled in a variety of ways,
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35 Configuration of a ‘classical’ class-C power amplifier, showing the voltage and
current waveforms at various points,

r, the simplest model is that of a biased portion of a sinewave, where
current, Ipy (analogous to the quiescent current in class-A and -B
ers), is negative for a class-C PA:

B . Ing — Ippsin(wt) ,  Ipy — Ipp sin(o? 0

>
. Ipg —Ippsin(of) <

thus be envisaged that the greater the (negative) value of [ po» then the
the portion of the input sinewave which is amplified and reaches the
(Ipp being positive). This portion of an RF cycle may be specified in
 of a conduction angle ¥, where 2 is the portion of a cycle which the
€ spends in its active region (see Figure 3.5). The conduction angle is
d to the bias and drive currents by:

__ID,Q = IDD COS'Y (3-27)

ng that the circuit configuration for the class-C stage is identical to
tthe class-A and single-ended class-B stages, these may be represented
= above expression when y = 1 (class-A) and ¥ = 1/2 (class-B). Class-C
tion is represented by y < m/2 and the resulting drain current
dorm is shown in Figure 3.6.
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Figure 3.6 Drain current waveform for a saturating class-C amplifier.

The average drain current resulting from a given conduction angle is
the DC current drawn by the stage from the power supply. This may be
found from:

L™ (0)d0 (3.28)
Iuc—ﬁﬁ ’D( ) . i

where 8 = o The device is only in its active region (or saturation) during
the period specified by the conduction angle, that is, 3m/2+7y < g5
3n/2 — y. Hence the expression for the DC current may be rewritten as:

Fty

1 > -

Ipe =5 f ip() 46 (3:29)
2

RF Power Amplifier Design 105

1 ;
ID_C ZE(TID‘Q +IDDSIH'}'} (330)
uting for Ipg from (3.27) gives:
5
Ipe = % (siny —ycosy) (3.31)

supply power is then:

Yo0loD (i1 y — y cosy) (3.32)

Py = Vpplpc =
ion of the coupling capacitor C, is to isolate the AC output current,
the DC supply passing through the RFC, This output current will
vered to the load via the tuned circuit. If this tuned circuit is assumed
deal, it will have an infinite impedance to currents at its resonant
v and a low impedance to all other frequency components. Its action
efore be to short out all of the harmonic components generated by
and to leave the wanted signal component unaffected to pass to the
This output voltage will be sinusoidal since the harmonic elements
been removed by the filter and will be of the form:

Vi = Ve sin(002) (3.33)

i

tput signal voltage, 17, generated across the load is therefore:

n
Vo= "':E / in(0)R . sin 0.40 (3.34)
0

- There will only be an output current flowing, and hence an output
generated, when the device is operating in its active region. Hence:

Eiy
1
Vi = = / in(B)R,, sin 0.40 (335)
2=y

for ip(0) = Ipy — Ippsin 0 from (3.26) gives:

R
Vo = ?n% (41pg siny + 2IppY + Ippp sin 2y) (3.36)
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Finally, substituting for I, from (3.27) results in:

IppR . :

Ve = 5 (2y — sin 2y) (3.37)
2n

The efficiency of a class-C stage is generally highest when the drain voltage

swing is equal to the supply voltage, pp. The efficiency when this is

assumed is a function of the conduction angle, 2y and may be found from:

Py
P )
where:
Vim V%J’D
R ) S 3.39
Pr 2R, 2R, (0:29)

and Py is given by (3.32). Substituting for Vpp = Iy and for 1, from
(3.37) gives:

2y —sin2y

= e S e (3.40)

n

The relationship between the output signal level, 17, and the drive
current Ipp (from (3.37)) is nonlinear since the conduction angle, 2y, is a
function of the drive current. Two exceptions to this occur when y = 7
(class-A) and 7 = /2 (class-B). Between these two values, operation is in
class-AB (Section 3.5) and for ¥ < 1/2, operation is in class-C. Note that it is
consequently possible to operate a single-ended class-B amplifier as a linear
stage provided that an L-C tank circuit is used as an output filter in the
manner shown in Figure 3.5.

The characteristic of efficiency versus conduction angle is shown in
Figure 3.7. From this it is evident that an ideal efficiency of 100% may be
obtained by decreasing the conduction angle to a small value. Unfortunately
this efficiency is obtained at the expense of requiring somewhat idealised
device ratings and a compromise must be sought. From (3.37) it is evident
that as ¥ —0, /;me—0 for a fixed Ipp. Thus, to obtain the same power
output, the peak value of the drain current must be increased and may exceed
the device rating. The design of a class-C stage must therefore be 2
compromise between efficiency and device ratings.

As in the case of class-A and -B amplifiers, practical considerations
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Efficiency as a function of conduction angle (y) for a class-C amplifier.

fficiencies which may be achieved from a class-C stage. The
on ‘on’ resistance R,, of the FET will limit the maximum voltage
to [, as given in (3.13). The practical efficiency may then be obtained
g 17, in place of IVpp in all equations except that for input power
3.32)).

uration of Class-C Stages

peration of a class-C stage is highly nonlinear, it is possible to
L into saturation without loss of performance. Indeed, the conven-
method of driving a class-C stage is to ensure that it achieves saturated
on as this has 2 number of advantages.

the active device (an FET) is saturated, the drain current is given

! Viop + Vy, sin(of
) =—=—20 R: ko) (3.41)
i I8 the drain voltage swing. The driving current and bias current
ine the conduction angle, 2y as previously, however, a saturation
Y; is now introduced which occurs when the voltage drop caused by
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the drain current flowing through the drain resistance equals the drain
voltage. The tuned output filter is again assumed to remove the harmonic
currents, leaving a sinusoidal output current.

Numerical analysis is required to calculate the efficiency of the
saturating stage [1], however, the peak efficiency occurs when the stage is
just driven into saturation. Thereafter it decreases slightly with increasing
drive level. The peak efficiency of the saturating stage is greater than that of
the non-saturating stage and this is one of the reasons behind its wide
adoption.

The second main advantage of the saturating stage is in its case of
amplitude modulation. The RF voltage produced by the saturating stage is
primarily dependent on the drain supply voltage, ”pp. Variation of this
supply voltage in sympathy with the information signal will therefore
amplitude modulate the stage. This important property is used in Envelope
Elinination and Restoration (EE&R) systems and will be covered in greater
detail in Section 3.6.4, and again in Chapter 7.

3.6.3 Class-C Mixed Mode Stage

The use of a bipolar junction transistor as the active device in a ‘class-C’
stage is considerably different to the situation described above for an FET.
Both the circuit configuration (Figure 3.8) and its method of operation bear
only a passing resemblance to those described above.

A BJT is more difficult to bias in class-C than an FET as it is less

=<

Figure 38 Configuration of a class-C mixed-mode amplifier.
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htforward to simply add a negative bias voltage to the sinusoidal input
. This problem leads to a subsequent difficulty in controlling the duty
of operation and hence the collector waveform. The input circuit
vn in Figure 3.8 contains an RFC and resistance to ground which
vide the bias. The resistance is often unnecessary in practice as the
rnal base-spreading resistance, ry;, tends to reverse bias the base-emitter
tion. This situation is known as se/f bias.
A BJT will have a considerably lower saturation resistance than an
and also contains a high amount of varactor capacitance between
ector and emitter. The combination of these effects leads to a2 non-
soidal collector voltage waveform. The low saturation resistance
tes the parallel output filter and results in a flattening of the collector
orm, whilst the varactor capacitance in parallel with the inductance of
tuned filter does not act as a simple resonant circuit. Harmonics are thus
uced in the collector voltage waveform despite the use of a sinusoidal
it signal and even when it is of a level such that the transistor is not
into saturation.
The use of a series tuned circuit in the mixed-mode stage allows the
nce of a non-sinusoidal collector voltage waveform (the harmonics are
rted to ground). The action of the series filter is merely to remove
harmonic components from the final output and prevent them from
lelivered to the load.
- Analysis of the mixed-mode stage is complex as many of the waveforms
ng throughout the circuit are highly non-sinusoidal. The transistor is
d to operate in cut-off, the active region, and saturation by the
ication of the input drive current. An analytic design is therefore very
ult from first principles and the large-signal impedances usually
d by transistor manufacturers must be used instead for matching
ses. These values must be used with care as they are only valid under
conditions (e.g., carrier frequency, drive level) at which they were
ured. Alternative use of the device should therefore be avoided and an
ate device for the intended application selected instead.

Amplitude Modulation of a Class-C Stage

?ﬁt of class-C stages in AM transmitters was brief] y discussed in Section
The basic principle is that of introducing modulation, in the form of a

0 in the supply voltage, to a saturating class-C stage. The envelope of

; ting RF output will then vary in sympathy with the message signal,

ing in full carrier amplitude modulation.

A convenient method of superimposing the amplitude variations on
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the supply voltage is to use a transformer. The secondary of the transformer
is connected in series with the supply voltage, whilst the primary is fed from
an audio power amplifier. A typical circuit configuration is illustrated in
Figure 3.9 for a B]T stage.

For 100% modulation to be possible, the collector voltage swing must
be capable of varying between 0V and +217¢¢. The drive capability of the
previous (driver) stage must also be large enough to supply the required
power for this level of modulation. This requires the drive level to be great
enough to maintain saturation and cut-off at the highest effective supply
voltage (21 ¢¢). If these conditions are met, the collector voltage waveform
will be as shown in Figure 3.9, with the transistor being driven between cut-
off and saturation. Under these conditions, the collector voltage waveform

Message
signal

Figure 3.9 Amplitude modulation applied to a class-C PA.
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peak at four times the power supply voltage because of the collector
or. Care should be raken to ensure that this peak voltage does not
eed the collector-emitter junction breakdown voltage of the RF device.
. The capacitor €}, is a bypass capacitor for the carrier frequency. Its
ce ensures that the modulation supply voltage appears to come from a
low impedance source and hence it eliminates any effects on the
istor’s operation from inductive and capacitive effects in the transfor-
windings. The function of the output filter has also changed. It now has
dditional tasks of removing the harmonic components of the modula-
debands and the original modulating frequency, as well as its original
of removing the carrier harmonics and DC.

The audio power amplifier, which is used to apply the modulation to
class-C stage, must be capable of supplying half of the DC input power to
it stage. It is thus required to be capable of a significant power output in its
right and must also be linear to preserve the fidelity of the message
In a high power AM transmitter, therefore, a significant amount of
wer may be consumed in this stage.

There are a number of problems associated with this type of AM
, most of which result in an increase in the distortion of the message
A typical output waveform from a practical modulated stage is shown
¢ 3.10. If a sufficient drive level is provided to maintain saturation
cut-off at the peaks, then too much will be available at the troughs and
will prevent the output from falling to zero as is required for 100%
ulation. If this drive level is lowered, then a compromise may be reached
vhich the peaks and troughs are ‘missed’ by an equivalent amount. This is
ituation illustrated in Figure 3.10.
The high drive level has a further disadvantage. The excessive drive
feedthrough in the troughs of the modulating waveform and prevents
ing to zero. The feedthrough signal is coupled through a reactance
is generally larger than the collector load resistance and this causes the
hrough signal to be in phase-quadrature with the amplified output
The result of this process is an AM to PM conversion (phase
ation of the carrier) which results in additional (unwanted) side-
S, causing the signal to spread into adjacent channels. This signal
1g will, in turn, cause interference to the adjacent channels, an effect
h is obviously undesirable.
This situation may be improved by partially modulating the driver
an attempt to improve the depth of modulation. The drive level will
more closely resemble that required, in an ideal case, by the final stage.
! tearity (fidelity) of the modulation may alse be improved by the
0 of feedback as shown in Figure 3.11. The transmitter output signal
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Figure 3.11 Modulation feedback used to improve the linearity of an AM stage.

is demodulared and the resulting audio signal compared with the original

modulation. The audio drive signal is then corrected to minimise the

difference between the modulation appearing at the output and its intended

form. This simple feedback system forms the basis of a number of the

amplifier linearisation techniques to be discussed later.
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Class-D Amplifiers

optimally cfficient amplifier would consist of a controlled switch, in
the ‘on’-resisrance was zero, the ‘off -resistance was infinite and the
tion time was zero. The output signal would then consist of the power
y switched at the rate of the input (carrier) signal, with no losses in the
ving device. This, somewhat idealised, sitwation is illustrated in
e 3.12.

The efficiency of this system would be 100% since there are no losses
‘the device either due to its resistance or due to a finite switching time.
dea of a perfect RF switch leads to the concept of the class-D amplifier
ich this ideal is simulated as far as is possible with practical devices.
It may seem odd to consider such a highly nonlinear class of amplifier
ok on high-linearity amplification, however, such classes of amplifier
have an increasingly important role in the field of linear transmitter
1. This role will be derailed in Chapter 7, as they are used in the ‘RF
esis’ methods of generating high-power linear signals. Such methods
the potential to realise the highest possible efficiency in a linear power
er or transmitter.

There are three main configurations for the class-D stage (the
mentary switch and voltage or current transformer coupled
and these are based on the class-B designs described earlier. The
mentary voltage switching configuration is the most straightforward
and will be described first.

Ve

2 |dealised switch used as an amplifier.
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3.1.1 Class-D Compiementary Voitage Switching Amplifier An alternative configuration to that shown in Figure 3.13 would be to

>oth NPN and PNP devices in a manner akin to that of audio frequency

power amplifiers. This is uncommon in RF stages due to the lack of

e high frequency, high performance PNP devices.

“The analysis of a class-D) amplifier is very straightforward due to the
le collector voltage waveshape. The voltage across TR2 may be written

A simplified schematic for this design, together with its equivalent circuit, is
shown in Figure 3.13. The RF input signal is fed to a splitter transformer
which causes TR1 and TR2 to be driven with currents which are 180° out of
phase. Thus when TR1 is turned on, TR2 is turned off and vice versa. The
result of this arrangement is equivalent to a changeover switch alternating
between the supply and ground. The voltage across TR2 is therefore a
squarewave alternating between 0V and ¢, ideally with a 50% duty cycle, 1
T — I-”(_'(_‘ I:i + ;b(ﬁ)f)] (3.42’)

e h(©7) is given by:

bwr) = { *_‘; :1“;%33 ég (3.43)

resulting squarewave collector voltage waveform may be expanded
Fourier analysis from:

Heor) = % { sin(wf) + %sin(jmt) " é L } (3.44)

g

1 2 2 2
. (;9_((0!) = Vcc{i—l—gsifl(mf) +Esin(3ﬂﬂ) +'5;Siﬂ(5(0f) . }

(3.45)

output tuned network consisting of L, and C,, will be accurately
© the fundamental frequency of the squarewave collector volrage. 1t
1us have a negligible impedance at that frequency and a high impedance
rmonic frequencies. The action of the capacitor will also remove the
ponent from the output waveform and it will thus appear as a
0id at the fundamental frequency of the squarewave with a zero DC
Since the output is assumed to consist exclusively of the fundamental
Y component, we have:

L

2 I/CC Siﬂ(m!)

fua(0F) = =<0 (3.46)

(b)

Figure 3.13 Class-D complementary voltage switching amplifier (a) and equivalent

cireit (b] sitive half of this sinusoidal current will be supplied by TR1 and the
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negative half by TR2, with the peak value of the resulting complete sinusoid
being:
: _2Vee

ot =5 (3.47)
The peak output voltage is therefore:
2V¢
Vi = ——< (3.48)
bis
and hence the ourput power is:
Wew 207
P, = WX __ cC .

The DC input current can be found from (3.47) since the output current
flows from the supply through TR1:

Ly e
E A W 3.50
nc - TI:Z RL ( }
Finally, the power drawn from the supply is:
_ s
P — o e 3.51
s = Veelpe =R, (3.51)
The theoretical efficiency is therefore:
—: Pwi =] (352)
Ps

thatis, 100%. This result is perhaps abvious as the active devices are operating
(theoretically at least) as perfect switches and hence have no voltage across
them when conducting and no current through them when off. They therefore
dissipate no power and hence all must be supplied to the load.

3.7.2 Class-D Transformer-Coupled Voltage Switching Amplifier

This is the first of two transformer-coupled class-D configurations both of
which are similar in structure to the transformer-coupled class-B design
described in Section 3.4. The circuit configuration, together with typical
waveforms, is shown in Figure 3.14.

As in the complementary class-D amplifier, the input transformet
results in the transistors turning on and off alternately. The supply
voltage, Ve, is thus placed across alternate halves of the primary

Figure 3.14 Class-D transformer-coupled voltage switching amplifier and circuit waveforms.
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winding, resulting in positive and negative transformed versions of 17,
across the secondary. The resulting secondary waveform isagain a squarewaye
and the collector voltages are also squarewaves switching between 0V ang

The efficiency may again be shown to be 100%, with the output filter
(Loowss o) performing the same function.

3.7.3 Class-D Transformer-Coupled Current Switching Amplifier

Referring to Figure 3.15 it can be seen that the only difference between the
current and voltage switching configurations is the addition of an RFC in
series with the supply line feeding the transformer center-tap. The RFC
forces the circuit to draw a constant current from the supply and it is this
current which is switched by the active devices. Thus it is now the collector
current waveform which is squarewave in nature and each of the corre-
sponding circuit waveforms are the duals of their equivalents in the voltage
switching configuration.

The principle advantage of the current switching configuration is that
of device switching speed. The active devices will switch more quickly in
this configuration if they are operating as current switches and not voltage
switches as in the previous configuration,

3.74 Amplitude Modulation of a Class-D PA

In an ideal class-D PA, the amplitude of the RF output voltage is directly
proportional to the supply voltage. Variation of the supply voltage in
response to an applied message signal will therefore result in an extremely
linear amplitude modulation of the RF carrier.

375 Practical Class-D Amplifiers

There are a number of practical considerations which cause the behavior of 2
class-D amplifier to differ from that anticipated. The finite switching times of
the devices, together with stray reactances, lead to losses since power is
consumed whilst a finite voltage appears across and a current flows through
the devices.

The effect of a finite transition time on the overall efficiency of the stage
can be shown to be [1]:

sin @,
Mreat = Nideat ¢¢ (3‘53)

RF Power Amplifier Design
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Figure 3.15 Class-D transformer-coupled current switching amplifier and circuit waveforms.
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204

Figure 3.16 Finite switching time of the devices in a class-D PA.

where @, is the angular portion of the RF cycle taken for a device to switch as
shown in Figure 3.16. This expression assumes the somewhat idealised case
of a linear transition between states.

As has been mentioned previously, the devices will exhibit a non-ideal
behavior when saturated and this will again reduce the overall efficiency. In
the case of a B]T, the supply voltage, 1V, should be replaced by an
effective voltage, 17,5 in all expressions except that for input power. The
overall efficiency is then reduced from the ideal of 100% to:

Ve ;
Nreat = . __ (334)
cc
where:
Vg =Vee= Via (transformer coupled) (3.55)
Vir = Ve =2V (complementary) (3.56)

The *on’-resistance of an FET may be dealt with in a similar manner to that
of the class-B amplifier discussed earlier. The effective voltage, [, is given
by:

Y . 57

Vi InDRM'FRL (35}
Protection of the active devices is required when driving a load which has @
reactive clement at the fundamental frequency. It is therefore a wise
precaution in most practical designs involving bipolar devices. Device
protection is required in order to provide a path for the reverse currents
which result from a phase shift of the output current relative to the collectof
current caused by the stray reactance.
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317 Diode protection applied to a complementary class-D amplifier with a reactive
load.

! A reverse direction path is provided by a diode connected across each
' ctive devices as shown in Figure 3.17.

* Class-E Amplifiers

s-E amplifier is a single-ended switching configuration with a
load network as shown in Figure 3.18. The simplest form of load
k consists of a series tuned L-C circuit and a shunt capacitance across
ollector-emitter junction (the emitter being grounded). One of the
pal advantages of this configuration is immediately apparent in that
hunt capacitance may be composed of the inherent junction capacitance
= transistor plus some additional capacitance to ensure correct circuit
tion. Thus the transistor’s inherent capacitance is no longer a source of
ss but becomes an essential part of the circuit’s operation.

In the operation of the class-E stage, the transistor is assumed to
as an ideal switch with zero ‘on’-resistance and infinite ‘off’-
nce. The equivalent circuit can then be drawn as in Figure 3.19,
e two shunt capacitances combined to form a single equivalent
ance, C.

‘The derivation of the voltage and current waveforms of a class-E PA is
since neither waveform may be simply determined for the entire RF
uations have been presented in the literature [5.6] to describe the
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RFC

l A Cour out four
T;@?. c,| Ve R, v,

Figure 3.18 Class-E amplifier circuit configuration.

RFC

TR1

|||—4—o\o-——<mgi—|g<

if

=

Al

Figure 3.19 Equivalent circuit of a class-E PA.

operation of the class-E amplifier and the reader is directed to these for
turther details. The idealised efficiency of a class-E stage is 100% although
practical considerations of circuit Q, saturation voltage and switching time
reduce this in practice.

3.9 Class-F Amplifiers

A class-F amplifier has a load network which is resonant at one or mofe
harmonic frequencies in addition to its resonance at the fundamental
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ency. The addition of harmonics, at the carrect level, to the funda-
al causes a flattening of the collector voltage waveform. The collector
. waveform thus begins to approximate a squarewave with a
uent improvement in both efficiency and output power [7].
* The configuration of a class-F stage in which only the third harmonic is
is shown in Figure 3.20. The transistor acts as a current source and the
sulting collector current waveform is a half-sinewave as was the case in a
ended class-B configuration. The action of the fundamental-frequency
d circuit composed of L; and C is to produce a sinusoidal output
e, The third-harmonic resonator (La, C3) permits the collector voltage
eform to have a third harmonic component, which in turn resules in the
ning of the collector voltage waveform described above.
' The amplitude and phase relationship of the third harmonic relative to
idamental component is important to ensure that the correct waveshape
duced at the collector. This is usually accomplished by the correct tuning
th tuned circuits and by utilising some device saturation.
An improved design replaces the harmonic resonant circuit with a
ter-wave transmission-line, which simulates the equivalent of an infinite
of resonators. The parallel-tuned output circuir is a short to ground
]l of the harmonic frequencies, however, the quarter-wave line trans-
s this into short circuits ar each of the even harmonic frequencies and
ircuits at each of the odd harmonics. The resulting fundamental and
of odd harmonics leads to a squarewave collector voltage waveform and
ce to the device operating as a switch. The efficiency of the stage is thus

o~

1320 Configuration of a class-F power amplifier.
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310 Class-G and -H Amplifiers

Input waveform

AT QTR A
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Both of these amplifier classes are principally limited to audio frequency
applications due to the wide bandwidths required for the active components,

Class-G amplification requires the use of more than one supply voltage
and at least two pairs of active devices (for two different supply voltages).
The first pair of devices is connected to the lower supply voltage (which is,
say, half of the higher supply voltage) and operate as current sources when
the output is of a low level, As the output level increases, these devices are
cut off and the devices connected to the higher voltage supply become active
and operate as current sources, The efficiency improvement comes when the
lower level signals are being amplified as the efficiency at the lower supply
voltage will be twice that at the higher supply. The result is an overall
improvement in efficiency for signals which do not continuously require the
higher voltage supply.

The class-H configuration consists of a highly efficient amplifier
supplying the collector voltage level of the main amplifying stage in order
to ensure that it remains just above that of the output signal. The result of
this is that the collector dissipation in the current-source configured main
amplifier is greatly reduced and the efficiency may be made close to 100%.
This type of system is covered in more detail in Chapter 8.
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2 321 Creation of a PWM waveform.

3.11 Class-S Amplifiers

Pulse-width modulation (PWM) is used in many applications requiring high
efficiency energy conversion or control. The basic principle involves the
creation of a rectangular waveform of variable duty-cyele such that the mean
level varies to form the desired waveshape, as shown in Figure 3.21, wherea
triangular waveform is compared with the input waveform, the result of this
comparison forming the PWM waveform.

Class-S amplification utilises a PWM input waveform, with the desired
output waveshape contained in its mean value, and amplifies this switching
waveform efficiently before low-pass filtering it to leave the desired outpnt
waveform. A typical circuit configuration is shown in Figure 3.22, with
reverse-current protection diodes inserted between the collector and emitter
of each device.

Two difficulties are immedifately apparent with this type of amplifier.
Firstly, the frequency at which the transistors must switch is many times that
of the final output frequency of the amplifier and hence very wide bandwidth
devices are required. This currently limits such techniques to low RE

=

3n Class-S amplifier configuration.
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frequencies at best. Secondly, TR1 is a PNP device, and since there are fey,
radio frequency PNP devices available, this again limits the maximum
frequency of operation of these amplifiers.

A single-ended Class-§ stage may be utilised as a modulator since
operation here is only required at audio frequencies. Such a stage may form
the basis of the modulator in an Envelope Elimination and Restoration type
transmitter.

3.12 Biasing for Linear Operation

The use of class-A and class-AB amplifiers for linear power amplification
relies on the use of a standing bias current, applied to the base (in the case of
a bipolar transistor) in order to bias the RF device into partial or full
conduction. This bias current must remain constant, despite the varying
envelope of the input signal to the amplifier, which will cause significant
variations in the collector current (and hence base current) required by the
device.

When considering low power RF amplification, any of the conven-
tional resistive biasing techniques may be used (e.g., potentiometer biasing),
however, such techniques are not appropriate for medium- and high-power
amplifiers due to their requirement for a low-impedance, relatively high-
current, voltage source. A number of more appropriate techniques are
described in this section.

3.121 Diode Biasing

Perhaps the simplest technique for RF power amplifier biasing is the use of
clamping diode [8-11] and a typical circuit is shown in Figure 3.23. The
clamping diode provides a low-impedance voltage source for the bias
voltage of the transistor and hence requires a higher standing current 0
flow through it than the bias current required by the transistor. This diode
must therefore be an appropriately-rated power device and must also be
physically connected to the power transistor or heat sink in order to provide
temperature compensation. For perfect temperature compensation, both the
clamping diode and the RF power transistor should have similar thermal
characteristics (changes in voltage drop with temperature).

The base-emitter resistor (R1 in Figure 3.23) is used to slightly lower
the actual base voltage below the forward voltage of the clamping diode, D1.

The bias current (diode forward current) is determined by the DC resistanc€
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VCC

}:”" Il
Il

To remainder of output
matching network

From input
matching
network

TR1
(RF power transistor)

3.23 Clamping diode bias scheme for an RF power transistor.

he RF choke, RFCI, and the value of R2. This dropping resistor is
to dissipate quite a high power and hence must be adequately rated.
s power is also wasted and hence further reduces the efficiency of the
‘The power dissipated in this resistor will be:

Pgy = (V e — V!J)Ib.max (3-58)

- Amplified Diode Biasing

lamping diode bias scheme of Figure 3.23 can be improved [8,11] by
tion of an emitter follower to amp]ify the diode current, and hence
= the required current through the diode by a factor equal to the
t gain of the transistor employed. This arrangement employs two
In series, since one is required to compensate for the base-emitter
€ drop of the biasing transistor, TR1. The circuit arrangement for this
is shown in Figure 3.24.
Z$mee the required diode current is now relatively small (in most
tions), signal diodes may be employed and a suitable AF power
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Vee
1,
W\' |I__L
R2 Ci =

TR1

R1 (Biasing transistor)

Figure 3.24 Amplified diode bias scheme for an RF power transistor.

transistor (or Darlington pair) employed for TR1. The current flowing
through D1 and D2 is given by:

Tgr 4y ,
Ipypp =12 E\ (3.59)

whete Iy 4 is the required bias current for the RF power transistor and brg
is the DC current gain of the biasing transistor, TR1.

R1 and R2 set the bias idie current and the radio-frequency choke
(RFC) and capacitor, Cl, prevent the RF signal at the base of the RF power
transistor from reaching the bias transistor. This could cause high-frequency
instability of the bias circuir and would also severely affect the matching of
the RF stage.

Temperature compensation may be provided in a similar manner to
that used above, namely to mount one of the diodes as close as possible to the
RF power device, either on the heatsink, or better still, on the rear of the
power transistor case, The other diode and the biasing transistor, TRI,
should remain at ambient temperature, although TR1 may well require
mounting on a heatsink in many applications.

3123 Low Source-lmpedance Biasing

An improved, but still relatively simple, active biasing arrangement is shown
in Figure 3.25 [8,12]. In this arrangement, TR2 is a high-power audio-
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A two-transistor biasing scheme for an RF power transistor, featuring a low
Source impedance,

2ncy, general purpose device which must be rated sufficiently to supply
current—its power dissipation will typically be in the order of a few
d hence it will usually need to be mounted on a heatsink. Care must
en with heatsink mounting to ensure that the transistor case (or tab) is
from the ground. TR1, on the other hand, should be capable of
mounted on the main heatsink, as close as possible to the RF
stor, in order to perform temperature compensation (although again
need to be isolated from ground). It need only supply the drive current
and hence can be any general purpose, low power device. The only
nent is that its forward base-emitter voltage drop, at the required
€ current, must be lower than that of the RF power transistor at its
bias level.
ving chosen the required semiconductor devices, it only remains to
- various resistor values. The base-emitter forward voltage drop of
the voltage drop across R3 sets the output bias voltage, 75;.45. R3
herefore be chosen accordingly, or alternatively a suitable variable
ce may be used to allow the bias level to be set up during the testing

Pprovides the base drive current for TR2 and should be chosen
lingly; the required current may be determined from the specified bias
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current for the RF device and the bpp of TR2:

I BIASRF

Ry < [Vae — (Vppas + VBE)]/ (3.60)

h: ETR2

where Ip; 45 rp is the required RF transistor bias current. R2 limits the
maximum bias current which may be obtained from the circuit and should be
adequately rated to handle the necessary power dissipation. The value of R2
may be found from:

Vi — Viegsar

R, =

(3.61)
IBI.-U.RF

Finally, the capacitors C1-C3 may be necessary to suppress high-frequency
oscillations, depending upon the design and layout of the circuit.

3.124 Voltage Regulator Biasing

It is also possible to utilise IC voltage regulators as constant-current sources
for RF transistor biasing. Care must be taken with such devices, as many
have a minimum output voltage well in excess of 0.7V, but these may still be
used in a suitable circuit configuration [8].

3.125 Biasing of FET Devices

Biasing of FET devices is usually very much simpler than that described
above for B] T devices. In many cases, it is sufficient to provide a bias voltage
directly on to the gate through a suitable impedance. This impedance must
be capable of minimising the amount of RF feeding into the bias supply, this
is important for reasons which will be outlined in Section 3.13. It must also
present a suitable impedance to prevent the device from going unstable. This
is particularly important for GaAs FET devices, which usually require a low
resistance from their bias supplies (sometimes none at all).

A typical network, therefore, is shown in Figure 3.26. This consists of 2
voltage supply (e.g., from a variable volrage regulator, as shown), fed via 2
bias resistor whose primary function is to aid in the decoupling of the gate
from the bias supply, and finally through a transmission line which is 2
quarter wave long at the center-frequency of interest. It is this latter element
which provides the primary RF isolation between the gate and the bias
supply. Decoupling is often provided at both the ends of the transmission
line and also at the bias resistance (as shown).
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3.26 Simple FET biasing technigue.

Sources of Inequality for IM Products
Introduction

a practical RF amplifier design over a range of tone-spacings will

illy result in some differences emerging in the levels of the upper and

rmodulation distortion products of 2 given order or a change in
vel of both, equally, with changes in tone spacing. The origin of these
es is not obvious from classical AM—AM and AM—PM amplifier
and no single factor can explain the effect in all cases. This section
ts 2 number (but probably not all) of the possibilities relating to the
of an individual amplifier stage or cascade of stages.

‘Supply Modulation Effects

iation in the current drawn from the power supply for a linear RF
‘amplifier ranges from almost zero (theoretically, actually zero) for
- amplifiers, to the full current capability of the supply, for class-B
rs (with 4 rectified sinewave waveshape, in the case of a two-tone
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test). This large current variation should be isolated from the power supply
circuitry (which usually has a very poor RF and envelope-frequency
response) by means of the decoupling network. This network should be
mounted as close as possible to the required point and should consist of a
range of values and technologies to ensure that all envelope frequencies of
interest are adequately decoupled.

Imperfections in the decoupling network will result in a supply voltage
variation in sympathy with the envelope current drawn from the supply.
This in turn will result in an unwanted envelope modulation being applied to
the (already modulated) output signal and is usually more prevalent at
particular envelope frequencies, where, for example, a tantalum capacitor is
beginning to become inductive and a paralle]l ceramic capacitor has ver to
reach a sufficiently low impedance. Given the reactive nature of the
decoupling network, it is very likely that this envelope modulation will be
applied at a different phase angle to the wanted modulation. This in turn will
result in the AM—PM phase angle being non-zero and hence in an
asymmetry in the resulting IM products [13,14]—see also Section 2.13.3.

The use of a range of capacitors, each of which is effective in a sub-
range of the required envelope frequencies, is widely applied to solve this
problem. A drawback of this technique, however, is that as a low-frequency
capacitor becomes inductive, it can form a resonant circuit with a smaller
value (high-frequency) capacitor. This in turn can result in a large
asymmetry at the resonant frequency. This effect is analysed in [14] and
the use of a broadband emitter follower as the supply mechanism is
suggested as a better solution than a range of decoupling capacitors.

3133 Bias Modulation Effects

The device biasing circuitry can also suffer from a similar problem to that
outlined above, although not generally due to cycling currents being drawn
from the supply. The function of the bias network is to supply an
appropriate (and constant) voltage or current to the gate or base of the
device. So far as the RF signals or modulation are concerned, it should appeat
to be a high impedance (or possibly a very low impedance in the case of
modulation signals)—it should certainly not allow such signals to pass ©
any part of the power supply and be reflected back to the input of the active
device.

Signals at the modulation frequency (or harmonics thereof) afe
gencrated by nonlinearities in the base or gate of the active device and
these are often reflected, rather than absorbed by the matching nerwork.
Indeed this property is sometimes used as a predistortion mechanism (s€€
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ppter 6). These modulation frequency signals can then impinge upon the
. network and this must absorb theém (ideally) and certainly not reflect
modified or further distorted signals (from the power supply circuitry)
to the gare or base of the device. These signals will combine with the
input signals and cause a modification of the IM products; this may
el include asymmetry.

Interstage Reflections

nentioned above, the input to an active device can (and usually does)
e distortion. This distortion can be passed by the matching network
s arbitrarily modified in amplitude or phase) to the output of the
ng stage. This in turn will modify, again arbitrarily in amplitude and/
hase (and possibly further distort) the reflected signal and will reflect it
k to the originating input. Clearly this additional input signal can have an
n the resulting output distortion of the stage and one effect is that of
ality in the IMD products.

Solutions to this problem include: changes in the matching nerwork
n to reduce or eliminate these signals (e.g., arranging the network to
low impedance at the harmonics and/or the envelope frequencies) or
uding interstage isolation (e.g., an isolator or pad).
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edback Linearisation Techniques

Introduction

ps the simplest and most obvious method of reducing amplifier
ion is by some form of feedback. Since its invention and subsequent
tenting by H. S. Black [1], some years after the long-neglected feedfor-
1 technique, feedback has been applied almost universally to error
ection of all forms. It is extensively used for plant and process
‘but has found perhaps its largest domestic marker in audio

audio frequencies, device gain is usually inexpensive to accomplish,
lity is relatively easy to achieve due to the comparatively small
ths required (20 kHz or so). The inherent disadvantages of feed-
in terms of gain-bandwidth product limitations and the sacrifice of
linearity, are nota problem. The low frequencies involved also mean
time-delay through a single stage is relatively small by comparison to
> taken for a complete cycle of the desired signal—this again makes
blem of achieving amplifier stability considerably easier.

hen considering RF amplification, the problems of using feedback
more pronounced and the overall design must be considered much
refully. The bandwidths involved are often larger than at audio
es, the cycle-times much smaller and the forward-path gain more
to achieve—all of these factors must now be considered. The final
be considered is that the linearity required in an RF system is often
t than that required in an audio system. A typical audio system

135
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specification of 0.1% total harmonic distortion at full output would equate
to a nonlinearity which would produce intermodulation products of perhaps
30 dB or 40 dB down for a two-tone test. Many RF systems require IM]D
products to be 70 dB or more below the wanted signals—a much mare
stringent requirement.

This chapter looks at the various feedback techniques which have been
applied to the field of RF power amplifier linearisation. Broadly speaking
these can be broken down into four categories: RF feedback, envelope
feedback, polar feedback, and Cartesian feedback, all of which are covered in
detail, along with their derivatives. The envelope, polar and Cartesian
feedback systems should, more accurately, be referred to as framsmitter
linearisation fechnignes since each design is a complete transmitter rathet
than simply a linear amplifier. This distinction is important and needs to
be drawn for many of the other techniques described in this book,

4.2 Feedback Theory

Consider the generalised feedback system shown in Figure 4.1. Contained in
the forward path is the system requiring control, which for the purposes of
this text is an RF amplifier (or upconverter and RF amplifier). The feedback
path may contain a number of signal processing elements, however in the
simplest case, a (potential) divider will provide linear feedback.

The comparator is the component which derives an error signal from
the input and fed-back output signals. It is most often a voltage subtracter,
but this is not universally so. For example, in a phase-locked loop it is the
difference in phase between the input and output signals which is of
importance, and hence a phase subtracter, or phase detector is used as the

Comparator
Output
input 2 7 Non-ideal e
- system i
x() X ¢ vt
Voltage =
divider P

Figure 4.1 General feedback system
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Subtracter

Xo(t) il

y(t)

Amplifier
1/K <
Vaoltage
divider

.2 Feedback applied around an amplifier system.

tor [2]. In the case of feedback linearisation of amplifiers the
ator will take the form of a voltage or current subtracter and this
be assumed here.

igure 4.2 illustrates the use of negative feedback around an imperfect
er. The forward path is now an imperfect amplifier of gain, A, and the
k path is a voltage divider of gain, 1/K. The comparator is a voltage
of unity gain.

tem input signal, x(7), will result in an error signal, x (/) appearing
input to the amplifier. This signal will be amplified to yield a system

signal, y(#), given by:

3(e) = Ax, (1) (4.1)

put signal is processed by the voltage divider, resulting in the
signal for the subtracter, y,(f), where:

) =12 (42)
ror signal, x, (£), is now defined by:
xe(z) = R(t) __yr('t) (4‘3)
combining (4.1), (4.2) and (4.3) gives:
KA
W) =g 750 (4.4)
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Assuming, for the moment, that the amplifier gain is much greater than the
voltage division ratio, that is, A >> K, then K+.A4 = A and, to a good
approximation,

) = Kx(7) (4.3)

The resulting system, therefore, although having a considerably lower gain

than the original amplifier, has gained in rerms of the reliability and stability
of that gain, since the division ratio of the voltage divider (K) is usually very
stable with, for example, temperature.

The requirement for the main amplifier gain, A4, to be much greater
than the division ratio of the potential divider has a significant bearing on an
RF system. RF gain, particularly at higher power levels, is expensive to
achieve, due to both the relatively low gain and high costs of RF power
devices. Only small amounts of feedback can therefore be applied to
individual power stages, with the resulting effect on distortion being
proportionately less (Section 4.2.1). Applying feedback around the whole
of a muldstage RF amplifier would partially alleviate this problem, as the
gain could be sacrificed in the lower power stages, where is it easier and
cheaper to recover, However, such far reaching feedback may well result in
instability, due to the significant delay through the forward path of the
system relative to the period of a single cycle of the input waveform atan RF
operating frequency.

421 Feedback Distortion Reduction

In the above discussion, the effect of the distortion added by the amplifier
was not considered explicitly. The effect of noise and distortion may be

analysed by the addition of a summing junction in the forward path into

which the noise and distortion (d(#)) are added. This situation is illustrated in
Figure 4.3.
The analysis proceeds in a similar manner to that above, giving:

) = Ax,(7) +d(2) (4.6)
and

()

i : S 4.7]
i) == (
The error signal, x,(£), is similarly defined by:

%(8) = x(9) —2,(2) (4.8)
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Subtracter dt) .
+ Xe (f) & Qutput
> > A —>
= 3 vt
Yt
Amplifier
1/K <
Voltage
divider
.3 Feedback applied around an amplifier system with distortion.
bining (4.6), (4.7), and (4.8), gives:
K(Ax(#) +d(¢

K+ A4

o, for the moment, that the amplifier gain is much greater than the
ivision ratio, that is, A4 >> K, then K+ A4 = A and therefore:

Kd(¢

) = ) + 220 (4.10)
A

stortion produced by the main amplifier is therefore reduced by a

A by the inclusion of the feedback loop. Thus, for example, if .4 =

n the distortion level in the main amplifier will be imptroved by

with the correspanding sacrifice of 20 dB of gain.

RF Feedback

simplest and most common forms of passive RF feedback are similar
udio frequency counterparts, namely series feedback and shunt feedback.
are concerned with linearising an individual stage, rather than a
multistage amplifier and both are extremely simple to implement.
may be applied to linearise class-A, class-AB or class-B stages and
1 not result in a high efficiency amplifier. However, the improvement
ttion performance is stable and predictable and the relative simplicity
methods makes them popular for high-reliability applications.
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They are most often applied to correct for ‘linear distortion’ (i.e., gain
and phase ripple) in broadband amplifiers and also to provide gain
stabilisation for a design, where a particular level of gain is required for 4
large number of production units, for example.

431 Series Feedback

The configuration of a series feedback amplifier is shown in Figure 4.4. In 4
normal amplifier stage (without feedback) the emitter resistor would be

shunted by a capacitor with negligible reactance at all frequencies of interest,

This capacitor is absent from the circuit of Figure 4.4 and hence an AC

component is permitted in the emitter voltage. This variation also appears
on the base, since [, remains approximately constant with changes in
device current, hence providing negative feedback due to the inverting

behavior of the stage.
The action of the feedback may be described mathematically as follows.

The input signal, v, is almost exactly reproduced at the emitter, since the

base-emitter voltage, 17, remains essentially constant. Thus, the emitter
current may be deduced:

v

L (4.11)

L ==

¢ RE

Figure 4.4 Series feedback applied to an RF amplifier stage.
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ollector current and emitter current are approximately equal, that is,
hence:

& Py
a 4,12
gt (4.12)
1 i .
sy —E. 4,13
Rg  uy ( )

series feedback amplifier may therefore be regarded as a transconduc-
e amplifier of gain, g = 1/Rp;. The gain is therefore specified by a
e which is substantially constant, for example, with temperature,
¢l, time, and, more importantly, is also linear. By contrast, similar
on a standard common emitter amplifier yields a transconductance
[r., where 7, is given by:

AT

5L (4.14)
gl

L

is Boltzmann’s constant, ¢ is the electronic charge, T is the device
e (in Kelvin) and Ig is DC value of the emitter current. This
is not only poorly defined with temperature, it is also nonlinear.
- voltage gain of the stage may similarly be derived since:

Ve = —2,R ¢ (4.15)

e voltage gain is therefore:

A sy, TC (4.16)

t. Analysis of the circuit gives:

Vi = Bty + (8, + Biy) R

=iy(rp+ (1 +B)Rg) (4.17)
‘The inpur impedance is therefore:
!-';,,

Fig =7~ = Ty +(1+B)Re (4.18)

(]
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Figure 4.5 Equivalent circuit of a series feedback amplifier.

which is considerably higher than that achieved without feedback. Design of
the input matching network and drive circuitry may therefore be greatly
simplified.

43.1.1 Practical Considerations

Many RF power transistors include some emitter resistance as part of their
structure, in order to ensure an even division of current within the device.
This emitter or ballast resistance results in an inherent (small) level of series
feedback in many PAs.

Source feedback in an FET stage, although common in small signal
stages, is not generally practical for high power designs. The large values of
gate voltage result in a consequent large voltage across the source resistance
and hence an excessive power dissipation in that resistance.

Finally, it is important to note that series feedback will have no effect if
the amplifier stage is being current (rather than voltage) driven. Current
drive is frequently used in PAs due to the inherently more linear relationship
between base and collector currents, rather than between base voltage and
collector current (exponential relationship).

As a result of these considerations a second feedback configuration iS
more often used, namely shunt, or collector, feedback.

43.2 Shunt Feedback

Shunt feedback could be viewed as the dual of series feedback, in that
current drive is now required for the feedback to operate and no linearity

improvement will be experienced if voltage drive is attempted instead. The

following discussion will assume that current drive is provided and hence 00

Feedback Linearisation Techniques 143

46 Shunt feedback applied to an RF amplifier stage.

series resistor is required in the circuit configuration shown in Figure
B8y RIN — 0)

will be assumed that the current gain, B, of the transistor is large,
making the base current negligibly small, and also that the base-
voltage remains constant with applied signal (i.e., #, = 0).

he signal input current (/) therefore flows through the feedback
creating a voltage drop across it equal to -/, R g5, and, since z;,, = O:

Vour = —ipRpp (4'1.9)
re the transresistance (rr = 2, [ 4,) is:

P y.w =—Rgp (4.20)

iy

It current/output voltage relationship is therefore linear and again
dent of, for example, temperature effects.
ysis of the equivalent circuit shown in Figure 4.7 yields the small

' Ry
A= P8 (4.21)
in Re



144 High Linearity BF Amplifier Design

Figure 4.7 Equivalent circuit of a shunt feedback amplifier.

and the input resistance, r;;
Ry + (1+B)Re

Py

(4.22)

Tin =

&

which is generally low in comparison to that of the series feedback stage.

4321 Practical Considerations

The practical implementation of shunt feedback at RF is most easily achieved
using the network shown in Figure 4.8. The blocking capacitor, Cyp, should
have negligible reactance at the frequency of interest and the inductf?r, Ly,
may be added to compensate for a fall in device gain at high frequencies. The
effect of phase-shifts due to the inductor, transistor and associated leads must
be considered when evaluating circuit stability.

Figure 4.8 Practical implementation of a shunt feedback amplifier.
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was mentioned above, current drive must be used for this form of
back to operate. This is a distinct advantage as the basic linearity of the
ransfer characteristic (and hence current-voltage transfer character-
) of a transistor is much better than that of its voltage-current transfer
acteristic. Hence less feedback will be required to yield a given level of
jute performance.

Other Configurations

or separate winding on the collector load transformer, in a transfor-
coupled amplifier, may be used to couple a portion of the amplifier
current back to the base. In the case of a B]T this will linearise the
 transfer characteristic; with an FET, the voltage transfer character-
be linearised.
Passive feedback is often used merely to improve the broadband
eristics of an RF amplifier, rather than to improve its IMD or
distortion properties. It may be used, for example, to compensate
oor impedance match at certain frequencies within the desired pass-
to introduce a degree of gain levelling in a broadband amplifier.
advantages are, however, achieved at a price (as in all feedback
ince gain is lost due to the action of the feedback and efficiency is
ificed due to power dissipation in the feedback network [3]. The
f feedback also lowers the effective input impedance of the device.
he goal of RF feedback for gain levelling (particularly at lower RF
cies, e.g., HF) is usually to effect a gain reduction at low frequencies,
gain is generally high, in order to balance the lowering of gain
ased frequency, occurring due 1o device roll-off. The feedback
< is therefore designed with a low-pass response, thereby providing
feedback at lower frequencies.
Figure 4.9 illustrates three transformer-based configurations for
enting RF feedback. In Figure 4.9(a), collector to base feedback is
by the transformer T1, with the RF input forming a tap to the
of T1. The impedance ‘seen’ by the feedback voltage is set by T1
its level and the consequent power dissipation in the feedback
fe also set by this transformer. The capacitor, C, is putely for DC
and should be chosen so as not to have a significant effect in the
f interest.
1gure 4.9(b), feedback is achieved by means of a third turn on the
transformer, T2, hence allowing a less complex (and lower impe-
input transformer to be used. The impedance of the feedback source
longer that of the collector and hence may be lowered as desired.
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Figure 4.9 Negative feedback applied around a BJT, utilising input and output
transformers (after [3]).
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- Finally, Figure 4.9(c) shows the feedback connected directly to the base
impedance point) and hence a low impedance feedback source is
jired. This again can be provided from an additional winding on the

it transformer, T2, as shown. This is the preferred arrangement for
r devices since the base impedance is well defined, and hence the level
dback may be determined purely by the turns ratio on T2,

| Example System

ctical example of the use of passive feedback in a multistage RF
was presented in a paper by Mitchell [4]. The application was for a
jum-power submarine cable repeater amplifier for use in a 10,800 carrier
division multiplex system of up to 500 nautical miles in length. A
of the final specification is given in Table 4.1.

design of this amplifier, although not recent, illustrates many of
ques and features inherent in feedback RF amplifiers. Negative
was originally chosen for this design as it can be used to set and
| the gain response and terminal impedances at the input and output.
ncipal advantage of negative feedback over most of the other
ion techniques is that of simplicity. The resultant number of
ices required is small and hence the reliability is likely to be

Table 4.1
ry of specifications for the high-band submarine cable repeater amplifier

Achieved specification Notes

79 MHz
135 MHz

25 dBm

26 dB
35dB

—102 dBm Measured using a two-tone test
5dB For complete amplifier
>20 dB
>20 dB
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good. This is a particularly attractive feature for the submarine cable
application considered here since the design life had to be greater than 25
years, with repair being virtually impossible.

A disadvantage of feedback amplifiers is also illustrated in that in order
to ensure loop stability, the open loop transfer function must have 3
bandwidth of approximately an order of magnitude greater than the highest
operational frequency. This requirement is a significant problem at higher
frequencies as the devices required tend to have a poorer performance and
lower power capability than their lower frequency counterparts, They also
tend to be very expensive.

43.4.1 Amplifier Design

To achieve the required intermodulation specification, a loop gain of 15 dB
was required in the feedback loop, hence requiring an open loop gain of
50 dB in order to achieve the required overall gain of 35 dB (at 135 MHz),
The circuit diagram is shown in Figure 4.10, with the circuir consisting of
three common emitter stages, plus input and output impedance transforma-
tion.

The design illustrates three different types of feedback, namely: series,
shunt, and overall feedback around the complete amplifier. Each stage has
feedback applied in an alternate series-shunt-series arrangement for the three
transistors and this is intended to stabilise the amplifier performance against
changes in the active device characteristics over its lifetime. The shunt
feedback applied to the second stage is frequency selective, and this provides
the necessary shaping of the loop gain response to restrict the amount of in-
band feedback, and provide large amounts of out-of-band feedback, hence
realising the necessary bandpass frequency response. This illustrates another
advantage of feedback in this application, in that an almost arbitrary
modification to the frequency response can be achieved.

It can be deduced from the previous sections on series and shunt
feedback that the alternate application of these techniques throughout the
amplifier will lead to a considerable mismatch berween stages. The interac
tion between stages is therefore small and this will help to improve the
overall stability of the design.

The overall feedback around the complete amplifier is employed to set
the terminal impedances to 88Q (for optimum noise figure of the active
devices) and to tailor the overall passband frequency response to the

approximately (/f response required to compensate for the response of

the cable. The feedback components employed are a tapped transformer at
input and output together with the current feedback resistors, R1 and RZ;
the damped resonant circuit at the bottom of the diagram provides the
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Figure 410 Circuit diagram of a 135 MHz feedback amplifier for submarine cable applications (omitting base-biasing components). TR1 and 2

are both Avantek AT4641, and TR3 is HP type 35853E {from [4] ) IEE 1979).
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frequency shaping. The 88(2 impedances are then transformed by the inpug
and output transformers ro the required 502 impedance of the cable.

The achieved final loop gain of around 17 dB resulted in a correspond-
ing 17 dB reduction of the third-order IMD products.

435 Active RF Feedback

If the ‘voltage divider’ in Figures 4.1-4.3 is replaced by an active (amplifier)

stage, gain is provided in the feedback path and hence less of the main

amplifier power needs to be dissipated in the feedback components. In
addition, this ‘auxiliary amplifier’ (the amplifier in the feedback path) can be
designed to be relatively nonlinear and hence introduce its own distortion
into the feedback path. This distorted feedback signal is then summed with
the input signal and, by suitable control of its gain and phase, a reduction in
the main amplifier distortion may be achieved.

Perez et al. describe a system based on this concept [5-7] and report a
gain reduction of only 3 dB for a corresponding reduction in third-order
IMD of 12 dB. The level of distortion cancellation was, however, found to
be dependent upon signal level, with relatively poor performance reported at
signal levels other than that on which the system was set up. However, if
only a single operating point is required (i.e., power control is not required)
then it may be possible to achieve satisfactory performance from this
technique.

The improved performance, in terms of a minimal gain reduction, of
this active feedback technique over conventional passive feedback, occurs
primarily because of the increased distortion introduced by the auxiliary
amplifier. This (additional) distortion, when added back into the input
signal, results in a proportionately greater cancellation of the distortion than
of the (wanted) linear signal. Therefore a smaller gain reduction of the lineat
signal results.

436 Difference-Frequency Feedback

This is a litdle used feedback technique, which again employs a modified
form of the amplifier’s own distortion as the feedback signal, in an artempt
not to significantly lower the amplifier gain and efficiency at the wanted
frequency. In this case, apparent third-order distortion is created by the
feeding-back of some of the distortion due to the amplifier’s second-order

nonlinearity; the amplifier then creates third-order intermodulation disto™

tion from this fed-back second-order distortion. Careful adjustment of the
feedback components can therefore allow this ‘false’ third-order IMD 10
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and act like conventionally fed-back third-order IMD, and hence
the amplifier.
P second-order nonlinearity, when faced with a standard two-tone test,
produce components at the difference frequeney, /i — f, and compo-
centered around the second harmonic of the channel frequency. It is
ly the low (difference) frequency components which are chosen to be
in the feedback path, as these lead to a simpler practical implementa-
A block diagram of this approach is shown in Figure 4.11. The diplexer
e output is required to separate the second-order distortion (in the DC
from the fundamental frequency (wanted) signal, thereby only
- feedback of the second-order distortion component. Feedback of
ndamental component as well would, of course, result in a lowering of
“p]jﬁer’s gain at the wanted frequency. The diplexer at the input allows
mbination of the (modified) second-order distortion with the input
. Diplexing is necessary due to the filtering action of the input and
put matching networks which would otherwise completely remove the
juency second-order distortion.

iy — —_——— ——

= RF PA = ™
I output

| | 117,

) b
Input Output
diplexer diplexer

Phase- Difference-frequency
shift (baseband) amplifier filter

an Difference-frequency feedback applied around an RF amplifier.
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The bandpass filter in the feedback path prevents both DC apg
unwanted high-frequency components from entering the feedback amplifier,

Use of this technique on a 10 GHz amplifier is reported in the literatyre
[8]. The resulting improvement in third-order IMD performance was 12 4B
when using a two-tone test with 10 MHz tone spacing.

43.7 Distortion Feedback

This is another attempt to overcome the shortcomings of conventional
feedback when applied to RF amplifiers, in this case by cancelling the
fundamental frequency components from the fed-back signal in a manner
akin to that used in a feedforward system (see Chapter 5). Thus only the
nonlinear distortion components remain in the fed-back signal, hence
providing an improvement in nonlinear distortion performance of the
overall amplifier. However, like the difference-frequency feedback techni-
que outlined above, no improvement in linear distortion (gain or phase
performance with frequency) is achieved.

A block diagram of the distortion feedback approach is shown in
Figure 4.12. It suffers from many of the inherent problems of the feed-
forward technique, since its performance is dependent to some extent on the
quality of a cancellation process. The gain and phase controllers should,
ideally, be automatically controlled to compensate for temperature drift,
component aging and changes in the gain or phase response of the
amplifier(s) with signal loading.

Only modest impravements in linearity have been achieved to date by
using this technique. Gajda and Douville [9] report a reduction in third-

J_L - amplifier L:FJ-“
LI

BF —{+—' Splitter

input
JJ_ Delay Subtracter Gain Phase

controller  controller

v

Figure 4.12 A distortion feedback amplifier.
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IMD level of 6 dB when applying the technique to an amplifier at 300
z with a 10 MHz bandwidth. Significantly better performance would be
1y to justify the complexity involved in any sort of control technique
used in conjunction with this type of amplifier.

RF Feedback Employing Cartesian Compensation

ompensation filtering required in RF feedback systems can be provided
number of ways. Conventional designs have employed cavity resonators
rward path [10]; however, these have many obvious drawbacks. An
ive technique involves the use of a Cartesian loop (Section 4.6);
ver, with the input signal supplied at RF prior to the quadrature
nodulator (that is, subtraction to form the error signal performed at that
t). This technique therefore utilises Cartesian compensation in the
ird path and this has the advantage of allowing simple baseband RC
ng to be used in place of the cavity resonators mentioned above.

‘The use of Cartesian compensation has the disadvantage, over
entional RF feedback, of requiring an on-frequency local oscillator
to drive the down- and upconversion processes. In addition, noise
in the down- and upconverters will only be compensated within the
p bandwidth, hence wideband noise can be generated which would not be
it in a conventional RF feedback system.

A block diagram of the Cartesian compensated RF feedback system is
n in Figure 4,13. Both the demodulator and modulator are in the
rd path, and hence nonlinearities in either should be caompensated for
= action of the feedback. In addition, 1Q vector errors in either the
or or demodulator should be less critical than for the Cartesian loop
ction 4.6).

T'and Q compensation circuirs may be fabricated as single-pole RC
with wsuitable cut-off frequency (e.g., 500 kHz for a 1 MHz RF output
fum). The RF phase-shift is necessary to compensate for delays around
Op In a similar manner to that of the Cartesian loop.

back stability criteria dictate the degree of IMD cancellation which
achieved for a given bandwidth. As an example, a system with a loop
of 36ns can achieve an IMD i improvement of around 18 dB over an RF
th of 400 kHz, decreasing to 5 dB over an RF bandwidch of 4 MHz

S¢ improvements are somewhat more modest than can be achieved
rtesian loop; however, the technique does allow an RF input signal
ed without additional downconversion.
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Figure 4.13 RF Feedback system employing Cartesian compensation.

439 Conventional Quasi-Linear Transmitters With Feedback Power
Control

Many quasi-linear transmitters (i.c., those requiring only modest degrees of
linearity) do not use any form of linearisation for spectral purity reasons, but
do employ feedback to linearise the power ramping and power control
functions. A typical arrangement is shown in Figure 4.14,

The I and Q input signals (from the baseband DSP or similar) are
upconverted by a quadrature upconverter (usually a single IC), before being
fed to the RF transmit chain. This transmit chain consists of an attenuatof,
for power control and ramping, followed by a pre-driver and power
amplifier. In some systems, the power amplifier has sufficient gain tO
eliminate the pre-driver, and in others, ramping and power control ar¢
realised via a gain control pin on the power amplifier 1C.

The characteristics of the variable attenuator (or the gain control pin)
are generally far from linear, and hence some form of linearisation is thujrﬂd
for the power control and ramping functions. This is provided by the output
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ramping voltage
(from DSP)
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14 Conventional quasi-linear transmitter architecture.

r, detector, and feedback mechanism, which together ensure that the
control setting and ramp profile provided by the DSP are closely
d by the transmitter output signal.
This arrangement has a number of disadvantages, most notably, the
for temperature control or careful temperature characterisation of the
tor diode. In some systems this must be performed for each rransmitter
g the production process. This is obviously costly and undesirable.
linearity requirements of quasi-linear systems are sufficient that
ntional class-C power amplifiers cannot be employed in the architec-
Figure 4.14. Thus some form of linear PA or linearisation system
ed around a class-C PA is required. Virtually all quasi-linear
rs currently available employ the former of these solutions.
he adjacent channel requirements of DAMPS (American digital
and PDC (Japanese digital cellular) are modest, but nevertheless
rtant. PDC, for example, has the specifications shown in Table 4.2, It
noted that the emissions in the first adjacent channel are not specified,
the third-order intermodulation produced by the RF power
et is not of significant importance. Similarly, the specification does
me more stringent until the fourth adjacent channel, by which time
IMD is the dominant factor (based on a 21 kHz modulation

h).
therefore possible to meet the PDC specification by employing a
amplifier with significant IMD, far worse than could be achieved
linear class-A or -AB biased PA, operating with the modulation
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Table 4.2
PDC (Japanese Digital Cellular) performance requirements

Parameter Value
Modulation format w/4-DOPSK
Modulation bandwidth 21 kHz
Channel bandwidth 25 kHz
Max. power at £50 kHz (second adjacent channel) —45 dBc
Max. power at £100 kHz (fourth adjacent channel) —60 dBc

handset PA challenge, namely that of achieving the adjacent channel
specifications of Table 4.2 whilst consuming the minimum battery power,
is generally to employ a linear class of amplifier IC, operating with the
modulation peaks well beyond the 1 dB compression point and generally
into saturation. This will obviously result in significant intermodulation and
spectral spreading, however, the relatively relaxed emission requirements of
quasi-linear systems allow this design method to be employed without
penalty.

44 Modulation Feedback

The use of envelope (or modulation) feedback is a logical extension to the
basic notions of feedback in RF amplifiers. By returning the feedback
problem to an essentially audio frequency environment, many of the
stability problems, although not eliminated altogether, are considerably
alleviated. The basic concept is quite straightforward, and is similar to
that discussed for AM linearity improvement in class-C stages (Chapter 3).
Figure 4.15 shows a general schematic of an envelope feedback system. Its
operation is effected by the comparison of a detected version of the output
modulation with the intended form of that modulation appearing at the
input; the error signal thus generated forming a ‘predistorted’ version of the
input signal. Subsequent amplification of the error signal will therefore
generate the intended signal at the output of the transmitter. Note that this
linearisation scheme operates on a complete transmitter, since the input
signal is now the required modulation and the output generated is an RF
signal containing that modulation.

The most basic form of envelope feedback employs non-coherent
(envelope) detection and therefore cannot compensate for phase distortions
within the amplifier. This simple technique is thus most often employed in
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4,15 Schematic of a transmitter employing envelape feedback.

rrier AM transmitters, where detection will ultimately be performed
envelope detector, and phase information is not required. More
nced derivatives of the basic technique preserve the phase information
-in the basic system by utilising polar or Cartesian signal formats. Both of
| be described in detail later in this chaptet,

“The feedback bandwidth required of an envelope feedback transmitter
pend upon the modulation format(s) employed in the transmitter.
e signal types can result in a very large feedback bandwidth being
ired, despite the modulation bandwidth (at RF) being more limited. A
example of this is a two-tone test, which has an envelope of the form of
-wave rectified sinewave (see Chapter 2). This waveform has a cusp as
velope goes through its minimum and hence potentially a very wide
dwidth, This will consequently require a large envelope feedback
idth for complete linearisation.

i\-n early example of envelope feedback was deseribed [12] and patented
by Wood and Arthanayake (although it is similar to an earlier system by
- [14]). They principally developed the technique to overcome the
lems of low stage gain and large carrier phase-shift in high frequency
et amplifiers. The low stage gains available, particularly in higher power
Ut stages, mean that feedback applied around a single stage is inappropri-
€ problems of carrier phase-shift in multistage feedback amplifiers, on
- hand, lead to the stability problems alluded to earlier. Envelope
» as has already been indicated, can overcome these problems and
efficient class-C amplifiers to be employed for AM transmission.
configuration applied in this system is a little different from the
€ transmitter described in Section 4.1, in that it is purely an amplifier
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and not 2 complete transmitter. Additional complexity is employed at the
input in order to detect the modulation on the incoming signal. The
modulator is then only required to correct for the distortion and not tq
perform the full modulation as well. This technique overcomes some of the
difficulties, which are encountered with the direct modulation and feedbacl
method described in Chapter 3, in producing high-power modulating signals
to modulate the supply ofa PA stage; both the original AM modulator and
the error signal modulator can operate at a low power level.

Figure 4.16 shows the basis of the configuration employed by Wood

and Arthanayake. Modulation is employed before the final stage, unlike the

direct modulation case shown in Chapter 3, and the class-C stage then

amplifies the resultant signal. Both the nonlinearity of the modulator and of

the final stage are compensated for by the feedback, and this is demonstrated
below.

The open loop response of the system (neglecting the input and output
coupler losses) is:

Ve=aa)V; (4-23)

where 44 is the modulator stage gain and 4, is the power amplifier stage gain.
If the output coupler through-path loss is now included, the open-loop gain
of the complete amplifier becomes:

I'}o 1~ B) :
A,=2CB_ o -p) (424
i
Coupling Coupllng
factor=a Modulator RF PA factor =
v, E ' . (1B)V,
RF y
input Gain=a, output
Differential
. amplifier
A
> * - * <
nput % Output
detector detector

Figure 4.16 Envelope feedback linearised amplifier.
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. as would be expected, the open loop gain is a function of the nonlinear
aﬂd as.
e incorporation of envelope feedback results in the following input—

relationship:
IV, =a (4.25)

1= (g + M) V; (4.26)

' = day[d), is the modulator sensitivity and 1) is the efficiency of the
ctors (assumed identical for both).

V,=al/;— BV, (4.27)
V, = aVia +y(al; — B17,)] (4.28)
ging this gives:
ay + 0('}'1] L"... )
| o e M U M 4,29
g [1 + azﬁYﬂVr] )

osed-loop gain is therefore:

+' .Vi
Ac = a1 — )T (430)

00, the above expression simplifies to:

o1 —B)

A=y

(4.31)

rﬂmounts of amplitude distomon at the amphher m.ltpul: The main
1 on the achievable linearity is that of the diode detectors,
ly at low feedback signal levels. Any nonlinearity in these
effectively appears as nonlinearity in the o and B terms in (4.31)
This nonlinearity can be minimised by utilising the detectors in their
near regions, that is, utilising a high drive level.
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The inherently greater linearity of FETSs, together with their good
efficiency, has led to their consideration for use in AM transmitters. Petrovic
and Gosling [15] describe a simple AM transmitter, employing gate
modulation and envelope feedback, for VHF/UHF applications. The
schematic of this transmitter is given in Figure 4.17 and can be seen to he
very simple. Feedback is again effected by simple envelope detection,
although here the modulation function is also performed in this single-stage.

The advantage of gate modulation over drain (or collector) modulation
is obvious. The modulating signal may be applied at a low signal level, in
this case by a standard operational amplifier, and the inherent distortion of
the stage may be removed by feedback. The alternative requirement for
high-power audio stages is thus removed, and this leads to a greater overall
efficiency. The efficiency of this 10 Watt PEP (peak envelope power) stage is
quoted at 49% for a modulation depth of 96%. The raw CW efficiency of the
device when operating in class-C is quoted at 56%; the complete AM

5
T

X
RF =l
input /H’ + RF
output
x
TR1 7]
4,
+9Vv

Modulation
inpu‘l +9V

741
741

|

741

Figure 4.17 Gate-modulation VMOS transmitter (from [15] @© IEE 1978).
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itter is thus operating close to the maximum efficiency available from
vice.

An added advantage of this technique is that of output power
sation. The transmitter output is virtually unaffected by slight varia-
s in tuning, load, RF drive, or power supply voltage.

“The simple non-coherent forms of envelope feedback described above
the foundations for the consequent development of coherent envelope
k systems which are able to compensate for amplitude and phase
linearities in a transmitter. The first of these schemes was proposed by

vic and is known as the polar loop.

5 Polar-Loop Transmitter

Pelaf-Ioer transmitter [16] is an extension of two previous linear
fier schemes, namely: envelope feedback and envelope elimination
toration (see Chapter 7). It overcomes some of their principal
ages and results in an extremely linear transmitter architecture.

;&_schematic of the transmitter is shown in Figure 4.18 (note again that
a transmitter, rather than an amplifier, linearisation technique). The
frequency section of the transmitter is extremely simple and consists of
tage-controlled oscillator (VCO), operating at the final output fre-
¢y, and an RF amplifier stage (or chain). The final stage of the RF
i chsuﬂ forms ﬂic: amphtudc mudulator for correct:on of the

nient IF by the synthemzcr and treq.m:ncy converter (mixer). The
IF signal is then resolved into phase and amplitude (polar form)
limiter and demodulator respectively. The demodulator utilises the
f the limiter to detect the unlimited input signal, hence performing a
of coherent amplitude detection. The output of the demodulator is
with a similarly detected version of the input signal and the
g error signal feeds the final stage modulator. This is therefore a
velope feedback system. The phase information (limiter output) is
rly compared with the phase of the input signal and the resulting error
ols the VCO. The phase-control portion of the system is therefore
phase-locked loop. Thus, both the amplitude and phase of the
litter’s output signal can be carefully controlled within independent
ck loops.

e analysis of the system may be broken into two parts, both of which
y well understood. The amplitude correction loop is analytically
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r to the envelope feedback system described in Section 4.4, and its
is proceeds in a similar manner. The phase correction loop may be

5 d by phase-locked loop techniques [2] and suitable choices made for

5 e % Joop filter, VCO constant, and loop amplifier. When considering two-

w & g £ ¢ signals, the sharp phase discontinuities inherent in that type of
a _’.E:: c%' | mean that a first-order loop is, ideally, required.

z ‘These phase discontinuities result in a potentially wide feedback

dth being required for the phase-feedback loop. For similar reasons
those discussed above with respect to envelope feedback, the envelope
ack loop bandwidth can also be large. These high feedback bandwidth

v
% Low-pass
filter

=
% ements are a major limiting factor in the performance of the polar loop
& g ue.

b g 5 § Results for the basic polar-loop transmitter indicate that a two-tone
o= 8 rder intermodulation performance of better than —50 dBc is possible,
" g g v ;_,2 _ clatively inexpensive components, over a typical SSB channel

53 : 3 [ £ o . -
33 i £ § ! _polar-.loop transmitter has many advafltages over eartlier, incoher-
g £~ i - l dback linearisation schemes. Some of these advantages may be

d as follows:

Since the VCO and the RF modulator (which can appear prior to

the final amplifier stage) are included within the feedback loop their
linearity performance is not critical. Low-cost modulators of
virtually any type may therefore be utilised without compromising
- the final system performance.

2. High-efficiency class-C amplifiers may be utilised in the RF chain,
‘creating a power-efficient linear transmitter.

=
JA
Gs

LLoop
amplifier
Loop o
filter ? o
Figure 4.18 Polar-loop transmitter (from [16] «© IEE 1978).

The RF portion of the transmitter is very simple, as it contains only
a VCO and high-efficiency power amplification all operating at the
final output frequency.

Y g _ 4. No upconversion is employed in the RF chain and hence image-

= -§ |_I % b reject filtering is not required.
g x = . The use of gate modulation is permissible in the final stage, despite
= its inherently poor linearity, and hence a low- -power modulating

(differential) amplifier may be used.

. The use of feedback means that the transmitter is insensitive to, for
example, tuning, component aging, and supply voltage variations.

SSB
Gen

7. The technique is applicable to other linear modulation schemes, for
- example, AM, suppressed-carrier AM, as well as the various forms
of SSB.



The feedback loops now only correct for the distortion introduced by the RF
” amplifiers alone, however, adequate performance at HF can still be achieved.
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l —
| 4.5.1 Improvements to the Polar Loop Technique
| A slightly modified form of the basic polar loop was later described by 5
Petrovic and Smith [17] and is shown in Figure 4.19. In this case the ” §
. feedback modulation is applied earlier in the RF amplifier chain, to a low- 2 -
i level modulation amplifier. Two filters have also been added, one to remove T& 3 ‘%
i transmitter harmonics at the output and a low-pass filter at IF to remove
| image frequencies before the limiter. The third-order IMD performance of ]
Il this configuration is quoted as better than —60 dB relative to PEP for a two- Y i 3
! tone test. This equates to the third-order products being at a level of —54 dB L 2 1
I relative to the tones (—54 dBc). § § g %
A further modification of the polar loop technique has been applied to 88() g - é g &Ie g' 5
| effect a complete HF transmitter [17]. The schematic of this configuration is = o 3 SE
{ shown in Figure 4.20. = l
| In this case the feedback loop bandwidths have been considerably o =
reduced, from around 200 kHz for the narrow-band (3 kHz) SSB transmirter & €5
|| described above to 50 kHz for the HF transmitter. The bandwidrth reduction g 3
|H is necessary in order to ensure stability of the HF transmitter configuration. E § :

modulator

J
Limiter

Modulation
amplifier
rl/.il

+i

Low-pass
filter
SEZ
VCO
Loop
amplifier
Loop
filter =
De

Figure 4.19 Modified polar-loop transmitter (from [17] (¢! |EE 1984).

r
The transmitter shown in Figure 4.20 was capable of 100W PLEP with

intermodulation products some —66 dB relative to PEP for a two-tone test.

The restriction of the polar-loop transmitter to a limited range of linear

| modulation schemes (due primarily to bandwidth restrictions in the phase
| and envelope feedback paths) led to further development of the ideas behind

I ‘ it. As a result a general, feedback optimised linear transmitter configuration
was conceived, which is capable of transmitting any form of linear

. modulation contained within an appropriate bandwidth—the Cartesian loop.

\
=

_|_

i E
i 4.6 Cartesian-Loop Transmitter @ 838 E v £ ~
| @ 3 3 8
: The Cartesian loop technique [17,18] was first proposed by Pewrovic in 1983 5 8 2 — £
.‘ as a superior form of modulation feedback transmitter. It was primarily S S
“rr designed for SSB transmission, but has since been applied to many other 2 ._®
’{ linear and quasi-linear modulation schemes. | =
i A block diagram of the basic Cartesian-loop transmitter is shown i gy
Figure 4.21. The operational principle is similar to the polar loop described 28

rrl above, however, the baseband signal information is now processed if
{l Cartesian (I and Q) form. The modulating signal is split into quadratuf€
| components by the broadband phase-shifting network, and these are fed int®
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Figure 4.20 HF polar-loop transmitter (from [17] © IEE 1984),
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differential amplifiers which form the subtraction process in order to
generate the error signals. The outputs of the differential amplifiers are
upconverted to RF utilising a quadrature RF oscillator. The resultant RF
signals from the two paths are then combined to produce the complex RF
output signal. This low-power RF signal is then amplified by the nonlinear
power amplifier before feeding the antenna.

The output from the RT amplifier is sampled by a directional coupler
and atrenuated to a suitable level to feed the downconversion mixers. These
mixers are supplied with exactly the same local oscillator signals (appro-
priately phase-shifted) as were the upconversion mixers and hence the up-
and downconversion processes are coherent. The downconverted output
signal forms the feedback path to the differential amplifiers, closing the two
loops. The orthogonal nature of the feedback system means that the two
feedback paths operate completely independently, thus ensuring that both
AM-AM and AM-PM characteristics are linearised.

A phase shift is required between the up- and downconversion
processes and is provided in the local oscillator path feeding one or other
of these components. The phase shift is adjusted to ensure that the up- and
downconversion processes are correctly synchronised, despite the finite time
delay of the RF power amplifier (and any IF processing, if an IF is employed
within the loop). Any error in the setting of this phase shift will degrade the
loop phase margin and this issue will be covered later in this chapter.

The operation of the Cartesian loop has a number of advantages over
that of the polar loop and these may be summarised as follows:

1. Removal of the need for a dynamic PLL/VCO. The requirement
for a fast PLL to track the rapid phase-changes which can occur in
some linear signals is no longer a problem. The consequent
tracking and phase-error problems are also eliminated. In addi-
tion, the PLL arrangement in the polar loop can have problems
tracking or locking ar low envelope levels, such as occur when the
1Q veetor passes through zero. This will result when using signals
such as a two-tone test, an SSB signal and with some digital
modulation formats (e.g., 16-QAM).

2. The modulation process is reduced to a simple mixer, and the need
for a separate modulator at the final output frequency is eliminated.

Simplicity of implementation.

# W

Applicable to any modulation scheme.

L

A standard hardware configuration results, which allows a flexible
approach to the choice of modulation scheme.
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6. Significant reduction (and equalisation) of the two feedback loop
bandwidth requirements. This is a key benefit of the Cartesian loop
technique over both envelope feedback and the polar loop. It is this
benefit which largely explains the popularity of the Cartesian loop
technique and the relative unpopularity of polar loop.

ovic described the application of the Cartesian loop technique to a
ctical HF transmitter operating from 1.6 MHz to 30 MHz [17]. A
matic of this transmitter is shown in Figure 4.22; the overall transmitter
rated at 10W PEP.

‘The modulation and combining process in this transmitter takes place
rermediate frequency of 45 MHz; the phase-shifting network for the
r frequency oscillator is thus only required to operate on a single, fixed
wency, which greatly simplifies its design. The IF signal is down-
ed to the required carrier frequency by a variable frequency
r (VFO) operating between 46.6 MHz and 75 MHz. The additional
throughout the loop is employed to ensure that the correct mixer
ucts are selected at each stage.

| Phase-Shift Network Design

carrier frequency phase-shift network can be fabricated from a quad-
re hybrid based network, as shown in Figure 4.23, A number of other
ues are also applicable, such as the use of high-pass or low-pass filters,
re coils, or microstrip techniques (at higher frequencies).
- The broadband phase-shift network for the audio frequency modula-
ats is somewhat more difhicult to realise in analog hardware. The
ggested by Petrovic (Figure 4.24) is based on generating an SSB
at 10.7 MHz, using the flter method, and then demodulating it with
e carriers. This method does ensure that quadrature is maintained
degree of accuracy over the entire audio band although it is
and expensive in hardware. A particular disadvantage is the
ement for an SSB filter, as these tend to be bulky and expensive.
&n alternative method is to use a DSP device to generate the
ation signals. Such devices allow high accuracy quadrature signals
generated at audio frequencies by means of a Hilbert transform filter
was the method employed by Bateman et a/. [19], which is described

I'he feedback loop bandwidth of the HF transmitter was set to 100 kHz
romise between stability and correction bandwidth. It is therefore
0 remove harmonic distortion products, and an outpur filter is



——

170 High Linearity RF Amplifier Design Feedback inearisation Technigues m
T e —
E
£z T Varactor l
= diode 10k

Low-pass
filter

I 33pF
Quadrature .
hybrid 0

Isol

|
f’:‘; o —|— —|—e RF output

33pF 33pF
e
33pF
1 10k
Varactor i
diode
Control l

voltage

RF PA

Attenuator

o
Low-pass
filter

46.6 - 75MHz

Q’ Phase-shift
Y

13 Carrier phase-shift network (coupling capacitor values shown are for 900 MHz
operation).

=
ow-pass

filter
Low-pass

Figure 4.22 HF Cartesian, loop transmitter (from [17] @ IEE 1984).

E
A= =
N
s
e = o8 SSB fitter =2
7y 7 (e.g. 10.7025 [ He— |
/8\ 2 dulation MHz) F Low-pass
~_ filte
B g + T = — 2t -+ e
5 T8 B X 0-5kHz Ll .
82 SE g8 e Modulation
+ Ea | g T O é ) Output
F 55 m &GS ~ (e.g. 0-5kHz
- + > 909 channel)
8 oscillator
& 10.7MHz) v
- 2= o >
é £ = % —Q
Low-pass
filter

28 Modulation phase-shift network (from [17]) © JEE 1984).



172 High Linearity RF Amplifier Design

required. The reported suppression of the in-band products (intermodula.
tion distortion) is very good. The third-order products from a two-tone teg;
were some 65 dB down on the tones, which is just over 70 dB down on PEP;
some 33 dB of suppression is therefore obtainable with the design, over 4
typical SSB channel bandwidth (3 to 5 kHz).

46.2 Weaver Method SSB and the Cartesian Loop

The Weaver method (or #hird method) of SSB generation was first proposed
in 1956 [20] as an additional method of generating SSB without the
requirement for a narrow-band crystal filter. The phasing method of SSB
generation suffers from the fact that the remaining unsuppressed image band
appears adjacent to the wanted frequency band. Although, in theory, this
image should not exist, imperfect system components mean that it cannot
entirely be eliminated. This is a particular problem in a mobile radio
environment, as the adjacent channel performance must be very good—
hence the need for highly linear amplification and an alternative method of
SSB generation,

The principal advantage of the Weaver method is that the image
channel falls within the band of the wanted channel and hence the
suppression specification is greatly relaxed. A Weaver method SSB gen-
erator is shown in Figure 4.25. It is a direct conversion architecture and
allows many of the system components to be implemented in a DSP device.

sﬂr Sﬂ? Sfa
P > ,__\%‘J >
cos(a, ) cos(w,f)
s— (P @
° o X
90 90
sin(, ) X 4 sin(w, f)
Sﬂf SQ.? SCAS
=

Figure 4.25 Weaver method SSB generator.
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Amplitude

—&—

F fy f,+B Frequency

operation of 2 Weaver generator may be described, with reference
4.25, as follows: the audio input signal s restricted to a bandwidth,
band centre frequency, fi, and a lower limit, /; , as shown in Figure
input band may be considered as a summation of sinusoids:

N

() = 3 Eycos(@,t + ¢,) (4.32)
n=1

The audio input signal is mixed with a quadrature oscillator operating

af the required modulation bandwidth. Two audio-frequency
ire paths are thus formed where the audio band in each has been

d on top of itself’, occupying half of the original bandwidth. The

g signals are:

* i
=Y E,cos{(®, — @)t + )] + > E, cos[(w, + )t + &,)]
=1 n=1

(4.33)

N N
: Z _'E'n Sin[(ﬂ),, = (’:'ﬂ)‘r + ¢:r)l =t Z En Sil‘l[(fﬂ” + mﬂ)f g ¢n)]
2=l n=]
(4.34)

ng spectrum appears as shown in Figure 4.27; note the gap

top of the required audio band and the bottom of the mixer
band. This provides a convenient region for the low-pass filter roll-
! be 600 Hz wide for a 300 Hz to 3.4 kHz audio input spectrum.
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=

Amplitude paths are then summed to produce an SSB channel in which the
from the final upconversion process appears in-band and the
on of which is mainly governed by the quadrature accuracy of

ator and the leakages involved in the RF summing junction:
Sour = $13 T $g3 (4-39)

— 2% —
2V o ROTEERINTS, i

. HE & 9 B A o = ) By cos{(@, + @, —)r + ¢, (4.40)

=1

Frequency

Figure 4.27 Signal spectrum at the output of the first balanced modulators. quadrature audio frequency paths, created by use of the Weaver
, lend themselves rather neatly to application in a Cartesian-loop
[21]. The schematic of such a system is shown in Figure 4.28 [22]
fferential amplifiers and a Cartesian feedback loop have been added
Weaver transmitter.

e Weaver—Cartesian-loop transmitter has proved very successful in

enting a TTIB (transparent tone-in-band) based SSB transmitter

The resulting, filtered, signals will be:

) = 3 B, cosl(@, — a)t + ) (4.3

and

2 ; 5 t tone in the center of the band can be made to coincide with the
sp2t) = Zi —E,sin[(0, — o)/ +$,)] (+-30)] ion oscillator position in the Weaver upconversion process. The
=

nt to suppress the feedthrough and leakage of this oscillator to a
_ is thus removed, as acceptable levels of performance may be
d with more realistic levels of feedthrough suppression.

he audio components of the system, to the left of the differential
Figure 4.28, may be implemented in 2 DSP device and thus
rature can be maintained to a very high degree of accuracy. The
amplifier may be a class-C device and is more often composed of a
e of stages, the final one of which will be ¢lass-C. The technique is
ly applicable to class-A and class-AB stages, and a consequent

Each path is then upconverted to the final channel frequency by a quadrature
local oscillator operating at the center of the channel, that is, nort at what
would be the carrier frequency in a conventional filter-based SSB system.
The resulting RF output signals are therefore:

N

spp(f) = Z%cos[((ﬂ, + o, —wy)t + ,)]

=1

N g
+ > Srcosl(®, — @, + @) — b,)] (437)
=1

useful, at this point, to draw the distinction between the linearising

and tonal bandwidths of a linear transmitter. The transmitter is capablé

N g ng linearisation over a certain channel bandwidth, which is

spa(?) = Z?"cos[(m,. +m, — @)+ &,)] | by the bandwidth of the feedback loop. This is termed the
w=1 bandwidth and will obviously depend on the gain employed in the

N E, i 33._}. loap, as well as its bandwidth. A practical limit on this bandwidth

= 2]: _Z_Cﬁ‘s[(me — o, + @)t — §,)] “: ion of a few hundreds of kHz (for high levels of loop gain and a

RF power module), with typical systems employing channel
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Amplitude

Pilot-tone

Low-frequency f, High-frequency  Frequency
rt of audio of audio
and and

429 Spectrum of a TTIB channel,

ths of 30 kHz (=6 x 5 kHz SSB channels or | x DAMPS channels)
(for a single TTIB/SSB channel). Higher linearisation bandwidths
ble with very low delay power amplifiers, such as integrated circuit
L in handsets or broadband MMIC amplifiers, which can have
ess than 1 ns.

perational bandwidth is defined by the circuit components, that is,
dth of the power amplifier chain, the quadrature bandwidth of the
ators, and the phase-shift network. It is the bandwidth within
linearising bandwidth can appear whilst still maintaining accep-
ormance; this may be several tens of megahertz for a typical design.
mple, a typical transmitter operating in a mobile radio system
8SB modulation would have a channel bandwidth of 5 kHz (and
uent linearisation bandwidth of perhaps 3—5 times this figure) and
ional bandwidth of 30 MHz, that is, the 5 kHz linear channel could
ywhere in the 30 MHz spectrum allocation and (importantly) could
ted simply be re-programming the channel synthesiser.
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‘Figure 428 Cartesian loop techniques applied to a Weaver transmitter.

alysis of a Cartesian-Loop Transmitter
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Audio
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er the Cartesian loop schematic shown in Figure 4.30. The loop filters
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itter with an l-channel input signal.
S (s) S:(s) Hi) L
gz » 5 W ()M, (5)G ()8, (5)
E 4 (8) ; Soutls) ST 4 Fy(9)My ()G 4 () L) Dy (v)
| _ ' oo +r— " _ Fi(9)M(5)G 4(5) Dy (5)
Sols) | kel % : 1+ Fy (M ()G 4 (L) D (1)
S— : 1 D(s) ey D(s) (4.44)
—@ e T R OM OGAOLED () :
= D,¢) ruting for:
% f L) ) Ap = Fi ()M ()G 4(s) (4.43)
D, (s) In o 8
? px Br = L(s)D(s) (4.46)

Deals) ing that the loop gain, A;B; >> 1, the closed loop output signal

Figure 4.30 Analysis diagram of a Cartesian-loap transmitter.

5;(s) iy, D(s)  Dgi(s)

Suals) B ABy By

(4.47)

where D(s) is a term representing the distortion added by the power
amplifier and the other terms are the various component gains, as indicated
in the diagram. The situation for a Q-channel input signal is completely
analogous and will be considered at the end.

When the loop is closed, the above expression becomes:

rd path distortion, D(s), which predominantly consists of the
introduced by the RF power amplifier, may therefore be
ssed 1o an arbitrarily large extent, commensurate with the required
d phase margins. It is important to note that the same is not true of
tortion introduced in the feedback path, generally by the nonlinea-
in the downconversion mixers. These mixers must therefore be
y chosen to have a high third-order intercept point, and must also
| at a suitably low level.

quation (4.47) is similar to the expression derived by Johansson and
0 [23,24], with the exception of a different assumed position for the
distortion in the feedback loop. They also note that a similar situation
‘noise added within the loop, and note that low-noise components
lised in the feedback path in order to maintain an acceptably low-
m (see Section 4.7).

Sunls) = Fy()My ()G 4 (5)S () + D(s) (442)
where Sg; is the I-channel error signal term, and it, in turn, is given by:
Sra(s) = 51(8) = [L()D1 () S (5) + D (5] (443)

The term, Dy (s), represents the distortion present in the feedback loop_ﬂﬁ‘-{f |
this is assumed to be added at the output of the downconversion mixet
Experience has shown that the distortion in these components is the most
significant (of the feedback components) in determining the overall perfor
mance. )

Combining (4.42) and (4.43) gives the closed-loop output signal for th
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464 Loop-Filter Design

The two loop filters, one each in the I and Q baseband channels, are usually
low-pass designs and are 2 compromise between loop stability and correction
(or linearisation) bandwidth. The optimum design of these filters requires
their bandwidth to be just sufficiently wide to permit all of the channe]
information to pass unhindered, with a roll-off just gradual enough to ensure
that the IMD products are suppressed to a uniformly low level. There is, for
example, little point in making the filter bandwidth wide enough to ensure
the ninth-order products receive the same 30 dB suppression (say) as the
third-order products, since the ninth-order products are likely to he
considerably smaller to start with.

Consider a Cartesian-loop transmitter, with negligible distortion in the
feedback path. The output signal (from (4.44)) is then:

_ Fy ()M (5)G 4(5)8; ()
14 Fi(s)M; (5)G 4 (s) L) D; (5)
D(s)
L+ Fy ()M, (5)G 4(s)L(s) Dy ()

5&&! (_f)

_|_

(4.48)

If it is assumed that all of the loop components, with the exception of the
loop filter, are broadband, then this equation becomes:

_f',Nr(_f) - AII (;__-;._Y; (.F)_Fl (_-.f) D(f) (449)
| +M,G,LDFi(s) 1+ MG4LDF,(s)
The first term in the above expression indicates that any input signal within
the bandwidth of the loop filter will appear amplified at the output. Channel
filtering is therefore better performed on the input signals and not by the
loop filters, as these will be selected for optimum distortion suppression and
not for optimum channel shaping.
Concentrating on the second term of (4.49), it is evidenr that distortion
suppression is critically dependent upon the loop filter bandwidth and roll-off
characteristic. The residual distortion appearing at the output is therefore:

- D(¥) 4.50)
D.-mi('r) o g =t z’\f;G‘—ELDIFi (J') ( |

This equation allows prediction, to a first approximation, of the MD
suppression achievable in a given transmitter with a given loop filter
characteristic.
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431 Approximate (idealised) form of output spectrum from a class-C amplifier;
vertical scale 10 dB/division. Note that the ‘octave’ referred to is relative to
the envelope frequency of the two-tone test, not to the RF centre frequency.

As an example, consider a two-tone test, with the tone spacing set to
H__'mircd channel bandwidth, Aw, applied to a class-C amplifier. The
“t_mt, uncorrected, output spectrum would resemble that shown in
c 4.31.
The IMD sidebands will, for the present, be assumed symmetrical and
‘be approximated by a single-pole roll-off (6 dB/octave of audio
dwidth from the channel centre) as shown. Note that this is purely
, and is chosen for the purposes of this illustration; a given,
Ctical, class-C stage may exhibit a very different characteristic.
The frequency characteristic of the distortion (when downconverted to
d) may therefore be approximated by a single-pole low-pass filter:

Dm ax

PU®) =1 jw(@)

(4.51)
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Hence: bandwidth, ®,. The maximum value of gain bandwidth product for a
_ D , time delay may be found from (4.81) in Sectdon 4.6.5.

D,,(j®) = % (4.52) The maximum attenuation level is achieved when the loop gain

=8 : : ‘o (Ao A
MG AL F S R0 aches infinity (i.e., the loop filter bandwidth approaches zero). The

“this maximum attenuation is frequency dependent and can be found

If Fy( jo), therefore, is a single-pole low-pass filter, with CR = Aw/2, th
o i . . - the loop bandwidth, ®,, to zero in (4.55):

the resulting output distortion is:
ABw,
[0}

Dias

_ e (4.56)
M,G 4LD,

DM-’ (jm) - {453) Dﬂﬁ:ﬂ.m(m) =

the loop filter bandwidth, w,, to zero implies that the optimum loop
is therefore an integrator, with the resultant loop being first-order.

~ Note that the above discussion concentrates on the optimum form of

p filter from the perspective of distortion reduction and not that of loop

ity. It is usually loop stability limits which dictate the loop filter design

e the criteria outlined in Section 4.6.5 usually prevail in a typical

which is a constant level, independent of frequency. The system gain
components may therefore be set to the required values in order to achieve
the target specification. The filter applied above may therefore be considered
to be an optimum filter for the particular amplifier distortion characteristic
assumed at the outset: the loop bandwidth has been minimised for a given
degree of correction and the roll-off has been optimised for the amplifier
distortion characteristic.

All of the arguments used above may be applied equally to the Q-
channel, yielding similar results and drawing similar conclusions.

In the case of an asymmetric IMD characteristic, the filter should be
matched to the side having the greater IMD power, as it is this side which
will determine the minimum level of performance for the linecarised
amplifier.

Equation (4.50) may also be used to calculate the level of suppression
which can be expected at a given frequency away from the channel center
frequency, if the optimum filter-type cannot be used or is physically
unrealisable.

In the case of a first-order loop, where:

Cartesian Loop Stability Analysis

e arguments have assumed that the desired level of loop gain is
le with the required loop filter characteristic, and no account has
ken of delays around the loop. In practice, the ideal loop filter
ic may well not be achievable with a suitable loop gain to provide
suppression. For this reason, the majority of commercially-
Cartesian loop designs utilise a first-order loop, designed primar-
nd loop stability criteria.

is instructive, therefore, to examine the characteristics of a first-order
detail and particularly methods of determining the maximum
ble loop gain whilst still maintaining stability. This in turn will
ne the maximum level of IMD suppression which can be achieved for
ticular loop.

the purposes of analysis, a first-order Cartesian loop may be
ated by the components shown in Figure 4.32. Only a single
channel is shown, with both channels assumed to be identical. In
the loop delay, T, will be distributed throughout the loop, with the
lifier providing a significant proportion. Any RF filtering present
the upconversion path) will also contribute a significant delay. For
on, it is preferable to place RF harmonic filtering after the loop,
e than immediately following the main amplifier, although local
ator harmonics can result in unwanted downconversion of PA

F,(jo) = - (4.54)

the distortion attenuation factor at relatively low frequencies (0 << ABwy),
where the loop gain is much greater than unity, is given by:

Dn!!m(m) = ﬁ
o2 + o’
ite

where A is the composite gain in the forward parh and B is the compOsi®
gain in the feedback path. The attenuation level can be maximised hy'
maximising the gain bandwidth product, 4B®,, and minimising the filte™



where R; and Cjare the integrator resistor and capacitor values mspecciveiﬁ'-,f
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Baseband  Subtracter

input + 0} e ’ ‘: RF output L A . :
X(w) (!Jr:-jme . AB®, e
, = Y(w) B G(CI]} s S (4.59)

Loop filter and Loop ; +/®

upconversion amplification _
complete transfer function for the loop is now:;
B : I ' —/0T
Y{w Awmie
O L S i (4.60)
Feedback gain and X(o) o +/jo+ ABwe
downconversion

Figure 4.32 Equivalent circuit of a first-order Cartesian loop (one channel only).

harmonics with a consequently detrimental effect on performance. This also
explains why it is undesirable to incorporate additional upconversion within
the loop (i.c., employ an IF within the loop), since the inevitable filtering
associated with this process will add significantly to the loop delay.

The up- and downconversion processes are assumed to be transparent
for the purposes of analysis, as they will have no practical effect on the
stability. Any delay introduced by these processes is absorbed in the overall ‘

in the RF parts of the system should be expressed in voltage terms
than the more common power format) in order to maintain
tency with the baseband voltage gains in that parr of the loop.

‘an example, consider the loop configuration shown in Figure 4.33.
simplified Cartesian loop, with I and Q inputs at baseband and some

delay term, T.

The subtraction process occurs in the loop differential amplifiers,
which are assumed to have infinite gain (and therefore to be perfect). The
first-order loop “filter’ will typically be configured as an integrator which will
usually have a relatively small timeconstant with respect to the channel
bandwidth. The loop amplifier, A4, is assumed to incorporate all of the gain
in the loop following the subtraction process, up to the output sampling
coupler. The feedback gain, B, includes the coupling loss in the sampling
coupler, the loss in the downconversion attenuators and the gain of the
baseband pre-amplification.

The forward path transfer funetion is therefore:

el Gr = 40dB Gy =-20dB

RC,=1x10"s

i L
10 e
Flw) = B 45?)
(@) ®; + jo ( G,s=40dB I
e £AA aam
where @, is the angular frequency of the open-loop 3 dB point. This 1§ —
determined by the integrator timeconstant: =1,
2 e Gy=-6dB
0y = e (4.55) . p= =
R;C; Example of a Cartesian loop system incorporating some typical values of gain

in the loop. The filters and up- or downcaonverters are assumed to have 0 dB
gain.
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typical gain and attenuation values shown for the various parts of the loop
(the modulator “loss’ assumes an active upconverter and is based on the inpyt
and output ra/fages). The loop time delay is 25 ns and the loop dominant pole,
®; = 628 krad/s. This is a reasonable figure for a system channel bandwidth
in the vicinity of 25 kHz, depending upon the IMD characteristics of the RF
power amplifier. Using these values yields a loop (voltage) gain of 49.6,
which, ideally, will yield an IMD power suppression in the region of 34 dB,
Thus, if the RF power amplifier had an uncompensated two-tone IMD leve]
of 26 dBc, the complete linearised transmitter should achieve an IMD leve
of 60 dBc (a better performance would be achieved with ©/4-DQPSK, as a
better starting point would be achieved—see Figure 4.41). This assumes, of
course, that no significant distortion is introduced in the downconversion
chain, prior to the differential amplifier. It is often the performance of these
components (particularly the 1/Q downconverter itself) which limits the
overall performance of the transmitter.

If these values are incorporated into (4.59) (giving A = 3200 and B=
0.016), the resulting Nyquist diagram is that shown in Figure 4.34. It can be
seen from this diagram that the loop is stable, but by a relatively small
margin; the Nyquist locus does not encircle the (—1,0) point.

The frequency response characteristic shown in Figure 4.35 also
indicates that the loop is close to instability. The peak in this characteristic
at around 9 MHz will appear as a pair of noise sidebands at approximately
9 MHz either side of the carrier in the output RF spectrum. These sidebands
are a tell-tale sign that the loop is operating at its limits and will probably go
unstable given the slightest provocation. Such provoking factors include

10
-0

“

: b

g 10 :

o

L] i 3

E \ / -
-20 : ;\ e
s 0 20 30 20 50

Real axis
Figure 4.34 Nyquist diagram for the example Cartesian loop.
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5 Frequency response of the example Cartesian loop.

ture variations (usually resulting in loop gain variations), poor
‘antenna loading and alterations in loop phase due to changes in
evel (e.g., due to the presence of power control in the system).

he intermodulation suppression characteristic is given by:

o)

1

~ 1+ ABw, 7o

(4.61)

t of this characteristic for the example given above is shown in Figure
shows the IMD cancellation of which the loop is capable for a

10 ;
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@
'ﬁ-w
et /
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/
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Log frequency offset from channel centre (Hz)

Intermodulation suppression characteristic for the example Cartesian loop.
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Nyguist diagram showing the effect of increasing the PA power gain by 10 dB
for the example Cartesian loop.

Figure 4.37 Loop gain characteristic of the example Cartesian loop.

range of frequency offset values from the channel frequency (both above and
below). Note the ‘peak’ in the characteristic around 9 MHz; this indicates
that a Cartesian loop will not only produce no benefit at this frequency offset,
but will actually enhance (slightly) any intermodulation present at this
frequency offset. Fortunately, most amplifiers intended for a 25 kHz channel
bandwidth (for example) will not produce a significant level of intermodula-
tion at this large offset.,

Finally, a plot of the loop gain characteristic for the example loop is
given in Figure 4.37. Note the difference between the open- (Figure 4.37)
and closed-loop (Figure 4.35) bandwidths (approximately two orders of

icated if a class-C amplifier is incorporated in the loop, and the above
will yield a very optimistic value of the achievable loop gain (and
the achievable IMD suppression). This situation is outlined further

Gain and Phase Margins

the above expression for the open-loop transfer function of a first-
system (4.59), the gain and phase margins may be deduced from:

1

magmtudEJ GM = m (462)
Increasing the power gain of the PA by a 10 dB, whilst leaving all other n
parameters unchanged, will result in the loop going unstable, This situation Bl = L (i) (4.63)

is illustrated by Figure 4.38. The Nyquist locus now encircles the (— 1,0)
paint (just) and hence the loop will oscillate at a frequency approximating t0
that which brings the locus closest to the (—1,0) point. This latter point is
only true when the loop is margmalh unstable; in the case of gross
instability, the frequency of oscillation is more difficult to predict (and is
usually only of academic interest). The (unstable) loop gain in this case 15

dy is the angular frequency at which the loop phase becomies 7 radians
crossover frequency) and @c; is the angular frequency at which
D gain reduces to unity.

magnitude and phase of the open-loop transfer function are:

44 dB. _ ABuw,
The example system presented in Figures 4.34 to 4.37 is 2 useful |G(o)| = ﬁ (4.64)
illustration of the behavior of the Cartesian loop under ideal conditions. It ¥
generally a good approximation to real life for relatively well behaved po“’a‘ o
amplifiers, such as class-A and class-AB designs (since these have predomi= LG(o) = — [ta_n_ (al—) = UJT] (4.65)

nantly AM/AM nonlinear characteristics) [25]. The situation is gfﬁﬂ&
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The phase crossover frequency may now be found by setting /G(®) =x in

the above equation, giving:

(0]

tan(@t) = — (—) (4.66)

)y

The rangent function above is periodic, with asymptotes oceurring at o =
m/2t. It is therefore necessary to ascertain the first crossing point of thig
function with the straight line —@/m;. Since this line has a negative slope and
passes through the origin, the first intércept point with tan(®T) will occur in
the range:

18 T :
— < — 4.67
2_{<a) = (4.67)

Equation (4.66) may be solved by means of a Taylor series expansion of
tan(®T) about w/2:

o 20T — T ¥ .
ran(OT) & — + +0 [mrr - -12—;} (4.68)

20t —T1 6

Combining (4.66) and (4.68) and simplifying gives:

m?‘(lZ'c + 4wy 1:2) — ©(6m + 4m,T) + (ﬂ.’2 —12)w; =0 (4.69)

For small 1, this has solutions:

T
N — 4.70
@ =50 (4
or
.. (4.71)
= 27T+ 3)

The latter solution may be neglected as it falls outside of the range defined by
(4.67), and hence the phase crossover frequency is defined by (4.70).

The gain margin for the loop may now be found from (4.62), (4.64) and

7
S 4T 1
GM =~ M (4.72}-‘;‘.

(4.70), giving:

ABo,
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values of @ T such that m; T << 1/2, the above equation simplifies

GM =~ (4.73)

[
2 ABayt

example system detailed in the previous section (Figure 4.33), this
es to 6.1 dB. It will be less than 0 dB for an unstable system.
inally, since the gain margin of a stable loop must be greater than
the maximum possible value of stable loop gain is given by:

b

AB) e = ——
( )m:lx 2(_011'.'

(4.74)

shase margin may be found by setting the magnitude of the gain (4.64)
y and solving for g;:

@ =V ;42.3-2 —1 (475)

be simplified at all realistic levels of loop gain (such that 4B >> 1)

mGL' = AB‘D{ (4‘76)
loop phase ar this frequency is then (from (4.65)):

ZG(mGU) == l:tﬂ.ﬂ_'] (V.xquz == 1) + 0TV Asz — I] (477)
T

(Glocu) ~ — [E + ABoT] For AB>>1  (4.78)

phase margin of a high-gain first-order loop is thercfore (from (4.63)):

PM = g — ABoyt (4.79)

ample system detailed in Section 4.6.5 (Figure 4.33), this calculates
- It will be negative for an unstable system.

Since the phase margin of a stable loop must be positive, the loop gain

fulfil the condition:

T
AB < —— ;
& e (4.80)
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By examining (4.74) and (4.80), the condition for loop stability may be stateq R,
as: ® ANN o &
T 4 A
ABoyt < — (4.81)
2 B §
2
As an example, consider the system described previously. Using (4.81) above v
yields a maximum value of loop gain, AB, of 100 times. This is consistent Vin o
with Figure 4.34, which indicated that the loop was just stable with a logp
gain of 49.6, CTH
It is important to note that the above analysis is only valid for 3
® . o

monotonic amplifier AM/PM characteristic. This characteristic must also be
mnipelar (i.e., must not pass through zero), although this condition may be
ensured over a range of frequencies by the use of a variable phase-shift
between the up- and downconversion local oscillator paths. Most class-A
and class-AB amplifiers posses a monotonic AM/PM characteristic and hence
the above equations may be used to calculate the maximum achievable value
of stable loop gain. Most class-C amplifiers do not posses a monotonic AM/

Circuit diagram of the phase-lag compensator.

ver break frequency of the response is 1/oT and the higher is 1/T,

PM characteristic as they usually display a ‘peak” at the point where the =16

active device turns on (see Chapter 2 for an example). The achievable gain R, _

from a Cartesian loop employing a class-C amplifier is therefore usually o= I+E (4.83)
A2

much less than that which would be calculated using (4.81).
Analysis of a Cartesian loop has been performed in a similar manner to

3 i 2 v itude response falls to 1/ot. Thi
dhiar desesibed above by Bolcotiun [26] and Brifa [27). the higher break frequency, the magnitude response falls to 1/ e

t break frequency of the compensator is chosen to be smaller than the
y separation from the carrier at which the onset of loop instability
evident. The value of o may then be chosen to provide an
te level of attenuation to prevent the (—1,0) point being reached.
values of T and o must be carefully chosen to ensure that the
tion does not result in instability close to the carrier, due to the
of the original Nyquist plot toward the (—1,0) point.

46.5.2 Alternative Loop Filter Designs

The above analysis assumes that the loop filter is a simple integrator and
hence the resulting loop is first-order. It is also possible to construct
alternative forms of loop filter and higher order loops. One example is
outlined in [28], where the benefits of a phase-lag compensation method are
highlighted. It is shown that a factor of 2 increase in the linearisation
bandwidth may be achieved, although the technique is not suitable for
transmitters where the first signs of instability (with increasing loop gaif)
occur at frequencies close to the carrier.

The circuit diagram of the phase-lag compensator is shown in Figure
4.39 and this is cascaded with the existing loop integrator. The frequency
response of the circuit is given by:

Gain and Phase Margins When Using Highly Nonlinear Amplifiers

eding analysis s valid for amplifiers with a quasi-linear transfer
eristic (e.g., class-A and class-AB); however, as the degree of
arity increases, the available loop gain whilst maintaining loop
decreases from that predicted above. The levels of loop gain
by these methods therefore represent the upper bound of
e loop gain and the degree of loop gain *back-off” required in a
system will depend upon the amplifier nonlinearity. A class-C
, for example, will achieve stability at a loop gain significantly below
dicted from this analysis.

_ 1 +joT
H{ o) = 4.82)
(Jo) =7 o (

where ® is the angular frequency in rad/sec and & and T are defined beloW:
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A typical class-C amplifier will exhibit a significant gain variation wigh Cartesian Loop Applied to a Software Radio
power level as the transistor goes from cut-off through its linear region ingq
saturation. This gain variation may be many tens of dB and will nbviousl.y.
have a significant effect on the overall loop gain of a Cartesian loop baseq
around it. It is therefore necessary to design the loop bearing in mind this
maximum level of gain (or alternatively to incorporate at a relevant point in
the loop a component with an approximately inverse gain characteristic),

In the absence of additional correction, it can be shown [29] that the
gain margin of the system must be sufficient to accommodate the expected
additional gain due to the gain change with power level of the RF amplifier,
Thus, for example, a system with a gain margin of 10 dB should not exceed g
level of 10 dB of additional gain due to the gain variation of the RF amplifier.
This is equally true of gain variations with temperature, although these are
obviously slower acting and may be compensated by other means. In
practice, a margin must be added to this requirement in order to prevent
excessive ‘peaking” in the closed-loop transfer characteristic, resulting in
noise sidebands on one or both sides of the wanted channel (usually a
number of megahertz away).

In addition, the AM/PM conversion in a highly nonlinear amplifier is
very significant and will degrade the phase margin of the system. This again
must be taken into account when calculating the available loop gain for a
parricular system, based on the derivations presented above. Thus, for
example, a system with a phase margin of 60° will tolerate up to 60° of
phase change due to the changing amplitude level of the input signal (ie.,
due to AM/PM conversion), assuming that the loop phase control i
perfectly adjusted. In this situation the loop phase control would require
precise adjustment for each channel in the transmitter’s operational band-
width, and any other small variations (e.g., in amplifier gain) would render
the system unstable. An additional phase margin should therefore be
allowed.

It is evident from the above arguments that the AM/AM and AMfPM
characteristics of a highly nonlinear amplifier directly degrade the available
gain and phase margins of a Cartesian loop formed around it. It is therefore
necessary to reduce the loop gain from that predicted using (4.62) to (4.81),
often substantially [25]. The Cartesian loop can still, however, provide useful
levels of IMD improvement with such amplifiers, and designs have beent
successfully produced giving —60 dBec IMD products from a class-C
amplifier at 900 MHz. Careful selection of the class-C device and design of
the amplifier can have a very significant effect on the ultimate performanc®
which can be achieved from a Cartesian linearised system.

esian-loop technique has been applied to many linear modulation
, including 16-QAM [30,31], Transparent Tone-in-Band (TTIB)
and in a generalised transceiver architecture, which is able to transmit
modulation scheme (within a given bandwidth) for which the signals
. be generated in 1 and Q format (from a DSP) [33]—a software radio.
The generality of a Cartesian loop linear transmitter architecture is such
‘can easily be made modulation independent, and hence can transmit
nodulation scheme within its operational bandwidth. A radio may
efore be envisaged in which the baseband processing takes place within a
 signal processor (DSP), and 1 and Q baseband signals from this feed
ansmitter. The modulation scheme in the transmitter is determined
by software and may be reconfigured at will simply by downloading
oftware.
The receiver architecture may similarly be designed by employing
onversion techniques, with demodulation being performed in the
oftware. The receiver is therefore also flexible and may similarly be
erammed to accept a different, or additional, modulation scheme. A
agram of this type of transceiver configuration is given in Figure
with a number of practical systems having been built by Wireless
s International [33] and others.
type of system has many applications, particularly with the
eration of recent research into more spectrally efficient modulation
. Existing PMR schemes, for example, may employ this type of
ology in any new mobiles purchased for their system. Thus, they will
¢ compatible with the original modulation system (e.g., FM) but are
of offering additional or alternative schemes which may then
y take over as obsolete equipment is scrapped. A smooth transition
one type of system to another is therefore possible, making such
affordable to organisations with a large existing investment in
radio technology.
Fﬂ'_a_ddjtion, Cartesian loop has also been suggested as a linearisation
: e for the TETRA (Trans European Trunked Radio) system as it
a filtered m/4-DQPSK modulation scheme, with its attendant
ude variations. Since the amplitude variations of this and other /4
SK schemes (such as D-AMPS in the United States) do not produce a
elope variation, but a much smaller ‘amplitude ripple’, this leads to
ion of what degree of linearity is required of the transmitter.
the case of the TETRA standard [34], the basic system parameters
en in Table 4.3. A comparison between the basic two-tone IMD
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Table 4.3
System parameters for TETRA
Value
ency Band 380400 MHz
#/4-DAPSK
}—— w : - modufation filter Root-raised cosine, = = 0.35
o ' 25 kHz (or 6.25 kHz)
% >0 ccess scheme TDMA
e 2 ‘% r of timeslots per frame 4
=4 @ §_ £ M | 141667 msec
9¢C : 36 kbits/sec (18 kbaud)
=0 ta rate per slot 7.2 kbps
0 it channel coupled power limit —60 dBc at 25 kHz
g MD limit —70 dBc at 50 and 75 kHz
o
7]
c 5 T
o E & % 5 = ance of a linearised power amplifier and its adjacent channel power,
g EL . 2] |« g2 - nplifying the TETRA form of m/4-DQPSK, is given in [35] and is
E%% $wQ 4 0E 0 o luced in Figure 4.41.
08k =) 5; 0 a 8% s % sing Figure 4.41 it is possible to approximately predict the required
0% o T @ '
25
3 3 0
=10 ; -|C £ %
& | £ ¢
o e
ooon] |0 ]
ooog) o
ol Wl
) e
> 0 E 7
0 o
5 O g £ /
o - |< @ /'
o O Q
0 [ A
9]
|_°_ % 50 52 54 56 58

Two-tone IMD ratio (dB)

Experimental comparison between the adjacent channel power of a linear
transmitter employing TETRA 7/4-DOPSK modulation and its raw two-tone
intermodulation ratio (from [35] ©, IEE 1994).
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transmitter linearity in order to meet the TETRA specification, based on the
more familiar two-tone IMD performance of an amplifier. It is also necessy
to be able to predict the peak power requirement of the amplifier, based on
the desired mean output power specification. This can be achieved using
Table 2.1, given that the o value of the root-raised cosine filter is known for g
particular system (not only TETRA).

N, MU

o %UTHF
# In W\—bEE}—} =

4.1 Noise Performance of a Cartesian Loop

One problem with the CFL transmitter is that its output noise performance
is no longer dominated by that of the RF power module employed within it
(as is the case in many more conventional transmitter architectures). The use
of significant degrees of attenuation, followed by a high level of gain, within
the loop results in a noise performance markedly poorer than that of 2
conventional transmitter, at a range of frequency offsets from the channel
center. There are a number of trade-offs which are available to the designer
of a CFL transmitter to aid in the optimisation of the output noise
performance. This section presents an overview of the noise performance
of a Cartesian-loop transmitter and highlights the design methods which
may be emploved in order to optimise its noise performance.

The noise performance of a Cartesian loop is of particular concern with
regard to the noise transmitted in the receive band of the radio system, as this
must be kept to a minimum to prevent the blocking of weak wanted signals.
Such blocking can occur either due to the mobile’s own transmitter in a full-
duplex system, or due to a nearby transmitter in any system (full-duplex,
half-duplex, or simplex).

Take a full-duplex system as an example. If the transmit outpur power
is 20W (+43 dBm) and the transmit outpurt filter (usually part of the duplex
filter) provides an attenuation of 60 dB at the nearest end of the receive band,
then the noise must be sufficiently low (in the receive band) such that it does
not mask a signal at the receiver’s minimum sensitivity. This signal may be'%‘f‘"
the vicinity of —120 dBm, meaning that the transmitter output noise floor 8
the receive channel must be better than —103 dBc plus the cochannel
protection ratio of the modulation scheme employed (approximately 10 dB ‘
for many current digital schemes). This gives a maximum permis‘sibk‘fl
transmitter noise foor in the receive channel of —113 dBec.

Conventional transmitter architectures do not usually have significast’
difficulty meeting this level of noise performance, as they are based arourld;.,_
power amplifier stage with a noise figure in the vicinity of 10 dB. E\’ﬂ“lﬁ
attenuation is employed prior to the amplifier, for the purposes of poWwet

oﬂ

F
Fy

Cartesian loop-transmitter showing the system noise parameters (all
expressed in dB).

, a significant margin still exists in the noise floor and hence it is
of little concern.

the case of a Cartesian loop-transmitter, however, this is no longer
The Cartesian loop configuration employs a significant degree of
tion in the feedback path (L 4 in Figure 4.42) and a high degree
n the forward path; both of these factors have the potential to
duce noise into the system. The situation is further complicated by the
ving properties of the feedback itself, making it more difficult to
, directly, the noise performance of the complete transmitter.

full analysis of this problem is provided in the literature [36];
er, for most practical purposes a simplified treatment is sufficient
h is provided below.

se Analysis

ian loop may be split into forward and feedback paths and the
ctor of each calculated (see Figure 4.42). The noise within and
® of the loop bandwidth may then be calculated from these, as the
path noise figure dominates the noise within the loop bandwidth



200 High Linearity RF Amplifier Design Fredback Linearisation Technigues 201

_-_---"h..

ly specified on most manufacturers’ data sheets. This equation
that the noise figure of the PA is negligible with respect to the
utput from the upconverter and that the attenuation of the forward
nuator is not sufficiently large so as to reduce the upconverter noise
the thermal noise floor (i.e. Ny — L3 >> —174). Both of these
ons are normally valid for a Cartesian loop operating at full output
. Typical figures are: N ;= — 155 dBm/Hz (at 0 dBm output power),
dB, Gp4 = +42 dB, giving 10 of output power capability
ng that the PA output stage is appropriately rated) and a noise floor
dBm/Hz. In the case of TETRA (18 kHz equivalent modulation
dth), for example, this translates to:

and that in the forward path dominates the noise further out. The transitigy
between these two regions is based on the closed-loop transfer function of
the loop (see Section 4.6.5 and equation (4.60)), with the overall response
being of the form shown in Figure 4.43.

The forward path consists of the loop filter, the 1/Q upconverter, the
forward path attenuator (often incorporated as part of the power contrg]
circuitry) and the RF power amplifier chain. The output noise power of this
forward path is usually dominated by the output noise floor of the
upconverter, hence, to a first approximation, the output noise power from
the forward path is given by (in dBm/Hz):

I\H:u«;} = —‘174 ‘+‘ L.+!2 -+ 'FP:‘J L GFA dBm/HZ (4-84)
Npg = P,y — (N + 10log(BW))

= 40 — (~115 + 42.6)

= 1124 dBc (4.86)

where L 45 is the loss in the forward path attenuator(s), Fp 4 is the noise
figure of the power amplifier and Gp_y is its gain (all in dB).

Note that (4.84) assumes that a passive upconverter is employed within
the loop; if an active upconverter is employed instead, then (4.85) below can

be used: ould meet the current TETR A specification for noise at an offset of

New = Nypr — Lop + Gpy dBm/Hz (4.85) feedback path consists of the output coupler, the feedback

where Ny is the noise output power of the upconverter in dBm/Hz; this is _(.S)’ the §/Q demodulator and the baschand level-ser op-amp(s)

d for the loop to give its rated output power). The transmitter output
ower resulting from this feedback path is given by:

-‘ Wanted modulation

/

Noise dominated by

Nip=—174+Cp+ Ly + Lyp+ Fry  dBm/Hz (4.87)

is the coupling factor of the output coupler, L 4 is the loss in the
path attenuator(s), Lyp is the loss in the demodulator and Fy g is
figure of the level-set op-amps (all in dB). Equation (4.87) does, of

feedback path noise figure gﬁﬁme that the loop is capable of supplying this noise power (i.e.,
- operating with sensible loop parameters and a PA with sufficient
capability) and also that a passive demodulator is employed.
Noise dominated If an active demodulator is used instead, Lyp should be replaced by
%:S‘;“;ZT rgath scaded noise figure of the demodulator and baseband op-amps.

n, taking a typical example, in this case with a passive demodu-

J

NFB = —174 -+ Cj: -+ LAl +LMD = FL.S'
= —174+204+45+9+12
= —88 dBm/Hz (4.88)

Closed-loop transfer
function

Figure 4.43 Form of Cartesian loop output noise characteristic.
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For the 10W TETRA PA considered above, this represents a leve] o
—85.4 dBc, which would be adequate to meet the TETRA specification a. ]
frequency offset from the wanted channel of between 100 kHz and 500 k
but not between 500 kHz and 3 MHz (beyond this, the loop gain should h_é
rolled-off sufficiently for the forward path to dominate). An improvemeng
noise figure of around 5 dB (e.g., in the level-set op-amps) would be rcqui
to meet the TETRA specification at all points. 1

Note that it is not always straightforward to accurately measure som,
of the downconversion chain losses for (4.87). A simple method 65
estimation is as follows:

VDN
Lpc = —20log [ = .88

mRF

where Ly = Cg + L 41 + Lyp is the loss in the downconversion elements,
Gy s is the gain in the ‘level-set” op-amps, in dB (which can be easily 4;-.J
accurately determined from the resistor values), 17, 55 is the baseban
output voltage from the level-set op-amps and 17, g - is the RF input vo
to the output coupler (i.e., the RF output voltage from the PA). Ly can
then be substituted for Cp 4 Ly + Ly in (4.87).

The noise figure of the op-amp stages may be found from:

(b)

2+ in(Ry + Rp)*+4£T(Ry + RP)} 5

NNI = IOIOg {e L I B B CR—
4£TR; Inverting (a) and non-inverting (b) op-amp configurations.

for a non-inverting configuration and: uld therefore be seen as providing a minimum rather than an easily
value.

y, note that the output noise power within the loop bandwidth,
y (4.87), assumes that the loop is operating without ‘peaking’ in the
op transfer characteristic, caused by operating the loop close to its
limit. The resulting noise sidebands may well break a given noise
on, despite calculations indicating that the specification can be met.
| circumstances, the only available course of action is usually to reduce

2 242 i .
2+ R}(2 +4kT/R,) +4£TR
N,:]Ulog[g (4 4;@1*;1’1 2) ‘] dB

for an inverting configuration (note that R, includes the source resistance
this case). The various symbols are defined in Figure 4.44 and R is give

RiR
Ry, 2

= Sk (4.92)
Ry + R,

ictical Considerations With the Cartesian-Loop

Equations (4.90) to (4.92) are valid for voltage feedback op-3 smitter

similar equations also exist for current feedback op-amps [37]. Note U
matching considerations in a practical loop may well significantly inc

e a number of practical issues which must be considered when
the noise figures obtainable in practice from these elements and (4.9 i

¢ a Cartesian-loop transmitter, and a number of design compro-
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mises must be taken into account. Many of the problems originally
associated with the loop have now been solved and a number of alternatiye
solutions are presented here for the more obvious shortcomings.

Compensated
quadrature
output signals

N ) > Q

48.1 \Llocal Oscillator Performance

A problem with the direct conversion architecture transmitter (described
above) is that it requires a ‘clean’ (i.e., low distortion) local oscillator at the
output frequency. Local oscillator distortion appears either as discrete spurij
within the operating band, or as “phase noise’ immediately adjacent to the
wanted frequency. This phase noise, or residual frequency modulation, will
ultimately limit the adjacent channel performance of the transmitter, and isg
factor in determining transmitter error-vector magnitude (EVM). I

A further concern is that the modulated output from the rransmitter, or
indeed from the antenna, will leak back into the VCO tuned circuits, and
thus cause spurious modulation of the VCO. The action of the feedback Iuop
would not eliminate this modulation and hence it would appear as a
frequency modulation of the final output signal.

There are a number of alternative solutions to these problems. The first
is to use an intermediate frequency for the feedback loop. The local oscillator
is not then required to work at the final output frequency and its
specification may be relaxed. This is, however, at the expense of additional
complexity elsewhere in the loop, and unwanted loop delay. A second
solution is to use a multiloop synthesiser, so that there is no VCO running at
the RF output frequency. The multiloop design also enables a lower phase
noise output to be achieved.

A third option is to mix an off-frequency synthesised (tunable) local
oscillator with a fixed oscillator to provide the final output frequencyy
Neither oscillator is now operating at the transmitter output frequencys
hence minimising the chances of unwanted VCO modulation. ‘

/
Input signals Output signals

Gain and phase compensation in a direct conversion transmitter.

constant. In the direct conversion method, the mixers have to operate.
' same frequency range as the coverage band of the transmitter, and
nsation for the mixers” frequency-dependent characteristics may be
Note that it is only the mixers in the downconverter whose
tics affect the final transmitted output: the effects of the upconver-
ers will be removed by the two feedback loops. Hence lower
ance mixers may be used in the upconverter, without affecting the
ain and phase compensation in the direct conversion transmitter may
e achieved by modifying the I & Q baseband signals supplied from
The operation of this process is shown in Figure 4.45. A small
of the I channel signal is added to the Q channel ourput, and by
of the variables K1 and K2, any amount of gain and phase
ch may be accommodated. This approach requires prior knowledge
1al gain and phase mismatches, due to the mixers, at every channel

4.8.2 Matching of the Quadrature Signal Paths

Another important factor in the design of the transmitter is in the contr@
the gain and phase matching between the I and Q channels, and the remo¥
of DC offsets from these signals. Any mismatch in the I and Q signals
result in an ‘image’ signal which is incompletely suppressed, and cochanf€
with the wanted signal. Any residual DC offset will create a local oscilla
component, appearing at the center of the channel. An advantage 9%
incorporating an IF within the loop is that the downconversion mixers
operating at a fixed frequency, where any gain, phase, or DC offsets

| practice, the mixers’ performance changes only gradually with
/, and so it is possible to have values of K1 and K2 which are
a whole range of frequencies, say 2 span of 5 MHz. In this way, a
operating band could be covered in four sub-bands, each with their
tings for K1 and K2, The channel code for the frequency synthesiser
€ used to index these values, and select the ones appropriate for the
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channel in use. Hence, the original calibration need only be undertaken at
four spot frequencies, in the center of each sub-band. The calibratiog itself
may be performed by observing the output on a spectrum analyser, ang
repetitively adjusting K1 and K2 for optimum image suppression. Once sct, I
at manufacture, these values would be stored in nonvolatile memory,

An alternative system for adjusting quadrature modulators hag been
suggested by Faulkner ¢ /. [38]. This scheme involves diode detectiog of
the combined output signal from the I & Q modulators and use of the

‘Null' signal —— I

OmiEaweyts

DC-null loop  |Sample and hold T

; i : integraior
resulting signal as a feedback error signal to a controller. The authors repory v
the successful application of the technique to a predistortion linearisation s |
system. The principal advantage of this system is that of simplicity, as onlya _’G_D_’ I dt Toitipeonvarter
single error signal is required to perform the correction. Its main disadvan- . Loop
tage for this application is that it involves an additional feedback loop and integrator

hence may suffer from the attendant stability and bandwidrh limitations,
particularly in the form of interactions with the main signal feedback loops.
The accuracy provided by this system is also greater than is strictly necessary
for the Cartesian loop application, with fixed sub-band weightings being
more than adequate in this case.

From
downconverier

Baseband ('level-set’) op-amps

483 DC Offsets on the Quadrature Signals

The DC offsets, which result in an LO component in the transmitted signal, i
arise from a combination of two effects, and two mechanisms are used o
reduce them.

The major cause is an accumulation of DC offsets in the downconver-
sion mixers, the two stages of preamplification, and the differential amph
fiers. These offsets are all removed by a2 DC nulling mechanism, as shown in
Figure 4.46. This uses a pair of high-gain feedback loops (one for each of the.
quadrature signals) around the whole of the baseband processing chains. A
DC nulling voltage is applied to each path which cancels out all the othet.
offsets. This is accomplished by a low-offset amplifier, and a sample-and-h
amplifier. The nulling voltage is maintained by the hold capacitor, and h
the nulling process must be repeated regularly, say every few minutes
transmit time or at the beginning of each transmission, to combat drifts-
nulling process is performed by rapidly switching-off the RF output, §
the modulation input to zero, and switching both sample-and-hold devices
to sample mode. After this DC feedback loop has settled, hold mode
resumed, and the modulation inputs and RF output are restored. The Wh‘__ :
process can be performed within 100 microseconds, to minimise interry]
to the channel traffic.

5 DC nulling circuit (I channel only shown; Q channel is identical).

within the software of the DSP device providing the baseband
i.e., by feeding ‘zero’ to the DACs), then the DC null mechanism
compensate for offsets in the DACs themselves and, for example,
mp stages following them. Low-offset devices are therefore
in this part of the transmitter,

€ use of more modern, digital sample-and-hold circuits will reduce
uency with which the nulling voltage needs to be updated, as they
e the capacitor and its associated leakage. The update can therefore
ned upon initialisation of the transmitter and during the hand-off
(say) for a cellular system.

of 1/Q Errors and Carrier Leakage on Digital Modulation

Tals

of various impairments, introduced by a practical Cartesian loop,
ted in Figure 4.47 for a 16-QAM signal (4 bits/symbol). In Figure
1 amplitude error of 0.3 dB is introduced and it can be seen that the
ition is effectively ‘constrained’ in one dimension (imaginary) and
in the other (real) and thereby misses the ideal constellation points
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Figure 4.47 Effect of |/Q imbalance and carrier leakage (DC offset) on a 16-0AM sign
0AM parameters: 60kbps, root-raised cosine filter, o« = 0.35. |
{a) 0.3 dB amplitude error. (b) 10° phase error. (c) 10% carrier leakage.
(d) 0.3 dB amplitude error and 3° phase error.
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| ; 3 ;
| in both I and Q. The error is most obvious on the extremes of the Gain
|‘ constellation. " a4 error
| Figure 4.47(b) shows the ‘skewing’ effect of a phase error on the — &— Eor vector
: e

I ' constellation. A deliberately high phase error has been chosen for thig
illustration, to emphasise the effect, and such a gross error should not be

'H encountered in a correctly-designed practical loop. :
‘ Figure 4.47(c) illustrates the fixed offset introduced by unwanted
carrier leakage, caused either by a poor DC null performance or by 5
poorly-performing downconverter (gross DC drift of the baseband Op-amps.
could also be a cause, but this is unlikely with modern 1C devices).
Finally, Figure 4.47(d) combines typical values of I/Q gain and phase
imbalance (0.3 dB and 3, respectively) for a practical Cartesian loop. These
levels of error would correspond to an image level approximately 30 dB
below the wanted signal in, for example, an SSB system.

signal

W

Reference
signal (ideal
signal vector)

Ll |

1.48 lllustration of signal vector error in the I/Q plane.

ether these result in a distortion of the vector in the 1/Q) plane, as
in Figure 4.48.

though these errors may be corrected digitally [41], this would
ly involve a degree of individual testing during production and this is
ly undesirable. Figures presented in [40] indicate that a phase error of
1 be achieved as a ‘typical’ specification for an 1C implementation,
oh carrently available commercial devices usually specify around 0.3

amplitude error and 3% phase error.

‘The cffect of quadrature modulator and demodulator errors on the
redistortion method of RF power amplifier linearisation has been
in some detail [42]. This study indicates the detrimental effect of such

48.4.1 SVEin a Cartesian-Loop Transmitter

All of the above problems will contribute to a degradation of the ‘signal
vector error’ (SVE) (also known as ‘error vector magnitude’, EVM) of the.
digital modulation.

Error vector magnitude is now a commonly-quoted specification for
both transmitter and receiver performance evaluation (e.g.,, TETRA, |
DAMPS), in preference to gain or phase imbalance or image rejection..
Typical figures are in the range of 5% to 15% for most mobile radio systems.
(e.g., TETRA [39]) and various test instruments now incorporate the
measurement of this parameter as a standard feature. There are potenti
a large number of factors in the design of a transmitter (or receiver) W predistorter performance and also highlights some methods for
can contribute to the final measured value, however, in practice, in 2 W€ g them. An earlier study highlights the detrimental effect of
designed system most are usually negligible. Examples include problems. : ture crrors on the spectral characteristics of a power amplifier [43];
with the receiver detection process (normally performed digitally), trans®. ture errors are therefore clearly an undesirable effect in many areas
mitter nonlinearities (the effect of these can still be significant Wh‘*? y in a Cartesian loop). '
linearisation is not employed), synthesiser frequency errors (norﬂi ] second major contributor to SVE is phase noise present on the
tracked out), and errors in modulation generation (normally performed: ator. This results in a random rotation of the signal vector around
digitally with very little resultant error). g 2 plane, with a mean error determined by the synthesiser character-

There are two sources of SVE which are generally ﬂ(m*ﬂegligiblf: the characteristics of the detection and tracking filteting present in
system design and affect both the transmitter and receiver. The first 8 & er. Phase noise is present on all signal sources and although it is
gain and phase imbalance present in the transmitter (and the correspond gically possible to reduce it to a degree whereby it would have a
quadrature demodulator in the recciver [40]), assuming that both ible effect on EVM (over and above that generated by the 1/Q
performed by analogue means. In the case of a Cartesian loop, these €f n and demodulation process), this is not usually economic in
' result from imperfect matching between the demodulator mixess io designs. It must therefore be incorporated into any study on
' analogue multipliers) and an imperfect 90° split in the local os a particular design.
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The traditional method of studying the effects on EVM of phase nojse
modulator, and demodulator errors is by means of a block-level sirnu}an'm;
of the complete transmitter or receiver system (or both). This is a rc]ativelj
complex and costly process and relies on the availability of sophisticateq
simulation tools of sufficient accuracy and of operators skilled in the use of
these tools and interpretation of the subsequent results. Care must be taken
to ensure that sampling rates are chosen appropriately and that blocks age
being used as intended and not beyond their capabilities.

The effect of phase noise on a received carrier, as a result of mobjle

propagation effects, has been studied in detail [44]: however, this analysis is —— 0.01dB|_

long and complex and does not lend itself easily to adaptation as a design : g-gg :g

tool for the system designer of a transmitter or receiver. : s O B
——— 0248

484.2 SVE Calculation for a Cartesian Loop : s 3-3 gg

With reference to Figure 4.48, the magnitude of the signal error vector may ) et i . . i 5 i P

be determined using the cosine rule as: 0 5 10 15 20 25

Phase error (degrees)

By= \/[R2 + M| = 2RM cos($,) (4.93) 9.49 Error vector magnitude for a wide range of gain and phase errors.
where R is the magnitude of the reference (‘ideal’) vector, M is the
magnitude of the measured (‘actual’) vector, and ¢, is the phase error
between them. The measured vector magnitude, M, is composed of th':
reference vector magnitude, R, plus a component resulting from the gain
error present in the system, G,:

M=R+G, (4.94)

If the reference vector magnitude is set to unity, then the resultant
error vector magnitude (in %), Ey-y, may be found from:

Epy= 100\/ [1 4+ M?] — 2M cos(d,)

The EVM may be plotted as a family of curves over a range of values fof
gain and phase errors. Two examples are shown in Figures 4.49 and 4
with Figure 4.49 representing a general overview for a wide range of erro
and Figure 4.50 showing a detailed view of the range of errors gene
encountered in most commercial quadrature modulator and demodulat
subsystems, whether integrated circuit or hybrid based.

A typical specification, for example, is a gain error of 0.3 dB an
phase error of 3°; using Figure 4.50, this results in a peak error Ve

Phase error (degrees)

Error vector magnitude for a range of gain and phase errors typically found in
commercial quadrature modulaters and demodulators.
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magnitude of 9%. A given component is unlikely to be at both extremeg
simultaneously and hence may well be acceptable (on a statistical basis) wit,
this specification, despite the relatively high EVM figure. A more aceeprable
figure for many systems would be around 6% and this can be guaranteed
with, for example, gain and phase error values of 0.2 dB and 27 respectively.
Note that the r.m.s. values typically specified in mobile radio systems will be
much lower than these figures for the above gain and phase etrors,

Baseband

f To
> L v
input dt

upconverter
Loop

integrator

> ] From
W) \\ downconverter

Baseband ('level-set’)
op-amps

 ——<
Detector High-pass Buffer
filter amplifier

485 Practical Considerations of Loop Stabhility

Whilst it is possible to reduce the distortion in an amplifier by the use of
feedback, one question always arises with the use of a high-gain loop: that of
stability. Obviously in a high-power radio transmitter radiating from ag
antenna, the dangers of potential instability, in terms of interference to other
users, are considerable, and so great care must be taken in the design.

The usual stability criteria apply to the feedback loop: namely that the
gain must be less than unity when the phase shift reaches 180°, If a first-order
loop with very high gain is used, then the transition below unity gain may be
at a frequency of several megahertz, and over this range, delay in the
amplifier chain will produce 2 significant variation in phase through the
amplifier. For this reason, a phase compensation is required as the RE
operating (‘carrier’) frequency is changed.

This compensation is achieved by means of a phase shift network in the
local oscillator drive to the upconverter (as described earlier). The phase
shift could alternatively be placed in the downconverter LO feed, or even 1n
the amplifier chain, but this would result in either increased delay around the
loop, or less predictable offsets and mismatches in the downconverter. Any
parasitic amplitude change with phase shift would also cause a variation in
output power from the loop, if the phase control is placed in the down-
converter LO path; this is avoided by placing it in the upconverter path. In2
similar manner to the 1/Q matching described earlier, this control may be
implemented as a single setting for each of the sub-bands, indexed to the.
synthesiser programming code (channel number).

If a gross change in the phase through the amplifier were to occufy
caused for instance by a component failure or a bad antenna mismatch, it is
possible that wideband oscillation could occur. It is obviously desirable m_
detect this state immediately, and to shut down the transmitter. This
instability detection may easily be implemented, as shown in Figure 451s.
by high-pass filtering one of the quadrature downconverted signals,

feeding the output to an envelope detector and comparator. The compard ,'
output could then feed a transmit inhibit function, and disable ¢

Set threshold
1 Basic instability detector.

itter. Note that the required downconverted signal could be taken
1 anywhere along the ‘level-set” op-amp chain and not only at the
converter output (as shown in Figure 4.51), assuming that the op-amps
ficiently broadband (> 20 MHz).

‘This mechanism will detect any wideband oscillation state, but will not
ect the condition occurring when the loop phase is around 180° in error.
e, positive feedback occurs at DC, resulting in a CW output at the
uency. This particular state can be detected by checking for limiting
puts in the downconverted signal, although conventional wideband
on is much more likely in practice, with DC positive feedback usually
ng encountered during design debugging. The only mechanism
‘would generally create this problem is a component failure in the loop
control mechanism; it is highly unlikely that such a failure would
and result in exactly the correct phase relationship for this problem to
ountered. Most designs do nat, therefore, include any mechanism for
g this condition.

‘Step Response of the Transmitter

nsmitter which is used in a rapid-keyed TDMA system, such as the
_ -AMPS, or European TETRA systems, must exhibit a rapid step
SSPonse. That is to say the RF output must rise from zero to the correct
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Since the RF output is a linearly amplified and frequency-shifted replica
complex baseband signal, power control may be achieved by
ling the amplitude of this baseband signal. This is achieved simply
ultiplying each of the I & Q signals from the DSP by the same value
are root of the power ratio decrease required). This method has the
ige of simplicity of implementation, requiring no additional hard-
There are, however, disadvantages, especially if the power control has
- a large range, say in excess of 10 dB. This arises partially from the
| dynamic range of the modulation signal, since only part of the
range is used in the output digital-to-analog converters. Thus
ion noise and DC offsets become more significant, and the quality
» transmitted signal is reduced. Table 4.4 shows this power control
ng over a range of 20 dB, and indicates how the local oscillator
re component becomes a more significant proportion of the signal. An
ent would be the use of variable-gain amplifiers from the DAC
o the modulation inputs, thus allowing the dynamic range of the
to be preserved, at the expense of extra hardware. This would still,
t, not solve the LO leakage problem.

- One other result of implementing power control exclusively at base-
s a reduced power conversion efficiency of the transmitter. Table 4.5
s how the efficiency decreases as the output power level is reduced
ical class-AB power module. For this reason, another method of
ntrol is sometimes desirable: one entailing RF amplifier switching.
ve a reduction in output power equal to the gain of the final
stage, this stage may be switched out of circuit, simultaneously
equal amount of attenuation in the downconverter, as shown in

-

0 Time(us) 100

Figure 4.52 Typical step response of a first-order Cartesian-ioop transmitter; upper trace:
baseband input signal envelope, lower trace: detected RF output signal
envelope.

level, without significant delay or overshoot, otherwise the first part of the
transmitted message may be distorted.

Cartesian feedback transmitters utilising a first-order loop exhibit
excellent step responses. Figure 4.52 shows the response to an off-on-off
pulse of 33 microseconds duration. The top trace shows this pulse as applied
to the I channel input to the transmitter. The lower trace is obtained from
the video output of a spectrum analyser on zero span, thar is, the time-
domain response at the output frequency. The delay between the traces, in
the order of 650 nanoseconds, results from the demodulation process in the
analyser. It can be clearly seen that even with a pulse rise time of in the order
of 2 microseconds, there is no noticeable overshoot in the response.

This indicates that the transmitter is able to faithfully reproduce 2
rapidly rising pulse applied to the modulation inputs. Thus, when a
appropriately-shaped pulse is generated by the DSP, the RF output has

Table 4.4
Baseband power control of a Cartesian-loop transmitter (measured)

the same envelope shape. Higher order loops must be carefully desig ned, i  level Peak output Modulation LO suppression
respect of their damping factors, in order that significant delays or over: . ve (Watts) amplitude (dB below pk. o/p)
shoots are not created, (normalised]
_ _ 408 1.00 46
4.8.1 Power Control in a Cartesian-Loop Transmitter 204 071 3
Power control in transmitters for land-mobile radio systems is desirable, in. 103 0.50 —40
order to reduce the level of cochannel interference to users in other areas: 4.2 0.32 —36
Two methods for implementing power control in the Cartesian uansmi[téf:- 1.0 0.16 -30
have been devised, one of which requires no additional hardware, the othef 0.4 0.10 —26

is more complex, but provides a more power-efficient system.
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Tahle 45
Efficiency of a typical class-AB Cartesian-loop transmitter with power control implementgg
exclusively at baseband.

The forward path attenuator is implemented in a low-power
technology (e.g., in an integrated circuit, since its intercept point
is much less critical to the IMD performance of the overall design)

Power level Mean output power Efficiency and the feedback path attenuator is implemented discretely (to
(dB relative) (Watts) (%) achieve a high intercept point). In this case, the forward and
feedback path delays will not be equalised when a pair of attenuators
? - i areswitched and hence either an appropriate delay must be switched-
. 102 168 in instead, or the loop phase control must be updated accordingly
o 515 10.8 (e.g., by means of a look-up table housed in the transmitter baseband
-10 21 5.7 DSP).
i i W attenuator switching mechanism described above has a number of

It overcomes the DC offset (carrier leakage) and D/A converter

Figure 4.53. The phase compensation must also be adjusted, to maintain s : :
dynamic range problems inherent in the baseband power control

stability, or an equivalent time delay switched-in in place of the amplifier (as
shown). Thus the last stage of the amplifier chain will always be working
near to optimum efficiency, and the dynamic range of the signal will be
preserved.

In a given design, it may be desirable to use a combination of both
methods for fine and coarse control.

A further (more common) alternative is shown in Figure 4.54; in this
case, matching attenuators are switched in the forward and feedback paths,
thus providing power control, whilst maintaining loop gain. At full power,
the forward path attenuators will be switched-out of circuit, whilst those in
the feedback path will all be switched-in. To reduce power, an appropriate
attenuator in the feedback path is switched-out (i.e., an # dB attenuator t@
provide an # dB reduction in output power). In order to compensate for the
dB increase in loop gain which will result from this, an » dB attenuator must
then be switched-in in the forward path. The attenuators need not match i
terms of implementation technology or size; however, if the delay around
the loop alters as a result of switching the attenuators then ecither a8
equivalent time delay must be switched in instead (as shown) or the loop
phase control must be altered to compensate. There are thus two ﬂltcf“
natives: |

mechanism.

It can provide finer power control steps than the amplifier switch-
ing method (but not as fine as those of the bascband method).

3. It removes the need for the high-power (and potentially lossy) RF
changeover switches inherent in the forward path of the amplifier
switching method.

however, as power-efficient as the amplifier switching technique (in
) and cannot provide the very fine (< 1 dB) and highly-accurate steps
from the baseband technique. It is common, therefore, to use a
ion of techniques in practice, e.g., baseband control for fine steps
) and attenuation switching for coarse steps (10 dB say).

fect of External Signals on a Cartesian-loop Transmitter

onnected to an antenna, rather than a screened, matched load, a
tter output will be subjected to external signals, which arise from the
icity of other users of the same radio service (e.g., cellular), all of
are transmitting potentially similar power levels and many of whom
close proximity to the transmitter in question. This is true for
and mobiles which can clearly be placed closely togecher in normal
, but is also true of most base stations, as many antennas, for
or similar services, are often placed on the same mast. In all cases,
nsmit frequencies of the interfering signals may be only a few
away from the user’s own channel, or they may be many
tz away, it is therefore important to consider both cases. These

1. Both forward and feedback path attenuators are implemented i
identical manner (e.g., PIN-diode switched ‘I’ or “T" netw@
matched attenuators). Since all of the attenuators will have
identical delay, they will automatically compensate for each he
when switched. As a result, no additional compensation by me
of the phase-shifter is necessary.
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Figure 4.55 Effect of an externally-injected carrier on a Cartesian-loop transmitter.
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1 signals must not significantly affect the operation of the loop, and in
ar must not result in significant distortion from the transmitter
Equally they must not result in instability of the transmitter, or cause
erate a significant level of signal vector error (SVE).

the case of a transmitter employing Cartesian feedback correction,
on of these interfering signals is much more complicated than for
n-loop transmitter; the problems therefore require careful analysis.
ber of different mechanisms come into play and the relative effect of
the output spectrum depends heavily on the transmitter design
performance of some of the subsystem components (e.g., the 1/Q
or and demodulator). A purely practical analysis of the problem is
t, as a number of the mechanisms result in coincident signals in the
spectrum; distinguishing between them is extremely difficult in
practical situations (i.e., with real, rather than perfect system
onents).

e standard method of assessing the susceprtibility of a transmitter to
rnal signal is by means of a carrier injected into the output of the
itter during operation. The level and spacing of this carrier from the
hannel vary, depending upon the particular system specification
nsidered. Typical figures are an injected level of 30 to 50 dBe (below
nted transmitter output power) and separations varying from a few
to 1 MHz (or sometimes more). It is therefore important to
the effect of both close-to-carrier signals and widely-separated
‘on the performance of the loop (the mechanisms of interference
 different in each case).

. The principal effect of an externally-injected signal may be outlined as
 (with reference to Figure 4.55). Suppose that an unwanted carrier
‘injected at a frequency separation, A®, from the wanted channel
tequency:

U(t) = Ccos|(0¢ + Aw)z + ¢(7)] (4.96)

¢ is the center frequency of the transmit channel. This signal will
effects on the loop: first, it will create intermodulation products in

ot (due to imperfect matching of the PA output to the antenna) will
o the feedback path, via the output coupler, in the normal way.
fond effect is that the carrier will reverse-couple into the feedback
ctly, due to the imperfeet directivity of the output coupler. The
e directivity will be degraded from its nominal (perfectly-matched)
y the relatively poor match of the power amplifier output and antenna
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input, in a practical system. The resulting directivity could be only 5 dB i,
many practical systems.

The two versions of the injected carrier (from the PA reflection ang
from the reverse coupling) will sum vectorially to create a single vector, with,
a phase and amplitude determined by the path difference, output couple;
directivity and PA output mismatch:

T R e e

Up(r) = Cpcos[(0¢ + Aw)r + dy(7)] (4.97)

that is, a single tone with an amplitude and phase determined by the result of
the vector summation process. In addition, intermodulation between the
injected carrier and the wanted (modulated) signal, in the output of the PA,
will introduce modulation around the injected carrier. This will exhibit
similar spectral characteristics to the wanted modulation, but will occupy 3
greater bandwidth (due to the spectral spreading inherent in the IMD
generation process).

The original (wanted) output signal will be unaffected by the injection
of the carrier, so long as it is of a sufficiently low level not to significantly
affect the peak power at which the transmitter is operating. Clearly, a very
large signal could force the PA into saturation and this would then affect the
intermodulation performance in and around the wanted channel.

As an example, consider that the wanted channel consists of a two-tone
test with equal tone amplitudes, given by (4.98).

: o 8 — e & . & . 7
i) 20 40 60 80 100 120
Frequency (arbitrary units)

Feedback path RF signal assuming imperfect output coupler directivity only.

ted separately. The first is due to imperfect coupler directivity in
coupler, and this is illustrated in Figure 4.56 for an output
factor of 20 dB, an assumed coupler directivity of 20 dB, and an
rrier level of —30 dBc.

> second mechanism is due to intermodulation occurring in the
and affects both the wanted channel and the injected interferer.
illustrated in Figure 4.57 for the above coupler and carrier values and
owing signal and amplifier parameters: 4 = 100, B = —3.5, and

W (#) = Mcos[®# 4 ¢;] + M cos[@yt + ] (4.98)

The intermodulation processes occurring in the output of the power
amplifier will be complex; however, they may be modelled, to a first
approximation, by a cubic characteristic. This is sufficient to illustrate the
basic mechanisms by which distortion is transferred to the other signals in
the output spectrum. The amplifier characteristic may therefore be described
as:

‘these two mechanisms are combined, it is clear thar the second
with the values chosen above, that is, amplifier IMD is the most
t effect. This situation is illustrated in Figure 4.58.

- action of the loop will be to view the injected carrier as a form of
100", as it does not appear in the original input signals. Similarly, the
on generated by the injected carrier intermodulating in the output of
 will be viewed by the loop as a further form of distortion. It will
{ attempt to correct for these “distortion’ mechanisms in the same
any other form of distortion, so long as they appear within the
dwidth. This therefore creates two possible cases: injected signals
within the loop correction bandwidth and signals appearing
the correction bandwidth. These two cases will be dealt with

below.

P(o(2)) = Aaw(r) + Bo(#) (4.99)

It is not obvious that the value of B for the normally amplified signal will bEJ
the same as for the reverse-injected signal (which is not amplified by the
amplifier); however, for the purposes of this illustration, it will be assumed
thar it is.

If it is assumed, for the preseat, that the loop is not operational, the two
basic mechanisms by which signals appear in the downconverter chain may
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Figure 458 Feedback path RF signal caused by both mechanisms.

120

Feedback Linearisation Technigues 221

will result in an image of this correction signal also being generated.
el of this image will be determined by the basic loop image
ssion performance, which, in turn, is dominated by the downconver-
tude and phase balance. If this mechanism is added to the situation
red in Figure 4.58, the relative level of the image signal can be seen (a
image suppression is assumed in this simulation). This is illustrated by
lled square markers in Figure 4.59.

The final output spectrum may now be deduced by assuming a
r level of loop gain and hence IMD removal. This will not affect
evel, since it has already been assumed that this is determined by
wnconverter performance, which would only be true in the presence
gain (the upconverter would otherwise determine this parameter). If
of, say, 20 dB is assumed, then each of the unfilled diamond
in Figure 4.59 would be reduced by 20 dB (with the exception of the
| two tones). This results in a general spectral improvement of 20 dB,
portant exception of the image signal from the injected carrier (to
of the wanted channel in Figure 4.59). The distortion surrounding
will be reduced, but the CW signal in the center will only be
d to the level of the filled square marker; this image level then
dominant.

20 20 60 80 100
Frequency (arbitrary units)

120

eedback path RF spectrum with a superimposed image signal.
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4.8.8.1 Injected Signals Appearing Within the Loop Correction Bandwidth ional coupler (or similar), at a level Y dB below the peak output of the
itter. This signal, when viewed at the output of the transmitter, will

When the injected ecarrier appears at a spacing from the wanted channg ! s
at 2 level Z dB below its injected level, where Z is determined by either:

center frequency such that it can be accommodated within the loop
correction bandwidth, the loop will attempt to remove this unwanted
‘distortion” as outlined above. The loop will do this by generating ap
additional signal complementary to the injected signal in T and O compy.
unents. This additional signal is, of course, ‘generated’ by the normal error
signal creation process within the loop.

When this error signal is upconverted, it will yield two sidebands, one
designed to cancel the unwanted injected carrier, and the other caused by the
imperfect image rejection of the upconverter. This second sideband (and any
error in the first) will in turn be corrected by the action of the 1 and
feedback, since the imperfections occur in the forward path of the loop. This
correction will, however, itself be imperfect, due to the finite image rejection
(1/Q balance) of the downconverter used in the error path. The result is
therefore a near-perfect correction of the injected carrier at the output of the
loop (to a degree determined by the loop gain), but an imperfect suppression
of the resulting image signal created within the loop itself (caused by 1/Q
imbalance in the downconverter).

The resulting spectrum is therefore of the form shown in Figure 4.60. In
this figure, the injected carrier is supplied to the transmitter output via a

. The directivity of the injection coupler i crenif. Note that this
directivity may well be much poorer than specified by the coupler
manufacturer, as the coupler terminating impedances are unlikely
to be a good match.

2. The loop gain of the Cartesian loop.

r example, the loop gain of the Cartesian loop is low and the coupler
rity is good, then the injected carrier level, appearing in the output
, will be determined by the loop gain alone (i.e., Z will equal the
ain). If the converse is true, then the level is determined purely by the
n coupler directivity.

suppression of the unwanted image, (X+ Z) dB, is determined
ly by the 1/Q balance of the downconverter. This will typically (for a
and, high-gain loop) be of a similar order to the loop gain and hence
in similar image and injected carrier levels in the output spectrum.
ote that any intermodulation distortion generated in the output of the
amplifier, as a result of the injected carrier, will be removed by the
ction of the loop to a degree directly determined by the loop gain.
e of a low-gain loop, this IMD may still be significant, but it should
noticeable in a high-gain design.

RF output
power

Injected Signals Appearing Outside of the Loop Correction
~ Bandwidth

posite case to that considered above, the mechanism by which the
spectrum is corrupted is slightly different. Once a signal is injected
side of the loop correction bandwidth, the loop no longer has any
to generate and supply an appropriate correction signal. The spectral
on is therefore determined primarily by the degree of reverse
dulation generated in the PA output (as this is no longer able to
ted by the loop).
S a secondary effect, an image signal will also be generated, as the loop
tside of the loop bandwidth, will not necessarily be sufficiently low
effect to be negligible. Thus, for example, a loop with 4 transfer
incorporating a gain of 40 dB within its loop bandwidth and a
inantly first-order roll-off, will have a gain of 30 dB at 10 times its
uency-offset from carrier. Therefore, 30 dB of gain could still exist

Unwanted Wanted Injected Freguency
image channel carrier

Figure 4.60 Form of spectrum obtained by injecting a carrier into the output of a Cartesia™ |
loop, where the spacing between the injected carrier and the centre of the
wanted channel is within the loop correction bandwidth of the Cartesian l00f:
Note that the injected carrier is the CW signal in the centre of the resulting
modulation, which surrounds it.
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10 MHz (say) from the carrier frequency. An image signal, generated in the
upconverter, from a reverse-injected carrier at this offset, will therefore only
exhibit an additional 10 dB of attenuation over that determined by the
upconverter 1/Q balance specification. The loop will have no gain at thig
offset to enable the downconverter to correct this image, and hence the
image level appearing at the output of the system will be 10 dB below the 1Q
modulator image specification at this offset. This could well be of 3
significant level in many systems.

The amount of reverse IMD generated will be determined by the PA
design itself, and will often be significant. It can be recognised as IMD, in the
case where the transmitter is supplying a modulated wanted signal, as the
IMD will be of a form determined by the modulated channel. For example, if
the transmitter is supplying a m/4-DQPSK signal, then the IMD product will
exhibit spectral characteristics of a form determined by, but not the same as,
the original 7/4-DQPSK signal.

The resulting form of the output spectrum is shown in Figure 4.61,
with the symbols having the same meanings as discussed above with
reference to Figure 4.60. The variables X; and X, will be determined by
the characteristics of the loop under consideration; X; will either be set by
the image level or the reverse IMD level as described above, and X, will be
determined by the reverse IMD level.

The main difference between the two cases lies in the greater potential

er spectral corruption where the injected carrier lies well outside of
correction bandwidth. This arises from the fact thar many IMD
could be created where the PA has a poor reverse-IMD response,
r than the suppressed IMD and image signals which are created in the
case. In practice, the fact that the injected carrier, in the case of
ndard tests, does not appear at the same level as the wanted output
i.e., Y is usually around 30 dB, and not 0 dB), is of great benefit. This
from the fact that the PA output is effectively seeing an ‘unequal two-
? and hence one IMD product will be significantly larger than its
image. This is illustrated by X} being much larger than X in Figure
The smaller IMD product is often small enough to be negligible,
o to, at a first glance, similar looking spectra for the two cases of
within and outside of the loop bandwidth,

Practical lllustration

illustration of the mechanisms described above, some practical results
ented from a hardware Cartesian loop transmitter. The output
produced by the loop in response to a two-tone test is illustrated

RF output
4 power cnl
i s
S 3
;l fos) g
| Iz =
I 2
X,dB =
X,dB g
| | I | \
Unwanted Wanted Injected Unwanted Freq'uency : ’ |
IMD channel carrier IMD 822.75 823 823.25
product product Freguency (MHz)

Figure 461 Form of spectrum obtained by injecting a carrier into the output of a Cartesig?
loop, where the spacing between the injected carrier and the centre of the
wanted channel is greater than the loop correction bandwidth of the 1
Cartesian loop.

62 Close-in RF output spectrum obtained from a practical 800 MHz loop when
injecting a carrier into the output, where the spacing between the injected
carrier and the centre of the wanted channel is within the loop correction
‘bandwidth of the Cartesian loop.
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in Figure 4.62. This spectrum remains unchanged irrespective of whether or pminant third-order IMD product generated by the injected carrier and
not a carrier is injected into the output of the loop; the basic IMp nted channel (taking account of the loop correction on this product) is
specification is around 65 dBc with respect to the level of the tones, at oW . }gy'

PEP output power.

A wider view of this spectrum is illustrated in Figure 4.63; here the
injected carrier (at 824 MHz) and its associated distortion can clearly be seen,
In addition, the image signal and its associated distortion are clearly visible a¢
826 MHz. Note the increased spectral spreading of both of these unwanted
components relative to the spreading of the original channel; this may be 3
significant factor in some systems.

The spacing between the injected carrier and the wanted channel is
within the loop correction bandwidth in this case, but the spacing is stil]
large (1 MHz) and hence the degree of correction obtained will be small
(around 4 dB). This spacing was chosen as it is small enough to allow the
individual spectral lines to be clearly distinguished, but large enough that the
IMD suppression obtained is small (hence allowing all potential components
of the output spectrum to be clearly seen).

It is possible to predict the level of the injected carrier and image
signals appearing in the output spectrum as follows.

In the case where the separation between the wanted channel and the
injected interferer is within the loop IMD correction bandwidth, the level of

I=Pp—Y—D—Gp (4.100)

rx is the transmitter output power (wanted channel, dBm), Y is the
tone level, taking account of coupler directivity and PA output
(dBc), D is the level of the resulting IMD (dB relative to the injected
vel), and G, is the loop gain (dB). The above assumes that the
verter linearity is not the limiting factor (which it may be in some
ough it too is seeing an unequal and hence less demanding two-
t). Note that a second third-order IMD product will also be
however, this will be significantly lower in level than I above
can usually be neglected. The quantity *D* may be estimated from
n-loop measurement on the power amplifier alone, with an appro-
‘unequal, two-tone test to represent the wanted channel and the
d interferer. Note that the wanted channel should be running at an
peak power level (i.e., full output for the transmitter) in order to
tic idea of the IMD level. The addition of the injected tone will
rainly drive the PA into a very nonlinear part of its characreristic
ve a relatively high level of IMD.
In this case, for example, at a 1 MHz offset for the injected tone:

D=+437-39-13-9

. = —24 dBm (4.101)
« esponds to a level of —61 dBc (with respect to the wanted channel),
= pproximately the level shown in Figure 4.63.
2 en that the other third-order IMD product is significantly smaller
%‘_ calculated above, the injection side of the carrier is therefore
E i by the residual injected carrier level (taking account of couplet

y and PA output effects) and its associated IMD. The level of this

iven by:

e P ok o Pix — Y — G, well within the loop IMD correction bandwidth

Py — Y  well outside the loop IMD correction bandwidth

Frequency (MHz) (4.102)

Figure 4.63 RF Output spectrum obtained from a practical 800 MHz loop by injecting 8
carrier into the output, where the spacing between the injected carrier and
the centre of the wanted channel is within the loop correction bandwidth.

'h;at the in-circuit directivity of the injection coupler is not the
effect (which it is for Figure 4.63). In this case, the loop gain, G,
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can have no corrective effect, as the ‘problem’ is oecurring outside of the |
loop. The situation both within and outside the loop bandwidth they

becomes the same and is set by the injection level, Y, at approximately 39 this case
dBc (for Figure 4.63). An example of the loop providing correction is showq E=+437-~39—-43
in Figure 4.65; here the injection coupler in-circuit directivity is sufficient to dE ik (4.105)
allow cancellation of the injected tone to be seen.

In this case, (4.102) may alternatively be defined in terms of the loop corresponds to a level of 82 dBc (with respect to the wanted channel),
IMD correction characteristic, Gy ( f): is below the level of the IMD signal in Figure 4.63 (the peak power of

smitter being + 37 dBm).
C=Pyx—Y—GL(f) (4.103) te that the injection coupler directivity will be affected by the input
d system. The coupler used in deriving the results shown in Figure
a directivity of over 25 dB when used with good 50 ohm
g impedances, but this value reduced to around 5 dB or less
upon frequency) with the PA output impedance substituted.

he previous results illustrate what occurs at one particular frequency
or the injected carrier. It is also interesting to examine the effect over a
of frequency offsets and to compare the effect of having Cartesian
present to that of the power amplifier alone. The former case is
d in Figure 4.65 and the latter in Figure 4.64.

In this manner, the roll-off between the frequency offsets at which the loop is
providing significant correction and those at which little or none is possible,
may be described.

In the case of the unwanted image signal, this appears at a low level on
the opposite side of the wanted channel to the injected carrier. The level of
this signal is given by:

BE= PT.\" == Y = ._Ym (4104}

+40

§ = Nl

g \ — ™ Fd e -

*g \ s, = S| /

s Lf o A

-60322 832 a2 842

832
Freguency (MHz) Frequency (MHz)

Swept reverse-injected carrier response of the complete Cartesian loop with
the carrier injected below the channel centre frequency.

Figure 4.64 Swept reverse-injected carrier respanse with Cartesian feedback
disconnected and the carrier injected below the channel centre frequency-
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In Figure 4.64, it is clear that the output of the PA provides a relatively
constant reflection of the injected carrier (or a constant degradation of the
injection coupler directivity), as the injected carrier level is almost constant
over the 20 MHz frequency range of this plot. The effect of this injected
carrier could also be expected to be constant, as no feedback is applied in this
case; however, it can be seen to improve at a separation from the carrier of
3 MHz or less. This can be explained by examining the effect of broadband
modulation on the PA used in the experiments, as the wider separations
between the injected carrier and the channel center frequency effectively
create a two-tone test with unequal tone levels and a high envelope
frequency. Since this PA was not designed for broadband modulation
formats, its decoupling is not adequate at these envelope frequencies and
hence the IMD performance of the PA degrades with increasing envelope
frequency, giving the ‘filter-like’ response seen in Figure 4.64. A better
design of PA (from this perspective) would yield a flat response, at a level
similar to that seen close-in in this plot

Figure 4.65 shows the swept response to the same type and level of
injected carrier as that of Figure 4.64. The resulting characteristic is now
somewhat different, however, as the action of the loop dominates in most
areas. Taking the trace to the left of the channel center frequency, this begins
at a level similar to that of Figure 4.64, increases slightly and then reduces
sharply as the channel is approached. This mirrors the loop IMD cancella-
tion response, in which IMD is actually enhanced at large offsets (in this case,
around 4 MHz from carrier), before reducing sharply as the loop correction
increases. This clearly shows the ability of the loop to reduce the level of the
injected interferer appearing at the output of the system, well below that seen
without feedback correction. Similarly, the lower trace to the right of the
channel exhibits a similar (but more pronounced) response. This is now 2
genuine image or distortion signal and consequently is corrected within the
loop correction bandwidth (in this case to a level below the measurement
noise floor of this plot). It also experiences a similar ‘enhancement” to that
seen for the injected carrier, at an offset of approximately 4 MHz, before
reducing to the same level (on the RHS) as that of Figure 4.64.

489 The Problem of Saturating Power Amplifiers and the Cartesian Loop

4.8.9.1 Nature of the Problem

The Cartesian loop is a linear feedback correction system, where l'h_‘_f
feedback is performed in quadrature components at baseband. By thi
mechanism, it is capable of correcting for both AM/AM and AM/PM
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ersion effects in the RF power amplifier, a feat it achieves by means of a
lex predistorted error signal which is upconverted to feed the power
chain. Thus, for the loop to operate correctly, the distortion effects
rward path (upconverter, pre-driver and power amplifier) must be
of being corrected by a predistorting signal.

en considering a forward path component being driven into
on, the only method of correcting for the distortion is to “replace’
st power, thereby ‘completing’ the cut-off waveform. This is the
n effectively performed by some alternative linearisation techniques,
feedforward. In feedforward, the additional power can be supplied
ror amplifier, however, in the case of the Cartesian loop, no addition
t power can be achieved and hence the saturated waveform cannot
ed.

some systems with only a modest linearity requirement (e.g.,
PS and PDC) the distortion created by an open-loop saturating
amplifier is not necessarily sufficient to break the mask. Thus, the
in loop does not need to linearise this part of the characteristic in
to fulfil the required specification in these systems. Unfortunately,
the loop is not “intelligent’ and hence cannot distinguish between
‘of an amplifier characteristic which could benefit from linearisation,
e parts where it is unnecessary; it will attempt to linearise both.

F no steps are taken to resolve this problem, the use of linearising
will appear to be detrimental, since the performance of the
sed transmitter will be worse than its open-loop counterpart.

Illustration of the Problem

- 4.66 shows the response of a commetcially-available 1C power
, used in a number of handset designs, which fulfils the PDC
ation (see Table 4.2),

en this amplifier is included in a Cartesian loop and operated at the
ean power level, the result is as shown in Figure 4.67. It is evident
S figure that the required specification is far from being met at both
nd 100 kHz offsets, despite the amplifier being included within 2
tion scheme. The fact that the amplifier is being driven into
’on is causing the Cartesian loop to produce a correction signal
1s very wideband in nature, thereby degrading the output spectrum. If
plifier is backed-off (by 1.3 dB) such that saturation no longer occurs,
fesponse shown in Figure 4.68 is generated. This shows an IMD
ment of some 18 dB (at 50 kHz offset), which is far greater than
be expected from the back-off alone, thus indicating that the loop is
torily linearising the PA.
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Figure 4.66 Response of the IC PA when operating at full rated output power (+30.5 dBm)
without Cartesian feedback.
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Figure 4.67 Closed-loop response of the Cartesian loop when the IC PA is operated at full
rated power (+30.5 dBm).
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Closed-loop response of the Cartesian loop when the IC PA is operated at
1.3 dB mean power backoff (equivalent to 2 dB of baseband input backoff
for both | and Q channels).

t is possible to illustrate the mechanism by which the loop generates
t additional distortion by means of an idealised simulation.
the ideal amplifier characteristic shown in Figure 4.69. This will
e a clipped RF envelope of the form shown in Figure 4.70, for a
al envelope variation. The loop error signal generated by a correctly
ng Cartesian loop will then be of the form shown in Figure 4.71. The
ks generated by the loop are intended to correct for the nonlinearity
at 7] > 17 in Figure 4.69. The effect of these peaks on the error
trum is clearly illustrated in Figure 4.72, with the spectrum of the
velope (unlinearised) also being shown for reference. It is clear
Spectrum of the clipped sinewave, whilst heavily distorted, is not as
 affected as that of the loop error signal. The loop will therefore
generate a much poorer output spectrum than that of the clipping

alone,
Baseband Clipping as a Potential Solution

that the unlinearised power amplifier, as shown in Figure 4.65, is
of meeting the required specification, despite being driven into
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Figure 4.69 RF power amplifier characteristic.
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Figure 4.70 Clipped amplifier output signal (open-loop) — arbitrary units.
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Figure 4.71 Resultant error signal (solid line), with clipped amplifier output signal (das 1ol
line) for reference — arbitrary units.
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FFT-generated signal spectra (arbitrary units). Dotted line: Input sinewave,
Dashed line: Clipped sinewave (output of PA), Solid line: Loop error signal.

tion. Thus clipping of the waveform peaks of the RF signal, per s, is
problem in this type of quasi-linear system, it is only the exaggeration
limiting action which occurs when the feedback loop overloads,
 results in excessive spectral spreading.

It is therefore logical to conclude that predistortion of the baseband
gnals, in the form of clipping of these signals, is a good potential
| to the problem. If the input signals are clipped to the extent that
~meet the required emission mask (at baseband), then the linearly
ted and amplified signals from the Cartesian loop should also meet
ired mask. The signal clipping will eliminate the need for the loop to
e the PA in an attempt to generate additional corrective power at
tion level, a point at which it is, by definition, incapable of doing

ideal form of clipping would create a circular, rather than a square
on, and this can be achieved by constraining (i.e., clipping) the
de of the vector in the I-Q plane. This form of clipping would be
‘to achieve accurately by conventional analog means, and would
@ significant amount of analog signal processing. A much simpler
20 IS to recognise the fact that DSP methods are commonly used to
e I-Q baseband signals, and would almost certainly be used in the
d flexible architecture type of terminals (see Section 4.6.6). Clipping
ore be performed in the digital domain, prior to D/A conversion.
use of the existing DSP has the advantage that no additional
is required, and that the clipping can be performed to a very high
> of precision. The disadvantage is that the DSP task has now become
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~ [lustration of Practical Problems Using a Frequency-Offset
Two-Tone Test

ation of an 1 and Q two-tone test is detailed in Chapter 2 and
arised in Table 2.4. If such a test is configured so as to create an
spacing between the carrier and the upper and lower tones, a
of useful diagnostic performance indications for a Weaver-based
sian loop transmitter can be found in the resulting two-tone spectrum.
re summarised in Figure 4.74.

The wanted two-tones are Ay and A; and are non-symmetrically
| around the carrier, B. The carrier frequency, F; is determined
' by the local oscillator frequency. The level of B relative to .4 and A,
es an indication of the loop carrier suppression and hence of DC-null
ce (where applicable).

The tones Cy and C; are the imperfectly suppressed in-band image, due
and phase imbalances in the feedback path. Note that they are
red” with respect to the original tones.

Dy and D, are spaced equally about the center of the channel (as
ed by the imperfectly-suppressed carrier, B) and have a spacing equal to
spacing. In other words they are separated from the carrier by the
frequency. These tones normally indicate that amplitude modula-
the carrier is taking place; this is usually caused by insufficient power
7 decoupling (or poor grounding), thus allowing the supply to
ate the output spectrum directly,

and E, are separated from the wanted tones by the spacing of the
tones. These are therefore third-order intermodulation products not

out

Figure 4.73 One form of DSP algorithm which could be used to provide amplitude clipping;
there are a number of other (pessibly more efficient) alternatives.

more complex; with more processing power being required and new
algorithms needing to be added. The additional processing power is not,
however, very large and hence should not prove a major drawback.

The form of the processing which could be employed in order to
provide this type of amplitude clipping is shown in Figure 4.73. The original
I and Q signals, generated by conventional means, are supplied to a Cartesian
to polar co-ordinate conversion system. The resulting amplitude signal is
then clipped, either by multiplying it by a fixed value (‘gain’) in order to
precipitate numerical overload and hence ‘saturation’ (this would need to be
followed by an appropriate ‘attenuation” of the same value as the gain in
order to return the signal to its original relative level), or by comparing the
absolute numerical amplitude values with a fixed level (i.e., number; the
‘clipping’ level), and setting to this level any values which were greater (with

the addition of the appropriate sign). Once the clipping function had beeil A, A,
performed, the resulting polar signals could then be returned to Cartesians A A
form before D/A conversion and feeding to the Cartesian loop. D
The polar amplitude vector would thus be constrained to a level
consistent with meeting the appropriate mask and with not requiring the Pﬁ c, &
to go beyond saturation (i.e., such that it just entered saturation, but 20 ‘IA n? T
1 4

more). This clipping need, of course, only be employed for the quasi—ﬁﬂﬂﬁfl
modulation formats required of the flexible architecture radio. When m‘l}"
linear formats are being used (e.g., 16-QAM), the PA must be backed-off bﬂ
an appropriate amount to allow the peaks of the modulation t© ==
accommodated within the peak power rating of the amplifier. The clipping

code should then be bypassed as it is, of course, unnecessary.

i

L.

to D D Frequency

t.74 Offset two-tone test applied to a Cartesian transmittter.
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Figure 4.75 Practical test results from two Cartesian-loop transmitters: (a) DAMPS /4
DAPSK, uncorrected response of the RF amplifier chain. (b) n/4-DOPSK
response of the complete Cartesian-loop transmitter meeting the DAMPS
specification at +33.5 dBm. (c) n/4-DAPSK response of a TETRA-compliant
Cartesian-loop transmitter at +40.5 dBm. © Wireless Systems International
Ltd.
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npletely suppressed by the action of the loop, or resulting from
odulation distortion in the downconversion chain.

Fy and Fy and H, and H, are higher-order modulation or modulation
fortion products caused by the same mechanism as Dy and D;.

Gg and G, are imperfectly-suppressed fifth-order intermodulation
ducts and may be caused by the same mechanisms as I, and E;.

Thus it can be seen that a correctly-designed two-tone test can act as an
emely useful diagnostic aid in tracking down problems with a practical

loop.

Practical Results from a Cartesian-Loop Transmitter

practical results for m/4-DQPSK systems using a Cartesian-loop
itter are provided in Figure 4.75. These illustrate the performance
4 modest linearity, but highly power efficient, application and in a
earity application. For the former case (American digital cellular,
PS), the power efficiency and adjacent channel power figures are
Vided in Tables 4.6 and 4.7, respectively. Note that these results were
1ed by employing back-off to prevent saturation of the power amplifier
t the clipping mechanism mentioned above. The high-linearity
cation illustrated is TETRA, and the result shown meets the required
ation by more than 3 dB in both the first and second adjacent
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Table 4.6
Power efficiency of a Cartesian-loop linearised transmitter, based on a class-C power
amplifier, when operating with NADC (North American Digital Cellular, DAMPS) and PDC
(Japanese "Personal Digital Cellular’) modulation formats.

Cellular Supply voltage  DC input RF output n I%l——‘h
scheme (v) power (W) power

(into 5002)
NADC 6.0 2.04 1.26 W 62

(+31 dBm)
NADC 48 1.25 0.776 W 64

(+29 dBm)
PDC 6.0 207 1.26 W 61

{(+31 dBm)

Table 4.7

Adjacent channel power for the unlinearised and linearised class-C power amplifier,
measured according to the North American Digital Cellular (DAMPS) standard.

Adjacent Open loop ACP Closed loop ACP Improvement
channel (dBe) (dBg) (dB)
First —18 —53 35
Second —28 —-62 34
Third -39 —b4 25
—

channels. Both designs also easily met the required signal vector error (SVE)
specifications of the relevant system,

Note that the power efficiency figures quoted in Table 4.6 do not take
account of the power consumption of the Cartesian loop linearisation
circuitry. This assumption may be justified on the grounds that much of
the linearisation circuitry duplicates functions which are already present in
the transmitter (e.g., upconversion, local oscillator quadrature gcuerstiﬂﬂf
and power control); the additional circuitry required is therefore relatively’

modest. The power consumption of these additional items, in, for cxampl%i
an ASIC implementation, is therefore negligible with respect to the power

consumed by the PA itself.
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fforward Systems

Introduction

ident from the discussions of Chapter 4 that although feedback
ques have found wide application in low frequency systems, their use
o frequencies is much more restricted.

inventor of the feedback technique, H. S. Black, had also patented
ward system some nine years before [1,2] although subsequent to
ion of feedback, interest in his earlier invention has been limited.
ent simplicity and elegance of feedback ensured its success, whilst
was virtually ignored, with only minor exceptions, until the late

e use of both feedforward and feedback in the same system received
ttention by McMillan [3] and van Zelst [4]. There then followed a
of papers applying the techniques outlined by McMillan and van
sarticular scenarios, amongst which are work by Deighton e/ #/. [5]
lembeski ef al. [6].

modern interest in the radio frequency use of feedforward,
began in earnest with the work of Seidel e7 #/. at Bell Laboratories
re working on the construction of very high specification VHF
s requiring high output powers, extremely high degrees of linearity,
e stability and broad bandwidths (40% of centre frequency). The
onable solution to the extremely tight specification with which they
was the use of feedforward.

rk on feedforward systems continued at Bell Laboratories and a flat

251
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LU

Output

ial repeater amplifier operating in the frequency range 0.5 MHz to
-was constructed [8]. This system demonstrated the extremely wide
idths over which feedforward systems can achieve their correction
poether with its predecessor brought a resurgence of interest in
rd techniques in the early 1970s.

e recently, feedforward techniques have been applied ro military

munications [9], integrated cable TV amplifiers [10], satellite

< s [11] and cellular radio systems (both for the base station and for
S bile) [12,13].

isic Operation

ulll

Main
amplifier

o > 8 simplest form, a feedforward amplifier consists of the elements shown
3 2 & S : ; S0L% :
E B g g < ¢ 5.1. Its operation may be clearly seen by referring to the two-tone
W =K ra shown at various points throughout the diagram.

'he input signal is split to form two identical paths, although the ratio
the splitting process need not be equal. The signal in the top path is
d by the main power amplifier and the nonlinearities in this amplifier
n intermodulation and harmonic distortions being added to the
signal. Noise is also added by the main amplifier, although this is
' neglected in most applicatiops,

directional coupler, €1, takes a sample of the main amplifier
ignal and feeds it to the subtracter (1807 hybrid) where a time-
portion of the original signal, present in the lower path, is
. The result of this subtraction process is an error signal containing
fally the distortion information from the main amplifier; ideally none
riginal signal energy would remain.

Phe error signal is then amplified linearly to the required level to cancel
ortion in the main path and fed to the output coupler. The main-path
through coupler, C1, is time delayed by an amount approximately
the delay through the error amplifier, 42, and fed to the output

’Ilnll

Subtracter

C1
()
Nt

Figure 5.1 Configuration of a basic feedforward amplifier.

Al
Time
delay

antiphase to the amplified error signal. The error signal will then

the distortion information of the main path signal leaving substan-
amplified version of the original inpurt signal. Note that the output

have a through-path loss and the implications of this will be

d in detail in Section 5.7.

an ideal system, and assuming that the subtracter and coupler €2

ﬁmrequi:ed signal inversion for subtraction to take place internally,

¢ equations may be derived.

is assumed that the input splitter is an ideal 3 dB hybrid, then the

—[——) Splitter

Input
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output of the main amplifier, |7 ,4,(#), for a system input signal, 17,(7), is: process takes place in the second part of the loop in which the error
ponents are removed from the main amplifier outpur signal to
bstantially an amplified version of the original input signal.

output from the main amplifier, having passed through the top-
e delay element is:

Valt) = S Vi)™ 4+ V) (5.1)

where T_yy is the main amplifier time delay ar an angular frequency ®, A ; is
the main amplifier gain, and 174(4) is the distortion added by the main
amplifier.

The proportion of this signal which reaches the subtracter is derer-
mined by the coupling factor of coupler, C1. If this factor is 1/C ¢y, then the
signal reaching one input to the subtracter is:

A ;
Vialt) =ZZE V(e e L v (e (s8)

is the time delay in the top-path delay element and this element is
lossless. This signal forms the main through-path signal for the
upler, C2. The signal to be injected into the coupled port of this
derived from the error signal, 17,,,(7), having been amplified by the
lifier.

Vant) = 22 Vo) 4 E2 52

. . . . g ] - ot A 4o 70T 42

The signal reaching the other input, assuming the time delay element to be (7)) = c V(t)e (5.9)
lossless is: @
upler is assumed to possess the necessary phase inversion to facilitate
- of its two signals, then, given that the coupling factor is 1/Ces,
output signal is:

-"”(f) P (53) .

1/1;«3}2 ( f) =

where Ty, is the delay in the time delay element.

: Va(f)
Thus the output of the subtracter (assumed lossless) is: ————

Vot (7) = Vrz(f) - Cos

(5.10)
V(1) = Vot (1) = V2 (2)
Ay

—j0T 4y (t) I/r'»{’) —/®Tyy 4]
2Crl 2l (5:4)

CCJ, 2

A 4 - L
=L (1) e/0attr) V(£)e 7o — 17.,(1)e 9%
It can be seen from (5.4) that for the original input signal to be completely’ (5.11)
removed from this error signal, the following conditions must hold: , ; .

det for the distortion products, 17,(#), to cancel perfectly, the following

fT‘I —_ -r’n (5.\»5}"l 15 must hol_d:
and Ty =Tz (5.12)
Cei = A (5"6)-; '
A =CiCe (5.13)
The resulting error signal is then: B out sinal i then:
Vat) 57).
Viil)= = (> A= ‘” = Va(t)e A T12) (5.14)
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e almenatively: n (IMD) products 25 dBc relative to the wanted signals (neglecting

A , distortion) and the error amplifier has a slightly better perfor-

V() == V() 70T Ta2) (5.15) nce of 35 dBc for its IMD suppression, then the overall feedforward
4 et can, at best, achieve an IMD performance of 60 dBc.

the gain- and phase-matching problems discussed below are also

0 account, it can be seen that the petformance of a simple single-

tem is quite limited.

Thus the output signal is an amplified and time-delayed replica of the input
signal with the distortion from the main amplifier removed. Note that the
above argument assumes that the error amplifier is distortion-free and hence
contributes no additional distortion to the output spectrum, In reality, this
will not be the case, however, the error ampiiﬁer will generally be operating

ata much lower power level than the main amplifier, and hence can usually : ; :
lems of the single loop system may be alleviated to an arbitrarily

be designed to have a greater degree of linearity than that of the main - 2 e - .
amplifier. It is also predominantly operating on the distortion information rge extent by the addition of further loops. This is shown diagrammatically

from the main amplifier, which is ar a much lower level than the main si gl 2 5.2. The single feedforward correction system may be considered
energy, and hence the distortion produced by the error amplifier wili be n amplifier, for cxampl_e, in a subsequent feedfnrwarld_system. 'lI'h_t
relative to the main amplifier’s distortion level and thus very significantly n be nested as many times as is necessary to oblmm the d(::i'lrﬁd
lower than the wanted signal energy. It is therefore rcasonahle,-tu a fitst ance, as on each occasion the error amplifier is required to amplify a

approximation, to ignore the distortion added by the error amplifier in the vel of error signal and h?nct can be designed for.greatﬁt lipearity
above analysis. er power handling capacity (in theory—practice is often different

ea, as will be discussed below).

lternative configuration is shown in Figure 5.3. In this case the
er is itself linearised by a feedforward loop with the remainder
stem being unchanged. Since the distortion and noise of the error
appear at the output directly, linearising this stage improves the
performance which may be achieved from the system. The major
antage of this configuration is that it does not improve the overall
tion of the main amplifier distortion as this amplifier is not included
second loop. However, if the limitation in performance of a
vard system is not being caused by the gain- and phase-matching
ystem, but rather by the error amplifier linearity, then feedforward
n of the error amplifier is an appropriate solution. The compo-
ed to construct a feedforward loop around the error amplifier
uire a lower power rating than those necessary for a second loop
lg the main amplifier (i.e., the whole first feedforward loop as
d above). Since these high power components are expensive,
ng the error amplifier is sometimes an appropriate solution.

cre are, however, some practical drawbacks of the multi-loop
Imperfect main signal cancellation will occur in the error loop
cond feedforward process of the type shown in Figure 5.2, This will
the input signal to the second error amplifier being dominated by
main signal energy and not main amplifier IMD as discussed above.
ently, its power rating may well need to be similar to that of the first

32 Use of Additional Loops

5.3 Multiple Feedforward Loops
531 Limitations of the Single Loop

The derivation presented above assumed that the error amplifier was

perfectly linear and that the gain and phase balance of the system compo-

nents was petfect. Neither of these circumstances will exist in a practical

amplifier.

If a real error amplifier is substituted for the perfect one assumed
above, then (3.9) becomes:

Aus 4 —JT 42 G

Vae(#) ===V (0)e™™2 + V() (5.16)

Ce

where I75(4) is the distortion added by the error amplifier. If this is thed

followed through to the output, the final output signal becomes: ‘

;.3-4! Vf”(t}e_}m(t""_i_t'ﬂl B ]"’.-a’.?{f) (51 !

In other words the distortion added by the error amplifier translates direc!
to the output signal. For example, if the main amplifier has inrermodulati®
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loop feedforward architecture.

Figure 5.2 Dual

Figure 5.3 Alternative configuration for a dual-loop feedforward system.
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error amplifier, since a high degree of back-off will be required in order tq
reduce the second error amplifier’s IMD contribution, at the system ourpug,
to an appropriate level.

53.3 System Reliability

A further advantage of using multiple loops is that of fault tolerance. In g
single-loop system, if the error amplifier should fail then the overall
performance is immediately degraded to that of the main amplifier. How-
ever, in the case of a multi-loop system the failure of any single-error
amplifier will only degrade the performance by the contribution of that
amplifier, which is equal to the overall correction produced by the system
divided by the number of loops employed (assuming that each contributes an
equal IMD reduction), The overall system will thus fail gracefully and its
remaining performance may still prove acceptable.

54 General Properties and Advantages

Some of the advantages of feedforward as an amplifier linearisation
technique are detailed below; Section 5.17 discusses how these advantages
are used in practical applications.

1;

Feedforward correction does not (ideally) reduce amplifier gain.

This is in contrast to feedback systems in which linearity is achieved

at the expense of gain.

Gain-bandwidth is conserved within the band of interest. This iS
again in contrast to feedback systems which often require very Wit:fﬁ'_
feedback bandwidths in order to provide the required levels of
correction.

Correction is independent of the magnitude of the amplifier delays
within the system. A high-gain RF amplifier will often have &
significant group delay and this is potentially disastrous f01: 3“?
form of feedback system due to the large potential for instability-

Correction is not attempted based on past events (unlike fecdbﬂcik)*".
The correction process is based on what is currently happenifg
rather than what has happened in the recent past. b
The basic feedforward configuration is unconditionally stable. i
is one of the most important advantages and follows from B=
points raised above (but sec Section 5.15). __
Cost is the main limiting factor to the number of stages (or *loop* &
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and hence the level of correction which may be achieved, although
size and efficiency may also be important in some applications. In
other words, an arbitrarily high level of correction is possible, as
there is no theoretical limitation on the number of times which
feedforward correction may be applied. In an ideal system, perfect
correction could be achieved with just the basic system shown in
Figure 5.1, however, in reality the error amplifier itself will distort
the error signal and this will appear directly at the output. Gain-
and phase-matching throughout the system also affect the perfor-
mance and this is discussed in Section 5.5.

The error amplifier, ideally, need only process the main amplifier
distortion information and hence can be of a much lower power
than the main amplifier. Thus it is likely that a more linear and
lower noise error amplifier can be constructed. This in turn will
result in 2 lower overall system noise figure (see Section 5.13.1.1).

. Fault tolerance. In a single loop feedforward system, the failure of

either amplifier will result in a degradation of performance and
possibly a lowering of the final output power; however, the system
will not fail altogether. In the case of a feedback system there is only
one forward-path amplifier and if this fails then the whole system
has failed. If multiple feedforward loops are used then the overall
system will degrade gracefully if one or more amplifiers should fail
(see Section 5.3.3).

ward also suffers from some major disadvantages which have

lly led to its relative unpopularity when compared with feedback.
‘may be summarised as follows:

‘1. Changes of device characteristics with time and temperature are not

compensated. The open-loop nature of the feedforward system
does not permit it to assess its own performance and correct for
time variations in its system components, Thus the performance of
a basic (uncompensated) feedforward system can be expected to
degrade with time.

2. The matching between the circuit elements in both amplitude and

phase must be maintained to a very high degree over the correction
bandwidth of interest. The precise levels of matching required for a
given level of correction are investigated in Section 5.5.

3. Circuit complexity is generally greater than thar of a feedback

system, particularly with the requirement for a second (error)
amplifier. This usually results in greater size and cost.
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amplifier. This will be of the form:

5.5 Gain- and Phase-Matching

The advantages mentioned above come at the expense of a requirement for g Vin(#) = V cos(o2 + ) (5.18)
high degree of matching in both amplitade and phase for virtually all of the
system components. This matching must also be maintained over the
bandwidth of interest, which is generally large relative to that of feedback
systems. Feedforward systems are generally applied at frequencies or over
operating bandwidths where feedback systems are inappropriate (eg.
microwave frequencies [14]). Amplitude and phase matching within the
feedforward loop must therefore be maintained over a wide frequency range,

The lack of an intrinsic feedback path in a basic feedforward system
means that it cannot monitor its own performance and hence correct for gain
or phase changes due to temperature or aging effects. Although near perfect
cancellation may be set up manually upon manufacture (say), this will drift
over time and degrade performance.

The techniques presented in this section enable the required degree of
amplitude and phase matching to be determined in order to achieve any
given, realisable, specification. In addition to their obvious application in the
cancellation loop, they may also be used to predict the degree of matching
required within the error loop. This will determine the degree of residual
main signal encrgy present in the error signal and hence, in many cases, the
power rating required of the error amplifier.

1e coupler, C1, and time delay element, this becomes:
173(#) = Acos(®t + ) (5.19)

or signal component of the IMD product, after amplification by the
lifier, will be:

I (6) = (A +8A) cos(wr + 1+ ¢+ 8) (5.20)

additional 7 term arranges the signals to be approximately in anti-

'hen these two signals ((5.19) and (5.20)) are added with equal weight
output combiner (assumed to be a 3 dB coupler for simplicity),
tion occurs. If the coupler was other than a 3 dB coupler (10 dB
cal in practice) then this would be taken into account by the error
and would result in an additional amplitude weight in the error
_12(#). The resultant output of the summation is:

) = Acos(0r+ )+ (A+8A4) cos(wr + m+ b +3P)  (5.21)

g gives:
551 Derivation
Acos(@t + ¢) + (A + 3A) cos(wf + 1) cos(d + 5¢)

The feedforward amplifier shown in Figure 5.1 will have two signals
— (A +8A4)sin(wr + wt) sin(d + 5¢) (5.22)

arriving at the output coupler, C2, as a result of an applied rwo-tone test.
The first, I7_41(#), resulting from the output of the main amplifier, AL, will
consist of the original tones, together with intermodulation distortion
(IMD) products. This signal passes via the coupler, C1, and the maiﬂ—Pafhi:
time delay element to the output coupler, C2. This signal, 175(7), will differ1s -
amplitude and phase from 17_y(#) since the loss in the main-path time delay
element is no longer assumed to be negligible. The coupler, C1, takes &
sample of the main amplifier output signal, 17 4(?), and this is fh_ﬂ.‘-"f
subtracted from the reference signal, resulting in the error signal, Vm(’_l‘-:-
The error signal is amplified by the error amplifier to form I7_p(#) and fed 10
the coupled port of the output coupler, C2. The IMD products from'fb?‘fn
main amplifier output signal are suppressed at the feedforward amplifict
output by anti-phase cancellation (after the coupler and delay clements), 0%
175(#), with the error signal, 17 45(#), in the output coupler, C2. ‘

For simplicity, consider a single intermodulation product generated P

(2) = Acoswzcos & — Asinwrssind

— A cos @f cos P cos 8 + A cos ©7 sin § sin S

— 8.A cos 0/ cos § cos P + 8.4 cos 0/ sin ¢ sin dP

+ A sin @7 sin ¢ cos 8 + A sin 07 cos P sin 3P

+ 8.4 sin @/ sin ¢ cos 8 + 8 A4 sin ®f cos $sin dd (5.23)

tant output signal is a single tone (since only a single intermodula-
yduct is being considered) of the form:

17,,:(2) = E cos(o¢ + 0) (5.24)
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Equating the above expressions and simplifying gives:

oo
=m

+ 8.4 sin ¢ cos 8P + 8.4 cos ¢ sin 3] (5.25)

0
. i o : - 0.
E cos(ot + 8) = cos 074 cos ¢ — cos § cos 8¢ + A sin P sin 3¢ 02 EE !
— 8.A cos d cosd — sin ¢ sin 5] 35; dB
+ sin¢[A sin ¢ — A sin $ cos 3 + A cos ¢ sin 3P e —— 4 e
L 20

|88

In this case, it is only the amplitude of the resultant signal, E, which is
important, hence:

T

E* =[A cos & — cos § cos 3¢ + A sin P sin 8¢ L M—————
— 8.4 cos § cos 5 — sin ¢ sin 3P| :

+ [Asind — A sin $ cos 3 + A cos PsindP \..:_:_
+ 8.4 sin § cos 8 + 8.4 cos ¢ sin 5] (5.26) == e o7 b T R v
Since the initial phase, ¢, is arbitrary and only the relative phase, 6¢ is of Phase error (degrees)

im it i issi = iving th litud: , Eas;
importance, it is permissible to set ¢ = 0, giving the amplitude error, E as B s caoatsiton sshlaiatia by o SaMward aiber Wilivasious

values of amplitude and phase error.

E= \/(A — A cos8d — 8.4 cos8P)? + (Asindd + 5.Asin5p)? (5.27) 1

If A = 1, 3.4 becomes the difference in amplitude of the main path and o “ﬂt‘:hinﬂ Characteristics
error path vectors. In the special case where the phases are pﬂrﬁ?ﬁﬂ]_(
matched, that is, 8¢ = 0, this is then the magnitude of the resultant errof
vector. In other words:

.4 shows the amount of suppression which can be achieved for a
degree of phase and amplitude matching in a feedforward amplifier
haracteristics shown are plotted using (5.30).

 order to achieve around 25 dB of cancellation, as would be required
e mobile radio applications, an amplitude error of better than (.5 dB
hase error of better than 5° would need to be achieved. In some
tions more than 40 dB of suppression is required and the accuracy of
plitude and phase matching becomes more stringent at less than 0.1 dB
-, respectively. This would be extremely difficult to achieve in a
d amplifier system.

E=28A4 (5.28)

When 8¢ is not equal to zero, the magnitude of the resultant is:

E = /(1 ~cosd — 84 cos 8d)? + (sin 5 + 6.4 sin 8p)* (5.29)
N,
Thus the cancellation of the intermodulation product achieved at the oufP“kl
of the feedforward amplifier is: | Vector Representation

R

S = 20logiy \/(1 — cosBp — 8.4 cos Bd)” + (sin B + 84 sin 5(})}2
(5

3 shows a vector representation of the cancellation process. Note
. resultant vector, assuming that the amplitude and phase of the
: on process are both imperfect, is at a phase different from both the
| signal and the cancelling signal.
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" £ the gain and phase characteristics of the error amplifier were
ﬁrf“?anted : flat with frequency, then the level of the IMD products at the
d;stol"tion output would simply be that due to the error amplifier. Thus, the
o overall IMD ratio for the feedforward system would be:
‘S‘F = .S‘__-” + S‘_v[z (5.31)
Unsuppressed e i ifier i i i Z ;
resulta?xt RZ6 S_q1 is the main amplifier intermodulation ratio (open-loop) and § 45

error amplifier intermodulation ratio (open-loop).

This gives a specification for the error amplifier performance (in terms
ty) required to meet the overall system specification.

¢ gain and phase characteristics will, as outlined above, not be
y flat in pracrice and the level of suppression obtained will be that

Actual cancelling
signal with errors
(A+0A) £ (180°+56)

il

Required
g?g%‘ﬁlg"‘% 80° by (5.30). This may impinge upon the IMD ratio given by (5.31) and

the design to fail.

Figure 55 Vector representation of feedforward cancellation process. e final degree of suppression may be found from:

5.6 Error Amplifier Design s {5-41 +5p YV Sp>Sy (5.32)

Sai+S2 VYV Sp<Sy
It is instructive, here, to examine the trade-offs in the design of the error
amplifier, in terms of both the gain-and phase-match and the IMD level. There
is, for example, little point in designing an error amplifier with an extremely
high level of linearity (and hence low IMD level) if its gain and phase
characteristics deviate to such a large extent that the feedforward cancellation
is poor. Both aspects of error amplifier design must be examined together and
an appropriate compromise selected to achieve the required specification.
'.Any practical error amplifier will have an imperfect gain and phase
characteristic with respect to frequency and hence perfect cancellation will
only be achieved at a single frequency. At all other frequencies within its
operational bandwidth the performance will be degraded, vielding a finite
suppression of the main amplifier distortion specified by (5.30) above.
Considerable design effort is required to improve the gain and phase
characteristics and there is little point in attempting to achieve perfection.
A practical error amplifier will also distort the error signal it is required
to amplify and will thus have a finite level of intermodulation ratio (level Gf_'
IMD products relative to the carriers in a two-tone test). In the operation Of
a single-loop feedforward system, this distortion is summed directly into th‘
output signal and receives no cancellation. It is thus also a fundamental limit
on performance. :
An optimum design would therefore balance these two limirations 1%
order to just meet the desired specification (with an assumed safety margin):

ussion on error amplifier design assumes that the intermodulation
generated by the error amplifier do not sum in phase with the
intermodulation from the main amplifier, that is, that the two may
sidered to be independent. This assumption will be valid in most
| systems, particularly where the specification is exceeded by more
few dB in either parameter. The worst-case error, if the two largest
s were of equal amplitude and added perfectly in phase, is 3 dB. This
dition is extremely unlikely in practice.

Power Efficiency

effect of the coupling factor of the outpur coupler in terms of its
of the error amplifier’s intermodulation distortion into the
rd amplifier’s output [16] or on the power-handling of the error
[14] is clearly important. Of equal, or perhaps greater concern,
is its effect on the overall power efficiency of the feedforward
M. The techniques presented below [17] allow the basic efficiency of a
e feedforward system to be calculated, for a variety of system
ions, as a function of the output coupling factor. The resulting
¢s are only an approximation, as they depend heavily upon the
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parameters may be defined:

el

characteristics of the error signal and the power level of the error amplifiey.
(i.e., how much back-off is required to prevent significant IMD contributioy
from the error amplifier). The use of an appropriate figure for the errgy
amplifier efficiency can, however, help to improve the accuracy of the resulgs,

For the feedforward amplifier shown in Figure 5.1, the fo]iowiﬂg_

solute power level of the third-order IMD products (per-tone) is

Pyi =P Fiy (5.35)

ive power which must be generated by .42, referenced to the
coupler C2, in order to cancel these IMD products is:
For the main amplifier, Al:

Output power of A1 (per carrier): P41 (W) Pypc=PpCpc (5.36)

Eﬂ’?clency: ; : N (dimensionless) ivalent effective power of the IMD from the main power amplifier,
Tome-oudes intemadalaton ol the output (neglecting the insertion loss of the coupler C1) is:
relative to carriers: S (dB) Qi P speciRg T SRasesToR 8 oup "

(two-tone test)

Pare=PaFulpe (5.37)
For the error amplifier, A42:

Output power of A2 (per carrier): P (W) pc is the insertion loss of the coupler C2 (dimensionless) and is

Efficiency: N4> (dimensionless)
For the output coupler, C2: —(Lp
S | Lpe = 10~7ho (5.38)
Coupling factor: C,(dB)
Through-path insertion loss: Ly, (dB) ~cancellation of the IMD products from the main amplifier, the

e main amplifier IMD and error amplifier output error signal levels

It will be assumed that the third-order intermodulation (IMD) products are '
) and (5.37)) must be equal (and in anti-phase), hence:

dominant, and that the power required by the error amplifier, A2, in order
to amplify the higher-order intermodulation products (or residual main-tone

encrgy) may be neglected. This is a reasonable assumption in practice, due to- Py FruLlpe = P.yxCpe (5.39)
the classical shape of the two-tone intermodulation spectrum of a typical
amplifier and the fact that a good error loop design will provide appropriate
main-tone suppression. Making this assumption will in any case not affect 5 P.ai FiyLoc _
the optimum coupling factor; it will merely have an effect on the absolute Az = —Cpc' (5.40)

efficiency figures. In particular, poor main-tone suppression will have 4
major effect in this respect and it is therefore important to ensure that gOQ&
error loop cancellation is achieved.

When considering a two-tone test, the fraction of the per-carrier poWet
of the main amplifier present in a single third-order product, Fjy; is:

as an example, a 3 dB coupler: Cpye = Lpe = 0.5 giving:
Pap=PuFpy (5.41)

The overall efficiency of a feedforward amplifier, Nz is based upon the

FIM — loflr'_l I'fluj (5.33)'|
output power and the DC power consumed by both the main and

.
The coupling factor of the output coupler (C2), Cpe, (dimensionless) 18

Cpe = 10~(“/10) (5.34) Pour,re

— 5.42)
Ly Ppe.1 + Ppe a2 [
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= T

where Pourrp is the RF output power of the complete feedforwaeq
amplifier (i.e., following the output coupler), Ppc 4 is the supply powgi
to the main amplifier and Ppc_y; is the supply power to the error amplifiey,

ferentiating this (and setting it equal to zero) will yield the
points on the efficiency characteristic, that is,

Jow: d
Now bl (5.50)
P .y dCpe
CBeA =~ (5.43)
e entiation, using the quotient rule, gives:
and i
2 NoazPoai (1 = 2Cp0)[PaiNa2Cpe + N P Fru(1 = Cpe))
Ppe.az= TlAj (5.44) [P .a2Cpe + Nar P Fine(1 — Cpe)P (5.51)
v ~ MaiMazPaiCoc(l — Cpc)[Paimaz + N1 P Fru -0
Also: [PyM.2Cpe + Nt P Fiag(1 = Cpe)?
Poorre = Parlpc (5.45) plifies to:
Thus: " y
Che(Ma1Fryr — Maz) = 2041 FiyCpe + May Frayy = 0 (5.52)
__ Paulpe (5.46)
W=7 e A i this using the standard quadratic formula, gives:

Pioome 20 4 Fra £ VAN o F i (5.53)

21 Frp — Maz)

The insertion loss (strictly, the proportion of incident power reaching the
output) of a directional coupler is related to its coupling factor by:

Lpe=1=Cpe (5:47) ation (5.53) thus permits the calculation of the optimum coupling

or a specific third-order IMD level in the main amplifier, from the

Combining (5.46) and (5.47) and substituting for P_; from (5.40) gives: IR
1d error amplifier efficiencies.

P yn el — Cpe
g = i nc) (5.48)

" Py + PaMatFivLpe/Coe e L -
Moz + P Farlope/Coe 2 Typical Efficiency Characteristics

Finally, substituting for the insertion loss of the output coupler, L, from
(5.47) and simplifying, gives:

5.6 shows a range of typical efficiency characteristics obtained from
Che six cases considered gradually change from high-linearity class-A
error amplifiers, through class-AB and -B, to class-C. Although the
and IMD levels quoted will not be correct at all frequencies and
s (due to device technology differences), they allow some insight

of the various compromises involved. In particular, note that

g NN 42Cpc(l — Cpe) (5.49)
N42Cpc + M Fry(1 — Cpe)

571 Optimum Coupling Factor ' lefined, making the choice of coupling factor less critical. By

the class-C based characteristics indicate that output coupling
3 a critical choice in obtaining optimum efficiency.

e peak efficiencies indicated in Figure 5.6 may be optimistic for a
rity system due to the residual main tone level present in the error

Differentiation of (5.49) may be used to determine the optimum value Qﬁ
coupling factor for the output directional coupler, required to obtain the
maximum DC to RF power conversion efficiency from a feedfofwﬁi
amplifier system.
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Efficiency (%)

3 6 9 12 15 18 21

Coupling factor of output coupler (dB)

Figure 5.6 Feedforward amplifier efficiency characteristic with a range of system

parameters (given in Table 5.1).

signal. The optimum power rating and power efficiency of the error
amplifier must be compromised in order to ensure that its IMD contribu-

tion at the output is suitably small. Typical error amplifier efficiencies in this

case could be as low as 1% or 2% (not the 5% assumed here). This effect is

discussed in more detail in Section 5.8.2.

Table 5.1
Parameters for Figure 5.6
Main amplifier IMD Main amplifier Error amplifier

Case level {dBc) efficiency {%) efficiency {%)
L

i —35 25 5

2 —-30 30

3 25 35 15

4 20 40 20

5 ~15 50 30

6 —~15 60 40
__—=
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2 Effect of Power Loss in the Main-Path Delay Element

yove arguments on power efficiency and optimum coupling value
that the components following the main amplifier were lossless,
he exception of the final output coupler. This is a reasonable first
mation, but will not be true in a practical system; the sampling
and the main-path delay element will both introduce loss and hence
the available power efficiency.

here are a number of methods by which the main-path delay element
realised and these will be covered in more detail in Section 5.13.4.
in these elements depends to a great degree on the fabrication
d employed, the number of transitions required (e.g., from microstrip
output of the PA to coax for the delay line and back again for the
+ coupler) and the delay of the error amplifier (which largely
nes the length of main-path delay required). A tvpical high-power
ss coaxial delay, complete with two transitions, will have a loss in the
f 2 dB to 2.5 dB at 2 GHz, including the through-path loss of the
: coupler (assuming a typical multi-stage error amplifier and a high-
yplication). This may be reduced to 1.5 dB or less with the use of a
line. A typical microstrip delay line will have a loss much greater
r of these figures, for an equivalent length and operational
7, and will usually suffer from a poorer frequency response ripple.
e previous analysis can be modified [18] to take account of these
by combining them, and assuming that they occur as a loss in the
delay element (which is where the bulk of the loss will actually
practice). A new parameter must now be included:

rtion loss of the main-path delay element: Lyps (dB).

assumed that the main amplifier has only third-order intermodula-
ortion and that this distortion can be perfectly cancelled across the
interest at the output coupler. It is also assumed that the error
‘contributes no distortion of its own to the output of the system.

i

ll_;lverall Efficiency of a Feedforward Amplifier Incorporating Loss in
‘the Main-Path Delay Element

tional loss of signal power caused by the loss in the delay element, L
Sionless), is given by:

L = 10{Fro2/19) (5.54)
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—_

The (wanted) main signal energy and the IMD products are both attenuated

from the power supply in order to generate the intermodulation
by this factor, giving:

cts, in addition to that needed to supply the power for the wanted
-then

P At ’
Pajp=—5— (5.55) -
' ¥ F
Ppc.ar = P+ Fon) (5.62)
and N
before:
| Py Fy .
Boug, == (5.56) "
= Ppcap=—"2 (5.63)
Equation (5.37) therefore becomes: N4z
Py P _ ting for P 45 from (5.60) gives:
Pge= = (5.57)
.. _ Py Fry(1 = Cpe) -
| » . Ppcar = (5.64)
where Lp¢ is the through-path loss of the output coupler C2. NaplCpe
Substituting for Lpe from (5.47) gives:
_ PaFu(l — Cpe) )
P 5.58
BUg L (558 Pourrr = Pap(l — Cpe) (5:65)
For full cancellation of the IMD ptoducts from the main amplifier, the ling into (5.55) gives:
distortion power from the main and error amplifiers ((5.58) and (5.36)) must '
be equal (and in anti-phase), hence: T R P
qual ( P ) Pourr = Pl =Cpo) = pc) (5.66)
P\ =Coe) _ 5, (5.59)
E W 1 rall efficiency of the feedforward amplifier, incorporating the
loss of the delay clement, and taking account of the additional
or wn by the main amplifier in generating its IMD products, is
Fill— €55
Pp= P arFry(1— Cpe) (5.60)

LCpe N.41M.42Cpc(1 — Cpe)

1 =
L Nt Fru(1 — Cpe) + NazCpel(1 + Fry)

(5.67)
The overall cfﬁc‘iency of a feedforward amplifier is given by (5.42) as:

timum coupling factor may be derived as before by differentiating the
5.67) with respect to the coupling factor and setting to zero to find
mum efficiency. Differentiation by means of the quotient rule and
at simplification [18] yield:

ng = Pourre (55111
Ppc.ai + Ppc az

where Pour.rr is the RF output power of the whole feedforward am
Ppe .41 is the supply power to the main amplifier and Ppe g is the Supl

power to the error amplifier. If, in this case, account is taken of the po gy Frar = MaeL(1 + Frar)) = 2CpeManFras + M Fry =0 (5.68)
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This can be solved for Cpe to find the optimum coupling factor:

F I W Fi £ VoMo Fyl(1 + Fry)
’ a1 Fry — Mo (1 + Fpyy)

(5.69)

5.8.2 Typical Efficiency Characteristics

It is possible to derive a similar set of efficiency characteristics to those of
Figure 5.6, but with the loss of the main-path delay element included. Tweo
examples are given in Figures 5.7 and 5.8, illustrating both case 5 (class-C)
and case 1 (class-A) of Table 5.1. It can be seen that even a small amount of
loss following the main amplifier has quite a marked affect on the overall
power efficiency. In the case of the case 5 example, illustrated in Figure 5.7,
the maximum achievable efficiency is 32% (assuming no loss after the main
amplifier, except for that in the output coupler). This reduces to 26% with
1 dB of delay-clement loss and 22% with 2 dB of loss (i.e., a reduction of

approximately one-sixth in efficiency for each 1 dB increase in insertion loss).

The power rating of the main amplifier will also need to be increased to
overcome the delay element losses and hence maintain the overall power
rating required of the linearised system.

40 T T r—r—3 T ! o

Efficiency (%)

0 i i i i i i i |

3 6 ) 12 15 18 2 24 27 30

Coupling factor

Figure 5.7 Feedforward amplifier efficiency characteristic, incorporating various values -"Fl
main-path delay element loss, with 4 = 0.5, ng = 0.3 and Sy = 15 dB-
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6 9 12 16 18 21 24
Coupling factor (dB)

.8 Feedforward amplifier efficiency characteristic, incorporating various values of
main-path delay element loss, with 14 = 0.25, 14 = 0.05 and 84, =35 dB.

figure 5.8 illustrates the efficiency obtainable from a feedforward
employing class-A amplifiers which have been optimised for
rather than power efficiency (case 1 in Table 5.1). It is evident
efficiency of the overall feedforward amplifier is little different from
the main amplifier in the case where no loss is assumed in the delay
However, as was the case for the class-C system discussed above,
all efficiency of the feedforward system decreases quite obviously
h to a lesser extent) when small amounts of delay-element loss are
orated.

it is assumed that the optimal coupling factor may be chosen and
d in a feedforward amplifier, then the decrease in efficiency with
g main-path delay element insertion loss may be derived. Examples
are shown in Figures 5.9 and 5.10 for the class-C (case 5) and class-A
amplifier examples discussed above.

h of these characteristics illustrate how rapidly the overall efficiency
dforward system falls as a result of the insertion loss of the main-path
ment. It is particularly marked in the case of the class-C amplifier-
system; this problem must be carefully considered since the main
of employing class-C amplifiers in such a system is in order to
‘e power efficiency.



278 High Linearity RF Amplifier Design

Efficiency (%)

Delay insertion loss (dB)

Figure 5.9 Maximum feedforward amplifier efficiencies obtainable for various values of
main-path delay element loss (14, = 0.5, 4, = 0.3 and S, = 15 dB).

Efficiency (%)

i i : i
0 i 1 Alf i

0 1 2 3 4 5

Delay insertion loss (dB)

Figure 5.10 Maximum feedforward amplifier efficiencies obtainable with various values
main-path delay element loss (14, = 0.25, ng; = 0.05 and Sy, = 35 dB).

0 1 2 3 4 5
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20 30 40 50 60 70
Error amplifier efficiency (%)

1 Maximum feedforward amplifier efficiencies obtainable for various values of
error amplifier power efficiency (ny = 0.5 and Sy = 15 dB). Note that the
effect of losses in the main signal path may also be deduced,

final result which it is worth noting concerns the effect of the
nplifier efficiency upon the overall efficiency of the feedforward
king again at the high-efficiency feedforward system based on
of a class-C main amplifier (case 5), it is evident from Figure 5.11
: efficiency of the error amplifier has relatively little effect on the
stem efficiency (provided that its efficiency is not excessively low).
example, a reasonably efficient class-A amplifier could be
as the error amplifier with a class-C main amplifier, and this
t in a relatively minor loss of overall efficiency. The resulting
ould have both an efficiency and a linearity far better than that
valent class-A amplifier, even assuming a modest amount of
nent insertion loss.

ring to Figure 5.12 it is evident that the error amplifier efficiency
s-A amplifier-based feedforward system has even less effect on the
g overall system efficiency. Of far greater concern in this type of
the through-loss in the main-path elements (e.g., delay line, or
pler).
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problem in the mass-conscious world of satellite communications.

! 1 ! 1 1 _—l I 5
i i k The size issue is also of particular concern in any pottable or mobile
e p—=—— : applications.
A further problem is that of cost. Due to the relatively large
o P y larg
2 SRS W oo = quantities of expensive materials required in their construction,
£ high-power, low-loss cables tend to be very expensive, particularly
@ gn-p > y exp P ]
g _____________________________________________________________________________ ~ at higher frequencies. Although again not a problem in large
= terrestrial (or even, in this case satellite) transmirrers, this is a
E major disadvantage in medium-power mass-produced mobile
= terminals.
§ T . Reduce (or eliminate altogether) the main-path delay element and
= i E—T:) i : )
g b B LA— 1B | | consequently its loss. It may, at first sight, appear that this would
£ S also lead to the reduction or elimination of the linearising benefits
it of the feedforward system and this is to some extent true; however,
1 L A il 2 = L . - .
¥ there are benefits to this approach and these will be examined
20 30 40 50 60 70 PP

below.

The reduction (in length or value) or elimination of the main-
path delay element will consequently reduce the size, weight and
cost of a feedforward system; it will also make the system easier to
integrate, making the technique potentially applicable for mobile,
or even portable, equipment. It will also, as has already been
mentioned, improve the overall power efficiency, which again
will make the technique more attractive for mobile or portable
‘equipment.

Error amplifier efficiency (%)

Figure 5.12 Maximum feedforward amplifier efficiencies obtainable for various values of
error amplifier power efficiency (n, = 0.25 and S = 35 dB). Note that the
effect of losses in the main signal path may also be deduced.

5.9 Efficiency Improvement of a Feedforward Amplifier

It is evident from the discussion of Section 5.8 that the loss in the main-path
delay element can be a significant factor in determining the overall power
efficiency of a feedforward system. It follows therefore that the loss in this
element should be kept to a minimum, in order to provide maximuml
efficiency and in order to minimise the power rating required for the main
amplifier (to meet a given output power specification for the overall
feedforward system).

Thete are two methods by which this aim may be achieved:

he option of reduction or elimination of the main-path delay element
re worthy of serious consideration and in particular the effect of
move on the level of linearity achievable by the system will be

100ps of the feedforward system contain delay elements in order to
that their relevant signals arrive at the subtraction point with the
time and phase relationship. The analysis presented below is there-
cable to the elimination of either time delay within the loop (main-
eference-path), although the derivation will concentrate on the
h delay as this has the greater effect on efficiency.
r the sake of simplicity, it is assumed that neither amplifier exhibits a
lependent characteristic (i.e., /inear distortion) and that the ampli-
the various frequency compenents in the main-path and error-path

1. Utilise ultra low-loss coaxial cable (or, e.g., dielectric material fﬂf
an etched delay line). The major disadvantage with this (otherwise
successful) method of improving efficiency lies in its size mﬂﬁ

weight penalty. The use of high-power, low-loss cables results =

an incvitable size penalty, as such cables tend to be very thics

employing a large quantity of copper and consequently have a 12

mass per unit length. This is not a particular problem in,

example, a terrestrial base station transmitter, but is poteﬂﬁﬁ—u.
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Main path g this gives:
delay _ o
Input ! Output y(2) = A cos(@p? + $) cos 0yt — Asin(wy/ + ¢) sinwyT

» T + A cos(oyf + &) cos 0yT; cos(wy At + 0)
— Asin(wyt + ¢) sin 0T, sin(@yAt + 6)
— Asin(oy? + ) cos 0y Ty sin(wy At + 0)

— Asin(wys + ) sin@yT; cos(ayAt + 8) (5.74)

(1)

€ lthe various system components are assumed linear for the purposes of
rivation, the output signal will consist purely of a single CW tone,

P

Phase
shifter

9(#) = Rcos(a, +7) (5.75)

Error amplifier

Figure 5.13 Simplified diagram of the correction loop in a feedforward system. e (5.74) and (5.75) gives:
signals are the same. Thus, if the correct length of time delay element were to
be incorporated, then the loop would exhibit perfect cancellation.

The error path consists of a phase-shift element, with phase-shift, 0,
followed by an error amplifier which is modelled by a time delay, T3, and an
ideal gain block (with no time delay). The main path consists of a delay
element, with time delay 1, and an ideal summing junction (in place of the
more usual directional coupler). This configuration is shown in Figure 5.13.

Assume that the input, x{#), is a single CW tone of amplitude, A4, thatis,

ot +7) = A cos(wys + §){cos 0y (1 + cos(@yAt + 0))

— sin @yt sin(@yAT 4+ 0)}

— Asin(wys + ¢){sin 0T, (1 + cos(wyAt + 0))

+ cos Ty sin(myAt + 0) } (5.76)

ignitude of the resultant output signal may be found from:

cos Ty (1 + cos(@yAT + 0)) — A sin 0,1, sin(@p AT+ 0)

x(#) = A cos(oy/ + ¢) (5.70) .
I'ﬂ- [A Siﬂ(-l}u'l:l (1 e COS(CDU&'L' -+ 9)) —4 A cos myTy SJ..II(Q){]AT 4= H')]2

The final output signal, y(/), is therefore given by: (5.77)
t) = Acos ' % ! 5.71), -
() cos{on (¢ +1,) + ¢} + Acos{oy(r + 1) + ¢+ 0} (571) | BN s cxpression gives:
In examining the effect of the reduction or elimination of the main-path delay e 5 . i
element value (and hence loss), it is convenient to assume that the error-path_ff . R"=[A+ Acos(@yAt + 0)]" + [A sin(@yAt + 0)l (5.78)

delay is therefore longer than the main-path delay by a time of At. The

B : . - itude of the resultant
s s e K i e prmalisation (i.e., setting A 1), the amplitude of the resu

: it signal becomes:
=1 +A (5'72’,-::' |

R= \/[1 + 1 cos(@pAt + 0)]* + sin?(wyAt + 6) (5.79)

Combining the latter two equations gives:

(1) = Acos{oy(s + 1) + ¢} + Acos{oy(s + 1, + At) + 6 + 6} plifies to:

R = 2cos{ (@At + 6)/2} (5.80)
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The IMD cancellation, expressed in dB, is therefore:

1
2cos (@At + 0)/2]]|

RJB =20 ]()gw

where @y is the (angular) frequency offset from the band center frequency (in

rad.[s) and the delay At, is given by:

N

At =—
Je

with N being the number of cycles of delay mismatch and f¢ being the

channel center frequency (in Hz). Note also that 0 is in radians.

Finally, it is also possible to determine the phase difference, Ay,
between the input and output tones by referencing the output phase to

the input phase. This is done by setting ¢ = 0 and results in:

Ay = tan'[sin (AT + 0) /{1 + cos(w, At + 0)}]

592 Typical Characteristics

Equations (5.81) and (5.83) may be shown graphically for a number of cycles
of delay mismatch, and Figure 5.14 illustrates this at an example center
frequency of 1 GHz. The phase-shift, 0, is chosen such that perfect
cancellation occurs at the center of the band, that is, ® = 180°. It can be
seen that the degree of cancellation decreases with increasing frequency
separation from the band centet and also with increasing numbers of cycles
of delay mismatch. With no delay mismatch, the simplified model assumed in
the derivation would produce ideal (that is —o0 dB) cancellation across the

band.

It can be seen that greater than 30 dB of cancellation may be achieved
across the band shown (10 MHz) with one cycle of delay mismarch and this
would correspond to an intermodulation product level of less than —45 dB
assuming that a class-C main amplifier (with a class-A error amplifier) wa$
employed in the loop. Even with four cycles of delay mismatch, almost 20
dB of cancellation may be achieved across the band; this would still result 8
a class-C amplifier being improved to be on a par with, or better than a good
class-A amplifier. In this case, the removal of most, if not all, of the dela¥
would result in an efficiency rating comparable with (but nowhere neaf.

equalling) that of the original class-C amplifier.

0 T - T

_10 LTy, NN mpea—— 3
i
20T
. —-‘\\‘-

_50 =
60} - s e
¥ L _, : ¢ |——=— 5 Cycles
-80 ; : i ; L L
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Normalised frequency offset (%)
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-1 i
033-5 -0-4 -0-3 -0-2 -0 0 01 02 03 04 05
Normalised frequency offset (%)

(b)

4 Effect of delay mismatch on achievable cancellation (a) and phase shift (for
one cycle of delay mismatch), (b) in a feedforward amplifier.



286 High Linearity RF Amplifier Design

Figure 5.14(b) illustrates the phase change between the input ang
output tones with one cycle of delay mismatch. It can be seen that acrogg
most of the band, the phase-shift tends to £90°, with the 180° transition

occurring at the center of the band.

593 Combination of Delay Mismatch and Gain and Phase Error

It is clearly impossible for a practical feedforward system to achieve a perfect
gain and phase balance and hence some error must be assumed. The result of
this effect alone was discussed in Section 5.5; this section will examine the

effect of such errors on a system with a deliberate delay mismatch.

The effect of delay mismatch may be incorporated into (5.30) as an

additional phase error term:

N

AP = Sy — (5.84)

fe

where: 80 is the angular frequency offset from the center of the desired
correction bandwidth, N is the number of cycles of delay mismatch and /. is

the band center frequency (in Hz).

5
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Figure 5.15 Effect of a gain error of 0.3 dB and a phase error of 3° on the cancellation
achievable from a feedforward system with various amounts of delay
mismatch.
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\s an example, Figure 5.15 illustrates the case of a typical set of values
n and phase error of 0.3 dB and 3°, respectively. Notice that the phase
introduces a ‘shift’ in the frequency at which optimum cancellation is
d; this is quite significant (note that the frequency scale is an order of
rude greater in this figure than in Figure 5.14). Note also that a greater
cancellation is achievable at the ‘optimum’” frequency than would be
by considering the gain and phase errors alone (the *0 Cycles’ line).
pparent anomaly arises due to the fact that the deliberate delay errot
an optimal phase setting to be achieved at one frequency, hence
ag in the level of cancellation being determined by the amplitude error

_ Path Difference and Subtraction Issues in a Feedforward System

dent from the above analysis and discussion that there are two
methods of generating the error signal and subsequently matching
ne delays in order to provide cancellation of the distortion in the
coupler:

1. Generate the necessary 180° phase difference by utilising a 180°
hybrid to derive the error signal and match (exactly) the time delays
in the main and error paths (including the error amplifier).

2. Utilise a conventional 07 hybrid (or coupler) to generate the error
signal and mismatch the time delays in the main and error paths by
- half a wavelength (of the center frequency).

!*': practice, neither of these methods will be exact; however, it will be
for the present that a close match has been achieved and can be
ed.

r ideal cancellation to be achieved at the center frequency, the time
atch must be given by:

180° — 0
A =N e .
=N+ 607, (5.85)

is an integer number of eyeles of the center frequency, /i), and 0 is in
0% to 180°.

¢ results of utilising the two potential schemes for providing
ion (outlined above) are illustrated in Figures 5.16 and 5.17. It is
from these figures that the use of the half-wavelength path difference
rior to the 180° hybrid technique as it results in a poorer level of
ation across the band. This is due to the phase difference berween the
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Error signal cancellation (dB)

Relative bandwi
elative bandwidth (%) Relative bandwidth (%)

Figure 5.16 Effect of relative bandwidth on the achievable cancellation in a feedforward
system with varying degrees of delay mismatch. The necessary antiphase
relationship is provided in this case by employing a 180° hybrid as the
subtracter for deriving the error signal.

7 Effect of relative bandwidth on the achievable cancellation in a feedforward

system with varying degrees of delay mismatch. The necessary antiphase |
relationship is provided in this case by the use of an add number of half- |
cycles (of the center frequency) as a delay mismatch.

two paths only being equal to 180° at the center frequency; for the case of a
180 hybrid, this is achieved across a relatively broad bandwidth (assumed to
be larger than the bandwidth of interest in Figure 5.16).

to achieve a distortion cancellation of greater than 20 dB. Thus, a
rd system employing a class-C. main amplifier and a class-C error
r could achieve a distortion level comparable with or better than that
ood class-A amplifier, with an efficiency rating approaching (but
: near equalling) that of the class-C amplifier.

2 Mobile Radio PA (Single-Channel)

case of the Cartesian-loop amplifier discussed in Chapter 4, the use of
single-channel’ refers to the amplifier only being required to amplify
annel at a time. The channel to be amplified may, of course, appear
within the rated bandwidth of the amplifier, assuming thata control
is employed that is able to provide suitable adjustment of the loop
hase parameters to effect re-optimisation at the new frequency.
an example, consider a 5 kHz SSB channel at 900 MHz: this
nds to a relative bandwidth of 0.00056%, and Figure 5.16 shows
ater than 80 dB of cancellation may theoretically be achieved even
cycles of delay mismatch (i.e., probably corresponding to a
elimination of the delay element). This analysis does not, of

595 Example Systems

Thete are many potential applications of the delay-element reduction 0f
removal techniques outlined above. In general, applications will concentrate
on systems where efficiency is a crucial factor and where the broadbaﬂ-t'%g
cancellation required is either relatively modest, or else the bandwidth over.
which cancellation is required is modest. An example of the former system
would be a satellite transponder and an example of the latter would be &
mobile transmitter for a narrow-band modulation scheme (e.g., 5 kHz SSB.
linear modulation).

5.9.5.1 Satellite Transponder

As an illustration, consider a 200 MHz bandwidth satellite ttm'ls;:lﬂﬁ"fr 5
operating at a center frequency of 10 GHz. This corresponds to a Iﬁiﬂfl
bandwidth of 2% and Figure 5.16 shows that under these circumstances It
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practical cancellation of distortion which may be achieved in this case.

transmitters, particularly if aided by predistortion (see Section 5.9,7).

59.6 Reduction or Elimination of the Reference-Path Delay Element

There may appear, at first sight, to be little to be gained by reducing of
eliminating the reference-path delay element, as it is concerned with very low
power signals (in general) and consequently has a negligible effect on system
power efficiency. There are, however, two reasons why such a move is
worthy of consideration:

L

Improvement in system noise figure. It will be shown in Section
5.13.1 that the noise figure of a feedforward system is primarily
dependent upon the loss in the reference path up to the input of the
error amplifier. The delay element in the reference path must
compensate for the time delay introduced by the main amplifier
and in many systems this delay will be considerable due to the large
gain required of that amplifier. It follows therefore that the
reference-path time delay must be significant in length and for
this reason, together with the almost nevitable use of thin (and
consequently lossy) coaxial cable, the loss introduced by this
element will be relatively large. It is therefore evident that such &
large loss will significantly degrade the noise figure of the system.

In many systems, where power amplification is the primary
purpose, this degradation in noise figure is relatively unimpor=
tant. However, in lower power systems, the effect may be undesit-
able and consequently the artificial reduction or complete removal
of the reference-path delay element would prove beneficial.

Reduction in overall size of the system. In a similar manner o that
delay will result in a size reduction. This again will be of beneﬁt: !ﬂl
mobile or portable equipment and will also aid in integration of the.
system, Although the benefits in this area will be much smaller thatt

element, they are still worth considering, due to the comparaﬂ"-é.r
large size of even the lowest power delay lines.

course, take into account the errors in the control system, leakages, o
frequency-dependant characteristics of the system components, but does
illustrate that the removal of the main-path delay has almost no effect on the

Feedforward may therefore prove to be an attractive alternative to both
Cartesian loop and adaptive predistortion for use in narrowband mobile

for the main-path delay element, the removal of the refercnce-psifhfl

the corresponding benefit of eliminating the main-path ""u
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7 Efficiency Improvement Using Predistortion

pssible to incorporate an RF predistorter (see Chapter 6) prior to the
amplifier in a feedforward system. This has the effect of improving the
amplifier IMD level without significantly degrading its power
ey (in most systems). It is therefore a powerful tool in improving
ency of a feedforward system.

The efficiency levels which can be obrained by this technique may be
licted from (5.33) and (5.49) simply by an appropriate choice of assumed
y amplifier IMD suppression, S 4. Thus, for example, for a 10 dB
orter, the value of § 4 should be increased by 10 dB, with all other
s remaining unchanged. It is also possible to improve the error
jer IMD performance using predistortion and this will generally have
ical improving cffect on efficiency in many systems,
ure 5.18 shows the efficiency improvement realised by using
rortion for a feedforward amplifier employing class-C main and
nplifiers (case 5). Notice that with 20 dB or more of predistorter
the overall power efficiency of the system approaches that of the
amplifier (within 12%). Even a 10 dB predistorter, which is relatively
htforward to realise practically, yields an efficiency gain of 8% (Le.,

10 20
Predistortion IMD improvement (dB)

30

JUre 518 Feedforward efficiency characteristic with a predistorted main amplifier
(a7 = 0.5, N4z = 0.3 and Sy, = 15 dB before predistortion).
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Efficiency (%)

15

0 ' 10 20 30
Predistortion IMD improvement (dB)

Figure 5.19 Feedforward efficiency characteristic with a predistorted main amplifier
(na; = 0.5, g = 0.05 and Sy = 15 dB before predistortion).

around a 30% improvement). The theoretical IMD specification of the

overall system, in this case, would be: 15+ 10+ 15 = 40 dBc (main amplifiet
IMD + predistorter improvement + error amplifier IMD) assuming
>15 dB of cancellation from feedforward. This simple analysis assumes
that the third-order distortion dominates, even after predistortion (or that
the predistorter acts on all significant orders of distortion) and that errof
amplifier IMD dominates, rather than imperfect cancellation. Clearly some
or all of these assumptions may be invalid in the case of class-C amplifiefs,

however, the basic principles are illustrated.

Figure 5.19 modifies the above by assuming that the error amplifier is
class-A, rather than class-C. This could yield an overall IMD level of 60 dBc.
and hence is closer to the levels required in mobile radio handsets and base-

stations. It can be seen from Figure 5.19 that the error amplifier efficiency

quickly becomes unimportant, with greater than (say) 10 dB of prcdlstﬂﬁe”_ :
improvement. This combination is therefore clearly worthy of consideratiof
for use with the newer, broadband linear modulation formats proposed for,.

for example, third generation systems.

Note that the above analysis assumes perfect (or significant) main-toa¢

cancellation in the error loop and this will not always be the case in practit®

.
In broadband systems in particular, the main tone cancellation will be mofe
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t, such that the figures presented above are optimistic. They should
ore be interpreted with care, in that application.

Linear Distortion Correction in a Feedforward System

Introduction

e nonlinear frequency and phase response characteristics, present in any
cal RF amplifier, arc referred to as linear distortion. Amplitude ‘ripple’
the bandwidth of the amplifier and ‘roll-off” at the band edges are the
commonly observed manifestations of linear distortion. The phase
= can also suffer from ‘ripple’ within the amplifier bandwidth,
er with a ‘“flattening’ of the response at the band edges. Whilst these
are undesirable in a practical amplifier, they are usually considered
acceptable than nonlinear (i.e., harmonic and intermodulation) distor-

A number of applications exist, however, in which a very linear
ency and phase response are essential. Examples include adaptive
systems, test and measurement instrumentation, calibration sys-
and some electronic warfare systems. Both linear and nonlinear
tion properties are important in these systems and this adds to the
ilty of their design.

e application of feedforward to an amplifier with both linear and
distortions has a beneficial effect on each. As has already been

ers on the degree of linear distortion correction pmduced- [19].
cess is detailed below.,

edforward system illustrated in Figure 5.20 is assumed to contain ideal

components, with the exception of the main and error amplifiers.
are assumed to have large, constant gain, upon which is superimposed
-sinusoidal gain variation (‘ripple’) across the band of interest. For the

le and a phase-offset, @, relative to that of the main amplifier.
The frequency response of the complete feedforward system can be
by examining the frequency responses of the main and error paths,
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Figure 520 Simplified block diagram of a feedforward system, detailing the analysis of linear distortion properties.
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btracting these in the output coupler. This technique can be explored
. Consider a signal (S), at a given frequency within the pass-band of
em: it will arrive at the output coupler (aftrer amplification by the
lifier), together with the error signal (which will be subtracted in
t coupler); the error signal representing the difference between the
| signal (S) and an ideal amplified version of this original signal.
now that the signal (8) is swept across the bandwidth of rthe
the resulting response is formed by an infinite number of these
-tions in the output coupler. The result is then effectively a subtraction
frequency response characteristics of the main and error paths and this
e provides the overall frequency response of the feedforward system.
" A basic feedforward system with an input signal, I, ( /), has a transfer

on up to the output of the error amplifier, F,.( f), (and assuminga 3 dB
the input splitter and the subtracter) given by:

Fi _ .
F. (/)= % [(Gy + Ay sin2nf [f)C; — 77

(G + Ay sin(2nf /fy + )] (5.86)

= 2nf and C, is the fractional coupling factor of the main-path
coupler (e.g. for a 20 dB coupler, C; would equal 0.01).
complete transfer function, assuming a 3 dB hybrid output coupler
gligible loss in the sampling coupler, is given by:

¢ /0Ty

; 1 " . 5 %
(f)zﬁ(mu)[clm sin(an 1) —hr,u)) (5.87)

The delay elements arc assumed to be ideal and to perfectly match the
onding amplifier delays. It is therefore convenient to assume that
zero and consequently that the amplifiers are ideal and contribute no
the loop. Therefore:

% = =0 (5.88)
ce (5.87) becomes:
Folf) _ G+ Aysin 2n//f3)
Fiu( £) 2
_ {61 + Ay sin(@nf /) }C — 1][Gy + A, sin(2nf /o + )]

2v2
(5.89)




296 High Linearity RF Amplifier Design Feedforward Systems 297

Expanding the above gives: G4

H(f) = 52 S sin (2nf 1 + )

() = S+ D sin 27 11) - C;‘flﬁ’- ~ (o )+
C1G,Az

EY B sin(2nf /o + &) — \/; sin (2 /fo) sm(Z’:‘tf/ju+¢)

- 262— sin {ZWf/.ﬁl) sin (21 /fo + &)

x‘"{z " -
= —I—msm (275f/ﬂ| ~+ CI)) (5.94)
+ 555 [fo+ ¢) (5.90)

ning terms gives:

_ G V26 A~ G A,
HU) =0 — Y2 E e in oy + 4)

.41

If it is assumed, for the present, that the error amplifier has a flat frequency
response (4> = 0), then (5.90) reduces to:

G,

H(f) =S+ Lsin (27 /1) -

GGG CiGsd
N AR e LR f
(5.91)

2sin (2n7/fy) sin (20 /fo + &) (5.95)

ually all pracrical systems, the amplitude of the frequency response
for the main and error amplifiers is small (usually a few dB or less)
d to the gain of the error amplifier (usually >>40 dB). The final
n (5.95) therefore tends to zero, and simplifies to give:

_ G V26,4,-GA,
H(f) = PN 232G, sin (277 /o + &) (5.96)

Assuming that the feedforward loop is balanced to achieve perfect cancella-
tion (i.e.,, C; = 1/G,), then:

GiGA,

V2

Giving, C) = V2/G and (from (5.91)):

ost any practical feedforward system, Gs will be of the same order as,
ater than, G;. In addition, the peak value of the error amplifier gain
Ay, will generally be small, as this amplifier is generally low-power
for high linearity performance. Combining these two factors
nining (5.96), it is evident that the output ripple from the complete
rward amplifier will be small and of the same form as that of the error
. The ripple present in the main amplifier transfer characteristic
n completely removed (in a perfectly balanced system).

e peak value of the ripple is given by:

at if it were possible to set G1/Gs = 1/v/2, then even this residual
would be eliminated. This is generally not possible in a practical
; however, the two amplifier gains may be designed to be quite close
value, thus keeping the linear distortion to a minimum. This is
le even when utilising relatively poor (in terms of linear distortion)
error amplifiers.

i G Ay — 2
H(f) = ?I"'?ism (2nf/f) ‘—%—%mn(z:tf/ﬁ;] +26ﬁ
Go

S (5.93)

which is constant with frequency, hence resulting in the overall transfer
function of the feedforward system being frequency flat.

5.10.3 Incorporation of Error Amplifier Ripple

If the error amplifier ripple is no longer neglected, in other words 2 #0in
(5.90), it is possible to analyse the effect of this ripple upon the overall system
response. |
For perfect matching within the feedforward loop, C; = v2/G2 %
before and (5.90) reduces to:
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In some low-gain applications, it may be possible for the main ang 111 Environmental Stabilisation

error amplifier ripple amplitudes to remain significant with respect to the
gain of the error amplifier. In such circumstances, it is not possible to neglect
the final term of (5.95) and hence, even under the conditions where:

jalist environmental stabilisation is usually considered impractical due
. cost and size of the necessary equipment; both are usually prohibitive.
ertain environments this stability may occur naturally, such as in
arine cable applications where the temperature of the sea bed at a great
 remains substantially constant throughout the year. However, even in
e, the effects of component aging are not considered and hence the
performance is likely to degrade with time.

|Qne approach to environmental stabilisation is that of deliberately
¢ the loop and its components by mounting them on a temperature-
olled heating plate; the whole may then be thermally insulated from the
e world, thus providing (by two mechanisms) a degree of thermal
ation. This mechanism has been used in an outdoor repeater
tion, having as its maio advantage relative simplicity and hence

ility.

G 1
s — ( 5_93)
G V2

a residual ripple will result. Under these circumstances, assuming thar (5.98)
is satisfied, the resulting transfer function becomes:

Gy A As y
H(f) =75 =5 sin@u/fi)sin@nf/fo+4)  (5:9)

Therefore, as the relative ripple, A5/Ga, present on the error amplifier
transfer characteristic, tends to zero, so does the resultant ripple in (5.99), as
expected.

Practical verification of the linear distortion correction properties of a
feedforward system is provided in the literature [19], with a reduction in
amplitude ripple from an initial value of 2.5 dB peak to peak to £0.25 dB
with feedforward correction, being reported. Greater improvements are
possible with more careful selection and matching of components in the
reference and error amplifier paths.

Performance Monitoring

ea of using additional cireuitry to allow the feedforward system to
, and correct for, its own performance has received considerable
st. There are a number of patented configurations to fulfil this function
rguably the most elegant solution to the problem. A number of these
ations will be discussed in more detail towards the end of this

¢ idea of allowing the system to monitor its own performance and
orm the necessary correction implies some form of feedback system
1d the feedforward loop. This feedback system is required to control the
‘and phase-matching of the two halves of the feedforward loop, termed
ror loop and the correction loop for convenience (see Figure 5.21). Thus it
t that two separate feedback systems are required: one to correct for
and phase-mismatches in the error loop in order to minimise the
signal component of the error signal, and the second to correct for the
nd phase-mismatches in the correction loop in order to minimise the
nt of distortion present in the final outpurt signal. These two loops are
conceptually in Figure 5.22,

e gain and phase adjustment components (‘compensation circuits’)
in Figure 5.22 could appear in a2 number of different locations around
v0 halves of the feedforward loop. For example, these components in
loop could be placed in the top path, for example, either before or
he main amplifier (along with a number of other positions as shown in

5.11 Temperature Drift and Component Aging

A considerable part of the design effort focused on feedforward amplifiets
over the last 20 years has concerned the development of techniques to ensufé
the maintenance of optimum performance over time. Since the gain and
phase matching characteristics of feedforward amplifiers are critical to theif
performance it is necessary to ensure that these can be maintained through-
out the designed life of the amplifier.

It is here that one of the major design decisions of any feedforwatd
system must be made. There is a compromise between the additiond
complexity of either environmental stabilisation, additional circuitff'wj"
monitor loop performance and correct for errors (i.e., a control schﬂfﬂf".
or additional loops. It is instructive to examine each of these three
alternatives in turn.
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Figure 5.23). Ultimately, the decision regarding the placement of thege
components rests with the system designer; however, a number of practicy
points must be considered.
1. Power bandling. Since feedforward linearisation is most often applied

to amplifiers having a significant power output, the power h‘and}ing_
capabilities of the gain and phase compensation components muyg;

be considered. A common method of construction of these
components involves the use of 3 dB quadrature hybrid couplers
together with either PIN or varactor diodes respectively, however,

both of these devices will only operate at low signal levels. It is thug
necessary to place them in small-signal parts of the system, tha is,

at the inputs to rather than the outputs from either of the amplifiers,

2. Linearity. The linearity of the adjustment components is critical to
the overall system performance since any distortion generated by
either will rranslate to the output. In the case of the correction loop,
distortion from these components will be amplified by the error
amplifier (assuming that they are placed before it) and appear
directly in the output signal. In the case of the error loop, if they
are placed in the time-delay path then their distortion will appear in
the error signal and be amplified by the error amplifier as above. If|
however, they are placed before the main amplifier, then their
distortion will appear as part of that from the main amplifier and it
will be corrected as such at the final output. For this reason a
position prior to the main amplifier is usually considered to be
optimum for these components.

It is also possible to locate the adjustment components for the error l00p
between the sampling coupler and the subtracter (with suitable ﬁkég '
attenuation as necessary). The signal levels at this point will in gen‘etfil be
small, however, any distortion produced here will again appear in the erfor
signal and will be amplified and translated to the output signal. A summﬂ-?
of the possible locations of the adjustment components is shown in
Figure 5.23.

5.11.3 Additional Loops

The use of multiple feedforward loops has been discussed in Section 5.3. ;
was assumed that the additional loops were required in order to improve #=
absolute performance above that which could be achieved with a single
due to limitations in the linearity performance of the error amplifiets
example.

Feedforward Systems
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However, it is possible to make certain assumptions (usually very
pessimistic) about the degree of aging and temperature drift mismatch whic
will oceur in the system over its designed lifetime. These assumptions wijj
yield a level of performance below which the single loop system is unlikely
to go during its lifetime; this may be as low as 6 dB of distortion rejection, It
is then simply a matter of providing a sufficient number of additional loops
in order to satisfy the specification, given that each is likely to have a similar
performance.

As an example, consider a system in which the main amplifier has 5
linearity such that the intermodulation distortion products are 25 dB down
on the wanted signals and where the desired system specification is for these
products to be at least 50 dB down. If each loop in a multi-loop system can be
considered to improve the distortion by 6 dB, then a minimum of five loops
in total would be sufficient to easily meet the specification.

This technique is often applied to systems where extremely high levels
of reliability are required over very long periods of time, such as in
submarine cable repeaters. The additional expense is justified in terms of
the greater reliability and guaranteed performance. Feedback systems, for
éxample, could fail catastrophically if any one of a large number of
components was to fail; with feedforward, only a single loop would fail,
hence resulting in a degradation in IMD performance but not in, fot
example, instability and hence complete system failure.

512 System Examples

A large number of patents have been filed over the last 20 years relating @
correction schemes designed to maintain the amplitude and phase balances

discussed above over time and temperature. Some of the principles upon

which these are based will be discussed in this section. In addition, somé
‘generic’ analysis of control system performance has been undertaken and is

detailed in the literature [20].

5.121 Adaptive Nulling

Many of the automatic correction systems rely upon adaptive nulling Ofth%
unwanted signals at the various stages through the system. In the error l00Ps
it is the initial system input signals which require removal and hence
monitoring the levels of these signals and adjusting the amplitude -
phase controls accordingly will ensure optimum performance of this sect!

The function of the correction loop is to cancel the distortion produd

Feedforward Systems 305

final output of the system and hence it is the distortion component
final output signal which must be monitored and minimised in this

In either case, the principles involved are quite similar and can be
together. For simplicity, it is sufficient to consider a two-tone test
applied to the input of the system and to look at the cancellation of
tones in the error signal; this situation is illustrated in Figure 5.24. Tt
be assumed that out-of-band products may be ignored as these are
y removed by filtering and thus only intermodulation products need

dered.

Energy Minimisation
st straightforward method of assessing the level of the tones within
tror signal is simply to detect the overall energy of the complete signal.
1 the level of the distortion products is small relative to the wanted
and thus the wanted signal energy will dominate. Thus a system can
ged in which the overall energy of the error signal is minimised by
- adjustment of the gain and phase components using voltage

use of energy minimisation in both parts of a feedforward
tion loop is illustrated in Figure 5.25. The detector could be any
* broadband energy detector; a simple example being an envelope

‘somewhat crude approach may well be all that is required for the
nal in some systems, as large amounts of rejection of the remaining
gnal energy below the level of the intermodulation products is not
required. Once this level is low enough such that the error amplifier
dominated by the intermodulation products then this is generally
ble. If the error amplifier specification can be relaxed a little, such that
be more powerful than is strictly necessary, then the input signal
specification can be relaxed still further. The ultimate consideration
omes the cancellation of the wanted signal energy in the final output,
may be predicted using the methods outlined in Section 3.5, It may be
e to sacrifice a few tenths of a dB of output power to the cause of
system complexiry.

the case of the correction loop, two detectors are required. An
letector is required to ascertain the level of the signal-plus-distortion
at the output and an input detector is necessary to provide an
‘indication of the input power level, and more importantly, any
in that level (e.g., due to power control variations). Whilst it
be possible to utilise an output detector alone, the extremely long
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time-constant required in that detector (due to the extremely small changes
in output level resultng from distortion level changes) mean that it couly
easily be fooled by even small changes in input (and hence output) leve],

Utilising this technique for the correction loop is usually unsatisfactory
for the reason outlined above. The wanted signal energy present at the
output will be very large (hopefully) with respect to the remaining distortion
and any changes in this distortion level will thus have an almost negligible
effect on the output signal energy. As a result the problem of detecting these
small changes in energy becomes almost impossible and an alternative
solution is required.

One possibility is that of generating a second ‘error signal’ from the
output signal. The main signal energy should be substantially cancelled in
this case and hence energy detection could yield a more realistic result.

5.12.1.2 Coherent Detection

The obvious solution to the problems inherent in broadband energy
detection systems is to employ some form of coherent detection or
correlation process instead. Thus in the case of the error loop, the error
signal could be correlated with the original input signals to generate a
suitable feedback error signal to control the gain and phase components,
This is the basic approach which many of the patented schemes employ.

The basic configuration of this approach is shown in Figure 5.26 and is
similar to that published in a patent by the Marconi Company Lid [21]. The
correction loop correlation process utilises the final output signal and the
error signal and this process assumes that the rejection of the original signal
components from the error signal is very good. It is necessary to ensufe
good rejection of the original signal components in order to subsequently
ensure that the result of the correlation process is influenced only by the
distortion components and not by the wanted signals.

A number of other patented systems work on a similar principle but
utilise different positions for their gain and phase adjusting circuits, alOﬁ_E_}l
with techniques for reducing the tight constraints on the level of wanteéﬁ
signal components present in the error signal. These include: Bauman 221,
Olver [23], King [24] and Kenington ¢ a/. [25].

5.122 Carrier Injection

The second main compensation technique involves the injection of af
additional carrier (or carriers) into the error loop immediately prior 0 £
main amplifier (although anywhere in that path will produce similar results)s
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Figure 5.26 Compensation of a feedforward amplifier using correlation techniques.
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The level of this signal is usually significantly less than the level of the maiy
input signal(s); 10 dB or 20 dB being typical.

The injected carrier will be amplified by the main amplifier and wi]|
pass to the output coupler via the time-delay element in the usual manner, A
sample of the carrier will also be present in the error signal and will be
amplified by the error amplifier before being fed to the output coupler in
anti-phase to its main-path counterpart. If the compensation loop is adjusteqd

L
Output

h
Narrow-band
pilot receiver

correctly, then this injected signal will be cancelled at the final outpur, and
hence the compensation circuitry must aim to minimise its level in the output 4 S &
signal. 5 E % 3
This may be achieved by the use of a narrow-band receiver tuned to the *+ E é S8 =
injected carrier frequency and hence receiving the residual carrier level, - g g 8
Some form of intelligent controller can then monitor the output of the L ) :E,:,
narrow-band receiver and adjust the gain and phase components to minimise B\ E,
the residual carrier level. The configuration of this control strategy is shown - T po
in Figure 5.27. g8 €3 =
There are a number of disadvantages with this technique. It does not o . |os g
help in any way with the elimination of the wanted signals from the error § =
signal. This must still be done manually with the attendant problem of drift 5 %
over time. The error amplifier must therefore be made more powerful than is I- 2 E
strictly necessary for the required performance (or a different form of control I & =
must be used for this loop). P a H
The injected carrier will intermodulate with the wanted signals in the o %
main amplifier and create additional (unnecessary) intermodulation pro- ,g%. £
ducts. These should be eliminated from the final output by the action of the = 5 ; R
feedforward loop, but must still be amplified by the error amplifier, again. 5
adding to its power rating (usually negligible). a s
Incomplete removal of the pilot is also a problem in some systems aﬂé ¥ L 2 & §
an out-of-band pilot plus additional output filtering is sometimes employed- F8 §
This is clearly an expensive and inefficient technique and also porentially .
erroncous as it relies on the correlation between an out-of-band pilot and % i
amplifier performance within the wanted band. This correlation will, at besty %
be limited. &

The narrow-band receiver is not, in general, coherent and hence the
controller must alternately adjust amplitude and phase and assess their dfw:
on the output signal continuously. The system must therefore ‘huﬂE’
continuously to ensure that it is correctly adjusted. This process, ©
common with any incoherent ‘hill-climbing” technique, will yield a pooLer
performance than a coherent counterpart.

An example of this type of pilot aided scheme has been pat_cntcd%
Myer [26]. The intelligent controller in this case is provided by a decreastit

Pilot

tone |
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step-size algorithm, although a microprocessor or digital signal processey
could be used to provide a similar function.

It is possible to employ a coherent detection system, based on the
injected carrier, and this provides improved performance.

Myer has also patented a modification to this scheme [27] in which
adjustment of the error loop components is also attempted. In this case the
guarantee of at least one input carrier within a prescribed frequency range js
required in order to permit the receiver and controller to detect and
minimise its presence in the error signal. This obviously begins to restrict
the generality of the feedforward system and hence is sacrificing one of jts
major advantages, although if this restriction can be tolerated in a given
application (mobile radio base stations in the case of the Myer patent) then
the technique can be made to work adequately.

There are many variations on the pilot control technique, including
frequency hopping or spreading of the pilot, together with other forms of
pilot modulation.

Qutput 1

) Output 2

Figure 528 Simple resistive input splitter for a 508 system.

Thus, the coupled port would form the reference path, as shown in
‘Figure 5.29(a).

Directional coupler weighted in favour of the reference path; in this
case, the coupled port would form the input to the main amplifier
(Figure 5.29(b)).

hese various options all have their place, and it is a system design
as to which is chosen. The two primary advantages to option 1 are
of design and low cost (particularly if the 6 dB resistive splitter is
n). Hybrid combiners for various broad frequency ranges are cheap
available and can thus be employed where cost is a strong factor,
rith some concern for loss (and hence noise performance). If low loss
plifier noise figure are not of concern, then a 6 dB resistive splitter is
ous choice.

e latter two options can be distinguished by the trade-off between
ormance and main power amplifier complexity. Option 2 provides
owest gain requirement in the main amplifier, and hence provides the
for a reduced number of stages and a more stable design (the main
is often required to have a very high gain, for example, ImW input
V output = 60 dB; stability can therefore be a major concern).
ption 3 allows the optimum noise figure to be realised in a
d system (see below) and hence is often chosen for that reason.
however, significantly increase the gain required of the main
frequently by 10 dB or mote over either of the other options,
e may not always be the most appropriate choice.

5.13 Summary of Requirements for the Major System
Components

The earlier parts of this chapter have dealt with the basic design parameters
for a feedforward system, together with the design and operation of
automatic compensation networks. This section attempts to look more
practically at the desirable characteristics for each of the major system
components, how they might be achieved and what figures are obtainable
in practice.

5.13.1 Input Splitter

The purpose of the input splitter is to divide the feedforward amplifier input
signal in an appropriate ratio to feed both the main amplifier and reference
paths. This splitter need not necessarily be a 3 dB hybrid, pr()viding equﬂi
signal levels to both the main and reference paths, and indeed there ar€
advantages in an unequal coupling ratio at this point in the system.

There are three options for this coupler:

1. Equal ratio 3 dB hybrid, which could be 0°, 90° or 180° (or a 6 4B
resistive splitter; see Figure 5.28). System Noise Figure for a Feedforward Amplifier
power amplifier in a feedforward system will often have a

2. Directional coupler weighted in favour of the main amplifier (i?e”";
high noise figure, due to its high power output requirement and

weighted to minimise the gain required of the main amplifi )
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and, assuming a perfect gain or phase balance for the overall system,
eliminated in the output of the complete feedforward amplifier. The
rd process therefore not only eliminates distortion added by the
wer amplifiet, but also noise and indeed any other spurious signals
at the output of the main amplifier which are not also present in the
nce path.

‘his is 2 very powerful and useful benefit of the feedforward system, as
relatively low-noise amplifiers to be constructed with extremely
third-order intercept points, hence resulting in a very high dynamic
stem.

Directionafl Main
coupler amplifier

sl
Input

T k=

Time e noise figure of a feedforward amplifier is therefore determined by

delay ments of the system which are not included in the correction process,

ilar manner to the earlier arguments regarding distortion addition by

(a) . In other words, noise added in the reference path, or by the error

-and associated components, is not corrected for by the feedforward

and will be added to the output signal ar the level it appears at the

the error amplifier, less the coupling factor of the output coupler.

Main - This may be summarised with reference to Figure 5.30 as follows: the
amplifier

s up to the error amplifier input is:

SE Ly=La+Lp+Lg+Lec  (dB) (5.100)

the components introducing this total loss may be assumed to be
to the characteristic impedance of the system (50€2), it can be shown
resulting noise power is £TB (watts), where £ is Boltzmann’s
at (1.38x10 * J/K), T is the system temperature in Kelvin and B is
ndwidth of interest (Hz) [28]. The system input noise is therefore:

N, =4TB (W) (5.101)

Input | T ==

Directional Time
coupler delay

power at the output of the complete feedforward system may

(b) = be derived:

Figure 5.29 Alternative configurations for the input coupler; (a) optimised for minimum
main amplifier gain and b) optimised for minimum noise figure of the completé
feedforward amplifier.

Nrm = G,n Fpy Ny

il
12 1‘_2}{10

= £TB.10' “h0.10'" (W)

= &R0 TGl

large gain. This is particularly true if an ‘off-the-shelf” amplifier has becn )
chosen for the main amplifier, as this is unlikely to have been conceived Wi_th
low-noise as a primary design aim. The noise added by the main amplifie?
can be thought of as an additional signal, which is not also present on the
reference path, and hence will appear as part of the error signal. It i ';

therefore be corrected as part of the natural operation of the feedforwa

orr- Is the error amplifier noise _[zzmar' ,and G,,, is the gain of the error
as seen at the output of the feedforward amplifier (i.e., incorporat-
tput coupler ‘loss’).

Noise-Figure = 10 logip(Noise Factor).
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Figure 530 Noise figure of a feedforward system.

Feedforward Systens an

system noise faclor is therefore:

e DN (5.103)

GiN,,

is the total gain of the reference and error paths in the feedforward
ind is given by:

Gy = A (5.104)
e system noise factor is:
o ( R n)
F= ey, A
g gives:

Fegp T Sl (5.106)

e system noise figure is given by:
Fu=10logi(F) = Ly +F4 (dB) (5.107)

figure of the feedforward amplifier, in the case where perfect
the main amplifier distortion and spurious signals is assumed, is
e determined purely by the losses in the reference path and the noise
“the error amplifier.

ote that the inpur splitter and the subtracter in Figure 5.30 are both
directional couplers, configured to provide minimum loss to the
signal. This is the optimum configuration for minimum noise
hough it does require a higher main amplifier gain than would a
d on 3 dB hybrid splitters.

32 Main Amplifier

purpose of the main amplifier is to raise the signal level at its
0 a level beyond that which is ultimately required at the system
‘This additional power output requitement arises because of the
le losses in the main-path time delay element and also in the output
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ncy. For this to be a significant effect, howeves, the main amplifier gain
ase would have to be very poor (say &1 to =2 dB ripple) and hence

e improved as outlined below.

For wider bandwidth systems, where the gain response is unlikely to
ot this requirement, a number of other techniques may be applied to
the problems caused in the error signal. For example, series, or
d parallel LCR circuits (or microstrip equivalents) may be employed
ain flatteners prior to the main amplifier. Such techniques are particularly
ble for multi-octave systems, such as those employed at HF, and such
encies lend themselves relatively easily to gain flattening techniques.

* Alternatively, a higher power error amplifier may be employed, such
able to handle the increased signal level due to the poor suppression
main signal energy. This amplifier need not be of particularly high
, in terms of its IMD performance, as a second feedforward process
: subsequently employed to tidy up the remaining distortion. The
e of such a ‘two-loop’ arrangement is that the first feedforward
will remove virtually all of the /linear distortion (i.e., gain and phase
yearities) present in the main amplifier and leave an almost perfect
amplifier’ for the sccond feedforward process to operate on, to
pate the remaining intermodulation distortion.
actual level of gain required from the main amplifier will be a little
her than that required of the overall feedforward system. This is necessary
account of the losses in the input splitter (or coupler), any gain and
compensation prior to the main amplifier, the output sampling coupler,
in-path time delay and the error signal injection coupler (plus any
toring couplers thereafter). Thus, for example, the input splitter will
2 loss of 3 dB, the gain and phase compensation will add a further 6 dB
output sampling coupler will have a through-path loss (including
ors) of around (1.5 dB, the main-path time delay may add as much as 3
though this may be reduced as will be outlined below) and the error
n coupler will add another 1 dB. The total additional gain required of
un amplifier will therefore be around 13.5 dB.

coupler and any additional sampling couplers for antomatic gain or phage
compensation purposes (see Section 5.11). For low-power portable equip-
ment, the main amplifier may only require an output power of a few wartg
but in many applications (e.g., cellular radio base stations) the peak outpu;_
power may be in the kilowatt region. Regardless of power level, howeyer
there are 2 number of essential characteristics which the main amplifier mus;
possess in order to be suitable for inclusion in a feedforward system.

5.13.2.1 Flat Gain Response

It is impottant that the gain characteristic of the main amplifier in 3
feedforward system should deviate as little as possible from an ideal flar
response with respect to frequency. This is essential in order to maximise the
cancellation of the original (input) signal energy in the error signal, prior to
its amplification by the error amplifier. The degree of cancellation which may
be achieved at this point is governed by the peak-to-peak difference between
the main amplifier gain response and the error-loop time-delay element
response at each point across the band of interest. The error-loop time-delay
element should have a relatively flat frequency response, and hence it is the
main amplifier’s frequency response which will be the primary determining
factor of the ‘quality’ of the error signal.

The degree of cancellation to be expected at a given frequency may be
predicted from the main amplifier’s frequency response using Figure 54,
Thus, for example, a main amplifier with an ideal phase response and an
amplitude ripple of 0.5 dB, would achieve a cancellation of the main signal
energy in the error signal of just under 25 dB. A value of berween 30 dB and
40 dB would be more desirable in a system employing a class-A main
amplifier, with third-order IMD products around 30 dB down on the tones
in a two-tone test. This would ensure that the main signal energy appeared at
the same level as, or below, the IMD products in the error signal. This
would suggest a gain response for the main amplifier which was flat t0
within £0.2 dB or better. This may sound like a harsh requirement, but is
not out of the question for the relatively small percentage bandwidths
required in many cellular systems (e.g., 25 MHz at 900 MHz is only 2.8%).

If this level of gain response flatness cannot be achieved, then the rating
of the error amplifier must be increased above that required to amplify’
purely the distortion present at the output of the main amplifier. This 15
undesirable because it will almost inevitably result in a poorer quality af
error amplifier and hence a poorer overall IMD performance for the systef:
A second disadvantage is that the amplified residual main signal energy
cause partial cancellation of the wanted output signals to occur in the outpit
coupler, hence lowering the power output of the system and hence its poWwet

Linear Phase Response

ar reasons to those outlined above, a linear phase response (or flat
y) with respect to frequency is required from the main amplifier.
relationship between time delay and phase-shift is given by:

phase shift
360 x fr:‘-:quency

Time delay = (5.108)
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where time delay is expressed in seconds, phase-shift in degrees ang ruting for the coupler through-path less (from (5.47)):
frequency in Hz.

Any deviation from this ideal characteristic will result in a reduction ig
suppression of the main signal energy in the error signal path; the degree of
suppression may again be predicted from Figure 5.4.

It is also important to keep the amount of delay introduced by the main
amplifier to as low a value as possible, as this will determine the value of the
matching time delay element in the reference path. The larger the value of
time delay required in the reference path, the physically larger the delay
element must be and, often more importantly, the greater the loss this
element will introduce, It is clear from the above derivation of the noise
figure for a feedforward system that it is important to minimise the loss in
the reference path, and hence in its time-delay element. Therefore lowering
the delay of the main amplifier will indirectly reduce the overall system noise
figure.

For this reason, it may often be desirable to place some of the system
gain outside of the feedforward loop (i.e., at the input to the feedforward
system) when this will not unduly degrade the overall system IMD response.
Many low-power (and low-noise) amplifiers possess extremely good IMD
characteristics, particularly when backed-off by a few dB, hence it is
unnecessary to include such low-power stages as a part of the feedforward
system. Removing them will decrease the main amplifier time delay, and
should decrease the overall system noise figure, assuming that the external
amplifiers have a suitably low-noise figure.

Pyp= PPl = Cnc) (5.110)
Coc

kW main amplifier power (P_;; = 1000), and a 10 dB output coupling
Cpe = 0.1), the power rating of the error amplifier for the poor-
lass-B main amplifier would be in excess of 90W. In the case of the
uality class-A design this reduces to around 2.8W. Hence it is obvious
careful design of the main amplifier will directly result in both
ntly better system linearity performance (partly due to the good
point’ of a good main amplifier and partly due to the low-power and
high-quality error amplifier which may therefore be employed) and
cantly better power efliciency (due to the lower power requirement of
ror amplifier).

t should be noted that the above power levels derived for the error
are only a rough guide and are distinctly optimistic. This arises for
ons: first, the derivation assumes that only one significant inter-
on product exists, whereas, in practice, there will normally be at
of significance (this is certainly the case for a two-tone test, but is
gent for larger numbers of tones). Secondly, in a practical system, it
ly that multiple carriers will be utilising the amplifier simultaneously
nce the intermodulation distortion characteristic will be far from that
simple case assumed above. It will more likely consist of many tens of
at various power levels which will result in 2 PEP requirement for the
lifier somewhat above that alluded to in the derivation. Practical
suggests that the worst-case is frequently encountered with a
tone test’, although this will depend to some extent on the character-
he particular main anplifier under consideration.

armonic distortion is less of a concern in most systems, since
h the feedforward process will endeavour to climinate it from the
Spectrum (given a sufficiently wide frequency response for the
5 System components), it is often more easily removed by either
g the output of the main amplifier or the output of the overall
'ward system. The latter is preferable from the point of view of
ting signals from co-located transmitters from entering the feedfor-
tem by coupling into the transmit antenna. The former is preferable
s of restricting the level of the signal entering the error amplifier,
E will then contain only IMD information.

t may therefore be desirable in certain situations to employ filtering in
ations.

5.13.2.3 Good Distortion Performance

The IMD performance of the main amplifier is usually the primaty
determining factor poverning the power required of the error amplifier
and hence the likely IMD performance of that sub-system (assuming that the
main amplifier’s gain and phase characteristics are reasonably well behavcfi}'f
The range of IMD performance levels likely to be encountered in practice
for a high-power (> 50W) solid-state PA is berween —20 dBc (for 2 poor=
quality class B amplifier) and —35 dBc for a good quality class-A design. The
power required of the error amplifier at the two extremes of likely
performance may be estimated using (5.40) given previously (and repro”
duced below):

P Fivulpe ( 5_109).i;'-

P =
A2 CD_C
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5133 Sampling Coupler and Subtracter
5.13.3.1 Sampling Coupler

The purpose of the sampling coupler following the main amplifier is to
extract a small sample of the distorted output signal emanating from thae
amplifier so that it may be used in deriving the error signal. Since the gain of
the main amplifier is usually large, and hence the difference between the leve]
of the signal present on the reference path and that present at the output of
the main amplifier is also large, the coupling factor of this coupler need only
be small.

It is indeed highly desirable that this coupling factor be maximised
(within reason) as this will minimise the loss introduced in the ‘through’
path of the coupler, since (from (5.47)):

I—‘DCII _CDC (5111)

and hence will maximise the power delivered to the load from the overall
feedforward amplifier. This in turn will help maximise the power efficiency
of the system.

Thus, for example, if the coupling factor is 30 dB (Cpe = 0.001), then
the through-path loss, Lp, is 0.0043 dB. This figure, of course, neglects
losses due to the connectors on the coupler, together with resistive and other
losses in the through-path conductor and diclectric. It does, however,
indicate that it is relatively straightforward to ensure that this component
does not significantly contribute to the main-path power loss.

It is desirable that all of the couplers within the feedforward system
have adequate ‘directivity’ to ensure that reflected signals (particularly those
from the antenna or load) cannor corrupt the error signal or cause significant
distortion in the output of the error amplifier (in the case of the ourput
coupler). In addition, this directivity can have an effect on system srability
(see Section 5.15) and hence must be adequate for this purpose also. For 2
coupler where the forward-path signal is being sampled (and hence signals
reflected from the output of the coupler or beyond are undesirable), the
directivity is defined as:

Power at coupled port (signal at coupler inpur) ( dB)
)

Directivity = 10 i
e loguc (Powcr at coupled port (signal at coupler output

(5.112)

where the two powers measured at the sample port are expressed in watts:
All ports are assumed to be terminated in reflectionless loads. ']“)'pl‘:al
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vity values for HF, VHF, and UHF systems are in the range 20 dB to
with higher values being quite practical, but at a significantly
cost.

In ddition to a high directivity, the sampling coupler must have a flat
ency response across the band of interest, together with a linear phase
Both of these characteristics are relatively easy to achieve with
coupler designs, although they do become more difficult at very
power levels, low coupling facrors (e.g., 10 dB), and for mult-octave

e also that the effect of the (imperfect) terminating impedances on
ivity of the coupler must be taken into account, as these will
- the measured directivity figures for the coupler.

Subtracter

le of the subtracter in a feedforward system is in forming the error
as the difference between the sample of the main amplifier output
rived from the sampling coupler above) and the reference signal.
-tivity of this coupler is less important than that of the sampling
- above, assuming that the input match to the error amplifier is
ble, but it may still require a low through-path loss (and hence a large
factor) if a low system noise-figure is required. A coupling factor of
or more will ensure that the through-path loss is small, and hence help
ain a high noise-figure for the complete feedforward amplifier,
allowing approximately the correct signal levels to be present for
subtraction in a high-gain (> 50 dB) system.

pain, the frequency and phase responses need to be good in order to
a high degree of suppression of the main signal energy in the error
both cases the quality of this component must be better than that
match between the main amplifier response and the reference path
istic (including any frequency compensation present in the refer-
th). This will ensure that any effort expended in producing a good
between the two paths, particularly in the design of the main
iier, is not wasted.

Time-Delay Elements

me-delay elements are required in an uncompensated single-correc-
orward system: one in the reference path, which must match the
delay of the main amplifier, and one in the main signal path, after the
g coupler, to match the average delay of the error amplifier and
ted gain and phase adjustment components.
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These time-delay elements are typically formed by lengths of transmis-
sion line and the precise nature of this line will vary depending upon the
application, in particular the desired power level and the required operating
frequency, Thus, low-power systems may utilise etched microstrip techni-
ques appearing on the same board as both amplifiers and indeed the same
board as the relevant (etched) couplers. At higher powers, the main-path
delay line is generally fabricated from coaxial cable (of a suitable peak and
mean power rating) or is a length of waveguide (at microwave frequencies),
The loss of this delay line is also a critical factor in determining the efficiency
of the overall feedforward system and is of particular concern at UHF and
above (where transmission line losses are typically higher).

The power rating of the transmission line must be considered from two
perspectives: peak power rating and mean power rating. The peak power
rating is generally determined by the insulating properties of the dielectric
material between the inner and outer conductors in the cable. The integrity
of this insulation is also dependant upon the environment in which the cable
is to be employed; particularly hot or humid conditions may de-rate the
insulating properties of the dielectric and must be considered when
specifving the cable.

The mean power rating of a cable is determined by its losses and their
consequent heating effect upon the cable itself. Thus a cable with 2 good
mean power rating will generally possess a low loss per unit length, and
hence a low resistive loss, and will often be of a considerable diameter. A
long delay-line made from such cable will therefore consume a large amount
of space in the final amplifier. The dielectric material must also be low-loss

and hence will usually be of a higher quality than that of standard coax. The

resulting cable will therefore be expensive, although this is likely to be
relatively insignificant when compared to, say, the cost of the main
amplifier.

Where space is at a premium, the main-path delay element may be

fabricated from a cable or etched transmission line based on a high dielectric

constant substrate (or cable dielectric). It may be reduced in length (and
hence value) or even eliminated altogether in some applications, as outlined
earlier in this chapter. The use of these delay reduction techniques will
inevitably compromise the broadband performance of the feedforward

system, however, there are many applications in which this is not af

overriding concern.
Recently, filter-based delay lines have become popular due to their low

insertion loss characteristics and relatively small size. Achieving appropriat®

gain and phase flatness is usually the main challenge with this form 0f
solution.
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Error Amplifier

or amplifier effectively provides the reference level of performance
complete feedforward system; the basic purpose of the feedforward
ue being to transfer the ‘performance burden’ in terms of linearity,
of frequency response and noise-figure from the main amplifier to
ror amplifier, Since the error amplifier should, in virtually all cases, be
ywer power than the main amplifier, this is a reasonable expectation.
he distortion level resulting from the error amplifier is critical in
ning the overall system performance, and in many dynamically-
ed systems, is the limiting factor in determining the overall distor-
rmance of the feedforward amplifier. Any distortion produced by
amplifier is injected, uncompensated, into the output of the
srward system, by the output coupler. The ultimate distortion floor,
perfect matching and hence cancellation of the main amplifier
, is therefore the level of the error amplifier distortion products less
iput coupling factor. Similarly, any noise added to the error signal by
or amplifier will directly add to the output noise of the feedforward
n (again, less the coupling factor of the output coupler). It is therefore
tant to minimise the noise figure of this amplifier.

- The characteristics of the intermodualtion distortion added by the
amplifier are such that the bandwidth of the intermodualtion distortion
e feedforward system is extended beyond that which is initially
iced by the main amplifier. This situation is illustrated in Figure 5.31.
ror signal contains mainly the distortion information from the main

- Main
amplifier | |||| I “
DD > » T > —
Time Output
delay

Error_ |||||||||[
3 | ” Ll ll | amplifier
) ’c _..' — ’——pl o

Time Subtracter
delay

Distortion resulting from the error amplifier.
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amplifier, and this in turn will be dominated (in a typical class-A or -AB
amplifier) by the third-order products. Since the spacing of the third-order
products will be three times that of the original tones which produced them,
the bandwidth of the subsequent error amplifier intermodulation distortion
will, to a first approximation, be trebled.

The power requirement of the error amplifier is determined by the
main amplifier distortion level, the level of cancellation of the main signal
energy in the error signal and the output coupling factor. Assuming that the
main amplifier is class-A, and that the main signal cancellation is good, then
this amplifier will be typically 10 dB to 15 dB less powerful than the main
amplifier for a 10 dB output coupling factor.

In a high-power system, the gain of the error amplifier will typically be
very high. This arises from the high gain of the main amplifier (and
consequent low level of the reference signals relative to the main amplifier
outpur signals) and the output coupling factor. For a main amplifier with a
gain of 40 dB (10mW in, 100W out) and an output coupling factor of 10 dB,
the error amplifier gain will need to be between 55 dB and 60 dB (to
compensate for the losses in the subtracter and the gain and phase
adjustment components). This gain must be achieved with as short a delay
as possible, since this will directly affect the cancellation loop time delay and
its associated physical size and loss. This in turn will have a marked effect on
the overall efficiency which can be achieved by the complete feedforward
amplifier. -

Finally, a flat frequency and linear phase vs. frequency response are
required in order to ensure a high degree of cancellation across the band of
interest. This specification should be commensurate with the distortion
specification of the error amplifier, as there is little point in achieving 4
petfect frequency or phase response such that the main amplifier distortion 18
petfectly removed, leaving a significant level of error amplifier distortion
added into the output.

5.136 Gain and Phase Compensation Circuits

Numerous circuits exist for the control of the amplitude and phase (eithef
separately or together) of the various signals within a feedforward system:
Such elements are key in any practical feedforward amplifier either for initial
setting-up (e.g., upon manufacrure) or to allow continuous ‘ﬁne—mnit.ig’ o
constantly re-optimise performance throughout the lifetime of the unit.

Both gain and phase control components (and combined circuits) have
a number of desirable characteristics for use in a feedforward system, 1
addition to their individual requirements.
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1. Low distortion. This is particularly necessary if either or both

components is employed in the reference path, but is still necessary
to some extent wherever they are placed. The use of PIN or
varactor diodes to provide voltage control introduces one or
more nonlinear elements into the system and care must be taken
to ensure that their use does not degrade the overall linearity
performance of the complete amplifier.

The use of diodes with a long carrier lifetime with respect to the

signal frequencies being processed, together with appropriate drive
levels, should ensure that a very low level of distortion can be
achieved. Levels of distortion commensurate with the use of these
components in the reference path should result from employing
such techniques. Further details regarding the use of GaAs
MESFETS and silicon p-i-n diodes in attenuator applications,
together with expressions for second- and third-order intercept
points may be found in the literature [29,30].
Flat gain response with frequency. Again, these components should
not degrade the cancellation performance of which the system
would otherwise be capable, due to amplitude ripple. It should be
relatively straightforward to ensure that one or other of the
amplifiers in the system is the limiting factor in this regard.

- Linear phase response (constant delay) with frequency. Similarly,

the component’s phase response should not degrade the achievable
cancellation of the amplifier. A linear phase response is often a
greater challenge, particularly over a wide bandwidth, due to the
resonance effects and reflections caused by the operation of typical
embodiments of these circuits (in particular the variable phase
element).

Low insertion loss. Both of these components can suffer from a
significant insertion loss, particularly when used at higher frequen-
cies, and the cascade of the two elements (to provide both gain and
Phase control) can significantly increase the gain requirement of the
main amplifier, or degrade the system noise performance, if

employed in the reference path or prior to the error amplifier.

- Linear control relationship. This is a less important requirement

than those mentioned above, as it should not affect the ultimate
linearity performance of the feedforward system. It will, however,
affect the dynamic behavior of the control system and consequently
such factors as pull-in performance and overshoot. This is particu-

larly important where the amplifier will experience significant and
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rapid changes in mean power loading, for example, in a cellular radig
system where channels are assigned, handed-off and re-assigned on g
regular basis. Such loading changes will require the control system
to rapidly re-adjust and re-optimise to the new situation; a highly
nonlinear control relationship will complicate this process.

6. Minimum interaction between gain and phase control. For contro]
system stability and optimum pull-in performance, it is important
that the interaction between the gain and phase controllers is kept
to a minimum. In addition, it is important that the controllers
themselves exhibit little or no parasitic behaviour (e.g., parasitic
phase-shift with variations in amplitude control for the variable
attenuator).

5.13.6.1 Variable Gain Components

Figure 5.32 illustrates one form of volrage variable gain element; in this case
an atrenuator. The PIN diodes are utilised to match and mismatch two of the

50Q

Quadratur
hybrid

RF input o—"l
33pF

ﬂ||——o RF output

33pF

= 500

Figure 5.32 Simple voltage-variable attenuator (componerit values shown are for UHF
operation). Note that it is possible to omit the 50¢2 resistors, with the PIN
diodes providing the necessary impedance.
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of the quadrature hybrid, with the 508 resistors providing a low
termination when the PIN diode is at a low impedance. Both diodes
trolled utilising the same control voltage to ensure that the system is
y balanced as possible in operation. Differences in the characteristics
- two diodes will mean that this balance is never perfect: however,
ble performance can usually be achieved in practice at VHF, UHF,
v SHF frequencies utilising this technique. The capacitors provide
ation for the quadrature hybrid to prevent damage (in the case of
ower transformer-based designs) or shorting of the control voltage (in
- of transmission-line based hybrids). Note that the 506 resistors may
ted in some cases,

-alternative technique is to utilise a variable gain amplifier as part of
or error amplifier chains, thus saving one element of the system.
amplifiers are now available in MMIC form, although they generally
a very low power level, with maximum output powers of 0 dBm
being typical. They are therefore only suitable for the first or perhaps
stage of any amplifier chain.

Variable Phase Components

ar principle can be utilised to provide a variable phase-shift element
illustrated in Figure 5.33. A quadrature hybrid is again employed,
h in this case utilising a varactor (or varicap) diode to alter the
on each of the ports. The diodes employed should be of the same
d appropriate for the frequency of operation of the phase-shifter.

ical variations in phase of 90” to 1207 across the control voltage
proximately 30V for many diodes) may be obrained at UHF with
t, although most of this range is obtainable with a voltage range of

‘techniques are not truly broadband, and other configurations may
ed if octave or multi-octave operation is required.

Vector Modulator

of separate gain- and phase-controls can introduce problems when
employed directly following one another in cascade. The matching
ching provided by one element as part of its control process may
ignificant effect on the other and may cause its characteristics to
similar effect can also be observed within an individual element as,
le, a variable attenuator will almost certainly introduce a small
hase-shift across its attenuation range. This will typically be only a
, but is likely to be sufficient to significantly degrade the overall
on of the feedforward system. Likewise, a variable phase-shift
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Figure 5.33 Simple voltage-variable phase-shift network (component values shown are for
UHF operation).

element will introduce a small (typically < 1 dB) gain variation across its

phase-shift range. This will again be sufficient to seriously degrade the
performance of the feedforward system in a high-performance design.
An alternative technique for both gain and phase control is the vector

modulator, illustrated in Figure 5.34. The basic principle of operation is to

vary the signal in Cartesian component form, rather than in polar form, as
represented by separate gain and phase elements in cascade.

An equal variation of both voltage-controlled attenuators (showsn
implemented using multipliers in Figure 5.34) will produce a pure si_gﬂﬂl_
loss, with no phase-shift (assuming ideal components), whereas unequal
variation will produce a variable phase-shift and a signal loss. Such a system
may be easier to control automatically in certain circumstances and over-
comes many of the interaction and isolation problems of discrete variable
attenuators and phase-shifters (due to the inherent isolation of the quad-
rature hybrids). [t also has the significant advantage that a full 360° of phase
control is provided; a cascade of at least three of the phase-shifters of the typ®

illustrated in Figure 5.33 would be required to achieve this. The system does; -

however, have the drawback that it is less intuitive and hence often mor®
difficult to adjust manually. Also, the intercept point of the multipliers 5
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Figure 5.34 Vector modulator-based voltage-variable gain and phase-shift network.
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likely to be less than that available from wariable phase and attenuatiog
circuits of the type just described.

The loss in a vecror modulator is likely to be greater than that possible
with separate variable gain and phase components. In addition, the probable
lower intercept point will necessitate a lower drive level and either or both of
these issues may lead to noise problems. When a vector modulator ig
employed therefore in either the reference path or prior to the error
amplifier, the noise performance of the loop may be degraded and this
could be significant in some circumstances.

It is possible to use PIN diode based variable attenuators in place of the
multipliers (in Figure 5.34), however, the highly non-linear control voltage
vs attenuation characteristic inherent in most of these devices can make both
manual and automatic control yet more difficult (in the latter case due to the
variation of the effective control loop gain as the attenuation changes).

513.7 Output Coupler

The purpose of the output coupler is to perform the final subtraction of the
error signal from the distorted main amplifier output signal and hence it has
a strong influence in determining the final performance of the system. Since
it appears in the main signal path, its through-path loss is of concern, and
this has a fundamental affect on the overall efficiency of the feedforward
system (see Section 5.7). Whilst this loss must be minimised (bearing in mind
the power requirements of the error amplifier), the frequency response and
phase characteristic must not be compromised and it must also be capable of
handling the required mean and peak powers of the main amplifier. This
coupler is therefore a very important element in the feedforward system.
The directivity of the output coupler must also be good, as this
parameter determines how much of the reflected energy from the load of
antenna is coupled into the output of the error amplifier as well as, in patt,
how much of the error amplifier output signal gets back to its input (see
Section 5.15). Since the spectral purity and frequency and phase flatness of
this amplifier are critical to the performance of the system, it is essential t©
minimise any external disturbances which may cause it to overload Cff
introduce additional ripple into its frequency or phase response. This
becomes particularly important where the feedforward amplifier is pron€
to interference from co-sited services, since any energy from these signals:
received on the system antenna and fed back down o the feedforward
amplifier output, may cause intermodulation in the error amplifier output. It

is the directivity of the output coupler which determines how much of this

energy the error amplifier output sees and hence what level of intermodula-
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prtion is produced, in the absence of an external isolator (which adds
d loss). Again the effect of imperfect terminating impedances on the
"___&jrcctivity (discussed earlier) will need to be considered.

" Most systems operating between VHF and a few gigahettz utilise either
line or microstrip couplers, with the former generally being preferred
their excellent flatness, high directivity and low additional through
\bove that due to their coupling factor alone). Directivity figures in
of 20 dB are typical, combined with gain and phase flatness figures of
an 0.1 dB and 1°, respectively, overa 100 MHz bandwidth at 2 GHz.
recently, the inclusion of the main-path sampling coupler and the
upler along with a filter-based delay line has become common and a
of manufacturers offer this facility. This helps to minimise the
r of transitions and hence keeps overall loss to an absolute minimum.

14 Location and Matching Considerations

mber of external factors can affect the operation and performance of a
d system. Signals can be injected into the transmit antenna by
sited antenna, and its signals may intermodulate with the output
om the feedforward system, lowering its performance.

rnatively, a poorly-matched transmit antenna, or damaged feeder
cause significant reflected power ro impinge upon the output of
forward amplifier, again degrading performance,

following sections discuss the likely consequences of such issues,
ence of an isolator at the output of the feedforward system.

Effects of Co-Siting With Other Systems

JOr concern when co-siting a transmitter incorporating a feedforward
er with other radio systems, is that of signals radiated by the co-sited
being injected into the output of the feedforward amplifier by
of the transmit antenna.

ere are three potential effects of unwanted signals reverse injected
€ output of a feedforward amplifier:

Increased distortion in the main amplifier output.
Increased distortion in the error amplifier output.

Reduction in performance of the adaption scheme (if fitted).

of these is illustrated in Figure 5.35 and all are dealt with
y below.
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rentially the most damaging problem, as the reverse-injected signal
from the feedforward system output directly through the various
couplers and the high-power time delay to the output of the main
r. Tt will suffer very little attenuation en-route and hence it can be
(pessimistically) that the full coupled signal level will impinge on
ieput devices of the main PA. This signal level 15 typically assumed to
—30 dB in many type-approval specifications.

the case of a multi-carrier linear amplifier, care must be taken in the
ation of this ‘=30 dB’ injection level. For example, if the overall
s rated at 1 kW, this could imply an injected signal level of 1W,
this would be a little unfair on the linear amplifier, as the
carriers would be typically 25W or less and hence the injected
oht to be 30 dB down on cach of these signals, that is, 25m\W
is signal will generate a number of IMD products in the output
of the main PA. As long as these IMD products are not greater than
nsic distortion products of the main amplifier itself (which they
‘not be, as the injected signal will be 30 dB down on the wanted
or about the same level as the IMD products from a good PA), this
ot cause any problems. These new IMD products result from the
- and hence will be treated in exactly the same manner as the existing
, that is, they will be eliminated from the overall amplifier output
ormal action of the feedforward system, assuming that they fall
the correction bandwidth of the feedforward loop. If they do not fall
' -;-correctlon bandwidth, then an output filter will be required to
: their elimination. These are normally provided anyway to remove
nd IMD and harmonic products.
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Figure 5.35 Potential paths for injected signals to cause interfarence.
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ation here is slightly different from that of the main amplifier above.
€ted signal must now be reverse-coupled in the output coupler, in
‘reach the output of the error amplifier. It will thus experience a
of 10 dB of attenuation (for a 10 dB output coupler) and probably
to the directivity of that coupler. Hence it will arrive at the output
- amplifier some 40 dB or more below the individual carrier
of the feedforward amplifier output t;1gnal (for a main amplifier with
MD performance), Here it will again cause intermodulation which

be injected into the output of the feedforward system directly via
ut (injection) coupler. This injected IMD will therefore experience a

Splitter

Input
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ficant level and will still leave a large signal having had the reference
energy cancelled in the subtracter. The input to the error amplifier
herefore be significantly larger than would be anticipated from a
‘analysis (and consequent design) of the system,

he error amplifier is thus likely to overload in attempting to amplify
ive signal level, with the resulting distortion being injected
y into the output of the feedforward system.

further 10 dB of attenuation by the normal action of the output coupler,
Thus if the required IMD specification is 70 dBc, the intermodulation caused
in the output of the error amplifier by this interfering tone must be greater
than 20 dB below the level at which the injected signal impinges on the error
amplifier output. It is likely, in practice, to be significantly better than this
figure and hence should not prove to be a problem.

5.14.1.3 Reduction in Performance of the Adaption Scheme

This effect, if it exists at all, will be heavily dependent on the specific
adaption scheme chosen and hence can only be argued on that basis.

Most schemes involve the use of high-directivity sampling couplers ar
the output of the overall feedforward system, in order to monitor the
petformance of the system, Such couplers are also generally of a high
coupling factor, and hence only a very small amount of any injected signal
will appear at the sampled port of the coupler. A well designed scheme
should be able to cope with such a small level of interfering signal, although
the absolute performance of the system may be slightly affected.

Error Amplifier Overload Due to Excessive Frequency-Response
Ripple

r antenna match will create a significant ripple in the transfer
teristic of the main power amplifier, if that amplifier itself has a poor
smatch to 50€), and assuming that the antenna feed system is long with
to the operating frequency and that the operating bandwidth is large.
It of this is that the error amplifier will attempt 1o supply sufficient
partially cancel the peaks and ‘fill-in’ the troughs of this rippled
istic, in order to provide a flat overall response. The power required
or amplifier in order to do this could necessitate it having a power
t dissimilar to that of the main amplifier (assuming, say, a 10 dB
coupling factor) and this is less than satisfactory. The only real
n to this problem is to improve the output match of the main power
in order to try and prevent the second reflection process and its
uent effect upon the amplifier frequency response. One method of
his is by the use of an isolator at the output of the main amplifier
¢ the sampling coupler. The signal reflected by the antenna would
ood 50§} match and hence would be absorbed. An isolator could
this point without undue concern abour the distortion it would
as this would be corrected by the feedforward process (assuming
not excessive). Such an isolator would obviously be quite large (in
er system) and moderately expensive, but this must be considered
e overall cost and benefits of the system, rather than viewed
idently. Alternatively, the amplifier itself could be modified to
€ its output match.

5.14.2 Effect of Poor Antenna Matching

This is potentially a difficult problem with which a feedforward system must
cope, as it has some far reaching implications on the power rating of the
ertor amplifier. This, however, should be the only potential problem as, for
example, the control system etc. should not be affected.

A poor antenna match can create four potential problems:

1. Error amplifier overload due to excessive (and erroneous) input
signals.

2. Error amplifier overload due to its attempt to correct for increased
linear distortion (frequency response ripple) in the overall system.

3. Error amplifier reverse power protection.

4. Correction-loop instabiliry.

The first two problems are closely related, but will be examined

sepatasely below. - Error Amplifier Reverse Power Protection

on of the reflected signal from the mismatched load will be sampled
utput coupler and fed to the output of the error amplifier. This level
ampled signal will obviously be reduced by the coupling factor of the
(or injection) coupler (say 10 dB), but may still be significant in level.
i€ error amplifier must be capable of dissipating this power without
heating or disruption of its normal operation (i.e., without

5.14.2.1 Error Amplifier Overload Due to the Presence of Refiected Signals

If the output of the main amplifier is not adequately matched to the systemt
characteristic impedance (usually 5082), then the reflected signal from [he
mismatched load is re-reflected and subsequently sampled by the sampliag
coupler at the output of the main amplifier. This sampled signal may be of



338 High Linearity RF Amplifier Design Fesdfrward Sysiims 339
B
increasing its distortion level). —
; o coupler 2
5.14.24 Correction-Loop Instability RF amp 1 P

If the mismatched load contains a reactive component, then an Dscillatory
path may be created around the correction loop [31], with the mismatch
providing the necessary feedback (by reflection) and the reactive element the
necessary phase-shift.

Again the solution is to improve the output match of the main
amplifier, either by a re-design of the output stage, or by the use of ag
isolator (if practical).

Gy, %

%)

5.14.25 Use of an Dutput Isolator

From the above arguments, it is clear that the simplest solution in most cases

is the use of an isolator at the output of the feedforward system. This isolator Tuc? _L:" Tasr)
= . H - 5 - T
must possess a very high intercept point, as it must not degrade the high- . ] .
linearity achieved from the amplifier. It will also, clearly, require a low Directional Delay 1 Directional
} plitier. ’ L& / coupler 1 coupler 3

through-loss, so as not to reduce the output power and efficiency of the

feedforward system. ‘ ' -
Y 6 Error loop of a feedforward system, showing a possible oscillation mechanism.

5.15 Loop Instability

It is also possible, however, for signals to propagate around the
in the direction indicated by the arrows in Figure 5.36. In this case,
is operating normally, whilst the other two couplers are providing
e leakage path due to their imperfect directivity (or other undesired
akage in the system).

der circumstances in which some of the signal is able to take this
path, then it is evident that a path exists from the output of the main
r back to its input. If the gain around this loop is greater than or
) unity, then instability of the amplifier may result. Clearly, it is
¥ to keep this gain well below unity in a well designed system, so
argin of safety is provided.

a feedforward system, the main amplifier gain (in dB) is determined
0p coupling factors in the error loop (assuming that the loss in the
ay element is negligible):

One of the key advantages of a feedforward system is in its ability to achieve
unconditional stability, hence allowing it to provide high degrees of linearity
improvement over a broad bandwidth. It is, however, possible for the
feedforward technique to be configured in such a manner that it will resultin
an unstable system [32]. The instability may be present in either the erroi
loop or the correction loop or both (see Figure 5.21), although in a practical
system, it is most likely to occur in the error loop (due to the gains and
coupler values generally applied in that part of the system).

5.15.1 Instability in the Error Loop

In order for the error loop to be correctly balanced, the gain from the systei
input, to directional coupler 3 in the lower (‘reference’) path, by both
main-path and reference-path routes (see Figure 5.36), must be equal (ra
account of the coupling factor of the coupler). Similarly, the phase diffe
between these two paths must be 180° in order for subtraction to occur
coupler. Where these two conditions are fulfilled, perfect cancellation of
input signal energy in the crror signal will result.

The situation described above is, of course, the desired operation of the

G =Le +Ls +Fe + Fany +Fy (5.113)

1 is the through-path loss of the input coupler, L is the through-
f the subtraction coupler, Fe is the coupling factor of the input
M is the coupling factor of the main-path coupler and Fy, is the
factor of the subtraction coupler (all in dB).
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The gain coeflicient, Co; (in dB) around the ‘reverse-loop’, formeq
from the output to the input of the main amplifier, is given by:

e between these two paths must be 180° to ensure perfect subtrac-
e distortion produced by the main amplifier.

reverse path also exists in this loop, as indicated by the arrows in
.37; it is therefore possible for the error amplifier to have a path from
put back to its input. If the gain around this loop is unity (or greater),
nstability of the error amplifier is possible.

a feedforward system, the gain of the error amplifier (in dB) is
d by the loop coupling factors in the cancellation loop (assuming
loss in the time-delay element is negligible):

Co1 = Ga1 — Fey — Dy — Egy — Dy — Fyn (5.114)

where: D¢ is the directivity of the input coupler and Dy, is the directivity of
the subtraction coupler (both in dB).

The stability criterion for this loop is therefore that the gain coefficient,
Con, should be less than 0 dB in order for the system to be guaranteed stable
and should preferably be say —5 dB (or less in some applications) in order to
allow a margin of safety. Ggy = Ly + Loy + Fayy + Fgy + Feyy (5.115)
. is the through-path loss of the main-path coupler, Ly, is the
-path loss of the output coupler, Fyy is the coupling factor of the
th coupler, F, is the coupling factor of the error subtraction coupler
o1 is the coupling factor of the output coupler (all in dB).
e gain coeflicient, Cgy (in dB) around the ‘reverse-loop’, formed
output to the input of the error amplifier, is given by:

5.152 Instability in the Correction Loop

Analysis of the correction loop proceeds in a similar manner to that of the
error loop above. In this case, it is the gain from the input to the main-path
coupler 2, to the outpur directional coupler 4 in the upper (‘main’) path, by
both the upper and lower routes in Figure 5.37, which is of concern. In order
for the correction loop to be perfectly balanced, these two gains must be

equal (taking account of the coupling factor of the coupler). Again, the phase Cgy = Ggy — Fyg — Dy — Fon — Doy — Fgy (5.116)

Dyp is the directivity of the main-path coupler and Dp, is the
‘of the output coupler (both in dB).

Directional Directional il : ) i, :
coupler 2 Delay 2 coupler 4 gain coefficient should dl‘SO be less than 0 dB by a suitable margin
to ensure that the system is guaranteed to be stable.
Ly L Lo

Practical Implications

T RF output
A
P

re two categories of system which are prone to instability problems,
Aattention is paid to the issues outlined above. The first is high-gain
10 which the main amplifier gain is necessarily very high in order to
e the various coupling factors in the system (perhaps 10 dB or more
than the desired overall gain from the feedforward system). A
burden is therefore placed on the directivity of the couplers, in
avoid instability.

—onsider, for example, a feedforward system with the following
1Ly =6dB, Ly =6dB, Fq =6dB, Fyy =20dB, Fy; =6
= 10dB, L4; = 0.46 dB. The coupling values and losses chosen here
tive splitters for the input and subtraction couplers. Using these
ults in a main amplifier gain of 32 dB (from (5.113)) and requires
mbined directivity of the two reference-path couplers to be 12 dB in

RF amp 2

Directional
coupler 3

Figure 5.37 Correction loop of a feedforward system, showing possible oscillation
mechanism.
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ion directional couplers respectively and Ly is the loss in the
path delay line (all in dB).

milarly, the output return loss may be calculated by examining the
ction loop (Figure 5.37). In this case, it is the directivity of the main-
npling coupler (D) which is critical in obraining 2 good output
in a correctly balanced system. The output return loss (in dB) is

order to avoid instability in the error loop. This is obviously impossible
when using resistive splitters (without, for example, the aid of isolators). Ap
isolator placed in the reference path would be an appropriate solution in this
case.

In the case of the cancellation loop, the required error amplifier gain is
36.5 dB, and results in the coupler directivity (combined) for the two main-
path couplers needing to be only 0.5 dB. The main path couplers are those
between the output of the main amplifier and the output of the feedforward
system. This requirement can easily be met in most systems.

The second category of concern is systems employing broadband RF
amplifiers (e.g., broadband MMIC devices). In this case, the coupler
directivity must be maintained over a very wide bandwidth, even if #he
systemr is not required to provide cancellation over this bandwidth. This can be
difficult to achieve with a number of coupler designs. The alternarive
solution, applying RF filtering following the main amplifier, will introduce
significant additional delay into the main parh. This in turn will require a
larger compensating delay in the reference path. Adding filtering therefore
removes one of the principal benefits of using broadband MMICs in a
feedforward system: namely their intrinsic low group delay, which results in
a correspondingly short reference-path delay line.

Riop=2Lg + 2L+ Lygy + Dyyy (5.118)

.oy and Ly are the through-path losses in the output and main path
nal couplers respectively and L, is the loss in the main path delay
Il in dB).

Whilst it is possible to increase the various losses in (5.117) and (5.118)
to improve the input or output match, this has undesirable
ences (e.g., the increase of system noise figure or output path
d hence reducing overall output power). The anly realistic option
cases is therefore an increase in coupler directivity of the relevant
(which will also depend upon the input and output match which it
h case).

5.15.4 Effect on Input and Output Match plication Areas

The same basic mechanism which has been highlighted above as potentially
causing instability can also cause a degradation in the input and/or output
match of the amplifier. The directivity (or isolation in the case of 2 3 dB
splitter) of the input coupler (directional coupler 1 in Figure 5.36) is usually
adequate, such that the input reflection coefficient of the main amplifier can
be neglected. Similarly, the input reflection coefficient of the error amplifier
may be neglected since, when the error signal generation loop is correctly
balanced, no (or little) main signal energy reaches the input to the errof
amplifier and hence cannot be reflected.

The input return loss is therefore dominated by the signal passiﬂ_g__
through the main amplifier, via directional coupler 2 (correctly) and then Vid
directional coupler 3 (due to its imperfect directiviry) and the error 100P
delay line, to the input coupler. Assuming that the loops are balanced, the
input return loss (in dB) becomes:

dforward amplifier linearisation technique has been shown to be
priate for applications in the field of satellite communications due to its
1o operate with unconditional stability over the large bandwidths
for this application. The use of a broadband linearisation technique
€ advantage that it removes the need for a high-power power
with its associated loss, and a large number of individual,
~channel amplifiers. The losses associated with a power combiner
ugh to sum the hundreds of carriers present in many satellite
Wwould be considerable.

e alternative strategy for satellite applications is the use of a backed-
aventional class-A or class-AB linear amplifier, since the intermodula-
Tformance of such amplifiers is often satisfactory. The advantage of a
tly designed feedforward system in this case is an improvement in
Y. The use of predistortion techniques has also been successful in
systems, with a corresponding improvement in efficiency, and this
lution is outlined in the next chapter.

€ use of a class-C stage as the main amplifier in a satellite system is

Ri;=2Lpey + 2Ly + Lpg + Dy (5-“7) '

whete Lpey and Lpy are the through-path losses in the imput and
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quite feasible as the intermodulation performance requirements for satellite
amplifiers are, in general, less stringent than those of mobile radio amplifiers,
This is due to the facr that near-far problems no longer predominate ang
hence uncorrected class-A amplifiers may often be used. The addition of
feedforward linearisation to a class-C stage allows the overall system
distortion specification to outperform a class-A stage whilst still providing
a useful improvement in efficiency. Such efficiency improvements can, in
turn, provide a considerable weight and hence cost saving for a satellite
pavload.

The increasing interest in the use of the feedforward linearisation
process for cellular base station amplifiers has led to a requirement to
develop a fundamental understanding of the system efficiency characteristic
when using a linear main amplifier and feedforward techniques to improve
its intermodulation performance [33]. Such techniques are required to
overcome the near-far problems associated with cellular systems; this leads
to a requirement for intermodulation distortion products at least 60 dB
down on the wanted signals (much greater in some systems). Although
efficiency has obviously been sacrificed in this case, due to the use of a linear
main amplifier, it is still of concern in order to minimise the amount of
cooling required for the complete system, for example, along with the size of
the power supplies.

Feedforward has been used in a number of cable television repeater
systems and has even appeared in hybrid form for this application [10]. Cable
television requires reasonable linearity performance over a very large
number of carriers and a very wide bandwidth (one octave or more).
Feedforward is therefore ideal for this application.

Feedforward has also been suggested for use in ultra-high dynamic
range, low-noise amplification in receiver systems [34]. So long as the noisé
figure issue is carefully considered, a significant overall improvement i
dynamic range may be achieved (defined as the difference between the third-
order intercept point and the noise figure for the amplifier). This 15
particularly beneficial in systems which are interference limited, rathet
than noise limited. This is increasingly the case in base station apphcaﬂﬂﬂs
due to the increased use of mast space and increased number of channels in
use generally.

The linear distortion correcting properties of feedforward may bﬁ .
employed to good effect in broadband instrumentation applications, pﬂfﬂ 0.173 ;_mpare“cv
cularly those where diode-based levelling loops are impractical due t0 '
dynamics of the system (e.g., fast-hopping synthesisers). Front-end ampli- _
fication for spectrum analysers may also benefit from both the IMD an%
linear distortion correction benefits of the feedforward technique.

Potential Advantages

ry of the potential advantages of a broadband linear amplifier
o a cellular or PMR base station is as follows:

Flexibility

a feedforward amplifier system should contain no frequency selective
ts, other than those defining the overall frequency band of
on. Any of the multiple inputs to the amplifier can therefore be
any channel frequency within the allocated band and these
s can be re-allocated virtually instantaneously. This is a distinet
over cavity combiner techniques in which mechanical re-tuning is
A number of cavity combiner manufacturers have recently
the use of stepper motors for automatic re-tuning of their
‘This would allow a limited amount of flexibility, but is stll far
tisfactory and its reliability under frequent use must also be
ned.

ty combining also places severe restrictions on the minimum
spacing which may be used at a given site and also precludes the
ow (or fast) synthesiser-based frequency-hopping, such as that used
“Baseband hopping’, that is, matrix switching of the baseband input
must be employed instead and this is often a more complex

y at VHF), which generally requires expensive mechanical
g in its construction. In a broadband linear amplifier system the
tion process takes place at the input at a low power level and hence
cally small, low-cost components. Both of these scenarios are
in Chapter 1.

plifier in a linear PA solution is potentially large due to the high
tvels involved, however, only one such amplifier is required and
there is generally a significant overall space saving.

of a linear amplifier is often required to satisfy the multi-carrier
the base station problem, however, it brings with it a number of
benefits. The major benefit is that it is able to deal with any
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modulation scheme, both present and future, within its operational bangd-
width. This somewhat sweeping generalisation may be tempered slightly by
the operation of the particular lnearisation or control technique under

consideration, but should certainly permit most forms of modulation to he
utilised.

itable cable losses now occur at a low power level, where they may be
d cheaply recovered, and the overall power output of the base
ya remains unaffected.

'his is a particular advantage when considering the siting of base
within an urban area. The bulk of the equipment (for example,
generation, up-conversion, supetvisory functions) can be sited in (say)
ent where the cost of site renral is low, with only the amplifier
ng siting at the top of the building in expensive ‘office” (cupboard)
This offers a potential saving to the service provider and hence
ers the equipment manufacturer’s product more attractive.

5.174 Future-Proof Design

This follows on from the flexibility and transparency argument outlined
above. The current lifetime of a base station is dictated by a number of
factors, only one of which is reliability. In many cases systems are replaced
more because they use outdated modulation techniques with poor spectral
efficiency than because the state of the art in power amplifier technology has
advanced to such a degree that replacement of an older system is justified on
those grounds alone.

The utilisation of linearised amplifier technology should enable the RF
components of a base station to be replaced when reliability considerations
dictare, rather than with the larest fashion in modularion techniques. This
will enable users to update equipment smoothly and in a planned manner (be
this on a technical or financial basis), rather than having to find a large
investment in one go for an entire new system.

| Practical Results

5.38 shows the output spectrum from a very high-linearity feedfor-
ywer amplifier operating at full rated power (20W mean, in this case).

5175 Dynamic Channel Allocation (DCA)

This is potentially of less interest in PMR systems, due to the small number of
channels usually allocated at each base station site. It is, however, of great
importance in cellular systems, as it has been shown in the literature [35] that
the use of DCA can enable them to experience an approximately rwo-fold
capacity increase without requiring any increase in their overall spectrum
allocation,

The use of linear amplifier technology in a PMR scenario would,
however, permit a site operator to offer a service to a number of smalles
organisations, each requiring only a small number of channels. So long 4§
these channels were in a similar portion of the frequency spectrum, they
could all potentially be amplified by the same broadband linear amplifier:

Amplitude (10dB/div)

5.17.6 Positioning Flexibility 1840 1843 1846
The use of a single amplifier, with low-level combining, results in a V&Y Frequency (MHz)
flexible configuration from the point of view of equipment positioning. The
power amplification process can be separated by a considerable distance fro®

the power combination process without loss of overall performance. The

B Output spectrum of a very high-linearity feedforward power amplifier with two
GSM signals and two CW carriers. @ Wireless Systems International Ltd.
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adistortion Techniques

roduction

rtion is conceptually the simplest form of linearisation for an RF
amplifier. It simply involves the creation of a distortion characteristic
is precisely complementary to the distortion characteristic of the RF
d cascading the two in order to ensure that the resulting system has
) input-output distortion. It is, of course, possible to cascade the
=mentary distortion element affer the RF PA and this is referred to as
o, however, there are a number of obvious drawbacks with this
and few advantages (for high-power amplifiers). The result is that
plementary distortion systems are based around predistorting the
al and fall into one of the following caregories:

1. RF predistortion—the nonlinear predistorting clement operates at
the final carrier frequency.

- IF predistortion—the predistorting element or network operates at a
convenient intermediate frequency, thereby possibly allowing the
same design to be utilised for a number of different carrier
frequencies. Alternatively, the required predistortion components
may not operate satisfactorily at the desired carrier frequency,
hence necessitating the use of an IF.

Baseband predistortion—prior to the advent of digital signal proces-
sing (DSP) devices, this technique had few advantages over the IF
technique. It is now, however, a useful tool. In this case, the
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predistortion characteristic is typically stored as a table of gain and
phase weighting values within 2 DSP (usually in quadrature form)
in order to predistort the baseband information before upconver.
sion. It is possible to use feedback to provide updating informatiog

for these coefficients; this technique is called adaptive baseband

predistortion.

The techniques used in RF and IF predistortion are generally similar
and hence will be discussed together.

6.2 RF and IF Predistortion

6.2.1 Introduction

A fundamental advantage of RF and IF predistortion is its ability to linearise
the entire bandwidth of an amplifier or system simultaneously. It is therefore
ideal for use in wideband multicarrier systems, such as satellite amplifiers or
in cellular/PCN base station applications.

The degree of linearity improvement which can be achieved in practice
depends upon a wide variety of considerations, and in particular on the form
of the transfer characteristic of the amplifier. With traditional predistortion
systems, the achievable linearity improvement is modest, by comparison
with, say, a controlled feedforward system or a Cartesian feedback system,
but is adequate for many applications. In general, the better behaved the
transfer characteristic is, the greater the degree of improvement which can be
achieved and, importantly, maintained over a variety of input conditions
(most notably power level). This is not true, however, if the amplifier is
already very linear, for example if it is operating backed-off, or is a low-
power class-A amplifier. In this case, the dominant nonlinearity may not be
due to compression, making it difficult for simple forms of predistortion to
work well.

More recent advances, such as the APL™ technique [1], allow
multiple orders of nonlinearity to be corrected and this paves the way for
far higher degrees of linearity improvement to be achieved from predistor
tion techniques.

6.22 Theory of Operation

The basic form of a predistortion linearisation scheme is shown in Figur®
6.1. The predistorting function, B(17), operates on the input signal in such @
manner that its output signal is distorted in a precisely complementafy
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Input Output
2 pw) a:
V Y,
Predistorter RF amplifier
Ap(V)}=A

Schematic of an RF amplifier and predistorter.

to the distortion produced by the RF PA, F(a). The output signal is
re an amplified, but undistorted replica of the input signal.

The problem, then, is to asceriain the required form of the predistor-
characteristic and to fabricate a circuit with a transfer characteristic
closely resembles the required function (Figure 6.2). Note that Figure
only an illustration of the form of operation and that a practical (e.g.,
) predistorter will not result in a characteristic which is a direct mirror
- of the amplifier characteristic, as suggested by this diagram. This is
sally because it is not usual to predistort even-order elements of the
fier transfer function, hence resulting in a marked difference between
distorter and inverse amplifier characteristics.

n utilised over the years in an attempt to mimic various types of
stic. The simplest, and most widely used, networks merely attempt
stort the third-order characteristic and may, in the process, increase
vel of higher-order distortion products.

er networks attempt to ‘curve-fic’ the distortion characteristic and
improve the performance of a number of orders of distortion. For
networks to achieve a high level of performance, however, they often
be designed, or at least adjusted, for each individual amplifier (even
: same design). Predistortion amplifiers can therefore benefit from the
an automatic control technique in very much the same manner as a
vard system.

o~

Ao

a¥

2 Operation of a predistortion system.
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condary path. The main path contains a time-delay element, to
wsate for the delay through the various elements in the secondary
and ensure that the signals recombine with the correct time relation-
ince this delay element will typically be operating at a low power level,
rtion loss is usually not critical, although it will contribute to the
Il noise figure of the system. '

6.2.3 Cubic Predistorters

The aim of a cubic predistorter is to eliminate third-order distortion by
means of the correctly-phased addition of a cubic component to the inpy;
signal. In the case of a bandpass system, it is only necessary (or beneficial) g
reduce the third-order products to the same level as, or slightly below, the
level of the next highest products (usually the ffth-order products),
Improvements beyond this point are generally of little benefit, other than
when predistortion is used in conjunction with feedforward, in which case,
the power contained in the error signal (and hence the power rating required
of the error amplifier) can be reduced.

Cubic predistortion is of particular benefit for the linearisation of
eravelling-wave-tube (TWT) amplifiers, as these usually possess a predomi-
nantly third-order characteristic. High degrees of linearity improvement can
therefore be achieved from a suitably designed (and controlled or adjusted)
cubic predistorter.

The use of this form of predistortion, termed polynomial predistortion,
has been widespread for many years, particularly in the fields of satellite
power amplification and high bit-rate point-to-point links [2,3]. It has
traditionally been used where only modest degrees of linearity improvement
are required, due to the poor marching usually achieved between the
predistorter and amplifier characteristics. More recently, however, the use
of predistortion as an aid to the feedforward correction process has been
suggested [4] and systems have been fabricated with careful matching of the
PA device and the predistorter [5] (usually by means of purpose-designed
silicon for both the PA and predistorter devices). This paves the way for RF
predistortion to achieve far greater levels of linearity improvement.

One form of cubic predistorter is shown in Figure 6.3. The RF (or 1F)

d phase control elements to ensure that the correct relationship is
at the summing junction (combiner). The predistortion element is
by the cubic nonlinearity and the resulting signal is buffered and
d by the post-distortion amplifier. Both of the amplifiers in the
v path are small-signal devices and hence contribute negligible
e configuration shown in Figure 6.3 is that of a sealar predistorter
phase relationship between the upper and lower paths is such that the
subtracts from the upper path, as outlined below.

neration of an Expansive Characteristic

eneral form of characteristic required to linearise almost all RF power
is expansive in form, that is, a characteristic whereby the gain
es with increasing input signal level. The simplest method of creating
orm of characteristic, shown in Figure 6.4, is by subtraction of a

input signal is split, in this case by a directional coupler, to form a main path
Vi
Directional
coupler + Linear path Output
Input . ! Output ; )
X 7 T + 2(t) Y,
Time
delay %4
Variable Cubic non-
phase-shift linearity
. ﬁ A ( )3 Variable Non-linear amplifier  Variable
attenuator  with a compressive attenuator
RF Variable RF characteristic
amp attenuator amp

Figure 6.3 Cubic RF/IF predistorter. 6.4 Generic method of creating an expansive characteristic.
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comptessive characteristic from a linear characteristic. This can be illustrateq
mathematically as follows.
The output of the linear path (typically just a time delay) is given by:

v/ () = ity (6.1)

-—-—- 0.5dB
————- 10d8 |
i 2.0 B

and that of the compressive path (a low-power amplifier driven at ag
appropriate power level, for example) is given by:

2.() = asvs — b0}y (6.2)

Subtracting the above equations gives:

() = (01 = ) + b (63 -

This is now an expansive characteristic with a linear gain of 2y — 5, and may FEE

be used to predistort any compressive amplifier characteristic (cubic in this
example) by appropriate choice of 4y, a2, and b. These are usually set by the
drive level of the lower path (compressive) amplifier and the gain or
attenuation settings in both paths. Note that in many predistorters, ; will
be approximately unity and 4> will be less than unity.

I R (10 A O | :

%1 o2 05 10 20 50 10 20

Phase error (degrees)

6.5 IMD cancellation which can be achieved from a basic cubic predistorter for
various values of gain and phase error.

6.2.5 Gain- and Phase-Matching Characteristics

These results are identical to those derived in Chapter 5 for feedfor-
rrection and examination of them leads to the conclusion that an
edistorter would require an extremely high degree of gain- and
atching accuracy in order to achieve a high level of IMD reduction.
is unlikely to be necessary for conventional diode or transistor-based
ers, as their characteristics are not sufficiently accurate to provide
vels (>30 dB) of IMD removal; hence 2 more relaxed gain- and
natching specification can be used.
se results have assumed a purely AM - AM characteristic for the RF
amplifier and this will not be the case in practice, as AM-PM
on will have a significant effect. This will further degrade the likely
nce level of a simple predistorter of the type considered here. It is,
er, possible to use two such predistorters in a quadrature arrangement
to correct for both AM—AM and AM-PM distortion and this
ent should offer an improved overall performance.
~ It should, of course, be remembered that the suppression levels
in Figure 6.5 are additional to the raw IMD performance of the
r amplifier. So, for example, if the uncompensated main amplifier

It is instructive to examine the effects of gain- and phase-mismatch between
the linear and polynomial paths of this type of predistorter as this provides
characteristics which allow the ideal performance of this form of predistor-
tion to be predicted. The results illustrate the similarity, in terms of ideal
performance, between this type of system and that of a feedforward system.

An analysis of this form has been undertaken in [6], and the
intermodulation suppression as a function of gain and phase error shown
to be:

Siup = —‘I'O]og(l +10% — 2. 10%“&0:_:5 59) (6:4)

where 6.4 is the amplitude error in dB and 80 is the phase error in degrees:

Using (6.4), it is possible to show how imperfect gain and phasé
balance settings for the predistorter will influence the degree of IMP
cancellation which can be achieved. This is shown in Figure 6.5 for variods
gain (amplitude) and phase errors.
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had a third-order IMD ratio of 30 dB and the predistortion system had a gaig
error of 0.5 dB and a phase error of less than 1°, the overall third-order IMD
petformance of the complete system would approach —55 dBc.

In practice, however, the performance of a purely third-order predis-
torter will be limited by the fifth-order IMD level of the RF poweramplifier,
There is thérefore little point in suppressing the third-order products to 5
level much below the level of the fifth-order IMD.

6.26 Ideal Cubic Fit for a Class-C Amplifier

The result of using an ideal cubic predistorter on a highly nonlinear (class-C)
amplifier is shown in Figures 6.6 and 6.7. The use of a highly nonlinear
amplifier illustrates well the form and resultant of both a second- and third-
order fir as well as the more usual case of a third-order only ft. Since the
class-C amplifier fit characteristic was truncated to terms up to and including
third-order, the resultant second- and third-order optimum fit is essentially
perfect and the overall predistorted amplifier characteristic is a straight line

0.7 : , : :
7| RS SR SRR SOUNG: R S
s i
o 05(
o
= : : : ]
T R S T AN N
=3
(o
2
a 08l
@
2 i
B 02yl
S
=z :
o |f
0.0 &£ i i i -
0.0 0.1 0.2 0.3 0.4 0.5 0.6

Input voltage (V)

Figure 6.6 Cubic fit of a class-C amplifier characteristic (dashed line) and its ideal
predistorter (second- and third-order) characteristic (solid line), with the
resultant predistorted amplifier characteristic (dotted line).
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: 4.4'
700 0.1 0.2 0.3 0.4 0.5 0.6
Input voltage (V)

7 Cubic fit of a class-C amplifier characteristic (dashed line) and its ideal cubic-
only predistorter characteristic (solid line}, with the resultant predistorted
amplifier characteristic (dotted line).

6.6). Norte that the class-C amplifier characteristic was derived from
ents on a real class-C power amplifier and hence the characteristics
e representative of a real system (up to and including third-order).
e, third-order only predistortion of a class-C amplifier would yield
t due to the high level of AM—PM conversion and the high-level
order products.

situation is somewhat different in the more typical case of a third-
y predistorter, as illustrated in Figure 6.7. In this case, no attempt is
o eliminate the second-order distortion present in the class-C
stic and hence both the predistorter characteristic and the resul-
istorted amplifier response look markedly different from those of
6. The predistorter characteristic appears to be almost linear and the
it predistorted amplifier characteristic is clearly nonlinear (this is, of
because it still contains a second-order component).

both cases, using appropriate time-delay equalisation within the
orter, a perfect two-tone in-band spectrum would result; in the latter
however, harmonic zone components would also be present. Since these
in most systems, the practical outcome in both cases is the same.
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6.2.7 Alternative Forms of Simple Predistorter

The order and placement of many of the components in a cubic predistorter
is not critical. An alternative version is shown in Figure 6.8 [7], in which the
phase-shifter is incorporated in the delay-line path and the attenuator follows
the cubic nonlinearity. The results presented above are also valid for this
form of predistorter, since it is performing the same function in largely the
same manner. The principal advantages of this configuration are that the
gain and phase controllers are largely isolated from each other (some
interaction can occur otherwise) and that the delay line can be shorter (or
even eliminated) since the delay through the gain and phase controllers is
likely to be similar.

There are many methods by which a cubic nonlinearity may be
constructed, most of which involve a diode or transistor with a character-
istic which closely matches the third-order characteristic of the nonlinear

amplifier. Where access to a GaAs or Silicon foundry is possible, the

characteristics of the predistorter device may be designed to accurately
match the required characteristic and this method provides the best
performance. Some typical predistorter devices include dual-gate GaAs
FETs operating close to pinch-off [8] and Schottky diodes [9]. Further
details on a range of circuit configurations for this element are provided
below.

It is also possible to use nonlinear elements employing an expansive
characteristic, as shown in Figure 6.9. Amplitude and phase adjustment is
provided in the two parallel paths in a similar manner to that shown in

@& » T

Phase Delay
shifter line

Input El—) Output

3
() >
Cubic non-
linearity

Variable
attenuator

Figure 6.8 Alternative form of RF/IF predistorter.
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B

Phase
shifter

’D Output
— >

Variable Non-linear amplifier ~ Variable
attenuator  with an expansive attenuator
characteristics

6.9 Predistorter employing an expansive amplifier.

.8. An IF predistorter of this form, operating at 70 MHz, is reported
for use with an 11 GHz TWT amplifier.

- Single-Diode Predistorters
Series-Diode Predistorter

simplest form of predistort nonlinear element is a series diode, with
y examples appearing in the literature (e.g., [11]-[13]). The format of
pe of predistorter is illustrated in Figure 6.10, with application being
ible at both IF and RF.
The predistorter uses a Schottky diode with a separate parallel
- (Cp) in order to achieve a positive amplitude and a negative
.de\ﬂanon at a low-bias condition (set by the bias resistor, Ry,.).
nent of the bias resistor and the value of the parallel capacitor allow

vements nor large cﬂicmncv gains, but is nevertheless very 51mplr:
st-effective. Adjacent channel power ratio (ACPR) improvements in
ion of 4 dB for 1S-95 CDMA have been reported at 1.9 GHz (in [11]).

Varactor Diode Predistorter

e of predistorter is strictly a combination of two techniques: a
it diode for AM—PM linearisation and second harmonic control (see
.2.11) for AM—AM linearisation. This combination has the advan-
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Ce
Ross
RF input &—]} ——— RF output
Cin Diode Cour
RFC

Figure 610 Series-diode predistorter.

-

tage, over the series diode technique outlined above, of a lower insertion loss
(around 2 dB relative to perhaps 6 dB for the series-diode alternative).

The application of this technique to 2 GaAs FET single-stage amplifier
is shown in Figure 6.11 [14]. The varactor diode functions as a compensation
for the nonlinear capacitance at the input to the GaAs FET and hence serves
to greatly reduce the AM-PM conversion in the resulting amplifier. The
AM-AM characteristic is linearised using source second harmonic control
[15] and hence the combination of the two techniques compensates for both
the AM—AM and AM-PM conversion of the amplifier. The reported
improvement in the first adjacent channel performance for a /4-DQPSK
signal (Japanese PHS specification) was around 15 dB.

6.2.9 FET-Based Predistorters

A number of variants on the basic use of a FET source-drain channel as 2
predistorter element are shown in Figure 6.12(a—c) [16,17], which illustrates
the form of this type of nonlinearity; however, a wide variety of possible
configurations exist. ’
Figure 6.12(a) shows a basic transmissive-mode nonlinearity, whlc;h{
could be employed as the nonlinear element in the predistorter shown .m_:l
Figure 6.3. The bias voltage adjusts the degree (severity) of nonlinearity
created and the variable capacitance acts to approximately adjust the phasc-qfl_

) |EE 1999),

*
Lt

Figure 6.1 Varactor diode predistorter applied to a single-stage FET amplifier (from [14] ¢
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Figure 6.12 FET-based RF predistorter nonlinearity; (a) transmissive made source-drain nonlinearity; (b) reflective mode source-drain
nonlinearity emplaying a circulator; (c) reflective mode source-drain nonlinearity employing a hybrid.
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the resulting IM products. The balun is used to extract the required signal

across the source and drain terminals of the FET, although other methodg.

could be employed to fulfil this function (e.g., a differential amplifier).

Figure 6.12(b) now employs the FET in a reflective mode, in this cage
on one terminal of a circulator. A signal entering the circulator is passed g
the port connected to the FET nonlinearity and the resulting (distorted
reflected signal then passes to the output of the circulator. In this way the
input and output match of the nonlinearity may be maintained at 4
reasonable level over a relatively broad bandwidth (governed, ideally, by
the circulator). The variable bias voltage has a similar affect to that described
above and the variable impedance can provide a degree of both amplitude
and phase control of the signals emanating from the nonlinearity.

Finally, Figure 6.12(c) also employs the FET in a reflective mode, in
this case in conjunction with a hybrid splitter or combiner. Operation is
similar to that of the circulator-based approach described above, with the
principal difference being that the resistance, R2 may be used to define an
amount of undistorted input signal energy appearing in the outpur (by
making R2 other than a matched load). The phase of this signal may also be
varied by making this impedance other than purely resistive. If the hybrid

used is a 1807 type, then this system can be configured as a complete

predistorter, rather than just a nonlinear element (in much the same way as
the anti-parallel diode predistorter illustrated in Figure 6.13(c)).

RF PA

RF input RF output

(a)

Figure 6.13 RF predistorter employing anti-paralle! diades (bias networks not shown);
(a) conventional anti-parallel configuration, (b) bridge configuration,
(c) hybrid-based configuration.

Predistortion Techniguos

RF PA
RF input Ry R RF output

(b)
» T
R C
° 4 RF PA
RF
—(— -
180°
D, D,
()
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6.2.10 Anti-Parallel Diode-Based Predistorter

Arguably the simplest practical form of third-order diode-based predistorte,
is shown in Figure 6.13 in three different variants [18]-[23]. In Figure 6.13(a)
and (b), the predistorter is formed around a T-attenuator (implemented by
resistors Ry—R3) which serves to sample the main RF signal path and also tq
re-inject the distortion component back in to that path. The nonlineati

itself is implemented by two anti-parallel diodes (Figure 6.13(a)) or by 5
diode bridge (Figure 6.13(b)); both configurations share the property that if

RF
output

the diodes are perfectly matched then (ideally) only third-order distortion ig §
generated and re-injected into the main path. i

If the diodes are not perfectly matched (as will be the case with 2l
practical diodes) then second-order distortion will also be generated and this
can interact with the nonlinearity of the amplifier and generate unwanted » -|— 4
additional IMD products [24]. LA,

The use of an artenuator as the sampling and injection mechanism isa E:S
simple method of performing both functions whilst maintaining an accep- -E .g
table 3082 match for both the input and output signals. It will, however, have 8 3
an affect on noise-figure performance of the overall amplifier and it may be gf 5
preferable to employ directional couplers instead in some applications (with. 52 ok
additional amplification in the nonlinearity path as necessary). =2 P—

High-speed Schottky diodes are required for Dy -Dy, with an operating
frequency range commensurate with the required RF operating frequency.

Z
8

Delay

Additional temperature (or other) compensation may be required 0
maintain performance over a range of operating conditions.

In Figure 6.13(c), a 180° hybrid splitter or combiner is used, and this
arrangement has a number of advantages over the previous two variants.
The linear impedance (resistance) in the zero degree path of the hybrid serves
to cancel the residual linear component at the output of the diode branch; the.

capacitor appearing in parallel with this impedance compensates for t.h.B:“*_’
diode’s reactance. The hybrid also presents a good impedance match for
both the input and output signals. N
A variation on the hybrid-based predistorter is shown in Figure 6.14,1'_-1:-
this case employing a circulator to provide the isolation funcrion originally
provided by the hybrid. Its operation may be described as follows [25]-
The current flowing into the pair of anti-parallel diodes is given by*

(6:5)

RF
input

i(r) = Iylexp(ae(7)) — exp(—aye(1))]

Figure 6.14 Circulator-based anti-parallel diode predistorter (from [25] «) IEEE 1989),
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This can be expanded by a Taylor series to become: The variable phase-shift function itself is then only necessary for
up of the system or for compensation of changes due to loading,

3 . e e -
i(f) = 21, [d_dy( )+ %d ys( £ fonns ] ( 6.6) temperature changes of the power amplifier being linearised.

Improved Anti-Parallel Diode Configuration

Truncating this after the cubic term, the admittance of the pair of diodes
now becomes:

ved anti-parallel diode configuration has been proposed, in which
nd-order distortion caused by mismatches in the two (or four) diode
istics are substantially eliminated [26]. The configurations of both
ied anti-parallel circuit and the modified bridge circuit are shown in
15. The reported values for R and R, are 686§ and 60€),
ively, for diode nonideality factors, My and 1z of 1 and 1.2
vely. The values for R and R, may be found from (6.11) and (6.12);

Yn‘ (f) = % = 2![; [ﬁd 2 %Vz(f}] (67)

The matching network is designed to transform the linear term of the
admittance (2Ipa,) into the admittance of the circulator, Y. Equation (6.7)

may then be written as: 13, 1/3
R 4 i :‘g”z,rs. fri; ~Bs (6.11)

where £ is a constant,

Thus, theoretically, the only signals which are reflected by the lower
port of the circulator (and hence transferred to the output) are those based
on the second term of (6.8). The reflection coefficient is therefore:

2 [.gffs(gﬂﬁ.s' +1) _gfés (g1 Rs + 1)]

' = Koy’ (¢) (6.9)

where K is a constant.
The output from the circulator is then:

I/.nm‘ ('{) e Fl’jn(f) e Kﬁjﬂ?,,(f) (610)

This indicates that (ideally) only the third-order distortion components
will appear at the output and that the input signal component, #,,() will b¢
suppressed. In the practical system reported in [25], more than 15 dB of
suppression of the input signal components was achieved. 1

Temperature compensation for the phase response of the linearisef 5
required, since the transmission phase-shift of a circulator decreases with
increasing temperature. This would introduce a temperarure—depenﬁ(fﬂ_‘?
phase error between the linear and distorted paths and hence must be»
corrected. The use of a second circulator, configured as a variable phase
shifter, can fulfil this role (see Figure 6.14), If the two circulators are ident!
and subject to the same temperature variations, then the two through-p?™
phase responses will track and their effect will be cancelled at the lineariset

(a) (b)

Improved anti-paralle! diode configuration (a) and bridge configuration (b) for
~ use in predistorters (bias circuitry not shown). From [26] © IEEE 1998,
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chosen for the diode series resistors, which must be greater than, or equal tq
3

_ ote that if R, is chosen to be exactly equal to Ry, (from (6.11)),
R jmin (from (6.11)). The gy, values are found from:

+ oo and hence may be omitted.
wodification of Figure 6.15(b) is shown in Figure 6.16, in which R is

=1y d by two series diodes. The diode bias currents may be set by varying
1 e sources V, and V.
813 = gfﬁﬂ? (6.13) i :

Where Ig is the diode bias current and e 4 i 1
Predistortion Using Harmonics

q

oy = m ative method of generating the required third-order nonlinearity is
1

 Figure 6.17, in the form of a2 complete predistorted amplifier. The
nique relies on the fact that most practical RF amplifiers, even low-
stages, generate a significant amount of second-harmonic distortion.
cond-harmonic component may easily be extracted using a bandpass
and eliminated from the main-path using a low-pass filter), before
appropriate gain and phase weighting and amplification prior to
into the main path.

e second-order nonlinearity present in the main power amplifier will
t on the main and (weighted) second-order components, yielding a
er component. If the gain and phase weightings are appropriately
this third-order component can be arranged to be in anti-phase to
ally generated by the PA nonlinearity, hence providing overall
linearisation of the PA.

simple practical results from this technique are presented in [28]
cate that an IMD improvement of some 20 dB can be achieved. It
- be noted, however, that these results were obtained over a narrow
th and using low-power MMIC amplifiers. Results with a high-
over a broad bandwidth can be expected to be somewhat less. A
problem is the third- and higher-order IMD generated by the first
er. This amplifier must be driven sufficiently hard to yield a reason-
f second-order distortion, but not too hard to generate significant
rder distortion of its own. This preamplifier distortion will not be
by the system.

¥, the preamplifier requires a frequency response (from the active
up to and including the second-harmonic of the desired input
order for a reasonable signal to be generated. In particular,
frequency response roll-off in this region would lead to poor
d phase flatness (with frequency) of the cubic signal and hence poor
and cancellation.

ternative version of the same concept is detailed in [15]. In this
L controlled level of the second harmonic distortion produced by, and

(6.14)

with T being the junction temperature, ¢ the electronic charge, £, Boltzman’s
constant and 1 the diode nonideality factor [27].

The primary disadvantage of the technique is a small reduction in third-
order IM output from the predistorter, which is dependent upon the value
chosen for R (larger values lead to a greater reduction in wanted third-order
output). For the values stated above, a reduction of 1.5 dB will result.

Input R, R, Output

Ry

i

Figure 6.16 Modified bridge configuration employed in an attenuator-based third-order '

predistorter {from [26] © |EEE 1998).
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Figure 6.17 Second-harmonic based predistortion systam.
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red from, the input to the active device is rereflected at the correct
to act as a predistorting signal when added to the wanted input signals.
echnique is potentially simpler than that shown in Figure 6.17, but may
fficult to realise with some amplifier configurations due to the
romises required in the input matching network design.

IF Predistortion

are many system configurations which allow the use of predistortion
ntermediate frequency (IF). These have the advantage thart a particular
er design may be employed in a family of similar amplifiers at
operating frequencies. The construction of a predistorter at [F may
significantly simpler than an equivalent device at the final RF
ency, particularly where that frequency falls in the microwave region.
ee possible system configurations are shown in Figure 6.18. In
e 6.18(a), the input is at the intermediate frequency and hence this
ruration must be used as part of an overall transmitter design. In Figure
) the input is at the final RF output frequency and hence this
tion forms a complete linearised amplifier. In Figure 6.18(c), an
ive RF amplifier configuration is used, with the advantage that no
devices appear in the main signal path. This configuration may
e prove advantageous where a wide dynamic range is required.

Curve-Fitting Predistorters

pes of predistorter described above rely on the use of a device with
defined nonlinearity (e.g., cubic) or a carefully selected characteristic
lly the opposite to that of the RF amplifier). A more flexible form of
storter can be formed by the use of a piecewise curve-fit to the amplifier
characteristic [29]. The predistorter characteristic is thus made up of
aber of linear elements which approximate the inverse of the amplifier
- characteristic; the approximation can be made arbitrarily close by the
of a sufficient number of elements.

Lhis is therefore a very general form of predistorter, as it can linearise
orm of nonlinear characteristic and is not restricted in the number of
of distortion which it can remove. The main disadvantage of the
e is in its relative complexity, particularly in terms of the initial
iment procedure. The variables which must be adjusted (or correctly
re the various slopes of the lincar segments and the breakpoints
ent them. Even for the simple four-segment predistorter characteristic
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Figure 6.18 Alternative configurations for the use of an IF predistorter. Note that the
amplifiers in each case are assumed to have a suitably narrow-band,
bandpass characteristic.
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Figure 6.19 Example characteristic for a curve-fit predistarter.

shown in Figure 6.19, there are seven variables to correctly adjust (four
segment gradients and three breakpoints).

Implementation of curve-fit predistorters may be based either on
attenuator or amplifier configurations, with the former being most appro-
priate at lower RT or IF frequencies (due to the limited bandwidth of most
differential amplifiers). An attenuator-based implementation is shown in
Figure 6.20 for four segments [30]. The principle of operation involves
using the diodes as switches with the various bias voltages setting the input
level at which the corresponding diode switches. The bias voltages thus set the
breakpoints and the resistor values determine the gradient of the correspond-
ing segment,

The equivalent amplifier-based curve-fir predistorter is shown i
Figure 6.21, with the principle of operation being similar to that of the
attenuator version; the difference being that gain is introduced at each
breakpoint rather than loss [31].

It is evident from these configurations that, as they stand, they are only
applicable to unipolar signals, that is, the signal envelope. Operation with
bipolar signals (i.e., the instantaneous RF signal) is possible by the
introduction of additional diodes and biasing supplies.

Digital IF Predistortion

cthod of predistortion has seen relatively little activity to date due to
plexity and speed of the processing required to achieve a reasonable
dth. Predistortion is performed on a digitised version of the 1F
real time. The process may be made adaptive and is, in many
S, similar to the adaptive baseband predistortion methods described
this chapter.

orn and Egger [32] report an improvement in third-order IMD
ance of 25 dB over a 45 MHz bandwidth, with both the bandwidth
improvement being limited largely by the speed and resolution of
D and D/A converters. The efficiency of this method will also be
by the large power consumption of such fast devices, unless the
er to be linearised is of a very high power level.

mprovements in device technology will, however, increase the
iveness of this predistortion method with time.
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Figure 621 Amplifier-based curve-fit predistorter,

6215 Complex Predistortion Techniques

Complex predistortion techniques attempt to compensate for both the AM/
AM and AM/PM characteristics of an amplifier by operating on orthogonal
versions of the input signal (either 1/Q or amplitude and phase).

A block diagram of a Cartesian (quadrature) predistorter is shown in

Figure 6.22 for operation cither at IF or at RF. The input signal is split int0
quadrature paths using, for example, a quadrature hybrid coupler. Each path

is then provided with a different amplitude nonlinearity to compensate fof
the characteristics in the Cartesian nonlinear model (see Chapter 2). The
combined signals from both paths then form the input signal to the RE

power amplifier.

The main disadvantage of this technique is in its difficulty of initial
adjustment. This arises due to the AM/AM and AM/PM characteristics of

the amplifier not being independent of each other; adaptive control caft

therefore be advantageous. The use of this rechnique has been reported i
the literature, with a 7 dB reduction in the third-order IMD level over &

500 MHz bandwidth at 12 GHz having been achieved [33].
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Scalar Variable
predistorter attenuator
0’ RF output
In
90’
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Scalar Variable
predistorter attenuator

22 Cartesian predistorter.

is possible to make this type of scheme adaptive and a version is
ed in the literature [34,35]. In this case, the two nonlinear predis-
functions are formed using operational amplifiers and linear four-
t multipliers and are adapted by a microcontroller, based on the
- of out-of-band energy detected at the amplifier output. Using this
e, an improvement in the third-order IMD performance of 15 dB
& ained.

‘The basic form of a polar (amplitude and phase) predistorter is shown
re 6.23. It operates on the amplitude of the signal in the same manner
basic predistorters described earlier in this chapter, but provides
tion of the AM/PM characteristic via the phase predistorter. This
at provides a degree of phase modulation of the predistorted input
portional to the envelope amplitude of that signal,

advantage of this method is that manual adjustment is relatively

I distortion characteristics. Results from this technique have been
d in the literature by Egger ¢/ ¢/., with an improvement in the third-

6 Adaptive Control of Predistortion

aracteristics shown in Figure 6.5 indicate that the performance of a
Hon system depends upon the gain- and phase-matching accuracy
Wo paths in the predistorter (particularly the gain matching). In order
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eve and maintain optimum performance of the predistorter it is
ore necessary to ensure that this matching can be maintained over the
of the amplifier and over its operational temperature range and
range.

many cases, the degree of improvement in IMD performance sought
istortion is relatively modest, perhaps being in the order of 10B,
an initial setting up procedure is all that the product will require.
where more stringent specifications are placed upon the predistor-
em, some form of adaptive control of the gain and phase matching
required (in a similar manner to that described for feedforward
in Chapter 3). In most cases, this control is only required to deal
nperature changes and component ageing and hence the adaption

only be slow.

e adaption systems of this type have been described in the
[6,36—38] and the basic approaches will be described below.

-—
3

£
=
o

Predictive Temperature Compensation

n applications, notably fixed links and other non-mobile systems, it
le to use a measured or predicted (or both) set of temperature
stics to compensate for the change in performance of a predistorter
emperature and even aging. The format of such a system is shown in
6.24 [38].

Fhe system operates by measuring the temperature of the power
(usually on the heatsink, close to rhe final stage device(s)), and
a predefined look-up table to relate the measured temperature to
for the gain and phase controllers within the predistorter. This look-
le need not be ‘intelligent’, that is, it may simply be implemented by
an EPROM or similar memory device, thus resulting in a relatively
lexity system. The addition of an elapsed-time clock would also
ing effects to be taken into account, although it is questionable if this
sary, 4s a better approach would be to use devices with a known,
aging characteristic. A degree of ‘burn-in’ is also usually necessary
using this approach, since significant changes in the amplifier’s
stic can occur in the first few hours of operation.

‘The coefficients for the look-up table arc usually determined experi-
ly, with optimum performance being obtained (in the case of a large
on run) by automatic measurement and optimisation over a number
ples of the final amplifier. It is, of course, possible to characterise each
ier individually and to use appropriate (individual) look-up tables for

Phase predistorter

Figure 6.23 Polar predistorter,

Amplitude
predistorter
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Feedback Control Based on Adjacent Channel Measurement

ed-loop alternative to the above temperature-based compensation
e is shown in Figure 6.25 (based on [38]). This system utilises a
grement of the adjacent channel energy, for both upper and lower
ent channels, present in the output spectrum. This measurement is
using narrowband IF filters, which pass some or all of the adjacent
energy (after downconversion to the IF at which the predistorter
)- This adjacent channel power is then summed and detected, with
sultant DC voltage providing an indication of the amount of signal
which has spread into the adjacent channels, due to amplifier
earity. An algorithm in the DSP (or micro-controller) then acts to
e this energy by alternately incrementing the amplitude and phase

Temperature
sensor
converter

A/D

RF power
amplifier

:; RF output
°C
Y
A/D
LUT <—|

Delay
line

and assessing if an improvement has been obrained.

‘I‘Ius form of controller has a number of obvious disadvantages,
arly in ‘generic’ applications (i.e., applications where the signal
 and characteristics are not known and can change). In this
the IF filters would be required to adapt with the channel band-
, and this may be particularly problematic with multicarrier input
5. The subtraction of the input signal from the output spectrum,
1 in order to reduce the roll-off needed from the IF filters, may also
uire control, to ensure adequate performance over the lifetime (and
rature range) of the product. This process would introduce further
icant) complexity.

Finally, a purely RF-based implementation of this approach (i.e., an RF
and output system, with no IF stages) would be difficult to realise at
than low RF frequencies, due to the difficulty of fabricating suitably
band adjacent channel filters.

D/A
converter
EPROM
look-up table

Variable
attenuator
D/A
F S

Cubic non-
linearity
) 3

D/A
converter

Phase
shifter
t
D/A
Py

Correlation Based Feedback Control

et alternative control mechanism is shown in Figure 6.26, in which

D

RF input

3| litude control is provided by a direct correlation of the output
IMD (after subtraction of the ‘wanted’ signals), with the third-
IMD provided by the cubic nonlinearity. The result of the correlation
8 feeds an integrator which controls the amplitude setting of the
orter, This determines the relative level of the third-order compo-
S in the input signal to the nonlinear amplifier. The control scheme
¥ acts to minimise the level of third-order IMD in the output

Figure 6.24 Predictive type of temperature compensation for a predistortion lineariser.

control scheme as shown does not permit control of the phase of
d-order component. In many systems this can be set up at
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Figure 6.26 Correlation-based control of an RF predistartion lineariser.
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manufacture, so long as the amplitude setting is controlled accurately, since
relatively large errors in the phase setting can be tolerated whilst maintaining
the relatively modest levels of correction expected of most third-order only
predistorters. There is little point in suppressing the third-order products ¢
much beyond the intrinsic level of the fifth- and higher-order products.

6.2.16.4 Feedback Control Employing Baseband Signals

The use of direct conversion to baseband, utilising either a local oscillator of
envelope detection, may alsoe be used to provide predistorter control. The

(downconversion)
Low-pass

Detector
Subtracter
filter

Detector

basic schematic for either of these variants is shown in Figure 6.27.
The main disadvantages of the use of a local escillator (LO) in the

Y
Y
%

;

control system are first, that one must be available, which may well not be
the case for a multicarrier input signal, for example, and, secondly, that the
system is no longer ‘stand-alone’ or truly generic in nature.

A block diagram of a control scheme without L.O-based downconver-
sion, is shown in Figure 6.28 and its operation is as follows [39]. The input

Low-pass
filter

Frequency
multiplier

Figure 6.28 Predistorter control employing direct detection.

(downconversion)

Detector

8

signal is sampled and downconverted as a reference for the control process, .‘g
before being fed to the predistort subsystem. The degree of nonlinearity =
present in the predistort element is externally-controllable and this provides 5 E
+ s e . . - . =
the required variation in order to compensate for the varying characteristics 33 =
of the power amplifier with, for example, temperature, output power, and SE —
frequency. G 8
The predistorted signal is then fed to the power amplifier where it is g =2
distorted in a roughly complementary manner to that of the predistortion. > 5 2 [
E 28 | <
3£
RF Power .
I | | Predistorter amplifier | ||
@ b
input - D output TG
h 4 h 4 A
Down- Down- b
conversion conversion

RF input

Control Circuitry

Figure 6.27 Predistorter control employing downcenversion.
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Finally, the output of the power amplifier is sampled prior to the signal being
fed to the output. This output sample provides a measure of the distortion
present in the output signal and this is used in conjunction with the input
reference signal to determine the achieved linearity improvement. An error
signal is generated, based on this improvement, and is minimised by the
control system in order to optimise the linearisation process. This mini-
misation occurs dynamically in real-time and does not require any external
input to indicate, for example, operating frequency, or power level.

Figure 6.28 also shows an outline of the functionality of the down-
conversion processing and control circuitry. The input and output signals
are detected to extract the baseband envelope information together with a
measure of the distortion present in the output spectrum. The dynamic range
of the detected output signal is reduced by subtracting a copv of the
downconverted reference (input) signal and this is fed to the output
detector. The reference signal is frequency multiplied to generate a higher-
order signal and this is fed to the other input of the detector.

The signal resulting from the detection process feeds an integrator and
this in turn controls the degree of nonlinearity provided by the predistorter.
This feedback process therefore attempts to minimise the third-order
component in the output signal by controlling the third-order predistortion
element.

Although a practical implementation of this scheme is a little more
complex than that shown in Figure 6.28, this figure does convey the basic
mechanism of operation. In addition, dual-variable control versions have
been used to provide improved performance over a very wide temperature
range.

6.2.17 Efficiency of Predistortion Techniques

Predicting the overall efficiency of a predistortion linearised RF power
amplifier system is not a straightforward process. The system efficiency
depends upon a number of factors:

1. The class of power amplifier to be linearised.

2. The power consumption of the predistorter.

3. The degree of output back-off necessary to meet the rt:qm'f"“i

specification (with predistortion).
4. The envelope characteristics of the signal to be amplified.

The efficiency of a nominally linear amplifier (class-A, -AB or -B) will

: . o I
decrease as the output power is reduced. The average efficiency of 8
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stortion linearised linear amplifier, when amplifying an envelope
g signal, will therefore be significantly lower than its peak CW
fciency and almost certainly lower than its uncompensated efficiency
without predistortion), since the predistorter itself will consume
power. The degree of efficiency reduction will, however, depend
imarily upon the envelope characteristics of the input signal. This apparent
 in efficiency must be traded against the requirement to meet a given
rity specification and the alternative methods of achieving that specifi-
n (e.g., back-off ). The overall efficiency of the linearised system for a
ACP or SVE reguirément, will therefore be higher (in most cases
ificantly so) than the unlinearised (backed-off ) alternative (see Table 6.1
example).

In some systems, it may still be necessary to back-off the output power

the RF amplifier in order to meet the required linearity specification
e the use of predistortion). In such cases, the degree of back-off
ed will also reduce the overall efficiency of the system.
In all cases, the efficiency of the predistorted sysiem should be higher (usually
antly so) than the efficiency of a backed-off amplifier producing the same level of
modulation distortion (or signal vector ervor, if this is more important in a given
ition). Predistortion is therefore a useful efficiency enhancement
nique where linearity is an issue in a system specification.

Example Performance of a Simple Predistorter

der to illustrate some typical performance metrics for a simple (dioide-
) RF predistorter, this section presents some results for spectral
rovement, efficiency gain, signal vector efror improvement and mean
I output improvement. In each case, the predistorter used is the same
10t just the type of predistorter, the same physical circuit was used),

Table 6.1
red performance results from a simple broadband RF predistortion system for 16-0AM
modulation (with a relaxed ACP requirement)

Unlinearised Linearised Improvement
vector error 8.2% 4.4% 46%
cy 22% 29% 32%
mum mean output power 4.4W 8.8wW 100%
St still meeting system mask
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Figure 6.29 Results from a simple broadband RF predistortion system for a range of
modulation formats and bandwidths, with 30W and 120W power amplifiers:
(a) two-tone test (30W PA); (b) DAMPS 1S-136 (120W PA); (c) IS-35 COMA
(120W PA); (d) Wideband CDMA (30W PA). © Wireless Systems International
Ltd.
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line the generic nature of the predistorter.
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Figure 6.30 Results from & simple broadband RF predistortion system for 16-0AM

(© Wireless Systems International Ltd.

although a variety of power amplifier types and modulation formats are

Some spectral results from the simple predistorter are provided ip
Figure 6.29 for a range of common modulation formats (including wideband
CDMA). These results show the generic nature of the linearisation provided,
both in terms of modulation formar and RF occupied bandwidth, with
channel bandwidths ranging from 25 kHz to 5 MHz being linearised using
the same predistorter. Results from two different power amplifiers are
illustrated (in this case high-power base station designs), to further under-

| Adjacent channel performance is not the only system requirement
which is degraded by PA nonlinearity. Signal vector error (SVE) is also

modulation showing: (a) unlinearised constellation; (b) linearised constellation-
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ed, although ACP is usually the more difficult requirement. Figure
) illustrates the effect of severe nonlinearity on a 16-QAM constella-
with the outer points being constrained and the constellation being
d due to the AM-PM conversion within the amplifier. The amplifier
s pperating in class-AB, but driven well into compression; the equivalent
—tone performance was around 15 dBe. Figure 6.30(b) illustrates the
rovement afforded by the predistortion-based lineariser, with both of the
effects being corrected. The reduction in EVM in this case is close to
as indicated in Table 6.1. This result is based around a satellite
ion, where ACP performance is relatively unimportant and SVE
es the dominant requirement on linearity.

‘The use of a predistorter provides both an improvement in efficiency
o in output power capability, whilst still meeting a given ACP and
specification. In the case illustrated here, the efficiency improves by
und one-third and the power output capability doubles. This clearly has a
cant impact upon the cost and size of the product (whether base station
andset). Note that with a more stringent ACP requirement, efficiency
rovements close to 50% have been observed.

Advantages and Disadvantages of RF/IF Predistortion

incipal advantages of RF/IF predistortion can be summarised as

Simplicity of implementation. Predistortion systems are generally
perceived to require few components and hence can be relatively
low-cost.

2. Unconditionally stable. The basic predistortion technique is open
loop and hence does not have the stability problems of feedback
systems (e.g., RF feedback and Cartesian loop). Even where
adaptive systems are used to adjust gain andjor phase values
within the predistorter, their update rate is usually relatively slow
(compared with the linearisation bandwidth) and hence stability is
easy to achieve.

Ease of use at high frequencies. The relative simplicity of the
predistortion technique and the absence of critical time-delay
elements (in some implementations) means that it can be applied
to microwave circuits without undue difficulty, Diode-based
predistorters, in particular, can be used well into the microwave
region.
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4. Wide linearisation bandwidth. The instantancous bandwidth of 4
predistortion lineariser is often very wide indeed and in this respect
it is akin to a feedforward system.

The main disadvantages are:

1. Relatively modest linearity improvement. Simple predistortion
techniques do not, in general, provide the same potential linearity
improvements as, say, feedforward or Cartesian loop, although
newer techniques, such as APL™
traditional alternatives in the area of linearity improvement.

are capable of rivalling the more

2. Difficulty in dealing with many orders of distortion. Most simple
predistortion systems can only reduce one or two orders of
distortion (usually third- or third- and ffth-order) and indeed
may increase the level of other, higher-order, products. Again,
newer techniques are challenging this position and are demonstrar-
ing multi-order precorrection.

3. Poor performance with loading. In the case of relatively nonlinear
amplifiers in particular, a predistorter configured for optimum
performance at, say, full PEP will have reduced cancellation
elsewhere in the input power range. Indeed, distortion enhance-
ment, relative to that which might be anticipated from the amplifier
1P3 specification, may be encountered at some points in the transfer
characteristic. The system may, however, still meet the required
emission mask, depending upon whether the mask is defined as a
relative level or an absolute power. This disadvantage is generally
eliminated by a well designed control technique.

Simple RF and IF predistortion techniques can therefore sometimes be
seen as a useful ‘helping hand’ to aid other techniques (such as feedforward
or Cartesian loop) in achieving a higher degree of absolute performance.

6.220 RF Predistorter Applications

Single-order polynomial predistortion is, in general, only suitable for use ia
systems with a predominantly single-order nonlinearity (usually third-
order), For systems with more than one order of nonlinearity, a multiple-
order polynomial predistorter would be required [40]. Polynomial predis-
tortion, as demonstrated here, has application in satellite systems where the
linearity improvement required is small, typically 5 dB to 15 dB [41]. The
results show that this system can easily meet that type of specification.
The predistorter may also be of use in feedforward systems, to provide
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linearity improvement for the main and/or error amplifiers, either
ing in an overall improvement in linearity, or a reduction in complexity
feedforward amplifier, by allowing the use of only a single feedfor-
process where two might otherwise be required to meet a given

cation.

Baseband Predistortion

fer sections in this chapter have dealt with the concept of providing
rtion at RF and/or IF, with the consequent compromises in
pting to model a complex nonlinear transfer characteristic with other
wear RE/IF elements. It is possible to provide these nonlinear model-
ts at baseband, where in many cases, they are simpler to realise. A
block diagram illustrating the concept is shown in Figure 6.31.
t is much simpler, for example, to create the amplifier-based curve-fir
er of Figure 6.21, using a conventional audio operational amplifier.
ex version could also be constructed from two such units forming
T and Q nonlinearities in Figure 6.22, although the broadband audio
ift required to create the quadrature paths may prove difficult,
ut the use of a Hilbert transform filter in a digital signal processor

“If it is necessary to employ a DSP for the Hilbert transform, then iris a

e extension of the idea to employ the DSP in performing the
orting function itself. This is an attractive concept since most
0 radio transceivers employ some form of DSP in their baseband

Upconverter
Output
B(V) @»
VO
Predistorter RF Amplifier
Local
oscillator

6.31 Schematic of a complete transmitter, employing simple baseband
predistortion.
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Having placed the predistortion process at baseband, and in a flexib}y
processing device such as a DSP, it is then a further basic step to provide
some form of dynamic adaption to the predistortion characteristic storeq
within the DSP. This then forms the full adaptive baseband predistortion
system described below. The popularity of this form of predistortion js
increasing as DSP processing power becomes progressively cheaper, smaller
and, more importantly, more power efficient.

6.4 Adaptive (Baseband) Predistortion

6.4.1 Introduction

Adaptive predistortion has long been a promising rechnique for the narrow-
band linearisation of RF amplifiers. Like the Cartesian loop technique, itisa
complete transmitter linearisation technique, as the input signal information
is at baseband and the predistortion system incorporates the upconversion
process. Another similarity to Cartesian loop lies in the common use of
quadrature signals for both up- and downconversion, and for the actual
predistortion process itself. There are thus two sets of coefficients, for the
two quadrature channels, and both sets may be updated simultaneously to
take account of gain and phase nonlinearities within the RF amplifier chain.

The use of digital signal processing to realise the predistorter element
has been suggested by a number of the proposers of predistortion [42—44]
and represents a useful solution to many of the updating and accuracy
problems. A DSP device is capable of performing the rapid, comples
multiplications and rable look-up operations required if a predistortion
system is to be employed successfully for significant IMD reduction. Tt is
not, however, essential as adaptive analogue predistorters have also been
constructed [34] and could be modified to operate directly at baseband
frequencies.

A basic form of quadrature baseband predistorter is shown in Figure
6.32. The digital signal processor contains the signal separation (into in-
phase and quadrature paths) and the complex weighting functions. These
may be constructed in many ways, depending upon the amplifier model

chosen (e.g. AM—AM, AM-PM, memory-less, or combinations of these)s

but are typically formed from look-up tables of complex weighting
coefficients at various amplitude levels (for each of the quadrature chaf
nels). The look-up tables are accessed by an algorithm which receives as 3‘-'5
input the fed-back downconverted RF output from the power amplifier. ThG
coefficients in the look-up tables may then be up-dated in the light of the
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Figure 5.32 Hardware schematic of a complete transmitter, employing adaptive baseband predistortion using Cartesian components.
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—

difference between this downconverted signal and the input signal. Thijg
| adaption algorithm has been the basis of much research and is an obvious arey
‘I where improvements in both speed and accuracy enhance the practicality of
I‘! the adaptive predistortion technique.

Note that although an RF phase-shift is included in the local oscillator
path in Figure 6.32, this function is often included in the form of a phase
rotator at baseband (i.e., within the digital signal processing function) in

From downconverter
Q

D/A converters

To upconverter
D/A converters

|
e

many implementations. It performs a similar function to its counterpart jp
' the Cartesian loop, namely that of compensating for the phase-shift between
up-and downconversion caused by the finite time delay within the RF power
amplifier.

elimination
DC null and

Unwanted
pc

correction

========-p Control path

——» Signal path

I 6.4.2 Power-Efficiency

- === =3 |/Q error

One of the major drawbacks of digital adaptive predistortion as a linearisa-
| tion technique is that of the power consumption of the A/D, D/A, DSP and
memory devices required in its implementation. Nagata [42] reports that
20Mbits of memory were required in his design, along with 13000 gates in
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1/Q error
correction
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Error
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dedicated DSP hardware and up to 2W in the ADCs and DACs. The total
power consumption was therefore up to 4W which is significantly more than

and
4 -~~~ adaption

|‘ ‘: the power output of the RF amplifier in most handportable equipment.
It is therefore evident that the power-efficiency of an adaptive

” | predistortion system will be poor until device rechnology is sufficiently S

|' advanced that the power consumption of the lineariser becomes a small

fraction of that of the RF power amplifier. This situation is changing rapidly pEns=a

multiplication
N
X
Look-up
table

Compiae

and a careful watch needs to be maintained to ensure that an optimum design
methodology is chosen at any given point in time.

A recent advance in this area has been described by Sundstrom et @l
[45], in which a dedicated predistorter ASIC is outlined. The performance Gf

=== > Real [ Imag [ -~ -~ ¥

s

‘ this device was shown to be very good over a broad range of channel

| bandwidths (up to 300 kHz) and the use of an ASIC helped to reduce thﬂ

i lineariser power consumption to sensible levels (roughly one-tenth of thlt of

‘ an equivalent clock-rate DSP device, whilst providing around seven tmes
the channel bandwidth).

Rl Qi)

Table index
derivation

- l'l.l_}]'

6.4.3 Generic Signal Processing

| I‘ The signal processing architecture within the DSP block shown in F igute
’ 6.32 may be summarised as shown in Figure 6.33. A baseband voice of dat2.
|

vaice)

Input signal
(data or digitised
Voice or
data coder

input signal is converted to a suitable sampled 1/Q format of the de i =
modulation scheme by the voice or data coder. The 1/Q signals then underg®

Figure 6.33 Signal processing architecture for an adaptive baseband predistortion system,
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a complex multiplication with the relevant coefficients from the look-up
table (or interpolated values derived from it) before DC elimination (jf
required) and adaptive error correction (based on the difference between the

, each of which is two-dimensional (i.e., a function of two variables:

Oin):

baseband I/Q and downconverted 1/Q signals). Lovr = Fillin, Om) (6.15)
The look-up table is improved by knowledge of its performance deriveqd
from comparing the original 1/Q sampled signals with the 1/Q downcon. Oouvr = Follin:Lin) (6.16)

verted sample of the output signal. The accuracy and hence overal] pertor-
mance of the system is limited by the quality of this feedback signal. I g
therefore essential to eliminate all known sources of error (e.g., DC offsets) or
distortion from this signal; it is thus usually necessary to operate the
downconverter mixers at a relatively low RF signal level. This signal level
has been found experimentally to be around —20 dBm ot lower for level seven
diode-ring mixets (depending upon the desired final IMD specification).

The adaption block may also be used to aid in the removal of DC
offsets in the main processing path, to eliminate carrier leakage for example,
and also to optimise the sample timing. The use of discontinuous feedback
(i.e., periodic rather than continuous updating of the look-up table
coefficients) allows a higher level of correction gain to be applied than
could be accommodated in, for example, Cartesian loop. This performance
gain may be used either to allow a more nonlinear and hence more efficient
RF power amplifier to be employed, or to provide a wider margin, for
example, to accommodate production spreads for an equivalent level of
performance.

antage of this approach is that errors associated with the upconver-
y process can also be climinated (e.g., DC offsets, 1/Q imbalance) in a
ar mamner to Cartesian loop, with the limit of performance in this
ct being determined by the downconversion (reference) path (i.e., DC
in the downconverter and its 1/Q imbalance).
he disadvantages of this approach are in the potential size of the look-
‘or the processing overhead required if interpolation is used and in a
of convergence. The low convergence speed results from the need
ress all points in the 1/Q complex plane before convergence can be
sleted.
‘The memory requirement (without interpolation) for a system with a
value for each potential pair of input samples (I, 0) is given by:

Senn=2 w (P (6.17)

1 18 the memory size required for the look-up table and N is the
n resolution in bits. Thus, a system with 12-bit resolution would
re 33554432 bits of memory, assuming that 12-bit RAM was used (the
| for example, 16-bit RAM would result in 4-bits being unused in each
n and hence require one-third more bits). Interpolation is therefore
y extremely beneficial, however, this is ar the expense of increased
ng overhead and hence a slower convergence rate.

Practical two-tone test results of this type of predistorter have been
d by Mansell and Bateman [47]. They report an improvement in
order distortion of 43 dB for a 25W VHF power amplifier and a
256 element look-up table. This excellent performance was achieved
ut full two-dimensional interpolation, but was at the expense of an
¥ long adaption time.

6.4.4 Main Predistorter Elements

This section will outline the contents of the main blocks shown in Figure
6.33. There are a range of options in each case, in particular for the look-up
table indexing mechanism and a complete description of all options would
become unwieldy. A significant body of literature exists in this area and the
reader is encouraged to refer to this for more detail.

6.4.4.1 Table Index Calculation

There are two main methods of look-up table indexing: Cartesian mapPiﬂﬁ
and envelope mapping. These two methods result in markedly differing Sﬂﬁ
and complexities for the look-up table and lead to the methods of: mappith

predistortion and complex gain predistortion, respectively. Complex Gain Predistorters

' ) S a much more popular form of predistorter due to its greatly reduced
6.44.1.1 Mapping Predistorters . table size and the reduced processing power required for both
The mapping predistorter [42,46] is directly analogous to its continti@™ olation and adaption [43]. These savings are achieved at the expense of
feedback equivalent, the Cartesian loop. In this case, two look-up tables a5 Ppredistortion accuracy and hence overall IMD suppression.
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The principle of operation of a complex-gain predistorter is to attempy
to force the predistorter and the RF PA to jointly ensure that a constany
overall gain, G, is maintained at all power levels. This is performed using
complex (I/Q) gain coefficients stored in the look-up table, which is noy
one-dimensional as it need only be indexed by the input signal envelope

level.
A simple method of indexing the look-up table (reported in [47]) is:

Ipp = INT (Ko x |xf) (6.18)
where I} ;;7 is the look-up table index, K (- is a scaling factor and x is the
complex baseband input signal. The “INT” function returns the integer value
of the product within the parentheses. The advantage of using |x1” as the
input to the indexing process is that it provides a distribution of table entries
which is linear with respect to the input signal power level. It can therefore
provide a greater density of table entries close to PEP, which is where the
greatest degree of nonlinearity will occur in a typical power amplifier, than
can a distribution which is linear with input signal envelope. This situation is
also achieved with a minimum amount of processing overhead as typical
DSP devices have hardware multiplication functions built in.

Faulkner ¢# a/. [48] have used a one-dimensional look-up table based on
polar co-ordinates and report a significant reduction in look-up table size and
a simplification of the interpolation process. The tables employed were of the
torm:

Rour = Fr(Rn) (6.19)
Oour = Fo(Rour) (6.20)

The phase look-up table was constructed as a function of Ry rather than
R;n since this allows the convergence of the two tables to be assessed
separately.

The principal disadvantage of this approach is in the rectangular t@
polar conversion process which took 83% of the total processing time; this 5
obviously a significant processing overhead.

In the case of digital modulation schemes (without filtering), it 1%
possible to eliminate interpolation altogether, as only the fixed constellation
points need be considered. Even with high M-ary schemes, such as =%
QAM, a reasonable size of look-up table results (comparable with that ofa
general purpose system incorporating interpolation). Thus it is possible ©@
provide good performance with a minimum of processing overhead.
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,Fﬁglc_h and Salz [49] report on an early use of this type of system fora 64-
transmitter and on an earlier patent covering a similar operating
e [50]. Random access memory (RAM) is used to contain the
storted values of each constellation point in 1 and Q components and
coder accesses the relevant memory location based upon the input
oint at any instant in time. The corresponding predistorted voltage
are then accessed and converted to analog voltages via a DA
er. These voltages are then upconverted, via a quadrature modula-
provide the predistorted RF signal for the required symbol period.
The system is made adaptive by quadrature downconversion of a
le of the output signal and comparing the digitised version of this signal
T anc Q) with the input signal, resulting in an error signal which is used to
i ute the new predistortion value at that constellation point.

In the case of the predistorter ASIC mentioned above, the table index
on was performed by means ofa magnitude calculation on the I and Q
it signals in a manner similar to that shown in Figure 6.34. This is an
ement on the (simpler) ‘squared magnitude’ method (illustrated by
as it provides a more even distribution of table entries throughout the
signal range. The squared magnitude method, by comparison, provides
r concentration of entries at high amplitudes and a relatively coarse
tation at lower amplitudes. This in turn leads, in general, to a poorer
channel performance for a given number of table entries.

‘An index calculation method of the form shown in Figure 6.34 is not an
orithm and will result in a small error relative to the correct square-
calculation. This error is reported to contribute less than 2 dB of
nt channel degradation, relative to an exact (and far slower) calcula-

[he basis of the algorithm is to index two small tables using the integer
bellf i+ Qim- calculation. These tables conrain square-root values
integer points and difference values between the points. The algorithm
bre cffectively performs a linear interpolation of the square-root
by taking an exact square-root value at an integer point and
to it a fractionally-weighted version of the difference between the
't value square-root and its neighbour. This difference is, however,
| in a ready-prepared table and therefore need not be calculated
itly each iteration. The tables are reported to contain only eight
each based on a 100 entry predistorter table.

Complex Multiplication and Look-Up Table Format

irt of the predistortion system is the look-up table and complex
ation function (Figure 6.35). The look-up table stores the set of
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Figure 6.35 Complex multiplication within the predistorter.

ng coefficients with which the input samples are multiplied in order
m the predistorted signal. The table itself will be updated or ‘adapted’
to minimise the level of adjacent channel interference (ACI) in the
ck sample of the output spectrum. Note that any distortion of this
signal caused by, for example, nonlinearity in the downconverter,
t be corrected and hence places a fundamental limit on the performance
system. This is analogous to the situation also found with the
n loop technique.
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The look-up table is indexed based on the magnitude of the complex
input signal and the resulting real and imaginary coefficients used in the
complex multiplication process. The size of this look-up table has been the
subject of much research [43], with typical numbers of entries being in the

| region of 64 to 128, based on ACI levels of —60 to —75 dBc.

sin(A
Ferr = % (6-22)

these equations, it is possible to calculate the required coefficients in

o compensate for the gain and phase errors in the modulator.

~ The I and Q channel DC injection coefficients are used to compensate

the DC offsets in the upconverter; these signals, if uncorrected, would
o an unwanted carrier ‘leakage’ in the output spectrum.

ote that a similar mechanism to that of Figure 6.36 may also be

in the feedback path as a post-correction system following the

6.4.4.3 DC Nulling and Error Correction

il ‘ This section of the system corrects the complex output signals from the
| ‘ I predistortion process itself (i.e., after weighting by the look-up table
| coefficients) for quadrature modulator errors and DC offsets in the modu-

Il lator. A block diagram of the required functionality is shown in Figure 6.36.
|| The network shown in Figure 6.36 compensates for relative errors
between the I and Q arms of the system (i.e., gain differences and deviation | onverter.,

from perfect phase quadrature), but not for absolute gain errors in the systemy;

these are more typically corrected within the look-up table. If the excess oain g .

of the I signal over that of the Q signal is AG and the phase of the I signal is in the process by which the look-up table entries are updated in the light

error by A (additional phase-shift over that of the Q arm), then: cent experience of the linearity performance of the transmitter. The
on which this experience is based is obtained from the down-

.4 Error Estimation and Adaption

: Gone = cos(Ad) (621) erted output signal sample and this is compared with tbc output of the
BT LAG ; tion function. Any differences are calculated, averaged (if required)

d to modify the table entries. The speed of this adaption process is
to the acceptability of adaptive baseband predistortion systems in
applications and in particular the speed of adaption from switch-on
hen the transceiver is cold) can be a problem in some applications.
is adaption process will undoubtedly improve in both speed and
acy as more powerful signal processing devices become available and
er adaption algorithms are developed.

- — e e ==

r

—> Lo

To DACs and
upconverter

oo

Data Predistorters

type of predistorter is a variant of those described above and attempts
tore the constellation of a data signal to that which the receiver would
ly like to see (in the absence of amplifier nonlinearity) by predistorting
put data constellation [49,51,52]. Such predistorters compensate for
ng and clustering effects on the data constellation and therefore
ve the eye openings at the maximum eye opening instants. They will
mprove the error vector magnitude of the amplifier output signal, but
t usually improve, intentionally, the adjacent channel performance or
ral purity of the transmitter output. They commonly employ look-up
based techniques to form the predistortion function and operate in a
¥ similar manner to their conventional equivalents. A key disadvan-

predistorter
Q-

— Qo
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I/Q Error correction  Unwanted DC
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Figure 6.36 Correction of DC and gain and phase errors in the forward-path quadrature
modulator.
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tage with this form of predistorter is that it is generally modulation formag
specific. In a multimode terminal, therefore, a range of different lock-up
tables would be required, probably with differing numbers of entries.

6.4.6 Practical Issues
6.46.1 Sources of Error

Many practical considerations will affect the performance of a digital
baseband predistortion system; these include:

1. Temperature changes: results in the literature [53] suggest that for
n/4-QPSK, the increase in adjacent channel power is approximately
proportional to the cube of the temperature change (without
adaptive correction).

2. Drive level: the same simulation study suggests that the increase in
adjacent channel power is approximately proportional to the
change in the drive level (again for ©/4-QPSK, without adaptive
correction).

3. Carrier leakage: here, again without adaptive correction, the
increase in adjacent channel power is approximately proportional
to the carrier leakage level (m/4-QPSK) [54]. As in the case of
Cartesian loop, this results from DC errors/leakage around the
loop.

4. Gain error: in this case, the relationship between adjacent channel
power and the error in the gain between the 1 and Q paths (for
1/4-QPSK) is of the form:

S =4 (AG)H (623)

where § is the power of the adjacent channel leakage signal, £ 52

constant of proportionality and AG is the gain difference berween
the two paths.

5. Phase error: in this case the relationship (for 1/4-QPSK) is of the
form:

5 = ky(20log;o(Ad)) (624)

where S is the power of the adjacent channel leakage signal, £z 15 #

constant of proportionality and A¢ is the phase difference betwee®
the two paths. -
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~3

Antenna load mismatch: a poor antenna VSWR is common i
mobile communications applications, particularly for handportable
transmitters. In the case of a Cartesian loop transmitter, it can cause
instability due to the gross change in phase-shift around the loop
which it causes. In the case of a predistortion system the effects will
cause 2 gain and/or phase error in the downconverted reference
vectors used in the adaption feedback loop. This in turn will affect
the IMD suppression of which the system is capable, particularly ag
the VSWR changes are likely to occur more frequently than the
update rate of the adaption system.

An analysis of this issue, using computer simulation techniques,
is presented by Gloeckler [55] and indicates that even relatively
modest VSWR figures can cause a severe degradation in high-
linearity transmitters. The results of this simulation are shown in

Figure 6.37, and provide an indication of the potential severity of

the problem. Cleatly the actual results will depend upon the type
and design of predistorter used; however, this figure provides an
indicarion that the VSWR issue must be carefully considered in an
adaptive predistortion design (more so than in, say, a Cartesian
loop design).

Physical shock: this is a further practical problem associated with
handheld transmitters in particular. The update rate of the adaption
scheme must be sufficiently regular that any momentary physical
disturbances (resulting in small gain and phase changes within the
transmitter) can be adaptively neutralised before causing a signifi-
cant degradation in the performance of the system as a whole.

Effect of external transmitters: the coupling of unwanted, nearby
transmitter signals into the transmir antenna of a radio system is
becoming increasingly common with the proliferation of mobile
terminals and the increased use of base station mast space. The
response of a predistortion transmitter to such a system must be
such as not to cause undue additional intermodulation distortion at
its output, nor to generate any other spurious signals, such as 3
‘mirror image’ of the interfering signal on the opposite side of the
transmitter carrier (see Figure 6.38).

Effect of power control: most recent and future mobile commu-
nications systems require some form of power control in the
transmitter to reduce the interference in ‘cellular’-style syste®
scenarios. These requirements vary from a small number ©
relatively large steps (in PMR systems, for example) to a very
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‘Mirror image'
of interfering Tx
A A

IMD Wanted Interfering IMD
product Tx output Tx product

Frequency

6.38 Possible effects of an external transmitter coupling into the antenna of a

predistortion transmitter.

large number of small steps for frequency hopped or direct-
sequence CDMA systems (such systems do require linear transmit-
ters in most cases).

In general, the gain and phase characteristics of a notionally
linear amplifier will change with power level and hence the
predistortion system must be able to either adapt to these
changes, or have a set of look-up tables, one for each power
level. This latter option could, in many cases, prove extremely
costly in memory provision. This would be particularly evident in
the case of mapping predistorters which have large memory
requirements anyway. These memory requirements would be
increased by a factor equal to the number of power levels
required, which could be six or more even in PMR systems.

The use of predistortion to linearise highly nonlinear power
amplifiers (e.g., class-C) can prove very difficult even without
power control and will certainly prove more difficult with power
control, due to the very significant gain and phase changes with
operating point (power level) in such systems.

It should be noted that the above relationships (used in 1-5) were
d for an amplifier with a well-behaved nonlinear characterisitc (i.e., a
e-law region at very low powers, a linear region and a high-power

ration region). The device used was a BLU98 (Philips) power transistor.
: tcsult-a may not hold true for devices with highly nonlinear char-

s or those with nonlinearities in the (notionally) linear region.



414 High Linearity RF Amplifier Design

6.46.2 Sampling-Rate Considerations

A baseband predistorter should be capable of eliminating all orders of
distortion, provided that its baseband bandwidth is sufficient, and jg
adequately sampled (i.e., sampled at the Nyquist rate or greater). Since the
processing in most baseband predistortion systems occurs in quadrature
components, it is only necessary to sample each channel at half the full-
bandwidth rate. In other words:

Jv =B (6.25)

where [ is the required sampling rate (the same tor both channels) and B,
is the full bandwidth of the RF channel including all significant orders of
distortion (see Figure 6.39).

Reduction of the sampling rate below this level will reduce the level of
suppression of higher-order IMD products (possibly to zero) and hence may
be undesirable. Recent work has, however, reported a reduction in sampling
rate of 30% to 35% without a significant degradation in performance [47].

Compensation for the loop delay must be provided in order to allow
the comparison of the correct input sample with its corresponding feedback
sample. This may be provided partly within the software (for integer
multiples of the sampling interval) and partly by skewing the A/D or D/A
sampling clocks to provide a fractional sample delay.

The loop delay is dominated by the reconstruction filters required in
the D/A processing and hence variations in the delay of these filters (e.g.,
with temperature) will lead to errors in the feedback comparison process
(and possibly even instability in extreme circumstances). It is therefore
necessary to remove the effects of this delay by calibration, although the use
of oversampling converters can significantly reduce the analog filtering

Amplitude A

e e e e e
e
R

e e
-

Required
A emission
mask

Ll o
—— B, —>! Frequency

'---!

Figure 6.39 RF bandwidth (and hence required baseband bandwidth) for a predistortion
system.
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ments of the D/A part of the system and they also have a fixed
yn) delay. This calibration process may therefore be able to be
ated in future systems.

Quantization and Resolution

digital system operating on essentially analog signals, the issue of
ization must be addressed. It is necessary to ensure that an appropriate
tion is used at all points in the system, from the sampling of the input
, through the various internal calculations, to the outpur digital to
conversion.

This issue has been investigated in detail by Sundstrom ez a/. [45], based
mplex gain predistorter and a class-AB power amplifier. Five areas in
_quantization effects can have a bearing were studied:

1. source (input) signal;
2. calculation of the rable index;
3. the look-up table coefficients;

the complex multiplications/additions performed in the predistor-
tion process itself;

‘5. the modulator error correction process.

results of this investigation for 1/4-DQPSK with a filter roll-off (%) of
summarised in Tables 6.2 and 6.3. Table 6.2 indicates the effect on
cent channel interference of a range of standard word-lengths used in
bus parts of the predistorter system and Table 6.3 presents the minimum
ed word-length for an ACI of —70 dBc. Note that this latter table takes
ccount of the addirional dynamic range required in a practical system in
I to compensate for gain variations in the forward path, particularly the
Yower amplifier chain. For example, a gain error of £20% would require
0.6 bits of resolution to be added to the look-up table and
rter output. The two quantization effects in the output correction
tks in the I and Q channels (quantization in the output signals and
tion of the error coefficients) require further additions in word-
to account for the gain error, DC offsets and modulator errors. Even
these additions, however, the limiting wordlength is still thar of the
verter error correction coefficients at 12.9 bits.

- Calibration Issues

ion to the loop delay effects mentioned above, there are a number of
t parameters which must be removed or suppressed by a periodic
tation procedure; these are:
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Table 6.2
Comparison of adjacent channel interference levels (simulated) from various parts of a
predistortion system for n/4-DOPSK with » = 0.35

Section of Predistorter output Adjacent channel
predistorter word-length (bits) Interference ratio (dBc)
Look-up table 8 —54.0

10 —B654

12 -712
Predistorter output 8 —52.0

10 —64.1

12 —18622
Upconverter error 8 —483

correction coefficients
10 —60.4
12 =725

Table 6.3
Wordlengths required in different parts of a predistortion system in order to obtain a —70 dBe
adjacent channel interference level for n/4-DOPSK with = = 0.35

Section of predistorter Predistorter output word-length (bits)
Input 103
Look-up table 1.5
Predistarter output 11.0
Upconverter error correction coefficients 129
1. DC offsets.

2. Carrier feedthrough (partially caused by DC offsets, but also
present in the upconverter).

3. Feedback loop phase-shift.
Cartesian errors (I/Q path gain and phase errors). These can be
reduced to a level dictated by the quadrature feedback path. The.
errors in this path are usually dominated by the downconverter:

Measurement of the feedback path DC offsets can be achieved bY
powering-down the RF PA (to provide isolation between the forward aﬂ
feedback paths) and reading the relevant values in the 1 and Q paths using

Prodistortion Technuignes a7

eedback A/D converters. Once rhese offsets are known, the PA can then
ered-up and the upconverter (including D/A) offsets can be removed.
ree of suppression which can be achieved by this process is generally
by the difference in the DC level produced by the downconverter
n operated with and withour an inpur signal.

The feedback loop phase-shift can be measured (if required) by means
w-level pilot-tone generated within the DSP. A similar mechanism
d also be used to remove Cartesian errors, by monitoring the residual
e level of a known (e.g., internally generated) signal.

Postdistortion Linearisation

sence, the postdistortion approach to amplifier linearisation (Figure
is very similar to predistortion, with the obvious exception that the
ng element must be capable of handling the full power capability of
output stage [56]. It is therefore inherendy less desirable as a
risation technique due to the restriction this places on the range of
- nonlinear elements which may be used in the postdistorter. In
the inevitable losses in this block have a significant effect on the
efficiency of the amplifier system. Indeed in many cases it may be
> efficient to provide linearisation by back-off rather than to use
listortion.
“An alternative, and rather more interesting, approach is to place the
distorting element in the receiver rather than in the transmitter. The
al levels will then be significantly lower and the losses (other than if it is
in the antenna path) much more acceprable. It also has the advantage
m employing some form of base station, that the complexity of the
or handportable terminal is reduced, at the expense of the base station
er. Complexity at the base station is usually much more acceptable due
€ increased size and cost which is tolerable in that part of the system.
‘The approach proposed [57] to allow adjustment of the postdistorters
base station involves measuring the level of distortion present in a

Input ' Qutput
_>>—>p @) Fog) | — WY
v : v,
RF amplifier Postdistorter
AB(V)}=A

6.40 Schematic of an RF amplifier using postdistortion linearisation.
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put and output results in a reduction of one of the third-order
nodulation products, as follows.

Consider the two amplifier outputs to be represented by current
rees of the form:

vacant channel and adjusting the parameters of the postdistorters in the twg
adjacent channels to eliminate the distortion present in the vacant channe|,
When this vacant channel is in use, it should then, theoretically, enjoy almosg;
interference-free reception.

There are a number of inherent disadvantages with this approach,

o0
however, and these will severely limit the available performance. First, the Iy = Z L. exp| j{ (m@, + nw, )£ + n0}] (6.26)
degree of IMD reduction which can be achieved will be small (<15 dB m—oo
according to simulation results in the above paper), largely due to the lack of o
knowledge of the original signal in the transmitter (i.e., the input signal) I = Z L, exp j{(mw; + no, )t + mB}] (6.27)
which would be required for good adaption. A linearisation scheme would ma=——1c

therefore still be required in the mobile transmitter, although its perfor-
mance need not meet the full required mask (e.g., > 60 dBc IMD ratio). Thig
largely removes the complexity reduction advantage in the mobile terminal,
The system also relies on vacant channels being available in order o
adapt its postdistorters. This may be a problem in a heavily-loaded system : Iy = Loz exp[7{ (20, — @)z + ¢}] (6.28)
and the non-regular frequency allocations of many systems may make the use '
of this technique difficult (the nearest channels may be far from adjacent).
Finally, the requirement for an adaptive postdistorter for each channel
in the base station will resulr in significantly increased complexity in that
element of the system. This is only worthwhile if the cost/size/power
consumption of the mobile terminal can be significantly reduced.
Adaptive channel equalisation has also been suggested as a method of
removing amplifier nonlinearities in the receiver [58,59].
A more worthwhile use for postdistortion is in receiver systems, and in

=n/4,1,,=1,_, and ®; and ®, are the angular frequencies of
tones.

e ® = 0, m/2. Note that no (2m; — ;) term appears. Alternatively, a
r combination of two amplifiers, but with a phase difference of 90° ar
ut and output, can be shown to result in a single IMD of the form:

3n
Inps = 215y 4 exp [if{ (20y — ;)7 + E}] (6.29)

particular receiver front-end amplifiers. Here nonlinearities in the front-end o T
amplifier may be eliminated with little or no sacrifice in noise performance, 135°
which would be inherent in practice in the use of most other linearisation _ ( "|"> 0" Splitter

schemes in this application (e.g., predistortion). The postdistorter could also.
double as a predistorter for the first mixer, hence providing a dynamic rangeé
enhancement for the complete receiver front-end up to (and pnssibljf
including) the 1F stages. In this way a relatively simple, broadband, high
dynamic range receiver front-end could be created.

0 Qi ag® Patch
—-{-) 0° Splitter ey

6.6 IMD Cancellation at the Antenna

A

An interesting technique has been proposed in [60] and [61] in which IMD
cancellation is performed by appropriate phase shifting of a number 3
power amplifier input signals, with final combination occurring at th"
transmit antenna itself. In [60] it is shown that an amplifier consisting &
two parallel (identical) combined amplifiers, with a phase difference of 45 4

O Arpad

8,11 Cancellation-based linearisation of multiple identical power amplifiers by
combination in a patch antenna (from [61] & IEE 1999).
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Combining these two techniques results in both IM products being
cancelled.

One method of providing the required combination is using a patch
antenna, as shown in Figure 6.41. In this arrangement, the input splitting j
performed using zero degree splitters (e.g., Wilkinson dividers), followed by
delay lines of an appropriate length to provide the phase differences required,
The combination process, after power amplification, is then performed by
the patch antenna, with the feed points chosen to be 45° apart around the are
of the circular patch. This results in a planar structure with circular
polarisation. Using this method, an IMD reduction of some 23 dB jg
reported for a two-tone test with a tone spacing of approximately 200 kHz,
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Linear Transmitters Employing
nal Processing

~ Introduction

parisation systems to be considered in this chapter all involve some
signal processing to radically alter the original signal, whether it be a
d input signal or an already modulated carrier. They attempt to
sise an envelope and phase modulated signal at high power, with
efficient (and usually nonlinear) processing throughout the remainder
system. In their basic configurations, no real-time control is utilised
e the systems may be considered to be open-loop, although high-
mance, practical embodiments require some form of adaption to
their performance. Feedback may be added to the basic techniques
bed with a resulting improvement in performance. Polar feedback, for
maps well to the Envelope Elimination and Restoration (EE&R)
que, whilst Cartesian feedback may be more appropriate for LINC
amplification using Nonlinear Components) and LIST (LInear
cation using Sampling Techniques). Further details of these feedback
nisms may be found in Chapter 4.

of the techniques have the potential for very high efficiencies,
ally approaching 100% in most cases. This is their principal
n and the reason thatr much research effort has been directed in
in recent years. Practical problems in their realisation and their
d complexity have, however, resulted in the appearance of few
, commercial systems to date.

425
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The advent of digital signal processing techniques has proved very AF amplifier
beneficial for the systems considered below. It alleviates many of the
problems associated with generating the required functions utilisin
analog techniques (e.g., the cos | function required for LINC) and hence
enables the techniques to become a practical proposition. The two maiﬁr
drawbacks of digital signal processors, namely processing speed and power
consumption, limit the near ideal performance of the schemes in which they
are urilised. As technology continues to advance the techniques described 1;1
this chapter will become increasingly attractive and will ultimately be more
widely adopted.

S,(t)= V()

Signal S, (t) = cos|w, t+o(1)]
= ——»| separation/ >
ticos[w, t+o(t)] | generation

GS, (1S, (1
RF amplifier

7.1 Schematic of an envelope elimination and restoration amplifier.

wplicude modulation components, which will then leave only the phase
quency) modulation on the original input signal. The baseband signal
ponding to the amplitude variations of the input envelope may be
d either by diode detection of the input signal, or by coherent detection
ng the carrier signal after the above-mentioned limiter. The latter
will produce more accurate (lower distortion) results, but will lead
ased complexity for the overall system. For this reason, diode-based
ope detection has been employed in many of the EE&R transmitters
oned in the literature (including [4]).

e constant-envelope, phase-modulated carrier signal ($5(/) in Figure
 then amplified by a high-efficiency RF amplifier, for example, of class-
. or -E. This will preserve the phase modulation information and
nit this to the output of the system. The baseband AM signal (§4(¢) in
ure 7.1) is amplified by a suitably efficient audio amplifier, or is used to
| 2 pulse-width modulator (see Chapter 3), with subsequent class-D
-amplification. Finally, the resulting high-power audio signal is used to
te the collector or power supply of the final RF power stage. This
el modulation process restores the signal envelope and, assuming
- relevant delavs between the two paths are suitably equalised, results
power replica of the input signal being produced at the output.

1.2 Envelope Elimination and Restoration

7.21 Introduction

The Envelope Elimination and Restoration (EE&R) technique was first
proposed by Kahn in 1952 [1] (and hence is sometimes referred to as the
Kahn Technique in the literature) and has received further attention since
[e.g., 2-4]. It is essentially a high-level modulation technique, and as such
may be implemented as either a complete linear transmitter, or as an RF
linear amplifier. It is in this latter guise that it is most commonly found in the
literature and, indeed, as it was originally proposed, although both forms
will be discussed in this section.

The EE&R technique was originally employed for linear HF ampli-
fication of SSB signals, but is now also employed in high power television
and radio broadcast transmitters due to its potential for highly-efficient
operation. It has also been proposed for mobile radio applications [4], again
due to its potential for high efficiency and also its relative simplicity of
implementation. |

It does, however, suffer from inherent device limitations in the final RF
power stage when operating at low signal levels and these will be discussed.
below.

Operation of an EE&R Transmitter

peration of a complete EE&R transmitter is, in many respects, simpler
that of the corresponding EE&R amplifier. In the complete transmit-
hown in Figure 7.2, the input signals are generated at baseband as
te amplitude and phase modulating signals. This is comparable to the
ion of I and Q signals required by the Cartesian loop transmitter (see
Pter 4) and may be performed by a digital signal processor in a similar

7.22 Operation of an EE&R Amplifier

The configuration of a basic EE&R amplifier is shown in Figure 7.1 The
input signal, which may contain both amplitude and phase modulation,

split to form a baseband path containing the envelope of the input signal a8€
an RF path containing a constant-envelope phase modulated carrier sigﬂ’.‘lf"
The latter signal may be created simply by limiting the RF input, to remove
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AF amplifier

Al S,()= V1) >Il>\

P(t) _@ S; (1) = coslw, f""b(r)]h

RF amplifier

GS,(1)S,(1)

Figure 7.2 Schematic of an envelope elimination and restoration transmitter.

AF amplifier
50)=Vt) N_
A(t) >
i
S, (t) = coslo, t+d(tng V
Py —{( DX R G >—+ GS,(1)S, (1
VCO RF amplifier
LO
Figure 7.3 Schematic of an envelope elimination and restoration transmitter employing
upconversion.

Generating the amplitude and phase (polar) signals by this technique
removes the need to modulate the carrier elsewhere in the transmitter
architecture and also eliminates the requirement for a limiter and amplitude
detector to perform the component separation process at the input.

An alternative form of EE&R transmitter is shown in Figure 7.3. This
configuration removes the requirement for the VCO generatiﬁg the phase-
modulated carrier signal, to operate at the carrier frequency (operation of 4
VCO at the carrier frequency is often undesirable). The VCO may now
operate at any convenient frequency and the operaring channel frequency
may be determined by a separate synthesiser. This arrangement is consides-
ably more convenient, particularly for channelised systems.

The nonlinearities present in the upconversion mixer are unimportaft

since the signals it is processing are constant-envelope. The only neW

concern is in ensuring that the unwanted mixer products fall outside the
bandwidth of the RF amplifier, or are suitably attenuated by the bandpas®
filter. This filter may be of any suitable high-Q design (including ceramic
crystal), since it is only required to process low-power signals.

Linear Transmitters Employing Signal Processing 429

24 Intermodulation Distortion in EE&R Transmitters

are a large number of potential sources of IMD in EE&R-type
itters, due to the range of types of signal processing which are
ad in the system. Some of the principal sources include:

. bandwidth of the envelope modulator (e.g., class-S amplifier);

2. differential delay between the envelope and phase signals;

3. nonlinearity in the envelope detector;

4. AM-PM conversion in the limiter;

, AM-PM conversion in the final power amplifier stage (when being
high-level amplitude modulated);

‘encoding’ error in the class-S modulator (i.e., errors between the
actual and ideal response of the modulator at a given input
amplitude level). These errors are usually minimised by amplitude
feedback employed around the modulator;

cut-off occurring in the RF power amplifier at low envelope levels.

st two effects are arguably the most significant potential source of IMD
e majority of EE&R transmitters and have been analysed by Raab [5].

Envelope and Phase Functions for a Two-tone Test
to examine the linearity of an EE&R system, it is necessary to
an envelope varying input signal. The most commonly used test
al of this type is the two-tone test, which may be described by:
1
vi(t) = 5[(:05(0)‘. + @, )t + cos(w, —,)7]
= M;(0) cos[w.2 + ¢,(0)] (7.1)

0 = o,
e resulting output signal from the EE&R system will be a delayed

1on of the input signal, with the envelope delay potentially different to
f the RF signal (since both are processed separately):

2,(#) = M, (0 — 7) cos[e.s + ¢,(0)] (7.2)

Tis the envelope phase delay in radians. The bandwidth of the signal is

BR}- = .2(0,, (?3)
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For the output envelope to be a precise replica of the input envelope,
dulation function, f{0), must be cosinusoidal, and may be represented
urier series expansion as:

£(8) = cos(8)
= by cos(B) + b; cos(30) + b cos(50) +- - - (7.11)

The input signal is separately envelope detected and limited resulting i
envelope and phase functions, given by:

M;(8) = |cos 0] (7.4)
and

$(0) =3 [1 - (0)] (73

represents the amplitude of the wanted signal and, for example, &3
represent the amplitudes of the various IMD products.

he finite bandwidth of the class-S modulator may be modelled by
"g the Fourier series representation of the envelope function after
omponent, giving:

where ¢(8) is a squarewave with a cosinusoidal phase characteristic and a5
amplitude level of +1. : '
The envelope function may be approximated by a Fourier series of

finite length:

.Mﬁ(e) = [a,_, = Z a, cos .WB:] (?_61
m=24,6, M,(8) = |ay + a,, cos 0 (7.12)
=246, N
with a,, given by:
3 ing this to the envelope and RF bandwidths, gives:
= m =10 .
R (7.2) N = INT( 22 (7.13)
— =2 Big
X m*—1

‘INT is the integer function, which truncates a decimal to only its
part (rounding down).

output spectrum of the composite signal from the EE&R
er will be formed by mixing each of the spectral components of
elope function M,(8) with each of the spectral components of the
witching function ¢(0). This mixing will result in terms of the form:

A Fourier expansion of the squarewave switching function gives:

«(0) = [ Z £, COS !19] (78*}

v=1.3,5,-

where ¢, is given by:

4 (=1)r /2 g 2 cos 10 cos w0 = cos(m + n)0 + cos(m — n)0 (7.14)
O ) M (79)
B # ting coefficients of the modulation function (7.11) are then:

7.24.2 Theoretical Effect of Finite Envelope Bandwidth on IMD

For a two-tone signal, (7.2) may be re-written based on the envelope & d
phase-switching functions (M,(0) and «(8), respectively) as:

age, + az(e; + 63) +ag(es +65) + -+

[2age5 + az(ey +o5) +ag(es +e7) -]

2,(2) = M,(0)¢(0) cos(®,2)

/(8) cos(a,7) (7.100 [agés +ax(es +¢7) + s + cy) + ag(ey + 1) +agley +¢43) + -+ ]
= f(8) cos(m,7 10) :

(7.15)
assuming, for the present, a negligible time delay error.
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dulation of the carrier by the modulation function will produce two
nts of amplitude 4;/2, the C/I ratio (defined with respect to an
ted carrier) is given by:

cn=mm{ﬁa dB (7.16)

-

2 e above equations, it is possible to predict the C/1 ratio for a given

55558 E ggg 3a f envelope, Br, and RF, Bgp, bandwidths, where the envelope

EEE 5 LS8 §§ th is, in practice, typically limited by the bandwidth of the class-S

lexrEc28E2g2 [|® itor. These characteristics are shown in Figure 7.4 for a range of
ACETIARE: alues.

2 .?T?? ??'b+ order of the largest IMD product increases with the ratio of

AL LEALE [ to RF bandwidths, consequently it is not typically the third-order

t (as is the case with most other forms of linear power amplifier or
tter). This order will be given by the next odd number greater than
m (7.13)). Thus, for B = 3Bgy, the largest IMD product will be
1-order,

 practical results reported in [3] indicate that the third-order
ts were almost always the largest (although not by a large margin),
the theoretical predictions to the contrary. This, it was suggested,
e to the finite roll-off of the envelope filter (a ‘brick-wall’ filter is
by (7.12)) and the limits imposed by DC linearity within the system.

Theoretical Effects of Differential Delay in an EE&R System

rential delay between the envelope and switching functions results in
tional inversion of the polarity of the modulation function, f{0)
ely prior to or immediately following the waveform zero-crossing

(depending upon which path has the greater delay). This is shown in
.5,

Relative envelope bandwidth,B,. /B,

- resultant IMD from this process is then derived from the added
3‘(9), which is simply an appropriate portion of a cosinusoidal

-

80
70
0l -
50
40
30
Figure 7.4 Theoretical IMD levels for an EE&R system with a finite envelope bandwidth (after [5]),

S(8) = |cos(8)]e(6 + 1) = cos(0) + p(0) (7.17)
(ogp) 110

—2cosB, m2—T1<OB< /2
p(0) =< —2cosh, 3m/2-71<0<3n/2 (7.18)
0. otherwise
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Figure 7.5 Waveforms in an EE&R transmitter, showing the effect of differential delay
between the envelope and switching functions (after [5]).
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ential delay, T, (in radians) is related to the differential delay, A#, in

T T

At = =
21'[_}‘;,_, T[BRF

(7.19)

. = Bgrpr/2. For convenience, (7.18) may be re-written (neglecting
information since only the magnitude of the IMD is of interest):

—2sin8, 0<0<1
—2sinh, n<B<m+1 (7.20)
0, otherwise

er expansion of (7.20) yields:
£(0) = Z (e cos &8 + r; sin £0) (7.21)
=

n order coefficients will be zero due to the symmetry of the function,
‘odd-order coefficients are:

4 T
@ :——/ sin B cos £0 40
nJo

_2[1—cos(k+ 1)t  cos(k—1)t—1 (7.22)
i E+1 £—1 '
il [l
ry = _Ef sin 0 sin £0 40
0
- _:‘_: Sln()é— 1)t - Slﬂ(l&-+ 1)-5 (7'23)
| &—1 &+1

(7.22) and (7.23) may be simplified using the approximation:

cosp 1 — 592/2 Vgl << 1 (7.24)
' = kT in this case. The resultant expressions are then, respectively:
o 2[(k+ 17 (£—1)7
"="m26+1)  206-1)
2t’
e T 7125,
: (725)
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and ximum allowable time delay error is 0.72 ps. Note that in a typical
m, the envelope suffers the greater delay and hence the modulator signal
ng must add delay to the phase-modulation signal, typically in the
5 s to 20 ps. The minimum envelope bandwidth required in order
t this specification would be 325 kHz. It should also be noted that the
der of the system would need to be capable of meeting these IMD
(e.g., the envelope detector, class-S modulator) and that this would
nely difficult, based on the results reported to date (e.g., [6,7]). More
¢ linearity figures are currently in the region of 30 dBc to 40 dBc.

Practical results presented in [5] indicate that the odd-order products
ominate (assumed in the expansion of (7.21), due to the symmetry of the
) and that the roll-off of the products with increasing order is slow

ough not flat as predicted by (7.27)).

I

rg __2_[(,&- 1)1_(£=.+1)r}
i

(k—1) (£+1)
=0 (7.26)

For small values of differential delay, the magnitude of the intermodulation

product is therefore:
_— 2 2wy
=\t = 7]

. 217

= (7.27)

Combining with (7.19) and accounting for the fact that the distortion

function, S, produces two IMD sidebands of value §;/2, gives: . 1 . . .
Practical Delay Considerations With EE&R Transmitters

- 2
smup = (At Byr) (7.28) y between the RF and AF paths must be closely matched in order to

IMD at the transmitter output, as outlined in Section 7.2.4.3. The
the class-S modulator output filter is likely to be large in many
entations, due to the desire to choose as low a switching frequency as
ible (to maximise efficiency and ease implementation). This delay is

0 be very much larger than the delay in the RF (or IF) path containing

This function is plotted for a range of delay values (relative to the RE
bandwidth) in Figure 7.6. As an example, consider a 25 kHz channel
bandwidth (e.g., for TETRA), in ordet to achieve a C/I ratio of 60 dBe,

70 nstant-envelope, phase-modulated signal. Since these two delays must
_ iched in order to optimise IMD performance, a compensating delay
6ol u  esessacat inserted in the RF/IF path.
: 1 2 typical narrowband implementation, this compensating delay may
y microseconds, hence precluding the use of traditional transmission-
. Ll N i s e sed delay lines. In an HF transmitter described in [6—8] with a class-S
@ : ; ; : ator operating at 250 kHz, the compensating delay required was 9 ps
:‘i’ L . —. S———— onding to around 2 miles of coax for a transmission-line based
O : i | : It was implemented using four 4-pole LC Butterworth filters (each
a0l O RPN SIVENTRE. I I | Hbuting 2 ps) and a tapped delay line (2 ps in 100 ns steps).
h order to minimise broadband accuracy of the compensaring delay, it
Ortant to place the limiter affer the delay clement, since limiting prior
e e I i s o gl element would increase the bandwidth over which the delay element
: —— rate.
18'01 00 : 0"09 0.;13 0.‘17 7 0.25 Acreasing the instantaneous bandwidth of operation of the transmitter

t in an increased class-S modulator switching frequency and hence a
F output filter bandwidth. This will lower the absolute value of the
Pensating delay required, but will increase the delay matching accuracy
for a given IMD performance.

AT- BHF

Figure 7.6 Theoretical IMD levels for an EE&R transmitter with differential delay between
the envelope and phase paths (after [5]).
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Applying Feedback Around EE&R Systems

ssible to reduce the effect of nonlinearities in the system by means of
-k and this feedback can take a number of forms [9]:

RF
output

envelope feedback;
polar feedback;

| 4, Cartesian feedback.

Indeed, it was the idea of applying feedback correction around an
transmitter which first produced the concept of the polar-loop
itter discussed in Chapter 4. The practical implementation of the
these schemes is discussed below.

An EE&R Ampiifier With Envelope Feedback

plication of simple envelope feedback around an EE&R amplifier is
ly straightforward, as shown in Figure 7.7 and its operation is as
The RF input signal is split to form two equal paths; the upper path
n amplitude limiter to remove all envelope variations (whilst preser-
se-modulation information) and the lower path is envelope-detected
tract the amplitude information. The constant-envelope signal at the
t of the limiter feeds the RF input to the class-C amplifier; the amplitude
ation from the envelope detector is used to feed the PWM generator or

mplifier which in turn modulates the supply voltage to the class-C PA.
feedback around the system is performed by taking a sample of the
t signal, performing envelope detection and comparing the result
e detected envelope of the input signal. It is this difference signal which
the PWM generator, hence providing improved amplitude linearity.
ple system will, of course, have no effect on the phase response of the
onany AM—PM conversion taking place in the RF power amplifier.
- system of this type has been discussed by Koch and Fisher [4],

ing the relative independence of efficiency and power supply voltage
: ated class-C amplifier stage (shown in Figure 7.8). High levels of
€ncy are therefore theorerically possible at all envelope levels.

Class-C RF
amplifier

)

LC low-
pass filter

Class-S
amplifier

Amplitude limiter

F(s) —-»I%I—rb—v %

Loop

filter

Figure 7.7 EE&R amplifier employing envelope feedback.

Op-
amp
RF input

._*_l

Envelope
detector

Envelope
detector

8 Efficiency of an EE&R System

iciency of an EE&R system depends primarily on the efficiencies of
h-power audio amplifier and the nonlinear RF amplifier, assuming
e output power is sufficiently high to ensure that the power
ption of the signal processing devices is negligible.
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Figure 7.8 Efficiency and output voltage of a class-C PA as a function of DC collector 5 g
voltage. g =
If this assumption is made, then the efficiency of an EE&R system is
simply the product of the efficiencies of the high-power audio amplifier stage Q.
A = o e
and the nonlinear RF power amplifier: § 2 | g
(=) ]
Nyor = MapMnF (?*29}“ S L A .
(=]
A typical system employing a class-C RF power amplifier (n = 0.6) L ﬁ
and a class-S (pulse-width modulation) audio amplifier (N = 0.9) will yield g £ E
an overall efficiency of around 54%. If a switching RF power amplifier i§ 4% ®
emplaved, with a basic efficiency of] say, 80%, then the averall efficiency will 3 "g
increase to around 72%. Y £
Note that this efficiency will be maintained at «// envelope levels ina 8 g ) Eg -
linearly modulated signal and does not merely represent the efficiency whes
operating the transmitter at its full peak power rating. This is an importat Es
point as it demonstrates that the benefits of an analog linear modulation i ‘% §
scheme, in terms of the low speech duty-cycle, may be fully realised with ’g - = ::.:}:
form of transmitter; during gaps in the user’s conversation (e.g., berweed .
words), the transmitter will (theoretically at least) consume no power. i S

7.29 An EE&R Transmitter Employing Envelope and Modulator Feedback

Nonlinearities in the pulse-width modulation process may also be reduced Y.
means of a feedback loop, leading to a consequent improvement in Ve
linearity performance. Raab e# a/. [10] describe an experimental transmittet
this type intended for mobile satellite applications. A block diagram o
transmitter is shown in Figure 7.9.

Power
amplifier

Driver
amplifier

amplifier

Limiting
Figure 7.9 Block diagram of an L-band EE&R transmitter (based on [10]}.

RF
input
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—_—

A class-B PA was employed as the output stage and this was driven
3 dB into saturation for all supply voltage levels (hard limiting was employed
earlier in the RF chain to ensure this). The CW efficiency of the PA was 659,
at PEP (20W) and this degraded by less than 5% over an 18 dB dynamj
range. The class-S modulator employed a PWM with a 3.3 MHz n:i:mg]e,_
wave input and a pair of GaAs FETs in a totem-pole configuration. It
achieved an efficiency of 90% at PEP and over 80% at up to 10 dB back-of.
It is reported to have a linear response over a 26 dB dynamic range and 4
virtually flat frequency response to 150 kHz.

Using a two-tone test, the results indicated a 57% overall efficiency g¢
PEP and a 35% efficiency at 18 dB back-off; linearity performance was 30 dBc
and 39 dBc, respectively.

7210 |Integrated Circuit Implementation of EE&R

It is possible to integrate many of the funcdons required in an EE&R
transmitter, and such a device is reported in [11]. A delta-modulated
switching power supply, limiter and envelope detectors (for use in the
envelope feedback linearisation process) were integrated using 0.8 um digital
CMOS technology and combined with a separate power amplifier, to forma
complete EE&R amplifier. The integrated circuit (excluding the PA)
occupied less than 4 mm® on the above process, with the vast majoritj
being occupied by the switching power supply and output buffer.

The IC was designed for a North American Digital Cellular (NADC) ‘
application and reportedly achieved first and second adjacent channel figures
of better than 30 dBcand 48 dBc, respectively. These figures were achieved ata
power-added efficiency of 50% and an output power of +29.5 dBm (4.8V
supply). This figure compares to an efficiency of only 36% when using back-off
(with the same amplifier) to achieve the required adjacent channel performance
and with a maximum efficiency (in AMPS mode) of 58% for the PA alone. The
EVM figure recorded was 3.4% r.m.s. when using the EE&R system.

A more recent example of an EE&R TC has also been reported for us€
in the 800 MHz band [12].

7211 Advantages and Disadvantages of EE&R
The principle advantages of the EE&R system may be summarised as follows*

1. Potentially high linearity. The EE&R system has the poten!jﬂl fdlf
good linearity over a wide range of low envelope variaio®
modulation schemes. Examples are filtered digital schemes, su¢=
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as m/4-DQPSK. The available linearity will degrade for systems

requiring a full envelope variation, such as SSB and 16-QAM, due
to problems with the RF power output device when itis required to

operate at very low levels of collector-emitter voltage.
. Potentially high efficiency. The use of a class-C (or even a class-D,

or -E) amplifier in the RF power stage will ensure that a high
DC—RF conversion efficiency is maintained at this stage. The use of
class-S PWM (pulse-width modulation) techniques for the high-
level modulator and class-D for the modulator amplifier will also
ensure that this part of the system operates at a high efficiency.
Together these techniques can lead to a highly efficient RF amplifier
ot transmitter. Furthermore, this high level of efficiency can be
maintained over a wide range of power levels and not just at full
putput. This is a significant benefit of the EE&R technique over
many conventional linearisation schemes.

- Simplicity of implementation. The basic EE&R technique does not

involve any undue complexity other than, perhaps, the design of
the high-efficiency amplifiers. The addition of feedback, predistor-
tion or other forms linearisation can, however, greatly add to
complexity.

najor disadvantages of the technique are:

1. Difficulties involving signals with a large envelope variation (high

peak-to-mean ratio). These are detailed in 1 above.

Inability of the basic technique to monitor its own output and
correct for nonlinearities present in the system components, for
example, the high-level modulator or the high-level modulation
process itself (taking place in the RF output stage). The techniques
suggested by Koch and Fisher [4] and Raab [10] may partially
overcome these problems.

Linear Amplification Using Nonlinear Components
1 Introduction

JInear amplification using Nonlinear Components (LINC) technique
1st proposed by Cox in 1974 [13] as a method of achieving linear
fication at microwave frequencies—a feat which was virtually impos-

the time due to the lack of suitable linear devices at microwave
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—

frequencies. It followed on from work by Chireix [14], who proposed 5 RF amplifier

similar form of outphasing modulator in the 1930s. The intention of the

s
G
LINC technique was to create a complete linear amplifier, that is, ap / =
amplifier with a linear ir-iput—'ourput relatim;ship., where tl-}e intermediate Signal Si(t) = VypayCOSI0, 10(1)] (8045, (1]
stages of RF power amplification could employ highly nonlinear devices, separation/ Sit)=VY, 008w, t (1] RS
There are many potential advantages with the LINC technique: getstelion \\ Y
1. The ability to use nonlinear devices permits the technique to be ’J@‘f
used at high microwave and millimetric-wave frequencies. RF amplifier
2. High-power phase-locked signal sources can also be employed by
the technique. These are often easier to construct at high frequen- 10 Schematic of a LINC transmitter.
cies and efficiencies than amplifiers of equivalent power.
4. The use of highly nonlinear RF amplifiers {e.g., class-C, -D or -E) - input signal, 5(7), is given by:
results in the potential for very high efficiencies indeed to be
realised. 5(2) = V(1) cos[o.2 + (7] (7.30)

4. The technique is capable (theoretically) of an ideal 100% efficiency
at all envelope levels of the output RF signal. Any degradation due
to, for example, non-ideal components, and power amplifier
efficiencies will therefore be a degradation from an ideal 100%
efficiency. This contrasts with, for example, class-A amplification

V(%) is the amplitude modulation present on the s_ignal,_ ®¢ i_s the
frequency and ¢(/) is the phase-modulation component of the signal.
D signal is split into two constant-envelope phase modulated signals,

5(7), where:

(with a maximum theoretical efficiency of 50% a¢ full output) or $1(2) = Vay cosl@? + o(2)] (7.31)
class-B amplification, with a maximum theoretical efficiency of
78%.
5. The technique is (conceptually at least) straightforward to uud:tftf $5(2) = Vs cosloo, + 8(2)] (7.32)
stand and implement. There are, however, a number of practlcal' -
difficulties which have led to the relatively few applications of the
technique to date. -
() = &) + (1) U9
732 Operation of a LINC Transmitter 0(2) = b(r) — al(?) (7.34)

The basic schematic of 2 LINC transmitter is shown in Figure 7.10, Wheﬂ'
the two RF amplifiers are assumed to be high-efficiency and highly nof=
linear, The RF input signal, ;,(#), is split into two constant-envelope, phases

signals to recombine and produce the correct linearly amplified
of the input signal, the following relationships must also hold:

rjnodulat?d signals by the signal separation or generation process, and r;':a‘§ . 25(#) = §4(£) + Sa?) (7.35)
fed to its own nonlinear RF power amplifier. The power amplfcs

separately increase the power of each signal by an identical amount, bef

feeding them to an ideal summing junction for recombination. The res

output signal from the summing junction is then an amplified version of the () = cos ' [V ()/ V' i (7.36)

original input signal with (ideally) no added distortion.
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3. Generation of a version of the baseband input modulation in
Cartesian format, followed by the CALLUM [15] medulator to
generate and correct the resulting LINC signals. This method is
described in more detail in Section 7.5.

Thus, the above signals, 5(7) and 55(#), must be successfully and accurately
generated in order for the benefits of the LINC technique to be realised,
If the input signal is provided in quadrature form as:

$(#) = (1) +/ so(2) (7.37)
Analogue Generation of LINC Signals

Then the two LINC component signals may be defined as: first stage in generating the required LINC component signals is to

the envelope and phase modulation information separately. The
pe signal will be a baseband signal and the phase modulated signal
either be derived in the form of a baseband phase modulating signal or as
carrier at the required output frequency, complete with the required

s1(2) = s(2) + (1)

1) = s(£) — o) 7

Where modulation imposed upon it. This therefore yields three possible
hods of realising the envelope signal and phase-modulated carrier:

e(r) = —s,(2) _1___._ 1+/5(8) ¥ 1 (7.39) 1. Baseband input signals. If the amplifier forms parr of a complete

(J%(f) + J:?Q(t)) (ﬁ({} + ;E}(f)) modulator and transmitter, the baseband input signal information

will be available and hence can be processed at baseband to yield the
amplitude and phase modulation (baseband) signals. This is most
easily performed by a DSP or ASIC (as shown in Figure 7.11), but
other (analogue) implementations are possible.

Quadrature signal components are commonly provided by digital modula-
tion formats and hence the above signal mapping may be preferable in many

implementations, in particular those based around a DSP. » :
Once these signals have been generated, the phase modulating

signal may be modulated onto a carrier at the required frequency
(e.g., using a voltage controlled oscillator or frequency synthesi-
ser). Both signals (the baseband envelope and the RF phase-
modulated carrier) may then be processed by the signal genera-
tor/modulator shown in Figure 7.14. Note that the modulation
bandwidth required for the VCO (or PLL synthesiser) will be at
least ten times that of the desired RF channel bandwidth (see
Section 7.3.8 for further details on LINC signal bandwidths).

1.33 Signal Separation/Generation
There are a number of techniques by which the LINC signals may be

L. Analogue signal processing of a modulated RF input signal. This
was the method originally envisaged by Cox, however, it i
somewhat complex in implementation. It is also difficult to realise
the LINC signals accurately by this technique and hence the overall
linearity performance of LINC is limited by this process.

» V{1,
2. Digital signal processor generation of the LINC signals at base &

‘band- Tlae two LINC signalsi may be generated from a bawb@é{__ Baseband Signal
input signal by means of a digital signal processor. The resulting input signal ™| processor
baseband output signals can then be upconverted to RF beforé
amplification by the nonlinear amplifiers. This method has #
number of advantages over its analogue counterpart, corrcspoﬂ&f:
ing in general to the advantages of digital over analogue signd®
processing. This method and its advantages are discussed in mof
derail in Section 7.3.6.

o0
(O Keosioc o)

VCO

7.11 Generation of the signal envelope and phase-modulated carrier from a
baseband input signal.
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> _|" 5 Kcosjw, tho(t)] & _|’ Kcos{w, t+(]
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bty Mixer flgﬁg‘PﬂSS

Figure 7.12 Generation of the signal envelope and phase-modulated carrier utilising a
limiter and an envelope detector.

7.13 Generation of the signal envelope and phase-modulated carrier utilising a
limiter and coherent detection.

This method is potentially a little cumbersome and is particularly
iﬂﬂﬂ%deﬂt bearing in mind that a Sl]itﬂ.bly PO\V(’.‘I‘fU] DSP can IEThe OlItPut Df thC mixer is thC‘[CfoE:
generate the LINC signals at baseband, thus rendering the use of

the hardware in Figure 7.14 unnecessary. M,, (1) = K*sinjoc s + (1) + £p Vo (2)] cos[ect + d(4)] (7.41)

2. Limiter and envelope detector. This is the simplest method of utput of the baseband low-pass filter, 17,(4), is then:

realising the required signals and is shown in Figure 7.12. Limiters,
whether based around diode circuitry or active high-gain limiting
amplifiers, are commonly available and easy to use. Likewise,
envelope detectors are straightforward to implement, although
they do generally suffer from poor linearity and hence will degrade
the achievable linearity from the LINC system.

KZ
V() = ?Siﬂ['ép Vo(4)] (7:42)

sure stability of the feedback loop, the argument of the sine term must
n within the first quadrant, that is, [£p 1 (f)| T/2.

I'he operational amplifier acts as a summing amplifier, thus:
B Ry 17 () + R, ['fﬂ,(f)

- Ry + R,

3. Limiter and synchronous detection. This is still a relatively simple
method, but benefits from the more linear transfer characteristic of
the coherent detection process. A schematic of the system is shown
in Figure 7.13.

7(#) (7.43)
lenng the feedback loop to form the output of the operational
s Violf) = G4V [, givest

: 2 5
Wo(r) = -G V(1) =- GI“; ipl;i’ ) GaRa(K é ;?)_:l;{(zaép Vo(r)

Having separated the input signal into its envelope and RF phase:
modulated carrier components, these can then be utilised in a baseband
feedback system to generate the required LINC component signals (ar RE):
as shown in Figure 7.14 [13].

Consider the feedback loop around the operational amplifier with
voltage gain, G, = o)/ VV{#). A phase-shifted version of the phase
modulated carrier (from the limiter output) is itself phase modulated by the
operational amplifier output signal, [75(7), to produce:

(7.44)

the restriction detailed above (to ensure stability of the feedback loop),
sible to determine the maximum value of the sine term in the above
- B e o

V(1) = K sinfoct + 6(¢) + kn V(A (7:40) e g5

s
KpVolt) == 745
where &p is the gain constant of the phase modulator. pVolt) 2 7As)
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Substituting this into (7.44) yields the maximum value, /., of the input
signal, (), as follows:

Thus, the outputs from the component separator are the desired constant
amplitude phase-modulated signals:

Vi (1) = Kssin[ogs + ¢(4) — a(7)] (7.52)
V() = Ksinogs + ¢(£) + o(7)]

Vi)

M GaR V(1) G4Ry(K/2) (.46 3

2kp Ri+R,; R, +Rs ' @

L

i

| hence: = >
I R(R'] =+ Ru) : 2 :_:: g
“Rem, [1+ 2R Vs /K*RS)] (7.47) " $ g

L =¥ g

Assuming that: S Y 5 §
33U oy 5

4 - (=]

(R +Ry) 238 s LD 2

G. —_ 7 oE N - =

17 TRR, e % g g

@ = @

hen (7.47) red : = 83 g
then (7.47) reduces to: ] xEE =
L =

K’R, \ 2 2

Vi = = 7.49 s 2

o 2R, e g

Z

Assuming that K, R; and R, are chosen as outlined in (7.49) above, then . e
(7.44) becomes: % ‘_( + )‘ ;‘*_g
KRy . ., ! ;- 5

=5 Zsinfkp 1o(4)] (7.50) s S

1 Y o 2

] =

(=8 —

and hence: 8{58 Eg g
or) = —kpVol4) (751) :

§-

2

(=

=

=

=

=

£

=2

o

e

1
The phase modulator is an important component in this form of SIgﬂﬂl
separator, and in particular, the matching between the two phase modulat .
shown in Figure 7.14 must be accurately maintained in order to ensure a D&
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degree of linearity for the overall LINC amplifier. This requirement,
together with that of accurate marching between the RF amplifiers and
subsequent combiner inputs, limits the achievable performance of this
analog signal generation technique.

7.3.4 Frequency Translation Within the LINC Technique

In many situations it is desirable to generate complex component signals at 3
convenient frequency, for example, a standard IF frequency (e.g., 10.7 MHz,
or 21.4 MHz) or at baseband (see Section 7.3.6). This is also the case when
considering the generation of the LINC component signals and hence it is
desirable to be able to implement the upconversion process to the final
output frequency within the LINC technique.

This can be achieved as shown in Figure 7.15—the two LINC
component signals, 17,,4(¢) and 17,,4(#), may be generated at any conve-

nient frequency before feeding into the dual-channel upconverter. The only

additional component requirements are the upconversion mixers and the
associated band-selection filters.

Since the LINC component signals are phase-modulated, nonlinearities
in the upconversion mixers have no effect upon the achievable linearity of
the technique. Hence the mixers may be driven at their full rated power, thus
minimising the gain required in the RF or microwave nonlinear amplifiers.
This is an important advantage, since gain at high frequencies and powers is
difficult and expensive to achieve.

Bandpass Non-linear
filter amplifier
X
Vs () ——> > %
Local RF
oscillator output
v,
Bandpass Non-linear
filter amplifier

Figure 7.15 Upcenversion within the LINC technigue.
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Use of Voltage-Controlled Oscillators in the LINC Technique

r from the above discussions that the primary attribute of the LINC
lies in their broadband phase-modulated nature. This type of signal
itself well to the use of voltage-controlled oscillators (VCOs) as a
means of generation, including upconversion to the final carrier
uency (by the simple expedient of using VCOs operating at this final
ncy).

' Figure 7.16 shows one possible implementation of the LINC technique
g VCOs operating at the final carrier frequency. In this instance, the
s are conventional low-power devices, with the final output power
generated in the two (identical) power amplifiers. As before, these
slifiers should be nonlinear, high-efficiency types (e.g., switching ampli-
order to realise the optimum overall efficiency for the complete
~ transmitter.

- The principal advantage of the use of voltage-controlled oscillators in
plication lies in the reduced complexity of the overall system. The
1d input signal can be processed at baseband (i.e., without any
aversion) by, for example, the use of digiral signal processing techni-
(see Section 7.3.6) to produce the necessary two LINC (baseband)
s. The frequency translation/modulation process takes place directly in
oltage-controlled oscillators, rather than requiring additional mixing,
ng and amplification (to overcome mixer and filter losses) as was
uired in the system illustrated in Figure 7.15.

~ An even simpler system is illustrated in Figure 7.17. In this instance,
'CO and nonlinear amplifier in each arm of the LINC transmitter have
replaced by a high-power VCO operating at the final output frequency
it half the final output power. It is relatively straightforward to create a

Non-linear
amplifier
band Baseband vCOo BE
— component e -
separation Hp

)—I

VCO Non-linear
-amplifier

re 716 Use of voltage-controlled oscillators in the LINC technique.
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3, Power consumption: this is particularly a problem when looking
to integrate the RF components, such as mixers, but is also of
concern in a discrete solution. The large number of components
involved on its own is a strong indicator of potential problems in
this area.

High-power
oscillator (VCO)

Baseband Baseband RF
; —3 com
input ponent output

separation . Difficulty of integration: this is a major drawback since one of the

main potential applications of the LINC technique is in hand-
portable radio transmitters.

High-power

oscillator (VCO) The major part of the hardware complexity in the analogue imple-

on arises from the requirement to accurately generate the cos ' term
36). The advent of digital signal processing has made this task relatively
htforward (at baseband) and hence the use of DSP techniques within a
> transmitter has many advantages. The use of DSP techniques moves
tation on linearity performance from the signal separator to the gain
hase match which may be achieved in the RF path. If this is mainrained
 high degree, very good linearity performance may be achieved. Results
d in the literature [16,17] indicate that two-tone IMD levels of
dBc (max) may be achieved in 2 practical implementation.

A major issue with DSP implementation is, however, the modulation
bandwidths which must be generated. These are typically 10 or more
es the bandwidth of the modulation to be transmitted (e.g., over 2 MHz
a single GSM-EDGE carrier). This issue is explored in more detail

Figure 7.17 Use of high-power oscillators in the LINC technigue.

medium or even high-power VCO at VHF, UHT, and some SHF frequen-
cies, since a number of applications require such devices and hence suitable
semiconductors are available.

It is, of course, essential that the two oscillators are operating on
preciscly the same center frequency, although small differences may be
removed by the addition of a DC level to the relevant output of the
baseband component separator (or just a constant in the case of a DSP
implementation of this element). At microwave frequencies, oscillator
components (e.g., Gunn diodes) are often available before their transistor
(or GaASFET) counterparts, and hence the use of high-power oscillators
may be the only option initially. ‘High-power” in this instance may be only a
few milliwatts.

The use of high-power oscillators is also sensible from the point of
view of efficiency, since oscillators are inherently constant-envelope devices
and may be designed to be very efficient. They are also relatively simple
devices in construction and hence the overall LINC transmitter, built in this
manner, is perhaps the simplest implementation of all.

~ An example of the baseband signal processing required for a DSP
tation of the LINC system, employing quadrature upconversion, is
in Figure 7.18. The equations defined by the look-up table have been
ned earlier (7.39).

Example LINC Signals

mple of a2 LINC component signal (both would look identical on chis
of plot) and the resulting output spectrum of a LINC transmitter is
u in Figure 7.19. The modulation format which is ultimately generated
e transmitter is T/4-DQPSK. It is obvious from this result that the
dth of the FM component signals extends to many times the wanted
el bandwidth and that relatively broadband cancellation must be
ved in order to provide a linear signal output for even a relatively
whand channel. The gain and phase matching of the two paths must
Fore be maintained accurately over this bandwidth.

736 DSP Implementation of a LINC Transmitter

The generation of LINC signals by the analogue techniques described in
Section 7.3.3 has a number of obvious problems:

I. Hardware complexity: a large number of RF signal processing
components are required in the implementation, and these tend t©
be both bulky and expensive.

2. Cost: as was mentioned above, the use of RF signal processing
components, particularly in significant quantities, is often expensivé:
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7.19 Experimental results from a LINC transmitter using n/4-DOPSK.

Gain and Phase Matching of the Two RF Paths in a LINC Transmitter
System

difficulty of achieving the accurate gain and phase matching required
een the two paths in a LINC transmitter is one of the reasons why this
hnique has seen relatively little application to date. Errors in the gain and|
Pphase matching will result in incomplete cancellation of the unwanted
ents of the wideband phase modulated signals and hence result in a large
nber of unwanted spurious products appearing in the output spectrum
a much larger number of products than those produced by conventional
modulation distortion),

The effect of gain and phase imbalances berween the two paths in a
C transmitter may be analysed as follows [18]. Equation (7.30) may be
itten in complex envelope form as:

Q-channel
Q:our =
lour

Figure 7.18 Use of DSP in the generation of LINC signals.

Look-up table

|I-channel

o i i e L ) A o . e e b )

$(#) = r(#) /P (7.53)

Digital signal processing

60 < 7(F) < Fous
Similarly, the two LINC signals ((7.31) and (7.32)) may be rewritten in
of the wanted signal information and the additional (unwanted) signals

Digital input
signal




458 High Linearity RF Amplifier Design

which will ultimately cancel in the combining process:

51(2) = 5(2) + E(2)
$2(2) = $(#) — E(v)

E(#) =jS()\) [P/ (1) — 1] (7.55)

In the frequency domain, (7.54) becomes:

$1(f) = 3(/) + E(f)
$2(f) =3(1) = E(/)

A comparison between the bandwidths of the original signal information
and that required for the additional (unwanted) signals is shown in Figure
7.20, for various modulation schemes. A root-raised cosine filter with an
alpha (roll-off factor) of 0.35 was used for the pulse shaping. It is evident that
the spectra for E( /') extend far into adjacent channels and hence must be
eliminated in the cancellation process at the output of the LINC transmitter

where:

(7.

=J
fn
o
—

(see also Figure 7.19). For this to be performed correctly, a very high degree

of gain and phase matching is required between the two paths over this (very
wide) bandwidth.
To illustrate the effect of gain and phase imbalances, a gain imbalance,

20
- - — = —  E(f) for 4-QAM
g o — — — — E{f) for w/4-shifted DQPSK
- 1 | =-=-=-=- E(f) for offset QAM
2 f\g " Sg;) . Q
£ 20l | M0
o _— "
£ o
& o \ ~ i P
e Tl T e
% -40 \\ \\_.
o ~ H"‘-.
g - .
~ "
-60 |- My |
~
- ~
~
'30 L 1 I 1 I 1 i 1 | 1 \I\ 1 | 1 ’ 1 I o
0 2 4 6 8 10

Frequency (normalised to symbol rate)

Figure 7.20 Simulated S(7) and £(f) for various modulation schemes (from [18] © IEE
1995).

(7.54)
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d a phase imbalance p; are introduced in the second branch of a2 LINC
smitter. The corresponding signal component is then:

S £) =80+ E(N)] [1 +4] ™ (7.57)

LINC transmitter output then becomes (neglecting the power amplifier

= 51(f) + 52(/)
=S(H[+Q+2)™]+E()[1 = (1+4)e]  (7.58)

st term in (7.58) indicates that the source signal is scaled by a factor
(1 +g) ¢, which is approximately 2 for small imbalances. The second
) shows that the residual unwanted signal due to imperfect cancellation is
scaled by a factor 1 — (1 +g)¢/™. This will only become zero upon
ion being achieved in both gain and phase matching,

- Since the cancellation process is essentially vector cancellation (i.e., the
as that occurring in feedforward), the degree of gain and phase
ce which may be permitted for a given level of cancellation is the
s that illustrated in Chapter 5. Taking as an example the n/4-DQPSK
um shown in Figure 7.20 it is evident that some 50 dB of cancellation is
ired in order to meet a 60 dBc first adjacent channel specification and
B required to meet a 70 dBc second adjacent channel specification (such
ould be required for a TETRA mobile station). These figures assume
the summation process occurring within the wanted channel (hence
ling additional ACPR over that illustrated in Figure 7.20) is absorbed
design ‘margin’ for the rransmitter. The above example specification
Id require a gain and phase balance of around 0.02 dB and 0.1
tively, for the first adjacent channel; an exacting requirement, even
the narrow (3 x 25 kHz = 75 kHz) bandwidth in this illustration. In
tion, greater than about 10 dB of cancellation would be required in the
‘adjacent channel (250 kHz bandwidth). It is likely, therefore, that the
use of the LINC technique will be restricted to narrowband,
bly single-channel applications with relatively undemanding adjacent
el requirements, for the foreseeable furure.

Methods of Achieving Gain and Phase Matching

are three potential methods of achieving the required gain and phase
ing between the paths:

1. Utilise a control scheme, in a similar manner to that described for a
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feedforward amplifier in Chapter 5, in order to actively control the
gain or phase matching. This can be either a real time system, in
which the gain and phase are continuously adjusted whilst trang.
mitting (e.g., as described in [18]), or a periodic update technique
occurring immediately before the modulation is transmitted of
during periods when the transmitter is not required.

Integrate all of the essential RF components of both power
amplifier (or power oscillator) paths onto a single piece of
silicon. The high degree of matching which should be possible
using this technique will reduce or eliminate the need for a contra]
scheme. This approach relies on a reasonable IMD and spurious
response specification having been set for the transmitter and
incorporates some inherent risk as the transmitter cannot monitor
its own performance during service and hence may exceed its
permitted spurious levels without being aware of it. This situation
would also not be obvious to the user, as the transmitter would
operate quite normally until the sitnation became severe,

Utilise a continuous modulation feedback technique, such as the
CALLUM technique described below. Such techniques ‘force’ the
output modulation to conform to the mnput signals and as a
consequence ensure that the matching between the two paths is
maintained continuously in real time. The principal disadvantage of
this approach is that the large feedback bandwidth required,
relative to the baseband bandwidth of the input signals, restricts
its use to relatively narrow-band transmitters,

139 Influence of PA Output Match on a LINC Transmitter

The imperfect output match of 2 power amplifier (or high-power oscillator)
has been assessed in terms of its effect on LINC transmitter performance
[19]. Imperfections in this match result in a reduction of the theoretical
adjacent channel suppression over and above that due to imperfections in the
gain and phase balance between the two paths (discussed above).

Taken alone (i.e., assuming perfect gain and phase matching), fhg
results indicate that an output return loss of better than 20 dB is required if

order for the ACI degradation to be small (2 dB or 3 dB). A return loss of

only 10 dB results in an ACI degradation approaching 10 dB. These rcS'l-‘lt?
are based on an antenna return loss of 10 dB and an output power combiner

isolation of 25 dB and show that a good PA output return loss is essential fof.

good linearity performance from the LINC technique.
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|
4 Vector Locked Loop

yector locked loop technique [20,21] is 2 mechanism for generation of
ggignals required in an outphasing modulator, incorporating feedback
ol to eliminate the effects of gain and phase errors in the two paths. The
n consists of two cross-coupled phase-locked loops employing phase
| magnitude detection so that both phase and magnitude may be
loyed as feedback signals. A block diagram of the approach is shown
ure 7.21 and its operation is as follows.
The high-power RF output signal is generated by the summation of the
\F power amplifier output signals in a similar manner to that of the
rdonal LINC technique. A sample of the output signal is fed back and
feed a phase detector and a magnitude detector. The outputs of these
ors are then a phase error signal and a magnitude error signal. The
ce between the phase error signal and the magnitude error signal is
modulate the first (upper path) VCO via the first loop filter. The sum
the phase and magnitude error signals is used to modulate the second
©, via the second loop filter.
~ When the loop is locked, both the phase and magnitude errors are
nised and the output signal will then track the phase, frequency and
tude of the input signal. A change to either the amplitude or phase
wonse of either path, resulting from a change in gain of one of the power
fiers, for example, will be compensated for by the action of the
eedback loop.

. The main drawback of this technique, relative to the CALLUM

ue described below, is in the difficulty of realising appropriately

~distortion magnitude and phase detectors with a suitable broadband
pofise and operating at high carrier frequencies.
- Note also, that if the two power amplifiers are unequal in output
er, which will always be the case, to some degree, in a practical
entation, then it is not possible for the technique to generate a
output. This is true despite the use of feedback to compensate for
ces hetween the two paths. Generation of a zero output would be
1y, for example, to generate the envelope minimum in a two-tone
r many practical modulation formats, however, it is not necessary to
¢ a zero ourput and hence this limitation is not of great coneern. It is
limitation common to other LINC implementations and is not specific -
ector locked loop.
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5 Combined Analogue-Locked Loop Universal
~ Modulator—CALLUM

Introduction

output

%=
Band-pass

filter

RF

ALLUM technique is similar in some respects to the vector locked
 described above. The main difference 1s in the use of quadrature
crion, rather than magnitude and phase detection of the VLL technique.
vo main aims of the CALLUM [15,22] modulator are:

1. To generate the required signals for the LINC technique in a
simple, cheap and integrable form;

2. To provide a control mechanism to automatically compensate for
gain and phase errors in the RF amplifier chains and hence to
compensate for thermal drift and component aging, as well as
variations due to sudden disturbances (such as would occur if the
transmitter was dropped).

RF PA

a
c
D
s
(6]

 latter aim, in particular, is key to the potential success of the LINC
que, as it relieves the uncertainty as to what performance could be
with good thermal tracking. As is evident from the discussions
earlier in this chapter, the most attractive application of the LINC
que is in linear transmitters for use in handportables. The transmitter
is thus likely to be integrated and the good matching and thermal
which would be obtained by integrating both amplifier chains as
- the same module (or even the same piece of silicon) has long been
ht to be the key to the successful implementation of the LINC system.
tunately, there is a considerable financial risk in taking a system to this
of integration, with no certainty that the required matching and
tracking can be achieved. It is not surprising, therefore, that no
s of this type have, to date, appeared on the market.
plementation of the CALLUM technique is therefore a potential
on to this problem, as the matching and tracking performance of the
system implemented in this way can be assessed without the need to
costly integration techniques.
" A block diagram of the basic CALLUM modulator is shown in Figure
- The baseband input signal is fed to the modulator in 1 & Q component
for example from a DSP, in a similar manner to that of the Cartesian
fransmitter discussed in Chapter 4. The upconversion and LINC signal
tion process is then performed by two voltage-controlled oscillators
ggested by Cox [13]) with subsequent power amplification being
d by two highly nonlinear amplifiers (G; and G in Figure 7.22).

VCO

Loop
filter
Loop
filter
Figure 7.21 Vector locked loop

Phase
detector

Magnitude
detector
IAl

)

Input_(_l_

RF
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‘he desired VCO control voltage is generated by an error signal
from the subtraction of the relevant component (1 or Q) of the input
from a downconverted version of the output signal (from the
on hybrid). The local oscillator of the downconverter section is
ed in quadrature form to feed both loops and consequently is the sole
t of the channel frequency of the transmitter. The two loops are
re acting in a manner akin to quadrature phase-locked loops (PLLs)
ce the stable region of aperation of the transmirter may be deduced
LL theory.
he action of the feedback control system will be rwofold: first, it will
free-running VCOs to lock to the channel center frequency as
by the local oscillator signal and secondly, it will cause the combined
output signal to closely match the input signal, thus implying that the
transmitter output is a perfect linear, amplified representation of the
al. This, of course, assumes that the loop gain is infinite and that
dulation process has perfect gain and phase balance, which will not
= in practice. The performance achieved from an experimental
- [15,23] is, however, very impressive, thus demonstrating the
ty of the technique.

RF output
Vae(t)

Attenuator

,
+:
h
Veralt

. Analysis of the CALLUM Modulator

ble to demonstrate that the CALLUM technique provides the
LINC signal components outlined in (7.30) to (7.36) and hence will
correctly as a LINC transmitter. As a consequence of the derivation,
possible to demonstrate that the technique will compensate for

>— Vet
Non-linear
- amplifier
i Ves (1)
V()
Gg
Non-linear
amplifier
Figure 7.22 Schematic of a basic CALLUM modulator

o S -
S itial gain errors between the amplifier chains.
é c onsider, for simplicity, a CALLUM system with only an I-channel
&2 1, that is:
g3
@ c
£ 5 (1) = V() (7.59)
s 3
o c
oo
E&
3£ |
7, () =0 (7.60)

ting RF output signal is given by:

- —
- £
a|= El=
i P N
G = g:a.

Vre(t) = Vepr(#) + Vigg(1) (7.61)

€ RF feedback signal from the splitter, which feeds the RF port of
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each of the mixers is (assuming a perfect amplitude balance in the spiim;r}: two VCOs; these are given by:

Vre(#) + Viegl?)
Ky

Viccoi(#) = Ky cos(@ort +001)
VV(_*Q_Q(I') = KQ cos (Cﬂo‘gf it GO_Q) (?-68)

VFB(’) = (7.62)
where Ky includes both the sampling ratio of the feedback coupler (r
hybrid) and the feedback path splitter.

The downconverted feedback signals are now:

ing (7.61), (7.69) and the RF amplifier gains gives:

Vre(?) = Ve (1) + Virg(#)

VFB]‘(f) = VFB-(f-) Cos(m.cf) - G]‘KJ“COS((DO}I o 901) g GQKQ sia(mogf 4 Gng) (7.69)
_ Vier(2) + Varp(?)

Ky

W f') 7.63
L (7.6 ce (combining (7.67) and (7.69)):

= 2K, {cos[(@c — @or)7 — Og;] + cos|(w¢ + @or)# + O]}
GoKyg
2K,

Visp(t) = Vig(r) sin(0c?)
_ VeElt) + Veeg(?)
B Ky

sin(®¢7) (7.64) {sin[(0c — wog)? —Bog] + sin[(0c + 0pg)7 + 0y}

(7.70)

Now, consider the I-channel (upper loop) error signal:
 assumed that the two phase-locked loops, formed by the upper and
feedback paths, are locked, then ®, = wy; = ®gg. The double-
ncy (second harmonic) terms are removed by the natural low-pass
action of the operational amplifiers (or can be explicitly removed by
g if necessary). Equation (7.70) now reduces to:

() = K Vi (2) (7.63).

where Vp(#) is the differential voltage between the noninverting and
inverting inputs to the operational amplifier and K 4 is the gain of the
operational amplifier.

Hence: GoKyg
2K

Gk

I"’j‘ (t) ZKr

cos By, — sin Oy (7.71)

Ven(#) = K [V7(2) = Vg (#)]

K

;: [KsVi(2) = (Virga(d) + Vieo(#) cos(ocr)] (766 y, for 1V pg(z) — 0, and bearing in mind that #,(#) = 0 (from (7.66)):

i = VLmsin{mcz‘) =0 (7.72)
Ky

When the loop gain is large (e.g., K4y — 00), the action of the feedh?‘"l:‘:"
forming the upper loop of Figure 7.22 will be to cause 1 p(7) — 05 similarlfs
the feedback action of the lower loop will cause 17pg(f) — 0. Hence:

tuting for g p(f) from (7.69) gives:

i)~ Y20 costocn) =0 ) gituee]_

Ky

I {ZDS((DD;I = 905) =} G,QK.Q Sin(mogf' ot BQQ)] 0 (7.?3)

The RF output in the 1 and Q channels is formed by amplifying the outpi®
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Again, this can be expanded to yield the baseband and double-frequency
terms:

is of the required form for a LINC si.gnal:

G ” SH(#) = Vi cos[@et + §(2) + 0y(£)] (7.82)
ek {'%m[ — o)t — o] + sin[(w¢ + o)1 + 0]}
G I .
=+ ;Kf {cos[(0¢ — @)t — 8] — cos[(0¢ + @pg)t + 8]} (7.74) B, =i 17,(2) (7.83)
Vo

Making the same assumptions as before regarding the locking of the (Q)-
channel) phase-locked loop and the filtering of the double-frequency terms
by the (Q-channel) operational amplifier, gives:

; and Ogp are in quadrature, it follows that:

K.
Bog = T 1 171(4)

_ 7.84
Sl Giki (784)

sin Gm = — K 4 €0s B.U_Q (775)
¥

Tt was previously assumed that G,K; = G4Ky (from (7.76)). If this
on is no longer made, in other words, if it is now assumed that a
Jimbalance exists between the upper and lower paths of the system, it is
to analyse the effect this has on the phase relationship of the rwo
locked loops. For example, if 0p; = m/2, then (7.75) becomes:

If ir is assumed, for the present, that:
G1K; = GyKy (7.76)

in other words, that the RF gains in the two arms of the system are balanced,

then it follows from (7.75) that: : G,K, ;
( ) GIKI = o QCOS eo_@ (7-85)
) 2K, 2K,
sin 0y, = cos By, (7.77) )
It can therefore be deduced that O; and 0, are in quadrature. Hence
allowing: GK
I55]
cos Br.),g = ‘—"—GQ KQ (7.86)

S}l'-l(BO] e T‘.'/ZJ = COS(BQQ -+ Tl:/?..) (7?8)

hase angle, 0,5, now no longer equals zero (i.e., the two vectors are no
in quadrature) and consequently the two LINC signals appearing at
uts to the RF summing junction are no longer in perfect anti-phase.
sult of this is that partial (rather than complete) cancellation will occur
coupler and this will compensate for the gain imbalance present
n the two halves of the system.

ly a similar analysis to that shown above could be performed for a
input signal and this would yield a similar result. It is therefore
t that the CALLUM system is capable of both generation of the
ed LINC signals and of compensating for gain errors between the two
ths. By modifying, slightly, the above analysis, it is also possible to
that phase errors between the upper and lower paths are also
sated by the CALLUM technique. Two of the fundamental difficul-

or
cOSs 9{;; = —sin ’8@2 (7?9]
Substituting this into (7.71) gives:

G;K}

K, cos B; (7.80)

Vi) =

Finally, re-arranging the above gives:

——
~
{5 =]

—_

—

¢
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ties associated with the LINC technique are therefore addressed, for
narrowband applications, with this configuration.

The above system analysis has been performed on a CALLUM system
without loop integrators. It is possible to add loop integration to both of the
loops and this provides an improvement in tracking performance [23]
although care must be taken to avoid overshoot and ringing when faced wit};
step changes in input phase.

7.5.3 Stability of the Basic CALLUM Modulator

The CALLUM modulator consists of two phase-locked loops, loop A and
loop B. Loop A will only maintain fock whilst the phase of the RF output
signal is within £90° of the sine of the local oscillator vector, whilst loop B
will only maintain lock whilst the phase of the RF output signal is within

Q

Stability region for loop A Stability region for loop B

Liinear Transmitters Employing Sienal Processing an

' of the cosine of the local oscillator vector. Consequently, there exists a
ity region within which both loops can achieve and maintain lock, and
is shown in Figure 7.23. Loop A is stable in the first and second
nts, whilst loop B is stable in the first and fourth quadrants. Neither
p is stable in the third quadrant.

The only region, therefore, in which the complete modulator is stable
at of the first quadrant. This therefore limits the use of the basic
ulator to signals which remain wholly within the first quadrant; relevant
dulation schemes include amplitude shift keying (ASK) and full-carrier

Whilst these schemes are useful in some circumstances, for the
hnique to be truly useful, a method must be found to extend the stable
on of operation to all quadrants. Work has been performed to solve this
problem by including additional signal processing within the basic

\LLUM modulator [22,23]. One option is to control the sign of the
input signals in order ro ensure that the loop is always operating in its
region. This can be achieved by means of a switching matrix inserted
een the output of the differential amplifier and the input to the VCO in
channel, as shown in Figure 7.24. A high loop gain must be used in this
nfiguration in order to minimise the impulse noise created when the input
al crosses from one quadrant to another.

6 Linear Amplification Employing Sampling Techniques
(LIST)

Introduction

e of pulse-width modulation (PWM) in RF linear amplification has
nally been restricted to low-frequency operation, due to the high
npling frequencies which would otherwise be required. LIST [24] is an
t to bring the advantages of PWM techniques to RF amplification at
ble carrier frequencies and hence may be viewed as a “rival’ to LINC, in
ch as it makes use of the combined output of two highly nonlinear

tfiers.
The LIST technique differs from LINC in a number of important

. It does not rely on phase cancellation in the output combiner in
r to generate a linearly amplified signal; reconstruction of the linear
is achieved purely by the output bandpass filter which simulates the
on of the low-pass filter used to perform ‘detection” of baseband PWM

Is. Subtraction does occur at the output of the LIST transmitter,

Stability region for loops A & B

Figure 7.23 Stability regions for the basic CALLUM modulator.
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l-channel

Q-channel

Es@gru} D—’D

Figure 7.24 CALLUM modulator employing a switching matrix to allow full four-quadrant
operation.

however, this is used to remove the i image signal and its pcrformfmcc is
therefore usually less critical than that of the combiner in LINC (e.g., in the
case of an in-band image created by Weaver upconversion). The modulation
method used to generate the LIST signals is also essentially digital in nature,

whereas the LINC methods are essentially analogue (although they may be

implemented using digital techniques, for example, a DSP).

1.6.2 Operation of a LIST Transmitter

Like Cartesian loop and CALLUM (among others), a LIST transmitrer takes

baseband input signals in T and Q formar and performs all of the upconves:

sion and modulation processes, prior to amplification and transmission. Iti5 -
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fore a genuine linear transmitter and not merely a linear amplifier.
The basic structure of a LIST transmitter is shown in Figure 7.25. The
Q signals are fed directly into a delta coder [25] (one per channel) in
he original analog information is converted to a data-stream of value
The resulting output signals are given by (7.87) and (7.88):

AI(#) = RA[i(7)
AO(#) = KAg(2)]

(7.87)
(7.88)

Ale] represents the delta cading function. In the frequency domain,
signals include alias products centered on a frequency, f 4, as shown in
= @25,

‘The delta-coded signals (including alias products) are then quadrature
nverted and fed to the two nonlinear power amplifiers. The binary
output from the delta coders results in a carrier phase shift of +180°
the upconversion process; this is more commonly known as Phase
sal Keying (PRK) [26]. The resulting upconverted signals are given

NRF(I) = AKA.“N(I.L) CUS((D“.{) (789)

AQpp(t) = AKypAQ(#) sin(wy/) (7.90)
optimum system, the power amplifiers would be constructed from, for
e, class-E power stages, with no loss of signal fidelity (since the
are constant-envelope at this point in the system) and with an
lent potential efficiency. Fabrication on a common substrate would,
se, greatly aid tracking of the two paths and hence image (or SVE)
rmance.
Following the nonlinear amplification, the two paths are combined and
 bandpass filter. The combination process should, ideally, be lossless,
ugh this is unlikely to be the case in practice. The combiner problem is,
, different to that of the LINC technique, since the two signal paths
not need to subtract to generate the wanted linear modulation, but only
move the unwanted image.
A fina] benefit results from the construction of the signals in quadrature
ponent form. Any imbalance between rhe two paths should not result in
idation in linearity performance, but will result in an image signal.
image signal can be arranged to be in-band (using Weaver upconver-
7], illustrated by the spectra in Figure 7.25) and hence the suppression
wired can be relatively modest. As a result, a gain and phase error between
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ewo paths of 0.3 dB and 3° may well be adequate for most applications.
specification can be achieved by current commercial 1/Q upconverter
onents and hence external feedback (for this reason) may well not he
ired, so leng as the rracking between the amplifiers is of a similar order.
this latter requirement may be difficult to achieve with discrete
er designs over a wide range of temperatures, it should be possible
a matched pair of amplifiers fabricated on the same substrate.

The bandpass filter at the output is required to perform reconstruction
delta-coded signals; this is equivalent to using a low-pass filter at
d. A low-pass filter is a suboptimal solution (with the optimal
on being an integrator), however, it is adequate in most cases. The
pass filter must be sufficiently good to remove the many out of band
ucts generated by the LIST modulator and hence is one of the main
cks of this technique,

Bandpass Filter Specification

bandpass filter is required to remove the out-of-band (or out-of-
1) products generated by upconversion of the wideband delta coded
If the sampling frequency of the delta coders is set to be just
e to cover the wanted channel bandwidth (plus a suitable guard band
llow for the bandpass filter roll-off ), then this bandpass filter must either
nable, or switchable to cover all of the required channels. This is
sly a complex and potentially inflexible solution.

1alternative is to make use of the recent advances in digital logic and
ator technologies and hence to use very high-speed devices in both of
parts of the delta coders (comparators with switching times of 2.5 ns
| less have been available for a number of years [28]). The unwanted
acts should then be forced to appear well out-of-band, thus making the
F the bandpass filter somewhat easier (i.e., it could be combined with the
entional bandpass transmit filter and could even be part of the diplexer
in a full-duplex radio). This overcomes one of the fundamental
cks to the practical use of LIST in multi-channel systems.

ne unwanted products mentioned above arise due o the aliasing from
15 essentially a sampling process occurring in the delta coders. Ir is
re useful to ensure that these products appear well out of band, and
ay be achieved by effectively grossly over-sampling the required
el. It is necessary to bear in mind that this over-sampling must
a sufficient separation between the wanted channel and the alias
s, such that even at the band extremes, the alias products occurring
to the opposite band extreme are capable of removal by the bandpass
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| filter. This represents the ‘worst-case’ scenario, with the simplest case Clock
1l occurring when the wanted channel appears in the center of the operational
| band.

It should be noted here that the heavy reliance of the LIST technique
| on the performance (and loss) of this output filter is a key disadvantage of
this system. The creation of a suitably low-loss, narrow-band bandpass filter
is a formidable challenge, particularly at high carrier frequencies, and this
may well be the deciding factor in assessing the practicability of a LIST
solution in a given application.

Analogue Binary
Lo output

input :
L > > D-type
i(t) = flip-flop AlD

Comparator

o (t)

76.4 Delta Coding

The performance of the delta-coding operation within the LI1ST transmitter
is crucial in obtaining good linear performance from the overall design. In
particular, the reconstruction filter must be chosen appropriately in order to
take advanrage of the use of a wideband bandpass filter as outlined above.
This will then result in a transmitter with a bandpass performance
characteristic suitable for use over a complete system bandwidth, rather
than merely 2 single channel bandwidth, In addition, the specification of the
bandpass filter becomes more realistic, since obtaining a good bandpass filter
with a pass-band bandwidth of (say) 25 kHz at (say) 900 MHz would be
extremely challenging.

A standard delta-coder schematic is shown in Figure 7.26. The coder
produces an output binary value corresponding to the sign of the difference
between the analog input signal, /(#), and the predicted value for this signal,
based on the recent past history of the signal. In the case of a linear delta
modulation system, this predicted signal, /(¢), is simply generated by
filtering the binary output stream using (ideally) an integrator.

When a varying input signal is fed to the delta coder, the comparatof
will yield a value of +1, if the input signal voltage is greater than that
predicted by the reconstruction integrator and —1, if it is less. This signal 1S
then sampled by the D-type flip-flop, resulting in a sampled data stream ﬂf
value £K at the output of the coder (with relevant level-shifting if
necessary). The predicted value is derived by integrating this output
stream, so that, for example, a continuous stream of value +K wﬂul'.‘:i.:
result in the integrator ramping up, which is the direction in which the signal
could be predicted to continue, based on the recent past history of +5&
values,

The ‘receiver’ for a delta coded signal can therefore be deduced aﬁﬁﬂ
integrator of the type used as the reconstruction filter (Figure 7.26(h)). Th‘s '
equivalence is exploited later when considering reconstruction utilising #

Reconstruction |
filter

(a)

Binary Analogue
inpul cutput
» f dt >
+-K

Integrator

(b)

726 Schematic of a delta coder system: (a) basic structure; (b) decoder.

pass filter at the output of the LIST transmitter.

Although simple to construct, the delta coder is difficult to analyse, and
mber of texts have attempted to do this (e.g., [29,30]). Some of the
g practical errors and limitations are outlined below, in the context of
transmitter.

Errors in Delta Coding

are two main sources of error in delta coding: granular noise and slope
. It is necessary to minimise both of these effects in order to achieve a
| level of in-band and out-of-band performance for the complete LIST
mitter. Both of these effects are illustrated in Figure 7.27 for a delta
r employing a digital integrator. The use of a digital integrator allows
‘origins of both effects to be seen more clearly, however, these effects will
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Figure 7.27 |llustration of slope overload and granular noise for a delta coder employing a digital integrator,
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‘be experienced with an analog integrator.

As can be seen from Figure 7.27, gramular noise is effectively the
tion noise of the sampled system and is controlled by the step
K. Therefore a reduction in the step-size, and hence an increase in the
k frequency, of the coder will result in a reduction in the amount of
ar noise experienced in the reconstructed signal, In the case of a LIST
itter, this will result in a lower output naise floor for the system and
‘ease the specification placed upon the output bandpass filter.

For a system employing an analog integrator, the granular noise level
e given by [31]:

3V

N-=

: (7.91)

Lal A

, the signal to (granular) noise ratio for a sampled sinewave, with

itude A, is:

34
SNR, = T (7.92)
: step-size, K, is given by:
Vi 1
K=—Z1— 7.93

RC is the integrator timeconstant, 17, is the input signal level to the
ator and f, is the sampling (clock) frequency.
- Slope overload occurs when the maximum slope of the reconstructed
is exceeded by the input signal. The integrator is no longer able to
rately track the input signal and the resulting reconstructed signal is
ed (Figure 7.27). The effect of this upon the ourput spectrum of a
transmitter is to create sidebands around the wanted signal at
nonics of the baseband input signal frequency. Thus, for a 25 kHz
wave input signal, sidebands at, for example, 50, 75, and 100 kHz from
channel centre frequency would be created. This will result in adjacent
nnel interference (ACI) being created by the transmitter and may cause
adjacent channel power (ACP) mask to be broken. These cannor be
oved by the proposed bandpass filtering at the output and hence slope
rload must be avoided at all costs during the design of the transmitter.
The maximum slope of the reconstructed signal is limited by K, ; if the
of change of the input signal is greater than this value, thea the
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reconstructed signal will be unable to track the input signal accurately,
Consider a sinusoidal input signal given by:

x(#)

= Asinw, ¢

This may be viewed as the maximum signal frequency in a Fourier analysis of
a more complex modulating signal, allowing the delta coder to be designed
approptiately. The maximum rate of change of the input signal can be found
using differentiation and this must be less than the maximum allowable

slope, hence:
Kt 2 Aw,

or

K/
A,

L5/
2nAB —

H[

(7.96)

where B is the bandwidth of the baseband input signal.
‘ ‘When an analog integrator is used as the reconstruction filter, the step
size is given by (7.93). Substituting this expression into (7.96) gives:

I

__tm \
" 2mABRC (7.5

which is independent of the clock frequency employed in the coder.
Therefore, in this case, it may be concluded that an increase in the clock
frequency will result in a reduction of the granular noise, but will not affect
the slope overload characteristics.

If the inequality expressed in (7.96) is not satisfied, then slope overload
appears, and the resulting signal to noise ratio is given by [29]:
5, A

== (7.98)
N, T2 N, (7581

= 0.56(1—a) /2

The range of validity for (7.98) is given by: 0.7 < a < 1.

In this case, the optimum choice of the step size is therefore 4
compromise between avoiding slope overload and achieving a low gmmzlﬂf
noise level. Note that this compromise only appears if the inequality given in
(7.96) is not satistied. Otherwise, the choice of step size depends only on the.
granular noise, because slope overload no longer occurs.

(7.94)

(7.95)
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Finally, the relationship between the signal to (granular) noise ratio and
k frequency results from (7.91) and (7.93). Combining these equations

122
N :_”'__o. 7.99
7 3R2C3fr ( )
shows that the granular noise is inversely proportional to the square
he clock frequency. Thus for a factor of 10 increase in clock frequency, a
dB reduction in noise should be anticipated.

Choice of Reconstruction Filter

choice of the reconstruction filter in the delta coder is important in
ing that the ‘predicted’ signal generated within the coder is an accurate
ntation of what is being achieved at the output of the transmitter.
the ideal reconstruction filter for the coder alone is an integrator, this
the case when a complete LIST transmitter is considered.

The reconstruction filter at the output of the LIST transmitter is
med using a bandpass filter, The characteristics of this filter do not map
a baseband integrator due to the relatively flar passband characteristic
e bandpass filter. It is not possible to build an ‘integrating’ bandpass
with continuous 20 dB/decade roll-off both above and below the center
ency, as a2 wideband characteristic is necessary to cover an entire band
tion, without switching or re-tuning.

- Ifan integrator were to be used as the reconstruction filter in the delta
and a (relatively) broadband bandpass filter as the rransmitter output
truction filter, the resulting mismatch between the two characteristics
d lead to distortion of the transmitter output spectrum.

Ii is therefore necessary to use a teconstruction low-pass filter which
, as closely as possible, the pass-band and roll-off characteristics of
tput bandpass filter. In addition, the sampling rate used by the delta
must ensure that the reconstruction process is taking place in the
B/decade roll-off of the low-pass filter, that is, the sampling rate must be
than the system (not channel) bandwidth of the required transmitter.
is necessary anyway, to ensure that the sampling clock frequency and
ar noise spectrum are both able to be removed by the output bandpass

- If an active low-pass filter of the form shown in Figure 7.28 is used in
the delta coder, then R R, in (7.93) and (7.97). Thus the relevant
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parameters may be calculated to avoid slope overload 29 |llustration of vector error due to imperfect gain and phase accuracy in the
- . ; 1/Q plane.

76.7 Gain and Phase Imbalances in a LIST Transmitter M=R+G, (7.101)

Gain and phase imbalances can occur at any point in the baseband,
upconversion, power amplification and combining stages of the transmit-
ter, in addition to imperfections in the quadrature generation of the local
oscillator. Of these, the baseband sections should be inherently the best
matched, as the signal levels are based on digital levels (from a D-type flip-
flop). OFf the remaining elements, the power amplifier gains will, in general,
be the poorest matched. The imbalance mechanisms described here, and
their spectral implications, are similar to those described for the Cartesian
loop in Chapter 4 (although they are modified slightly here for the particular
case of a LIST transmitter).

The effects of gain and phase imbalance may be analysed as follows.
With reference to Figure 7.29, the magnitude of the signal error vector may
be determined using the cosine rule as:

reference vector magnitude is set to unity, then the magnitude of the
nt error vector, Fi-yy, may be found from:

By = y/[1 + M2] — 20 cos($) (7.102)

e )M =1+ G,
The image suppression resulting from the imperfect gain and phase
2 Is therefore:

: =2010g{ \/[1 +(1+G)] 201+ G,]cos(d),)} —6dB (7.103)

the additional factor of 6 dB arises from the fact that the components
the wanted sideband sum in phase, hence resulting in a wanted
image ratio (usually referred to as an ‘image suppression”) 6 dB
than the cancellation of the unwanted sideband alone.
A typical specification, for example, is a gain error of 0.3 dB (i.e.,
= 1.035) and a phase error of 37; using (7.103), this results in an image
on, relative to the wanted sideband, of 30 dB, which is acceprable
ny applications. These values are well within the capability of current
re modulatars, but would require careful balancing of the two
plifiers. This could be achieved by fabrication of both in the same

Er = /IR? + M2 — 2RM cos(,) (7.100)

where R is the magnitude of the reference (‘ideal’) vector, M is !hg
magnitude of the ‘actual’ vector, and ¢, is the phase error berween them:
The measured (‘actual’) vector magnitude, M, is composed of the reference
vector magnitude, R, plus a component resulting from the gain error pIES@..t'
in the system, G,
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Figure 7.30 'mage suppression in a LiST transmitter,

substrate (in the case of a handset transmitter) or by means of an automatic
control technique for larger, higher-power systems. Such control rechniques
are used in feedforward systems for maintaining a similar “balance’ (although
in that case for IMD rather than image cancellation).

An illustration of a range of gain and phase error values and their effect
on a LIST transmitter is shown in Figure 7.30. Note that the gain error
values in this figure (G,,, 44) indicate the gain between one branch in the
LIST transmitter and the other. They are related to the gain error, G,, by the
following relationship:

Grrr.dB =20 ]og“ i Gr) (7104)

It is possible to ‘predistort’ the input signal vectors in order t©
compensate for the errors present in an upconverter (and hence a LIST
transmitter) [32], however, this usually requires some form of calibration oft
a ‘per-unit’ basis and this is generally undesirable in a production environ-
ment, unless absolutely necessary.
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Sources of Noise and Distortion

here are two potential sources of noise and distortion in a LIST system
uming that no slope overload can occur):

1. Signal-to-noise ratio (SNR) degradation produced by the delta
coding itself,

2. Quadrature distortion caused by phase and/or amplitude imbal-
ances in the quadrature paths. Careful (possibly automatic) control
of these parameters is required in order to maintain a ‘clean’
spectrum (cf. image rejection in a Weaver upconverter). Some
methods of control are discussed in Chapter 4.

The use of LIST for narrowband (single carrier) applications
results in these quadrature constraints being somewhat relaxed,
since most systems can tolerate quite a high level of co-channel
interference (e.g., —30 dB) without any noticeable degradation in
SNR or BER performance. However, this problem becomes very
significant if the LIST technique is considered for use in multi-
carrier systems with a non-symmetric distribution of carriers.

e SNR degradation introduced by the delta modulation PWM coding may
 reduced to an arbitrarily low level by suitable choice of the sampling
ency and corresponding step size, K. Results are presented in the
ture [24] which indicate that for 2 SNR of 55 dB (often considered 2
num for mobile radio applications), a sampling rate of around 200 times
e baseband bandwidth is required. This corresponds to a sampling rate of
MHz for a 25 kHz channel, which is easily achievable with most logic
ems. The sampling rates become less achievable for multicarrier systems,
it may still be realisable for relatively narrowband systems.

Feedback Correction

possible to employ Cartesian feedback around a LIST transmitter in
tder to overcome some of the shortcomings mentioned above. This
gement is shown in Figure 7.31 and its analysis is similar to that
ed in Chapter 4 for the Cartesian loop.

The use of feedback will force the output signal to closely resemble the
it signal, bur the gain/bandwidth/delay constraint it introduces will
erently limit the system’s achievable bandwidth. The forward path delay
be minimised by correct choice of the feedback low-pass filter bandwidths;
are only required to remove mixer products and should not perform any
onal reconstruction filtering of the delta modulated signal (which
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ild be fully reconstructed at this point by the output bandpass filter).

0 Efficiency and Combining Issues With LINC and LIST Transmitters

evident that a key benefit of both the LINC and LIST techniques is in
r potential for very high levels of power efficiency. In both cases the
on of this high level of efficiency is critically dependent on the output
iner and, in particular, on what happens to the signal energy when
traction of the two signal vectors takes place. ldeally, this should either
It in no energy being consumed, or in the energy being recovered in
- way and hence not wasted as heat.

1 Efficiency of the LINC or LIST Techniques

aming that the combining process at the output of the two high-
ciency power amplifiers (or oscillators) 1s 100% efficient, and that the
lifiers themselves are 100% efficient, then the overall LINC (or LIST)
lifier efficiency is also 100% at all envelope levels (i.e., not only at PEP, as
1 many other high-efficiency linear amplifier designs). This statement
of course, assume that the signal generation mechanism consumes
wer, although in practice this can be made negligibly small in a high
mplifier. The situation becomes somewhat less clear for a lower
(e.g., handportable) power amplifier, when the signal separation and
eration mechanism becomes significant in terms of relative power
mp tHHon [33]

10.2 Qutput Combiner Issues

problem with the LINC or LIST techniques is in the design of the

put combiner. If a conventional 3 dB hybrid (or equivalent) combiner is

, 50% of the power (at least) is wasted in the combiner. This is due to the

tracted signal energy being ‘dumped’ in the load of the hybrid and hence

ted as heat. Alrernative passive combiner designs are possible which may

Ptimised for a particular modulation type, but these are still sub-optimal.
There are two alternative, theoretically optimal, solutions:

Figure 731 Quadrature feedback applied around a LIST transmitter (after [24]).

1. Design the amplifiers and combining process as one element and
configure the amplifier output stages such that a ve/fage summation
occurs at the summing point. This is akin to, for example, the
process occurring at the input of a summing operational amplifier
stage.

2, Utlise an energy recovery process to ‘re-use’ the energy which
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would otherwise be dissipated in the load, when using a conven.
tional hybrid (or equivalent) combiner. This method is covered iy
more detail below.

Of these two alternatives, the former has the greater potential for achiev
near 100% efficiency, but is also the greater design challenge.

7.6.10.3 Simple Combiner Architecture Employing Energy Recovery

One solution to the ‘energy recovery” method of improving efficiency in the
LINC or LIST techniques is outlined below. It has been used experimentally
at 220 MHz, by the author, and has given some promising results in that
frequency band. More recently, a similar scheme has been proposed at
1.9 GHz [34].

The basis of the technique is shown in Figure 7.32. The outputs of the
RF power amplifiers are combined using a hybrid combiner, with the ‘sum’
port forming the wanted RF output and the ‘difference’ port being connected
to an energy recovery network. For correct operation of the hybrid, the
difference port must be terminated in a resistive 500 load and this would
normally be a high-power resistor designed to absorb all of the unwanted
signal energy. This is clearly a wasteful technique and hence a network which
can recover this energy as efficiently as possible is highly desirable.

The nerwork consists of an impedance matching circuit, an RF rectifier,
asmoothing circuitand a dc to de converter. The pu rpose of this network isto
replenish some of the energy consumed from the battery and hence overcome
some of the energy wastage. Theoretically, all of the energy could be
recovered in this way and hence the ideal of a 100% efficient transmitter
could be realised in this manner. In practice, however, there are a number of
losses in this system and hence only a proportion of the energy is recovered.

An experimental system, constructed for use in the 220 MHz band,
shows thar although inefficiencies do exist, the technique is still useful. A

______ DC/DC
) converter
RF amp 'Difference’ Rectifier & charger
2=
RF out Z * > = P gg -——_]—Batterv
+
Matching Smoothing F
network

RF amp

Figure 7.32 Simple energy recovery combiner for use in LIST (and LINC) systems.

ing
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Table 7.1
Results from the energy recovery combiner at 220 MHz
ency range 220-225 MHz
mbiner/rectifier efficiency 1%
hing converter efficiency 90%
y charging efficiency 70%
all efficiency 45%

ber of different rectifier types were tried experimentally and the results
ed on the most efficient of those used. The efficiency range of the
at devices studied was 52% to 71% (including losses in the combiner
, although these were small). These results are sammarised in Table 7.1.
The overall recovery efficiency of around 45%, whilst not spectacular
till a useful improvement over a standard hybrid combiner. Thus, for
mple, a system employing this technique along with a pair of class-E
lifiers at 80% efficiency would achieve an overall efficiency of 58%. This
nilar to many class-C amplifiers and hence is quite a reasonable figure,
cularly bearing in mind that this is a linear transmitter and that the
ency should remain largely unchanged at all envelope levels.
- The methodology employed in this technique may not be appropriate
transceiver designs or battery types, but it is still useful in the areas
it can be employed successfully. Similarly, it is not necessary to actually
¢ the battery, since a greater amount of power is drawn from it in
ying the transmitter; the purpose of the circuit, in most designs, would
fore be to supply some of the power for the transmitter. This could
ase the ‘battery charging efficiency’ figure in Table 7.1 to perhaps 90% or
This would result in an overall efficiency for the transmitter of > 63%.
A similar scheme has been proposed for use at 1.9 GHz [34] and has
hown to achieve a peak reuse efficiency of aver 60%. This paper also
ights the fundamental problem with this approach, namely that the
er recovery circuit can only be ideally matched at o7¢ input power level,
the conversion efficiency will degrade at higher or lower power levels.
power conversion efficiency also critically depends upon the power
ly voltage for the system into which the energy is being returned, the
resistance of the rectifier diodes (usually Schottky) and their cut-off
lency and built-in voltage.
I An approximate analysis for the power returned may be derived as
lows (based on [34]), assuming a simple resistive model for the diode. The
er returned to the supply is approximately:

|
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-1

B = -
r = Vslpa (7.105) TR (Vs + VD)\/T/;:& — (Vs + Vp)?
Bl

A (7.110)
P 7

where 17 is the power supply voltage and Ip 4 is the DC current from the
TECOVETY POWEr converter.
The power available for return (assuming perfect conversion from RE

e D) i v B As V' changes (with input power) the impedance given by (7.110)

lso change and hence an ideal match is only possible at one input power
At other power levels, the impedance mismatch will cause the power

12
Pl = V5 rms (7.10 ery process to have additional losses. For an impedance transformation
4Ry 105  then the source voltage will be given by:
Where 1, is th il e i Vo (Rl 2, #
-T€ Vs,rms 1S the output voltage of the output combiner difference port - A ok | By i (7.111)
and Ry is its source impedance (usually 50€2). e Z; o
The overall efficiency of the power recovery circuit is then: L. FE——" e
he power delivered to the detector Is then:
P, i
=5 (7.107) 5Z;
Prr_pe Pyyme—m—2 7.112
o R 2 -

The instantaneous current through the converter is given by (approxi-

e >
mately): e Z,, =0 Lp.

Combining (7.111), (7.109), (7.106) and (7.107), allows the overall

. ¢ effici be calculated.
(VM sinm,f — (I/"f - VD))/RD Y V.M sinw,z > (17 + VD) reuse efficiency to calculate

In(f) =< (- Viesino + (Vs + Vp)) [Rp ¥ Viysinos < (=15 — V)
0 V[ Viesinos] < (Vi + 1)
(7.108)
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where 17, is the magnitude of the diode network input voltage, 1/, is the
diode built-in voltage (forward voltage drop), Ry is the diode series ‘on’
resistance and @, is the carrier frequency. The DC value of the diode current
can therefore be approximated by:
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iciency Boosting Systems

Introduction

. number of power amplification techniques are often described as
forming amplifier linearisation, when in actual fact they are me_rf:lyr
osting the efficiency of already linear amplifiers. Whereas am?hﬂer

isation schemes will often attempt to make use of the least linear
d hence most efficient) amplifier possible and then linearise it to provide
. necessary low distortion, efficiency-boosting schemes will attempt to
ease the -cfﬁciency of class-A, -AB or -B amplifiers.

The levels of distortion resulting from such systems can obviously be
better than the basic performance of the original (e.g., class-A) amplifier
1 hence the range of applications for such techniques is necessarily limited.
ywever, they do provide a useful alternative for applications whete
ciency is the primary concern and linearity is a necessary, but secondary
ideration. Satellite systems are an obvious example, with broadcast
itters being another.

All of the techniques are applicable to RF applications, although the
sable frequency range of some is fundamentally limited.

Doherty

Doherty technique, first proposed in 1936 for use in high-power
deast transmitters [1], has continued to find application in this area
to its relative simplicity of implementation and ease of application 1o
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such high-power systems [2—7]. As was suggested in Section 8.1, it is not 4
linearisation technique as such, it is more an efficient method of uilising
conventional linear amplifiers and overcoming some of their inheren;
inefficiency when operated with envelope-varying signals.
The efficiency gains which are possible with this technique can be 45

.i high as two or three times that of a conventional class-B PA when operating
below PEP (the efficiency being approximately the same at PEP). The use of

this system alone does, however, assume that the linearity of a conventiong|
class-B PA is acceptable for the required application, since the linearity
. ‘ achieved by the Doherty system is largely reliant on the linearity of the two
' (or more) class-B amplifiers used in its implementation. This does not, of
‘: J course, preclude the application of a linearisation technique in addition to
. the Doherty technique, but such systems will not be considered here.
! The implementation of a two-stage Doherty system is shown in Figure
I 8.1. The impedance inverting network at the output of 41 is shown as 3
quarter-wave transmission line although it could, of course, be replaced by a
suitable lumped-element equivalent with no loss of functionality.
The drive control is shown as operating on the input signals to the rwo
power amplifiets, although it could equally be applied to the bias on the
amplifiers themselves.
There are a number of stipulations on the design of the power
amplifiers A1 and A2, They must not generate signals at the harmonics

of the carrier frequency and hence are often implemented utilising class-B S
push-pull amplifiers, which inherently suppress even-order harmonics (see o, @
: . A . ) 2
Chapter 3), Alternatively, other linear amplifier configurations can be used, oS E
! % p i ] S - 2a| =2 2
such as single-ended designs, with the addition of harmonic suppression % 3§ g
filters at their outputs. Additionally, the active devices used in the two -

amplifiers must be adequately rated (particularly those in .41) to allow them
to operate in compression without damage.

Correct phasing of the outputs from A1 and A2 is essential t0 the
operation of the amplifier and errors result in severe distortion of ﬂ}e
modulation. The quarter-wave delay (or lumped-element equivalent) in the
input path to .42 compensates for the A/4 delay in the output path of Al and
hence ensures that the correct phase relationship is restored.

AF input

821 Operation of the Doherty Technique

The basic concept behind the Doherty technique is to allow one or moT€
amplifiers to operate at their PEP level, and hence at maximum cﬁﬁciﬂﬂ‘ff"'
whilst allowing a “final’ linear amplifier to deal with the modulation szkS-
At lower envelope levels the lower-order amplifier(s) take over the lin€af

Figure 8.1 Schematic of a Doherty-type amplifier.
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amplification function, with the higher-order amplifiers being shut off by the
drive control circuitry.

In the specific case of a two-stage Doherty amplifier, its operation may
be described as follows. At low power output levels, 42 is shut down, either
by removal of its drive signal or by a suitable alteration of its bias level. 41
receives all of the input signal and operates in a conventional linear mode,
The impedance present at its output, due to the impedance transformation
performed by the A/4 transmission-line, ensures that 41 saturates at a leve]
well below the desired system PEP. This level is known as the transition point,
In a standard two-stage Doherty system, the transition point occurs at half of
the maximum output voltage. At this transition point, the first amplifier
(A1) is operating at maximum efficiency, with the second (_A2) shut off; the
overall system is therefore operating at maximum efficiency.

At all output levels above the transition point, 42 commences activity
and rakes over operation as a linear amplifier, performing as a controlled
current source. A1 remains saturated and therefore operates as a controlled
voltage source, the action of the A/4 transmission-line converting this to

appear as a current source at the point where the outputs from A1 and A2

combine. The form of the output voltage from 41 and current from 42,
together with the combined signal, are shown in Figure 8.2 for a full-carrier
AM signal with 2 modulation index of approximately 0.7.

The portion of the load current from .42 increases the RF output
voltage from the complete amplifier above that due to .41 alone and hence
the impedance seen by the A/4 transmission-line at its output is greater than
the actual load impedance. Furthermore, as the contribution of 42 increases,
the impedance seen by the A/4 transmission line increases and therefore the
load impedance seen by A1 decreases. The effect of this decreasing
impedance seen by A1 is to increase its output contribution as well.
Therefore the output power from both A1 and A2 will increase with
increasing signal level until full PEP is reached.

Within the region between the transition point and full PEP, the
efficiency of A1 will remain at its maximum value and the efficiency of A2
will vary between half its maximum level (at the transition point) and its
maximum level (at its rated PEP), When both amplifiers are operating at
their rated PEP levels, the overall system is operating at full PEP and hence
the efficiency of a two-stage Doherty system is a maximum at both the
transition point and at full PEP.

The variable attenuator prior to 42 has two functions. First, it serves
to shut down the input to 42 at low envelope levels (below the transitiof
point), thus ensuring that 42 makes no contribution to the overall RF
output. This could also be achieved by an appropriate change to the biasing
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Amplifier A1
voltage

—_——— e ——————

.i,’|:.I| TORARNAAN D & AN AmpffﬁerAQ
\ . current

,' 0 | Resultant
Wil | output

re 8.2 Envelopes of the voltage and current outputs from 11 and 12 respectively,
together with the resultant combined output of the Doherty amplifier.

f A2 or the use of a PIN diode switch. Secondly, it is required to provide
ropriate gain adjustment with drive level, based upon the transconduc-
ice characteristic for .42, This is a highly nonlinear function, for example,
ran FET and this may be best achieved by means of a look-up table within
a2 DSP device, driven by the output from the envelope detector. This is the
ive control’ function illustrated in Figure 8.1.

It is not strictly necessary to control the input level to A1 for correct
peration of an ideal Doherty system, however, it may be advantageous in
ercoming non-ideal behaviour of .41 with changing drive level, particu-
cly beyond the transition point. An attenuator may therefore be used in this
ition also, as shown in Figure 8.1.

The following is an analysis of the operation and efficiency character-
of a Doherty system and is based on that performed by Raab [8]. It
sumes that the amplifiers employed are ideal class-B devices and that the
‘Complete system is operating into a nominally resistive load. The various

L

Symbols are shown on Figure 8.1.
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822 Determining the Characteristic Impedance of the /4
Transmission Line

The impedance transformation of a quarter-wave transmission line is given
by:

Ry = v RynRour (8.1)

The ratio of the power amplifier supply voltages sets the transformation
ratio, T, of the transmission line:
Voo = TVpp s (8.2)

If this line is assumed lossless, then the current delivered to the load, from
A1, is related to its output voltage by:

Iy, =—— 8.3
Ry, 39

The A/4 transmission line acts as a voltage transformer, with a transforma-
tion factor, T, given by:

I’
T 8.4
Vour (84
And, from (8.3):
TV 51
By, =—— VT .5
=X (55)
also:
Vt-)lrr = I Rour (3-6)
Combining (8.5) and (8.6), gives:
Ry
y (8.7)
Rour
or
Ry = TRour (8'8)

It is usually most convenient if both amplifiers are run from the same supply
voltage and hence, T = 1. Therefore:

Vpp.a1 = Vpp a2 = Vpp (8.9)
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11. = Ropr- Thus for 2 Doherty system utilising equal supply voltages
the two class-B amplifiers, operating into a 5082 load, the required
dance of the quarter-wave transmission line is also 50€

Impedances Seen by the Amplifiers

impedances seen by the two power amplifiers will depend upon the
ision of the output (load) current between them. This division ratio is

g:B as:

gl (8.10)
I

The power into the load is therefore the sum of:

Vil

P_‘__.“ = ZSPL (8.11)

L. e
Pp= VLE"Q: (1 = j)PL (8-12)

impedance seen by the output end of the A/4 transmission-line is

Vo _Vi_Re

p=—= 8.13
Rour b By (8.13)
1 the impedance seen by the output of the second PA (A2) is:
Ry
= 14
R =1 (5.14)

Efficiency of a Doherty Amplifier
derivation of overall efficiency for a Doherty system breaks down into
- parts:
1. Operation below the transition point. In this region, A2 is shut
down and Al is operating as a conventional linear (class-B)
amplifier.
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2. Operation above the transition point. A1 is now saturated and
acting as a voltage source; A2 takes over linear operation and acts
as a controlled curfent-source.

3. Operation at full PEP. Both amplifiers are sarurated, with the peak
output voltage of the complete amplifier being the power supply
voltage, "pp (assuming ideal amplifiers).

8.24.1 Below the Transition Point

When the amplifier is operating below its transition point, only A1 is
supplying power. Since it is assumed to be an ideal class-B amplifier, it will
achieve a peak efficiency at full output power (i.e., at the transition point) of:

T
= 8.1
N=3 (8.15)
Saturation of A1 occurs when A1 is supplying its maximum share of the
system output power, as determined by the division ratio (usually 0.5 for a
two-stage Doherty system). At this point the voltage supplied to the load,
V1, is the required proportion of the supply voltage, that is,

VL = ﬂ[’rpp (816]

where o is the power division ratio at PEP (i.e., § = o at PEP).
Below this level, ) < al"pp, and hence the overall efficiency is given
by:

7
n= Ay Wy (8.17)
PD;C 4&VDD

8.2.4.2 Above the Transition Point

Above the transition point, A1 is saturated and hence operating as a voltage
source and A2 is operating as a linear current source. The current delivered
to the load from the saturated A1 (via the /4 transmission line) is essentially
constant and is the relevant proportion of the output current set by the
transition point, hence:

% Yo (8.18)

Tovrm = R
£

The remainder of the output current must be delivered by 42 in order t0
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duce the required output voltage across the load, 7. Thus:

Vi —al7p
lyp=1 —Ipvrm = —L—-RI—DQ (8.19)

voltage transformation performed by the coupler in this region is
ore (from (8.4)):

]’/DD

T =1, Vpp = V1, hence the RF output current of .41 in this region is:

o & VL
L =Tourm =—F¢ (8.21)
: A
n ideal class-B PA, the DC input current drawn by A1 is:
2Ly _ 20V
Ipc.m = e ™ (8.22)
ilarly, the DC input current to A2 is (from (8.19)):
21, 2L15 —al; .
Ipcap=—= AV, —aVpp) (8.23)

b R

total DC input current to the Doherty amplifier in the medium power
n is therefore:

2V, (1 +0) — 20 Vpp

Ipc =Ipc a1 +Ipc.2= wRy (8.24)
efficiency in the medium power region is therefore:
P 1 /2Ry.
M= e Von2Vi(l+a) — 20 Vppl /KRy
= i (8.25)

4I'IDD(VL —+ o VL — 0L VDD)
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8.243 At Full Power

At peak power, V. = “pp, and hence (from (8.25)):

v T Vb L .
Ppc 4&Vpp(V Vion— 8V 5a) © & (8.26)
DC ool Vipp + 0V pp —aVpp) 4

T]:-_

which is the same efficiency as would be obtained from an ideal class-B pa
used alone.

8.25 Overall Efficiency of a Doherty Amplifier

Figure 8.3 shows the overall efficiency of a Doherty amplifier, using (8.17)
and (8.25). For low-power operation, the efficiency increases linearly with
output power level. Above the transition point, the efficiency initially
degrades, but then increases again, yielding the same efficiency at PEP as
at the transition point. The minimum efficiency in this medium power region
is around 70% (for the ideal class-B PAs assumed here and & = (.5), which is

100

70 __‘.....A_:" P Ty ATy Y

60 ..,...-...i,...

50 S - ,_....‘__........,__.___ 1 S

Efficiency (%)

30 . EERREES T e TR _.....
oo = W T e Alpha =033 |
35 A —— Alpha =05
T 7l RN SOOI | R e Single class-B PA | -
ol PR IV AP 1D 1N TR
00 oO. ; ; 4 05 06 07 08 09 10

Vi Voo

Figure 8.3 Efficiency of a two-stage Doherty amplifier system; solid-line: two-stage
Doherty system, utilising ideal class-B amplifiers, » = 0.5; dash-dot line: two-
stage Doherty system, utilising ideal class-B amplifiers, » = 0.33; dashed-line-
Single (ideal) class-B amplifier.
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Table 8.1
Regions of operation of a three-stage Doherty amplifier.

Region of Operation A1 Function A2 Function A3 Function

Low-power Linear current Shut-off Shut-off
source

Medium-power Saturated Linear current Shut-off
(operating as a Source
voltage source)

High-power Saturated Saturated Linear current
{operating as a (operating as a source
voltage source) voltage source)

Full-output Saturated Saturated Saturated
(operating as a (operating as a (operating as a
voltage source) veliage source) voltage saun:ﬂ

markedly better than a conventional single class-B amplifier’s efficiency
would be at an equivalent output power level (dashed line in Figure 8.3).
It is, of course, possible to utilise a transition point other than o = 0.5,
This is also illustrated in Figure 8.3, for oo = 0.33. Note that in this case, the
minimum efficiency in the medium power region is markedly lower than for
the optimum value of o. It is still, however, significantly better than the
single class-B stage alternative. Note also that the efficiency in the low power
region, up to 33% of the peak output voltage, is markedly better for the

system with the lower transition voltage. Note also that an efficiency of

nearly 60% or better is maintained up to 12 dB of back-off; the equivalent
figure for the ‘optimum’ transition point is only 8 dB.

It is therefore evident that the optimum transition point for a Doherty
system depends upon the characteristics of the modulation scheme which it
is required to amplify and the degree of power control present in the system-
Some examples of different types of modulation scheme and corresponding
values for the transition point ate given in the literature [8].

826 Three- (or More) Stage Doherty Systems

Figure 8.4 below shows the configuration of a three-stage Doherty systt‘-ﬂ'h
the principle can, of course, be extended to as many stages as desir

although there are obviously diminishing returns and an increase lﬂ'

complexity as the number of stages grows.
The operation of a three-stage system is identical to that of the tWO
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stage version, with the exception that there are now two transition points
d hence a more complex drive control arrangement is required. There are
now three regions of operation and these are summarised in Table 8.1.

In order to set the two transition points, the impedances of the two
transmission lines must be:

R
R _ T
TLA ol 0Ly (827)
R
Rz = L (8.28)
Oz

‘he resulting transition points are then oy, for the transition between 41
and A2 and o, for the transition between .42 and _43.

The efficiency of a three-stage Doherty system is given by (from (8.17)
(] (8‘25))

(
m U(T/’L<Q1I/DD
476

4‘[--"-[”-;(&1 Vit — oyt LIDD)

o Vpp < Vi <0,V pp

n:Vf
4Vipp(VL + 0V — o Vpp)

| A

(8.29)

¢ theoretical optimum transition points in this case are: &, = 0.33 and
0.66, although again, this will depend upon the modulation scheme
ployed.

The efficiency characteristics for Doherty amplifiers of two- to five-
ges are shown in Figure 8.5, where in each case the optimum transition
ts arc used. It is clear from Figure 8.5 that an increasing number of

s brings the overall Doherty system closer to the ideal, limiting case of
A almost constant 78% efficiency at all envelope levels.
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Efficiency (%)
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Figure 85 Efficiency characteristics for multi-stage Doherty amplifiers whan utilising
optimum transition points.

8.2.7 Advantages and Disadvantages of the Doherty Technique

The Doherty system has tradidonally found application in broadcast systems
and other very high-power applications, but is worth considering for use ina
wider variety of areas. In particular, its usc in 2 multicarrier power amplifier,
for example, as the main amplifier in a feedforward system, could lead to 2
significant improvement in the efficiency of such systems.

8.2.7.1 Potential Advantages

1. Relatively low complexity. It is also potentially easier to implement
than standard high-efficiency amplifier classes (-D, or -E, for
example) at very high frequencies, due to it being relatively
undemanding of RF power device characteristics.

2. Itdoes not require a separate high-power modulator or modulation
amplifier (such as is used in the EE&R technique).

3. Its modulation bandwidth is also not restricted by a requirement
for a high-power high-efficiency modulator.

4, Tts efficiency rivals that of many alternative techniques, such S
envelope tracking.
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5. The degree of control required is relatively small and undemanding
(unlike, for example, feedforward systems).

6. Additional linearisation can be achieved by conventional means

(e.g., envelope feedback) if required.

8.2.7.2 Possible Disadvantages

1. The use of A/4 transmission-lines and the requirements for accurate
phase matching between the two paths generally restricts Doherty
systems to fixed (single) frequency operation (or operation over a
very narrow band of frequencies).

2. Operation into antennas with a poor VSWR (such as typical mobile
antennas) will upset the operation of the Doherty system and hence
its achievable efficiency. This problem may be overcome in some
frequency bands by the use of isolators.

3. The IMD performance of a Doherty system alone is relatively poor
and the addition of a linearisation scheme will increase system
complexity.

4, 'The class-B PAs used in a Doherty system must be designed to cope
with variable (but still resistive) load impedances, without damage
or loss of performance.

Adaptive Bias

.1 Operation of Adaptive Bias

The adaptive bias technique is similar in its methodology for improving
ciency to the envelope tracking technique described below. The main
difference is that in this case, it is the standing DC bias on a class-A amplifier
Wwhich is varied with the envelope level, rather than the supply voltage (of a
class-B stage), which is used in envelope tracking.
The adaptive bias technique was primarily proposed to overcome the
Poor power-added efficiencies found in linear class-A amplification, caused
b? the use of back-off as a linearisation technique. The efficiency of a class-A
Stage will typically be lowered in proportion to the square of the back-off
used and hence can very quickly fall to only a few percent (for, say, 10 dB
Dack-off).

The principle of operation of an adaptive bias scheme is shown in
Flgurc 8.6. A directional coupler takes a sample of the input signal and feeds
it to an envelope detector. The resulting detected signal is used to vary the
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Figure 8.6 Adaptive bias applied to an RF amplifier.

bias on, for example, the gate of an FET, in order to vary the standing bias
current drawn from the supply. The result of this is to ensure that the
amplifier always has sufficient bias current to operate in its linear region, and
hence maintain relatively low levels of distortion, without drawing an
excessive supply current at low envelope levels (where this is unnecessary).

The additional circuitry tequired in an adaptive bias scheme is
relatively simple and, due to the high resistance of an FET gate, should
require little power from the supply. Thus almost none of the efficiency
gained by using the technique is lost in its control circuitry.

The only major restriction placed on the active power device is that its
gain should remain the same at (ideally) all levels of gate bias voltage. If this
is not the case, significant AM—~AM distortion will result and hence the
operation of an adaptive bias scheme will significantly degrade the linearity
of the amplifier, compared with conventional class-A operation.

83.2 Efficiency of an Adaptive Bias Class-A Amplifier
8.3.2.1 Simple Analysis

Consider a class-A amplifier with a supply voltage, /¢, an output voltage,
70, supplied to a load R;, and operating at a quiescent bias, Ipc:
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Hence:
Vo
= 8.31
T!-'i 2]’/:%(_ ( )
If an optimum bias level is provided adaptively, such that:
Vo
;== 8.32
PC=TR, (8.32)
Then the overall efficiency of the stage becomes:
_ Yo (8.33)
Nas =57 7 .

This efficiency characteristic varies linearly with putput power in contrast to
that of a conventional class-A amplifier (from (8.31)) in which it varies with
the square of the output power. Efficiency is therefore improved over that of
a conventional class-A stage at all envelope levels, with the exception of
PEP, at which the efficiencies are equal.

8.3.2.2 FET Amplifier With Envelope-Varying Signals

It is shown in [9] that the drain efficiencies of a conventional class-A
‘amplifier, and the same amplifier with an adaptive bias scheme employed,
are given by (8.34) and (8.35) respectively:

—
2
= 8.3
a5 (8.34)
2
Nas = 2—_' (8.35)
r

where -ri, the mean-square value of the normalised output envelope, 7(7), is
related to the output power back-off level, B,, by:

max. single-carrier linear output power

1P =8,=

- - (8.36)
average multi-carrier output power

and, assuming that the output signal has a Rayleigh distribution, the mean
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value of the normalised output envelope is given by [10]:

= T ;
= T (8..}7)
where r(#) is defined as:
175(7)
r(r) = V—”('— (8.38)
(2

7o(f) being the time varying output envelope and 17 . defining the
maximum output voltage whilst still remaining in the linear rcgirjﬂ of
operation of the FET.

Using the above equations and some typical mean-square values for the
output envelope, when utilising some common signals [9], results in the
typical comparative efficiencies given in Table 8.2.

It is evident from these figures, that the theoretical improvements in
efficiency which result from the use of adaptive bias can be dramatic,
particularly where high degrees of back-off are employed. In such cases,
the raw efficiency can be more than doubled, making this a potentially very
useful technique at frequencies where high-efficiency amplification and
conventional linearisation schemes cannot be employed. This is currently
true, for example, at higher microwave frequencies where active devices do
not have sufficient gain to be operated satisfactorily in class-B or -C modes.

Table 8.2
Theoretical comparison between the efficiency of a conventional class-A FET amplifier and @
similar amplifier employing an adaptive bias scheme

Modulation 2 F Class-A Adaptive bias
efficiency, n, efficiency, Nas

Single FM carrier 1 1 05 05

Two-tone test 0.5 0.637 0.25 0.392

6 dB back-off {e.g., for a 0.25 0.443 0.125 0.282

large number of
constant envelope

carriers)
16-0AM 0.556 0.706 0.278 0.394
64-0AM 0.429 0.615 0.215 0.350
256-0AM 0.378 0.576 0.189 0.328
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Envelope Tracking

The format of an envelope tracking system [11] is similar to that of the
envelope elimination and restoration system discussed in Chapter 7. The
main difference is that in the case of an envelope tracking system, the RF
nplifier is a class-A, -AB or -B design and not a high-efficiency nonlinear
design. A schematic of the system is shown in Figure 8.7.

- An envelope detector extracts the envelope information from a sample
of the modulated RF input signal and feeds it to a high-efficiency audio
nplifier (e.g., class-S) or a switching regulator. The purpose of this
lifier is not to amplitude modulate the supply voltage of the final RF
amplifier, as in the case of EE&R, but merely to provide the RF amplifier
with just sufficient supply voltage to permit linear amplification at the
instantaneous envelope level present at that particular point in time.

This has the effect of significantly reducing the power consumption at
low power levels, hence enhancing the average efficiency of the linear
plifier without compromising its linearity in any way (ideally).

A recent example of this technique is described by Hanington ef /. [12]
ith earlier work in this area having been conducted by Raab [13]), using
rojunction bipolar transistor (HBT) technology in a DC-DC converter
plying the RF amplifier. The converter operated at a switching frequency
10 MHz, supplying the 300mW MESFET RF power amplifier. The
nverter itself operated within an envelope feedback loop to ensure that the
gh-power output envelope closely followed the envelope of the RF input
al (after envelope detection).

The efficiency of the system was based on a 74% DC-DC converter
ciency at full output (1W) and 2 MESFET amplifier peak efficiency of

v

Envelope Class-S
detector amplifier

Y

» RF output

RF input
RF PA

(Class-A,
AB or B)

Figure 8.7 Schematic of an RF amplifier employing envelope tracking.
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35% when run in class-A. Clearly at full output power, the efficiency of the
system is poorer than that of the RF amplifier alone, however, this is nor 3
realistic assessment of system performance. In a practical mobile commy-
nications system, the use of envelope-varving modulation formats and
system power control (e.g., the closed-loop control of 1S-95 CDMA),
results in the RF amplifier rarely operating at PEP. The efficiency of the
amplifier therefore depends critically on the ‘typical’ useage profile (and
modulation format) assumed. In this case, a power useage profile was
assumed which placed the most probable RF output power at roughly half
the peak power capability of the transmitter. Based on this assumption, the
reported improvement in battery life was 40%, which is an attractive benefit,
Linearity was also reasonable at 30 dBc for a two-tone test.

8.5 Class-H Amplification

A class-H amplifier [14] is very similar to the envelope tracking amplifier
described (Section 8.4). The main difference is that the supply voltage
adjustment operates on the instantaneous signal amplitude, rather than on
the envelope amplitude. The class-S (PWM) amplifier or switching regulator
must therefore operate at a much higher frequency, hence restricting the
technique to lower operating frequencies.

8.6 Dual-Bias Control

An obvious extension to the envelope tracking and adaptive bias schemes
discussed above is to control both [15]. For the base bias control, efficiency
of the controller is relatively unimportant and hence an analog control may
be used (similar to that of adaptive bias). For the collector bias controller,
two options exist.

1. Continuous bias control. This employs a DC-DC converter in 2
manner similar to the envelope tracking scheme (Section 8.4). The
efficiency of this converter is then a key design parameter in
ensuring that the overall system displays a useful efficiency
improvement.

2. Discrete (switched) bias control. In this case, a series of FET
switches, connected to different supply voltages, are connected in
parallel. A switch controller then selects the appropriate power
supply voltage for the instantaneous envelope level. If these
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Collector
g * bias b
controller
Envelope
detector
Base
bias
controller
Coriock V.
rF [ ) ": * RF
input RE PA output
(Class-A)

Figure 8.8 Dual bias control scheme.

voltages are derived using DC-DC converters, then the same issues
asin (1) above will apply; if, however, they are derived from a series
of individual cells (in a battery-powered application, for example)
then converter efficiency is not an issue.

Both of these schemes are represented by Figure 8.8.

Simulation results from this technique (detailed in [15]) indicate that
significant improvements in efficiency are possible over a conventional class-
A amplifier. Based on a starting point of 3.3% PAE for the class-A amplifier
(assuming a multicarrier signal with a Rayleigh distribution and 10 dB of
output back-off), this is improved to 9% or 10% with continuous bias or
envelope control (individually) and to 24% with both controlled.

Although these efficiency improvements are impressive (assuming that
they may be approached in a practical implementation), it is worth comparing
‘them to the approach of linearising a class-C amplifier to produce an equivalent
adjacent-channel power level. Cartesian loop, for example, should be capable
of achieving at least this efficiency, although it is fundamentally band-limited,
(unlike the envelope tracking or adaprive bias schemes discussed here).
Alternatively, predistortion of a class-B amplifier (for example) will allow it
to be driven ar a higher mean power level and hence achieve higher efficiency,
whilst still achieving broadband operation. Clearly the application of both
linearisation and efficiency boosting techniques will lead to the ultimate in
efficiency performance (outside of RF synthesis techniques).
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improvements, 280-293

input splitters, 312-317

linear distornon, 293298

location considerations, 333—338

loop instability, 338- 343

miain amplifiers, 317-321

main-path delay clement, 273-280

matching considerations, 262260,
333-338

multiple loops, 256260

noise, 253, 313-317

ascillation mechanisms, 339

output, 332—333, 347-348
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Feedforward systems (continued)
parameters, 272
path differences, 287288
phase-matching, 262-266
positioning flexibility, 346-347
power efficiency, 267272
power losses, 273280
practical results, 347348
predistortion, 291293
reference-path delay clement, 290
relative handwidth effect, 287 -288
reliability, 260
requirement summary, 312-333
size, 345
spectra, 347 348
subtraction issues, 287288
temperature drift, 298-304
transparency, 345346
two-tone tests, 305—306
typical characteristics, 284286
variable phase components, 329
vector representation, 265-266
voltage-variable gain components,
328-329
FETs. See Field effect transistors
FFT. 52 Fast-Fourier transform
Field effeer rransistors (FETs)
amplifiers, 510
biasing, 130131
feedback, 145
large-signals, Y3
predistorters, 362-367
Nev also MESFETs: MOSFETs
Fiker roll-offs, 415-416
Filtered digital schemes. See Differential
quadrature phase shift keying
Filtering harmonic distortion, 2
Finite envelope handwidths, 430433
Finite switching time, 120
First-order Cartesian loop transmitters,
216
Flat gain response, 318- 319
Flattening, response, 293
Flexibility, 196, 345, 346347
FM transmitter architecrure, 2-3
Four-quadrant operation, 471, 472
Frequency
dependent models, 80-81, 82

domain response, 34
offset, 243-245
response, 186—187, 337
response ripple, 296-298, 337
translation, 452

Future-proof design, 346

Gain
bandwidths, 260
Cartesian loop transmitters, 229
compensation, 205, 326-332
complex, 403403
components, 328—329
control, 326-332
direct convession transmirters, 205
errors, 212-213, 286287, 357
imbalances, 482484
input cauplers, 312314
loop, 188, 229
margins, 189-194
matching, 262266, 356358, 457-460)
signal vector errors, 212-213
values, 185186
variable control, 328329
voltage, 21-22, 141
valtage-variable components, 328-329
Gate modulation, 160
Generic signal processing, 400-402

Global System for Mobile Communications

(GSM), 11, 13-15
Granular noise, 477479
GSM. See Global System for Maobile
Communications

Harmonics
distortion, 2, 33, 50-51
predistortion, 373-375
Heterojunction bipolar rransistors, 511
High band submarine cable repeater
amplifiers, 147150
Higher-order nonlinearity, 32-33
Highly nonlinear amplifiers, 193194
Hilbert transform filrers, 169
Hybrid splitters, 317

| baseband signals, 35
I channels, 75-78, 179
I compensation circuits, 153

Inedexe
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1-Q
baseband signals, 241
imbalance effect, 207-210
planes, 211, 241
1Cs. Ser Integrated circuirs
Icdleal linear limiter, 60
Ideal transfer characreristics, 60
1dealised output spectra, 181
1F. Ser Intermediate frequencies
Image signals, 227
Image suppression, 484
IMD. S Intermodulation distortion
Impedance, transmission lines, 498-499

In-hand intermodulation spectrum, 32- 33

Inequality sources, 131-133
Injected carriers, 222223
Injected signals, 228-236
inteérference, 333-334
into output of Cartesian loop
transmitrers, 230232
into eutput of Feedforward amplifier,
333-335
loop cotrection bandwidth, 228231
potential parhs, 333334
spectra, 228
Input couplers, 312-314
Input matching, 342
Input signal specrra, 173
Input sinewave, 239, 241
Input splitters, 312-317
Input tones, 305306
Insertion losses, 327
Instabiliry
correction loops, 340-341
detectors, 215
error loops, 338340
implications, 341342
loop, 338-343
Instantaneous nonlinear model, 61
Integrated circuits (1Cs), 237238, 442
Interference, 333334
Intermediate frequencies (IF), 352, 375,
376, 379380
Intermodulation distortion (IMD)
adaprive antenna systems, 17
AM—-AM/AM-PM conversion,
62-63
antennas, 418—420

asymmerric, 182
cancellation, 357, 418420
carrier-to-noise ratio, 33-35
degradation, 38
driver stage effecr, 37-39
EE&R transmitters, 429437
finite envelope bandwidth, 430433
harmonic zones, 33
in-band spectrum, 3233
levels, 38
linearity requirements, 2
predistortion, 357
ratio caleulation, 35-39
two-tone intermodularion, 35-37
rwo-tone test, 49, 33
See also Third-order distortion
Intermodulation product inequalities,
131133
Intermodulation suppression, 187188
Inrerstage reflections, 133
Inverting op-amp configurations, 202—203

Jeruchim model. S¢¢ Blum and Jeruchim
model
Johansson, M., 179

Kahn technique: Ser Envelope elimination
and restoration

L-band EE&R transmitters, 440—441
Limiters, 448 -449
LINC. Sge Llnear amplification using
Nonlinear Components
Linear Amplification by Sampling
Techniques {LIST), 18, 425,
471-491
active low-pass filters, 481482
adjacent channels, 479
bandpass filter specification, 475-476
delta coding, 473, 476-481
distortion sources, 484485
energy recovery, 488—491
feedback correction, 485, 486
gain imbalances, 482484
granular noise, 477479
LINC differences, 471-472

noise sources, 484485
ourput combiner issues, 487
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Linear Amplification by Sampling
Techniques (LIST) (continued)
phase imbalances, 482484
pulse width modulation, 471
reconstruction hAlters, 481-482
sigmal-to-noise ratio, 484
slope overload, 477 -479
rransmitters
architecture, 473-474
combining issues, 485-49]
efficiency, 485-491
feedback correction, 485, 486
image suppression, 484
operation, 472-475
quadrarure feedback, 485, 486
l.Inear amplification using Nonlinear
Components (LINC), 7, 18, 425,
443460
analogue generation, 447452
CALLUM techniques, 463-465
combining issues, 485-491
component signal generation, 450-451
energy recovery, 488
frequency translaton, 452
output combiner issues, 487
signal generation, 446-452
signal separation, 446—452
transniirters
DQPSK, 455, 457
DSP implementation, 454455
ethiciency, 485-491
gain marching, 457460
operation, 444446
outpur spectra, 455, 457
PA output nratching, 460
phase matching, 457460
schematic, 444445
signals example, 455457
upconversion, 452
volmage-controlled oscllators, 4533454
Linear amplifiers, classes, 89
Linear distortion, 293 298
Linear feedback, 136
Linear limiters, 60
Linear modulation schemes, 4-7
Linear operation, 126131
Linear phase response, 319-320
Linear transfer characteristics, 22

Linear transmitters, 4, 5

Linearisation techniques, 135- 249

Linearised amplificrs, 158

Linearising bandwidths, 175

Linearity, 1-4, 57-58, 302

LIST. §¢ Linear Amplificarion using
Sampling Techniques

Local ovscillatots, 204, 388389

Location considerations, 302-303, 333—338

Look-up tables, 405-408, 415416

Loop correction bandwidths, 228231

Loop error signals, 239, 241

Loop filter design alternarives, 192—193

Loop gain, 188

Loop instability, 338343

Loop-filter design, 180183

Low source-impedance biasing, 128—130

M-ary schemes, 404
M-IMR. Se¢ Multitone intermodulation
ratio
Main amplifiers, 317-321, 335
Main-path delay elements, 273-280
Mapping predistorters, 402-403
Matching
antennas, 336338
characteristics, 263
feedforward systems, 261, 333334
quadrature sipnal paths, 204-206
See also Gain, matching; Input
matching; Phase-matching
Mattsson, T., 179
Maximum output power, 218, 221
MCPA approach, 14-15
Mean power backoffs, 237, 239
Memaory effects, 80
Memaorvless (instantaneous) nonlinear
maodel, 61
approximate forms, 74-80
Cartesian form, 67-74
polar form, 6367
MESFETs. See Metal semiconducror held
effect transistors
Metal oxide semiconductor field effect
transistors (MOSFETs), 90, 92,
97
Metal semiconductor field effeet transistors
(MESFETS), 91-92

Microwave amplification, 91-92
Mixed mode stages, 108-109
Mobile base stations, §. 9
Mobile propagation, 4, 6
Mobile radios, 7-9, 289-290
Models
Blum and Jeruchini, 81-83
memoryless nonlinear, 61
nonlinearity, 60- 85
Modulation
teedback, 156161
EE&R transmitrers, 440442
linearised amplifiers, 158
transmitter schematics, 136—157
formats, 46—47
phase-shift nerwork, 169, 171
schemes, 458
signals measurements, 39-43
supply, 131132
Medulators
analysis, 465-470
foar-quadrant operation, 471, 472
stability, 470471
switching matrices, 471, 472
See alro CALLUM technique
Monotonic amplifiers, 192
MOSFETSs. Ser Metal oxide semiconductor
field effect rransistors
Multi-stage amplifiers, 504506
Multicarriers
amplifier systemis, 7-9
applications, 12-15
crest factor reduction, 46
modulation formats, 910
power efficiency, 1215
Multicouplers, 9
Multiple feedforward loops, 256—260
Multitone intermodulation ratio (M-IMR),
40, 4243, 45
Multitone signals, 3943, 49-56

NADC. See North American Digital
Cellular system

Narrowband characreristics, 376—377

Narrowband linearity, 398

Near-far effect, 4, 6

Negative feedback, 145-147

Noise

analysis, 199203, 201, 202
tactors, 315, 317
feedforward systems, 253, 313-317
fgures, 313-317
input couplers, 313-314
performance, 198-203
sources, 484485
Noise power ratio (NPR), 39-40
examples; 42, 44-45
whire nnise, 58
Non-inverting op-amp configurations,
202-203
Nonlinearity
amplifiers
classes, 89-90
conversion, 6163
frequency domain response, 34
second order intercept point, 2425
third order intercept point, 28-29
bandpass, 80
components, 443-460
frequency dependent models, 8081, 82
measurements, 39-43
modelling, 60-85
modulated signals, 39-43
multitone signals, 39-43
W-CDMA systems, 15-16
North American Digical Cellular (NADC-
DAMPS) system, 215, 237,
244246, 392, 442
Cartesian loop transmitters, 244246
channels, 155, 177
NPN devices, 115
NPR. See Noise power ratio
Nyquist diagrams, 186, 189

OFDM. See Orthogonal frequency division
multiplexing
Op-amp configurations, 202-203
Operation
above trapsition points, 300501
at full power, 502; 504
bandwidths, 175, 177
below transition points, 500
regions, Doherty technique, 504
Orthogonal frequency division
multiplexing (OFDM), 10
Oscillation mechanisms, 339
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Oscillators
performance, 204
voltage-controlled, 168, 453—454
Ourput
combiner issues, 487
couplers, 225, 332-333
isolarors, 338
matching, 460
noise characteristics, 200
signal clipping, 239240
signal spectra, 174, 181, 231-232
spectra, 347 348, 455, 457
voltage, 439- 440
VSWR, 411-412
Overload, error amplifiers, 336337

Passive RF feedback, 139
Patch antennas, 419—420
Path differences, 287288
PCN base statipns, 89
PDC. See Personal Digital Cellular system
Peak envelope power (PEP)‘ 30, 494, 496
Peak to mean ratios, 46-47
Peak to minimum envelope variation,
5657
PEP. See Peak envelope pawer
Performance
16-QAM modulation, 391, 394
adaptation schemes, 336
distortion, 320322
local oscillators, 204
monitoring, 299302
simple predistorrers, 391-395
voltage-conrrolled oscillators, 204
Personal Digital Cellular (PDC) system,
155-156, 237, 246
Petrovic, V., 161, 164, 169
Phase compensation, 205
Phase control, 326—332, 329
Phase detectors, 136—137
Phase distortion, 4857
See also Two-tone test
Phase errors
Cartesian loops, 208
combinations, 286287
IMD cancellation, 357
signal vector errors, 212213
skewing effect, 210

vector magnitude, 212-213
Phase functions, 429-43()
Phase imbalances, 482 -484
Phase lag compensators, 192-193
Phase margins, 189-194
Phase matching, 262-266, 356358,

457460

Phase modulated carriers, 447449
Phase shift network design, 169172
Phase shifts, 284—286
Pilot injection rechniques, 310-311
PM/AM characteristics, 63-67

Cartesian form, 73, 74

feedback, 168

fain margins, 194

phase margins, 194
PNP devices, 115
Polar form nonlinear models, 63—67
Polar loop transmitters, 161-166:
Polar predistorters, 381383
Polynomial coefficients, 78
Polynomial predistortion, 354
Positioning flexibility, 346-347
Postdistorrion, 351, 417-418
Power

annual savings, 13

backoffs, 237, 239

combiners. 49, 53

efficiency, 11-15

losses, 273280

multicarrier applications, 12-15

ratng, 324

semiconductors, 90-94

stage removal, 218, 220
Power amplifiers

biasing, 126131

characreristics, 239-24()

design, 89134

IMD inequality sources, 131133

linear operation, 126- 131

MESFETSs, 91-92

MOSFETs, 920, 92

operation regions, 92

response, 237-238

saturation, 236—242
Power control

attenuator switching, 218, 221

Cartesian transmitters, 216221

Inddes: 529

Power eontrol (continued)
maximum output, 218, 221

Power efficiency

adaptive predistortion, 400
Cartesian loop transmitters, 246
characteristics, 271-272
class-C amplifiers, 246
component placement, 302
coupling factors, 267268
feedforward systems, 267272
Power series, 84—85
Predictive temperature compensation,
383-384
Predistortion, 351423
adaptive control, 381-390
adjacent channel measurement, 385, 386
advantages, 395-396
alternative forms; 360—361
amplifier-based curve-firting, 378, 380
anti-parallel diodes, 366, 368-373
applications, 396-397
attenuator-based curve-fitting, 378379
baseband, 388390, 397-417
bridge configurations, 371-373
clags-C amplitiers, 358359
complex, 380381
control, 381 -390
correlation based feedback, 385388
cubic predistorters, 354-355
curve-tirting, 375380
digital, 379-380), 397-398
direct derection, 388390
disadvantages, 395-396
downconversion, 388, 390
efficiency, 201-293, 390-391
example performance, 391-395
expansive amplifiers, 360-361
expansive characteristics, 355-350
feedback control, 385, 388- 390
field effect transisrars; 362367
gain-martching, 356358
harmonics, 373375
IMD cancellation, 357
intermediate frequencies, 352, 379380,
418—420
local oscillators, 388 389
measured performance, 391395
()pcra:ion. 352-353

performance, 391-395

phase-matching, 356358

polar predistorters, 381383

RF, 352-397

signal processors, 397-398

simple predistorters, 360-361, 391395

temperature compensarion, 383384

theory, 352333

See alto Adaptive predistortion

Public switched telephone network

(PSTN), 48

Pulse width modulation (PWNM), 124-125,
443471, 512

Push-pull transformer coupled amplifiers,
98-99

PWM. See Pulse width modulation

Q) baseband signals, 55
Q) channels, 75-78, 178
QQ compensation circuits, 153
QAM. See Quadrarure amplitude
modularon
QPSK. See Quadrarure phase shift keying
Quadrature amplitude modulation (QAM)
schemes, 4, 10
class-C amplifiers, 70, 72
peak to mean ratios, 47
See also 16-QAM signals
Quadrature feedback, 483, 486
Quadrature phase shift keving (QPSK), 4
class-C amplifiers, 68, 7
modulation scheme, 4
peak to mean ratios, 47
TETRA, 68, 72
Quadrarure predistorters. See Cartesian
predistorters
Quadrature signals, 204-207
Quadrature Taylor series amplifier model,
75
Quantization, predistorters, 415
Quasi-linear transmitters, 154156

Radio frequency choke, 94
Reacrive loads, 121

Reconstruction filters, 481482
Reference-path delay element, 290
Reflected signals, 336-337
Relative bandwidih effect, 287288
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Rehabiliry, 260

Resolution, predistorters, 415
Response, 237-238, 293

RF feedback spectra, 227
Ripple effect, 293, 296-298
Roll-affs, 203

Saleh funecnions/model, 79-82
Sampling, 322-323, 414415
Sée alsa Linear Amplification by
Sampling Techniques
Satellite systems, 288 289, 343344
Saturation, 92, 236242
SCPA. See Single-carrier powet amplifier
Second order nonlinearity, 24-25, 31
Series feedback, 139-142
Series-diode predistorters, 361, 362
Shunr feedback, 139, 142145
Signal processing
CALLUM technigue, 463—-471
BE&R, 425, 426443
LINC, 443460
linear transmitters, 425492
vector locked laop technique, 461462
Signal vector error (SVE), 210-214, 223
Signal-ro-noise ratio (SNR}, 484
Signals, generation/separation, 446452
Simple predistorters, 360-361, 391395
Simulated modulation schemes, 458
Single channel amplifiers, 289-290
Single loop limitation, 256-257
Single sideband (SSB) generation,
172-177
Single vector error (SVE), 13
Single-carrier applications, 11-12
Single-carrier power amplifier (SCPA),
13-15
Single-diode predistorters, 361-362
Single-ended amplifiers, 94-95
Size, feedforward systems, 345
Skewing effect, phase errors, 210
Slope overload, 477-479
Smith, C. N., 164
SNR. See Signal-to-noise ratio
Software radio, 195198
Spurinus signals, 58-59
Square-law characteristics, 22-25
SSB. See Single sideband

Stability, 183194, 214-215, 299

See alse Instability
Stage saturation, 107-108
Step response, 215- 216
Submarine cable amplifiers, 147150
Subtraction issues, 287 288, 323
Supply, moduladon effects, 131-132
SVE. See Single vector error
Swept reverse-injected earriers, 234-236
Switches, 113
Switching matrices, 471, 472
Systems reliability, 260

Table indexing, 402, 405-406
Tavlor series, 7478, 8384
TDMA, Sz Time division multiple access
Temperature eflects, 298304, 383384
TETRA. See Trans European Trunked
Radio
Text organisation, 1719
Theoretical effects, 430437
Third order distortion, 25-29, 31-32
Three-stage Doherty amplifiers, 503,
504305
Three-tone tests, 321
Time division multiple access (TDMA)
systems, 215
Time domain representation, 3
Time-delay elements, 323-324
Trans Furopean Trunked Radio (TETRA),
68, 72, 195 198
Cartesian loop transmitters, 244 - 245
noise analysis, 201, 202
step response, 215
systems parameters, 197
two-tone intermodulation comparison,
197-198
Transceivers, 195, 196
Transfer characrenistics, 22-24; 26, 60
Transformers, 116-118, 145-147
Transition points, 500-501
Transmission lines, 324, 498—499
Transmitters
adaptive predistortion, 398399
antenna coupling, 412-413
architecture, 2-3
complete, 398399
direct conversion, 205

Transmitters (continued)
EE&R, 427428
linear, 425492
modulation feedback, 156157
polar loop, 161-163
quasi-linear, 154-156
signal processing, 425-492
VMOS, 160
See also LINC, transmitters
Transparency, 345346
Transparent tone-in-band (TTIB), 177, 195
Travelling wave tube amplifiers (TWTAs),
7, 57, 354
TTIB, S& Transparent tone-in-band
Tube amplifiers (TWTAs), 7
Two-stage Doherty amplifiers, 302
Two-tone 1M, 35-37, 41-43
Two-tone intermodulation, 197198
Two-tone fest, 29-35
B800MHz output speatra, 231232
EE&R rransmitters, 429430
feedforward systems, 305-306
frequency domain response, 34
frequency-offser, 243-245
higher-order nonlinearity, 32
intermodulation distortion, 49, 53
peak to minimum envelope variation,
5637
phase functions, 429-430
second order nonlinearity, 31
simple predismrmrs. 392
third order nonlinearity, 31-32
time domain representation, 30
unequal tone powers, 56-57
Two-transistor biasing scheme, 128-129
TWTAs. See Travelling wave tube
amplifiers

UHF applications, 160
Unequal tone powers, 5657
Unipalar amplifiers, 192
Upconversion, 428, 452, 473

Varactor diede predistorters, 361-362,
363
Variable frequency oseillator (VEQO),
169
Variable gain components, 328-329
Variable phase components, 329, 330
VCO. See Volmage-controlled oscillator
Vectors
errors, 482483
locked loop technique, 461-462
modulators, 329-332
representation, 265260
VEO. Se Variable frequency oscillator
VHF applications, 160
VMOS rransmiteers, 160
Voltage
gain, 21-22, 141
ourputs, 496-497
regulator biasing, 130
waveforms
class-A amplifiers, 95
class-C amplifiers, 102-103
class-D amplifiers, 116-119
Voltage-controlled oscillators (VCOs),
161-163
CALLUM technique, 465, 471
EFE&R transmitters, 428
LINC technique, 453454
local performance, 204
Voltage-variable phase-shift networks,
329-331
Volterra series, 8384
VSWR, 187, 411-412, 507

W-CDMA, Se Wideband CDMA
systems

Weaver method, 172-177

Weaver upconversion, 473

White noise testing, 5758

Wideband CDMA systems, 7, 15-16, 47

Wireless Systems International, 195

Wood, H. B, 157-158



