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PREFACE

The first edition of this book was published almost fifteen years ago. Over
the years the book has proved to be exceptionally well adopted and used by
researchers, educators and designers alike. Technology has also evolved con-
siderably, with significant interest in areas such as micro electro mechanical
systems (MEMS), elecrooptics and nanotechnology. These topics are still
evolving and some MEMS based devices are now commercially available.
Optics based technology is already used extensively in communication and
other RF based systems applications, while nanotechnology is still in its
infancy. Thus, in revising this book, emphasis was placed on retaining and
expanding topics of current and future interest and cutting back or deleting
material or whole chapters that were outdated or of little utility. In this decision
we were aided significantly by feedback from many of our readers and the
contents of this book reflect these inputs. Since the commercial use of RF and
microwave technologies is growing tremendously in the wireless communica-
tions area, much of the material is slanted to this application.

To start with, it was determined that the basic structure and organization of
the book was sound. Following suggestions received to make the book self-
contained, microwave network theory was incorporated into Chapter 1. The
rest of the chapters were revised as required. For example, in Chapter 2, co-
axial line discontinuities and rectangular waveguide discontinuities were drop-
ped and the rest of the chapter updated with the most recent equations cur-
rently used for lumped inductors. In Chapter 3 on resonators, the sections on
less popular resonators were dropped and sections on more current topics, such
as, high Q, tunable, and active resonators were added. Chapter 4 on impedance
transformation techniques was completely revised and authored by a new con-
tributor. This chapter is absolutely new. The next chapter on hybrids and cou-
plers contains about thirty percent new material and reflects current practices.
Similarly in Chapter 6, the section on multiplexers was dropped and new
sections on compact filters, filter tuning, and EM simulation of filters were
included. While much of the material in Chapters 7 and 8 remains current, it
was deemed appropriate to revise the write up and add information on hetero-
structure and wide band gap devices. The next chapter on oscillators incor-
porates oscillators for wireless circuits while the chapter on amplifiers also
includes design procedures and examples on wireless amplifier designs.

xiii



xiv PREFACE

Chapter 11 is completely new, including such current topics as cryogenic
mixers and self-oscillating mixers. While Chapters 12 and 13 have also been
revised, it was decided in view of the availability of a large number of com-
puter-aided design software packages and many books on this topic to drop
this subject and substitute a new chapter on the upcoming and popular subject
of MEMS. Many researchers and commercial houses are engaged in this area
and MEMS based devices hold significant promise in lowering power require-
ments and cutting back on size and weight. Finally, a new chapter on circuit
manufacturing technologies has been inserted as Chapter 15. This chapter in-
corporates some of the continuing important topics from the old Chapter 15,
but incorporates the most modern practices in printed circuit board fabrication,
hybrid integrated circuits, and microwave monolithic integrated circuits.

Thus, overall this revised version has three new chapters, two others with
major changes and the final ten with about 25% changes each. Each chapter
still contains design equations, tables, appropriate figures, and a set of prob-
lems for students. Although the material has been revised, there is still adequate
material and choice of subjects to cover a one semester, one quarter, two
semester or a two-quarter course. The organization of topics as proposed in the
Preface to the original volume is still valid, but it is recommended that MEMS
be incorporated into any break-up, as the topic is expected to play a major role
in future microwave circuits and systems design.

We believe that this new revised version will be as well accepted as the first
edition by professors, students, and designers and researchers alike. As with the
first edition, we hope it will simplify the understanding of the subject for students
and facilitate the design of circuits and devices by the designer.

As with the first edition, extensive cooperation and coordination of effort
amongst the contributors was required, particularly as new authors were also
added. We thank all the contributing authors for their diligence and effort in
preparing and revising their manuscripts and on their behalf thank all the peo-
ple behind the scenes who made this possible. Finally, we appreciate the sup-
port and patience of our families throughout the preparation of this book.

INDER BAHL
PrAKASH BHARTIA



INTRODUCTION

P. Pramanick and P. Bhartia

The history of the development of microwave circuits has in many ways fol-
lowed that of the lower frequency electronics circuits. There have been constant
pressures in both these disciplines to move from tubes to solid state devices and
from large components to small and to the development of integrated circuits,
devices, and systems. However, unlike the electronics field, where a large public
impact was possible and strong consumer demand generated through owner-
ship of radios, digital watches, calculators, television sets, video cassette

recorders, and so on, the microwave oven seems to be the single piece of
equipment that comes to the layman’s mind when the word microwaves is

mentioned. The greatest impact and perhaps use of microwave circuits and
systems has been in areas such as communications, radar, electronic warfare,
navigation, surveillance, and weapon guidance systems, which are largely mili-
tary in nature and have been supported strongly by the defense community.
Although there is also a lucrative market for defense-products-oriented in-
dustries, the profits are often limited by small-volume, limited customers due to
export restrictions, and hence the drive for development in the area of micro-
wave circuits seems traditionally to have lagged behind that of electronic cir-
cuits. For example, electronic integrated circuits (ICs) on chips were available
commercially long before microwave integrated circuits (MICs) were.

The current trend in microwave technology is toward circuit miniaturiza-
tion, high-level integration, improved reliability, low power consumption, cost
reduction, and high-volume applications. Component size and performance are
prime factors in the design of electronic systems for satellite communications,
phased-array radar systems, electronic warfare, and other military applica-
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2 INTRODUCTION

tions, while small size and low cost drive the consumer electronics market.
Monolithic microwave integrated circuits (MMICs) based on gallium arsenide
(GaAs) technology are the key to meeting the above requirements. They play
an increasing role in consumer electronics dealing with information transfer,
communications, automotive applications, and entertainment. With MMIC
technology a typical microwave subsystem can be produced on a single chip at
costs of less than $100 while simpler single-function chips cost less than $10.
Some very simple function chips are now produced at costs as low as $1. While
most MMICs currently in production operate in the 0.5- to 30-GHz microwave
range, there are increasing applications in the millimeter-wave (mmW) spec-
trum (30-300 GHz) as higher frequency transistors mature. Monolithic tech-
nology is particularly beneficial to mmW applications through the elimination
of the parasitic effects of bond wires that connect discrete components in con-
ventional hybrid structures.

1.1 CHARACTERISTICS OF MICROWAVES/MILLIMETER WAVES

The term microwave/millimeter wave generally refers to the frequency range
where wavelengths are of the order of centimeters down to 1 mm. Some au-
thors have suggested that microwave/millimeter-wave spectrum corresponds to
the frequency range 1-300 GHz (wavelength 30 cm—1 mm), but the generally
accepted convention is that the frequency range 300 MHz-300 GHz (wave-
length 100 cm—1 mm) is more appropriate. Figure 1.1 depicts the position of
the microwave and millimeter-wave part of the spectrum in relation to the rest
of the electromagnetic spectrum.

In the microwave/millimeter-wave region, for convenience, a letter band
designation has also been used to indicate the portion of the spectrum being
referred to. Over the years, the radar community, for example, has created its
own band designations, leading to general confusion. For example, K-band
designates the frequency ranges 18-26.5 GHz, 19-27 GHz, 10.9-36 GHz, and
20-40 GHz in the radar users terminology, the U.K. frequency designation, the
old U.S. military, and the new U.S. military designations, respectively. For the
sake of clarity and uniformity, only the new U.S. military designation should
be used. Figure 1.2 depicts the frequency band breakdown for the microwave/
millimeter-wave region of interest for the purposes of this test.

Wavelength  100km 10km 1km 100m 10m 1m 16cm 1cm 1mm100 um10 gm1zm 0.1 zm100A 10A 14
Band eLF | ViF | LF | MF | HE | vir| ube| siF | enr | H
! |
1
!
T

f peUitravi
Microwaves Millimeter 4
waves visible
| ~raysf—>
— vy L
Frequency 3x109 3x10¢ 3x108 3x106 Ax107 3x 3x10% 31010 3 101+3x10123x 1013 3x1014 3x 1018 3x 1018 3x 1077 3x1018

Figure 1.1 Electromagnetic spectrum.
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Radar bands UHF

New military l c
bands

Wavelength (cm) 0 75 805040 . . . . 0.15 0.1

Frequency (GHz) 0304 080751/ PO]40 506070100 200 300

Figure 1.2 Band designation chart.

Some other features of microwave/millimeter waves are worth noting; for
example, the decrease in wavelength as frequency increases corresponds to a
reduction in component size, resulting in more compact systems and narrow
beamwidths, which allow, for example, for greater resolution and precision in
target tracking. Many advantages and disadvantages of microwave via-a-vis
millimeter wave are discussed in Bhartia and Bahl [1].

Another interesting and important characteristic is the free-space propaga-
tion attenuation over the frequency range. As shown in Fig. 1.3, atmospheric
absorption increases with frequency, but in addition, there exist high absorp-
tion windows in the millimeter-wave band due to atmospheric water vapor and
oxygen. While this characteristic is not of significant interest for the purposes of

Frequency (GHz)
10 15 30 60 100 150 300
100 T T T T T
10
£
g 1o
c
2
3 o010
c
7]
£
<
0.01} -
0.001 1 A A 1 L
30 20 10 5 3 2 1

Wavelength (mim)

Figure 1.3 Atmospheric absorption as function of frequency.



4 INTRODUCTION

this book in microwave circuits, it should be realized that a similar behavior
occurs with transmission media, and one must choose the appropriate low-loss
media for the frequency of operation of one’s circuit.

1.2 HISTORY OF MICROWAVE PLANAR CIRCUITS

The first evolution of the conventional waveguide and coaxial line was a flat-
strip coaxial transmission line used by Rumsey and Jamieson—as mentioned,
for example, by Barrett [2] for producing an antenna system and power division
network during World War II. This was gradually integrated with printed-
circuit technology to result in the “microwave printed circuit” (MPC) reported
by Barrett and Barnes [3] and soon developed into a printed-circuit waveguide
handbook [4]. Shortly after Barrett and Barnes’s [3] report on MPCs, the Fed-
eral Communications Research Laboratories announced the microstrip [5] and
King [6] reported the “dielectric image line.” The MPC concept was used in
fabricating many components, such as directional couplers, filters, attenuators,
and antennas. The microstrip is fundamental to IC design and is today being
used extensively in its many forms in a large variety of circuits. Finally, the
image line is an excellent transmission medium, particularly for millimeter-
wave circuits.

Following the preceding developments, the MIC area grew rapidly in the
1960s. Between 1964 and 1968, the largest quantity production for a MIC was
perhaps the 600 transmit/receive (T/R) modules produced by Texas Instru-
ments for the molecular electronics for radar application (MERA) radar (7).
Many other significant developments also occurred over the 1960-1980 period,
and it was evident that the field of MICs was fast maturing. Over these years,
the idea of MMICs also evolved, where all microwave functions of analog cir-
cuits, as well as new digital applications, could be incorporated on a single chip
[8]. In the earlier MICs and MMICs, high-resistivity p-type (boron) silicon was
used as the microwave substrate and host for the devices. However, two factors
have been primarily responsible for the emergence of GaAs in the development
of MMICs. First, the semi-insulating substrate is almost an ideal dielectric
medium for microstrip transmission; second is the GaAs field-effect transistor
(FET), which is the workhorse of all analog ICs. The latter has benefited from
the application of silicon processing technology. Thus, GaAs technology
promises a new breed of components that will allow designers greater flexibility
and lower cost approaches to achieve their design goals.

1.3 APPLICATIONS OF MICROWAVE PLANAR CIRCUITS

Microwave planar circuits can be applied to and substituted for the conven-
tional form of microwave circuitry in virtually every application in the fields of
communications, electronic warfare, radar, and weapon systems. In general,
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the limitations are few, one fundamental one being the power-handling capa-
bility. However, realization of good matching circuitry has allowed high power
levels to be achieved in some laboratory MMICs, but to achieve high powers
while maintaining high yield still requires hybrid MIC as well as conventional
waveguide and coaxial-line techniques. In many cases, requiring high power,
such as space-based radar and the use of thousands of solid-state transmitter-
receivers for an active aperture phased array, allows for power distribution and
hence use of MMICs or MICs. Hopefully, the extensive number of T/R mod-
ules required will allow for a substantial cost reduction for MMICs over hybrid
MICs or conventional circuitry.

Another area that should see high microwave planar circuit usage is elec-
tronic warfare. In particular, expendable systems such as expendable jammers
and smart munitions using microwave/millimeter-wave guidance systems, both
passive radiometer type and active radar, should benefit from the cost reduc-
tions and lower weight properties of these circuits. Naturally, satellite systems,
where weight is an all-important issue due to high cost per kilogram of
launched payload, also stand to benefit significantly from the use of this tech-
nology.

Similarly, receivers and transmitters for communications, electronic support
measures, electronic countermeasures, and systems for electronic communi-
cation or signal intelligence (ELINT, COMINT, SIGINT) all make extensive
use of microwave/millimeter-wave circuits and devices. As systems become
more complex due to the nature of the electronic threat, hardware complexity
increases, resulting in larger and heavier systems. Use of planar technology,
and in particular MMICs, helps to achieve significant reduction in both these
factors, thus making it possible to deploy these systems easily on aircraft, where
space and power are driving constraints.

Most radars being built currently use hybrid circuitry that needs tweaking
for optimum performance. In these cases, microwave planar circuits offer the
advantages of smaller size, lighter weight, potentially lower cost, high reliabil-
ity, broad-bandwidth capability, and function reproducibility. These advan-
tages allow the development of active element phased radars with significant
beam agility, multifunction capability, and reliability. In addition, in most
applications the redundancy of the T/R modules that can be built in allows for
the desirable feature of graceful degradation in case of failure. A typical active
element configuration for one of these is shown in Fig. 1.4.

While the military and space applications stand to gain the most from use of
planar microwave/millimeter-wave circuits, other unconventional applications,
such as highway-traffic control using microwave systems and microwave sensor
systems used in microwave heating and drying, will likewise see cost reductions
and smaller sizes with the availability of multifunction monolithic circuits.

The advances in microwave/millimeter-wave planar circuits coupled with
advances that are currently occurring in electro-optics, magneto-optics, micro-
wave optics, and microwave acoustics point to exciting decades ahead for
engineering and the sciences. In particular, these fields will have strong impact
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Connectors

GaAs monolithic elements

Radiator

Figure 1.4 A T/R module using GaAs MMIC chips.

on consumer electronics and gadgets, while at the same time contributing in a
large way to fields such as robotics, smart weapons, satellite technology and
capabilities, smart-skins for aircraft, photonics, and smart built-in testing.
Toward this objective, this text should serve as a reference for the fundamental
microwave/millimeter-wave planar circuit active and passive components.

To make the book self-contained, in the next section, we discuss some fun-
damental concepts of microwave network theory and matrices of importance
for circuit analysis and design.

1.4 MICROWAVE NETWORK THEORY

Microwave passive and active networks can be classified as multiport networks.
Such networks are also known as N-port networks. Assuming the input and the
output ports of an N-port microwave network are known, its frequency- and
time-domain responses to a known excitation can be determined. For instance,
if one of the ports of a transistor is terminated in a short circuit, the frequency
response of the remaining two-port network can be obtained from the knowl-
edge of the original three-port network. Also, in any microwave circuit, system
or subsystem, there are many components connected in a certain fashion. The
frequency response of this system can be obtained from knowledge of the indi-
vidual components.

There are many equivalent ways in which the frequency response of a linear
microwave network can be calculated [9]. This chapter deals with the repre-
sentation of linear microwave networks as multiport black boxes.
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1.4.1 Concepts of Equivalent Voltage and Current

The determination of network characteristics at microwave frequencies in-
volves concepts that are substantially different from those used for low-
frequency radio-frequency (RF) circuits for which voltages and currents, which
determine impedance, can be uniquely defined. At microwave frequencies, use
of neither high-frequency probes nor low-impedance current measurements are
possible, because parasitic impedance and capacitance cannot be made small
enough. In addition, the physical dimensions of a microwave circuit are no
longer small compared to wavelength. Therefore, in most cases, the concepts of
equivalent voltage and current are used. The equivalent voltage and current are
so0 chosen that power transmitted along a transmission line is computed cor-
rectly using the equation

P=%ReJS(ExH)ds=%Re(VI*) (1.1)

where “*’ denotes the complex conjugate, and the power P is assumed to be
flowing in the z direction; ¥ and I are the equivalent voltage and current,
respectively; £ and H are the electric and magnetic fields, respectively, in the xy
plane; and S is the cross-sectional area of the transmission line.

We can use the familiar definitions of voltage and current only in electro-
statics. As soon as the electric field becomes time dependent, it generates a
time-varying magnetic field, which in turn gives rise to a dynamic electric field.
The electric voltage corresponding to this new dynamic electric field depends

on the path of the line integral chosen to calculate the voltage.
Let us consider the transverse part of the electromagnetic (EM) field in a

transmission line, for example, a coaxial line or a waveguide,
Ef = er(x, y)e - (1.22)
HF = &hr(x, y)e (1.2b)

where ¢ is a constant of proportionality, er(x, y) and hAr(x, y) are the normal-
ized modal functions such that

[ terCe3) xhrtx ) as =1 (120

and B is the propagation constant in the z direction.
According to Collin {9], the above fields are proportional to the equivalent
voltage and current. Therefore,
Ef = KyVter(x, y)e (1.3a)
HF = KiIThy(x, y)e ¥ (1.3b)
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where Ky is a constant of proportionality and V* and I+ are the forward-
going equivalent voltage and current, respectively. The transmitted power
associated with the forward wave is given by

Pr=1Re L(E; « H) ds (1.4)

Combining Egs. (1.2¢), (1.3a), (1.3b), and (1.4) gives

Pt = %KVK1 Re(V*HI™) (1.5)
Comparing Egs. (1.1) and (1.5) gives
KyK;=1 (1.6)

Using transmission line theory, we can write

V+

=2 (1.7)

where Z, is the characteristic impedance of the line. Comparing (1.2), (1.3),
and (1.7), we get

K

% =% (1.’8)
Solving Egs. (1.6) and (1.8) gives
K L (1.9a)
v = )
VZo
K =+/2 (1.9b)

The characteristic impedance Z of a coaxial or two-conductor transmission
line can be uniquely defined for the fundamental transverse-electromagnetic
(TEM) mode. Therefore, the equivalent forward voltage and current can be
uniquely expressed using Egs. (1.2), (1.3), and (1.9) as

VvVt =¢vZ (1.10a)

It =— (1.10b)

V'Zo

Similarly, the backward voltage and current can be written as
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V- =x\/2Zy (1.11a)

= (1.11b)

VZ

In Egs. (1.10} and (1.11) ¢ and « are proportionality constants.

If the transmission line supports a non-TEM mode, that is, transverse-elec-
tric (TE) or transverse-magnetic (TM) mode in a waveguide, the definition of
the characteristic impedance cannot be unique. For example, if one considers
the ratio of the fundamental mode average power flowing through a rectangu-
lar waveguide and the voltage at the center of the broad wall, the characteristic
impedance assumes the form

2 n
Zo(f) —;m (1.12a)

where a and b are the width and the height of the waveguide cross section,
respectively; 7, is the free-space impedance; f is the operating frequency; and
fe is the cutoff frequency of the fundamental mode.

If one considers the ratio of the same voltage and the total longitudinal cur-
rent, then the characteristic impedance assumes the form

(™Y __m
Zo(f)—<2a> 1—(0fc/f)2 (1.12b)

Also, if one considers the ratio of the fundamental mode average longitudinal
power and the total longitudinal current, one gets

_ (7% 7
Zo(f) = (—8-(1—) —lff/f—)z (1.12¢)

Therefore, unique definitions for equivalent voltage and current are not
possible.

1.4.2 Admittance and Impedance Matrices

Consider Fig. 1.5. The accessible ports are denoted by 1,2,3,..., N. In addi-
tion, there is a ground terminal at each port. Let us assume that the
L (i=1,2,3,...,N) denote the port currents and the V; (i=1,2,3,...,N)
denote the port voltages, respectively, at ports 1-N. The admittance matrix of
the network is defined as

1) = [V)[V] (1.13)

where
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N-port
network

Figure 1.5 Schematic of N-port network.

I " Yu Y -+ Yy
L |2} Y Y -+ Yo

n=|" wm=|"7] m= | e
Iy Vv Ymi Yvo -+ Ywn

The admittance matrix [Y] is obtained by nodal analysis of the network and
then solving for the port currents or voltages. The corresponding impedance
matrix is defined as

1z)= Y] (L.15)

The above admittance and impedance matrices are also known as unnor-
malized admittance and impedance matrices, respectively.

A microwave component or a subsystem is connected to a larger system. As
a result, each port of a component is terminated by an impedance offered by
the larger system to which it is connected. Let us assume that the impedance
vector gives the set of terminating impedances offered by the embedding system

Z=[2Zn Zn --- Zn] (1.16)

We define a new set of port voltages and currents, known as the normalized
port voltages and currents, as

Vi
v = ——— i; = Iin/Re Zp 1.17
I m 1 i i ( )
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Note that normalized voltages and currents have the same dimension, which is
v/watt. Hence the relationship between the normalized and the unnormalized
parameters can be expressed as

[o] = [2]li] (1.18)
where
[l =227 1] =[z]"l0) (1.19)
and
Zn 0 o --- 0
el=Re| o 0 T (1.20)
0 o i 7

[z] is known as the normalized port impedance matrix, and
=" (1.21)

is the corresponding normalized port admittance matrix.
Below we will show how normalized voltage and current matrices account
for the interaction of the network with the system that embeds it.

1.4.3 Scattering Matrix

The scattering matrix concept with respect to positive and real terminating
impedances was introduced by Penfield [10]. Kurokawa introduced the concept
of power wave variables in 1965 [11] and generalized the concept of Penfield.
Following the method due to Kurokawa [11], let us consider a one-port
network as shown in Fig. 1.6.
We define the following variables:

i+ Znl
a=———"=

2\/ Re Z]l

(1.22a)

Figure 1.6 One-port network.
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Vi - Zjh

b =—== 1.22b
2\/ Re Z“ ( )
where the asterisk denotes the complex conjugate.
Solving Egs. (1.22a) and (1.22b), we obtain
A Znb
y, = Znatenm (1.23a)
AV Re Z[1
~b
n=4-2L (1.23b)
AV Re ZIl
Now, what are the parameters a; and b;?
From Fig. 1.6
Vi = E;—Znl (1.24)

Combining Eqgs. (1.22a) and (1.24) and subsequently multiplying a; by its
complex conjugate, we obtain

|Es|?

2 _
!all _4RGZH

= Pg max (1.25)

The right-hand side of Eq. (1.25) is easily recognized as the maximum power
available from the source. Therefore, we can say that |a1| is the incident power
from the source into the load Z;. Using Egs. (1.22a) and (1.22b), it can be
shown that

lai|? = |b1]? = Re{V11}'} (1.26)

The right-hand side of Eq. (1.26) is the total real power absorbed by the load.
Therefore, we can come to the conclusion that |b1l is the power reflected from
the load to the source. At this point we define the reflection coefficient

by WW—-Zjh Zp-2Zj
r=-—= = 1.27
ai n+2Znh ZL+Z;1 ( )

Using Eq. (1.27), the difference between incident and reflected power, or in
other words the power absorbed by the load, can be written as

Pp = Ps max — Preg = la)*(1 — T2 (1.28)

From (1.27), under the matching condition, when Z; = Zj;, T = 0.
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N-port
network

Figure 1.7 Multiport network.

Let us consider the multiport network shown in Fig. 1.7. The scattering
matrix of a multiport network can be defined by the equation

(6] = [S][a] (1.29)

where [a] and [b] are column matrices whose elements are the power wave
amplitudes of the incident and reflected waves, respectively, at various ports. If
the network has N ports, then [S] is a square matrix of order N.

When the output impedances of the generators connected to the ports of the
multiport network become purely real and equal to those of the transmission
lines connected to the respective ports, a; and b; (i = 1,2,3,...,N ) become the
same as the complex incident and reflected voltages in transmission lines. Then
we can write

Vi= V5 + ¥ (1.30a)
L=I+1I" (1.30b)
A

Combining Eqgs. (1.30) and (1.22) gives
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V+
a; = L= VZIiI,'+ (1328)
VZg
178 _
by = —te=\/ZyI; (1.32b)

VZn

and the reflection coefficient is given as

F_E_ZL_ZH
Ca Zi+Zy

(1.33)

In Egs. (1.30a)—(1.32), the plus and the minus superscripts denote the ingoing
and outgoing parameters, respectively.

The total power absorbed by all the ports is given by the difference between
the sum total of the incident and reflected powers of all the ports. Mathemati-
cally,

N N N
Pow =3 Pe=3lal? = S Il = [a)7ld - 1710 (1.34)
k=1 k=1

k=1

Combining Egs. (1.29) and (1.34) and the total power absorbed by the network
for a lossless condition gives

Prow = [a"]"[[U) - [5"]"[S]][a) = 0 (1.35)
where [U] is the unity matrix of order N. From Eg. (1.35) we get
[$*1718]) = [U] (1.36)
For a reciprocal and symmetrical multiport network, Eq. (1.36) reduces to
[$*][S] = [U] (1.37)
which indicates that the scattering matrix of a symmetrical, lossless and recip-

rocal network is unitary.
Let us write the expanded form of Eq. (1.29):

by Siu Sz o Siv||a
b S S o S a
0 I I e (1.38)
by Svi Sw2 - Swnj |as

From Eq. (1.38) it can be seen that, in general,
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a=0 k=123..N k#j (1.39)

The condition
ay = 0 (1 .40)

for all k’s except k = j is created by perfectly matching all but the jth port. The
transmitted signal at the ith port and the incident signal at the jth port are
appropriately monitored and Sj; is computed using Eq. (1.39). For a detailed
description of the procedure the reader is referred to Schiek and Gronefeld [12].

For a given network terminated by a set of real impedances given by [Z;] in
Eq. (1.16) the scattering matrix can be computed by using the following proce-
dure.

+ Obtain the port admittance matrix [Y] using nodal analysis and then solv-
ing for the node currents.

+ Invert the admittance matrix [Y] to obtain the corresponding impedance
matrix [Z].
* Normalize [Z] using

2] = [z (Z]z] (1.41)

where the diagonal matrix [z.] is obtained from Eq. (1.20).
+ Obtain the matrix [S] from

[S] = [lz] = [UN}{Ie] + (U1 (1.42)
Solving (1.42) gives
[2] = [[U] =[S0~ [[U] + S]] (1.43)

For a reciprocal network, all the matrices associated with the network are
symmetrical matrices, which means

Z1=[2)" [S]=[8]" cetc (1.44)

1.4.4 Transformation of Scattering Matrix Due to Shift in
Reference Planes

Consider Fig. 1.8. The unprimed reference planes # :j=1,2,...,N are the
original reference planes with respect to which the scattering matrix [S] of the
N-port network is defined. Now, let us assume that the reference planes are
moved away from the network to their new positions marked by the primed
letters tjf :j=1,2,...,N. The new scattering matrix of the network is given by
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N-port
network

£
L ty
Figure 1.8 Multiport network t
(8] = [L][S][L] ' (1.45)
where the matrix
e—jﬁlll PR e 0
=B ...
m=| . <0 (1.46)
0 0 . e_jﬁNlN

where f, is the propagation constant of the wave at the kth port.

All the elements of the scattering matrix of a passive, lossless and reciprocal
network cannot be chosen independently. Let us assume that Fig. 1.9 repre-
sents one such two-port network whose scattering matrix is given by

Sn Sl2:| (1.47)

[S1= [5'21 S

From reciprocity, [S] must be symmetrical. Therefore,

[S]

—
+_

—
t

Figure 1.9 Two-port network. 14
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§) = | S S| | 1SuleiSple (1.48)
Sz Su |Si2le/®2 | Syy|ed®
Combining Egs. (1.37) and (1.48) gives

1Sul” + S =1 (1.49)
011 =012 + 47 (1.50)

This means that if S;; is known in complex form, Sj; can be obtained from
Egs. (1.49) and (1.50). Equation (1.49) represents conservation of power in a
lossless two-port network.

For a lossless nonreciprocal network, the above relations become

1Su 12 + |Sul* = [Snl* + S0 =1 (1.51)
St 812 + 8582 =0 (1.52)
011 + 0 =612+ 0 Fin (1.53)

where 8, and 6, are the phase angles associated with the elements Sy; and Sx,
respectively.

Scattering Matrix of a Lossless Three-Port Network. An application of
unitary condition, given by Eq. (1.36), shows that it is impossible to simulta-
neously match all the ports of a three-port lossless reciprocal network. How-
ever, it is possible to match all three ports if the circuit is lossy or non-
reciprocal. The examples are a Wilkinson power divider or a three-port
circulator.

At this point it is worthwhile to discuss the usefulness of the scattering
matrix. The concept of a scattering matrix is more general than admittance and
impedance matrices. Many circuits may not possess an admittance or imped-
ance matrix. Typical examples are ideal transformers having nonfinite ele-
ments. On the contrary, such transformers have scattering matrices. According
to Carlin [13] and Kajfez [14] all passive networks possess scattering matrices.

In microwave engineering power flow is of primary consideration. There-
fore, the scattering matrix is extremely useful. Let us consider the network in
Fig. 1.10. Let P, represent the available power from the generator and P, the

Zj

) s ﬁ“z
E, [S] | L

N Pa PL

Figure 1.10 Circuit representation of two-port network.
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power dissipated in the load R;. Then it can be shown that the magnitude of
the forward transmission coefficient is given by

43

Sl =
Suf? = 7

(1.54)

Scattering Matrix and the Concept of Insertion Loss. Let us consider the
two-port network shown in Fig. 1.11a. The transfer coefficient of the network is
given by

2V [R,]V?
Now,
1S21]* = S125}, (1.56)
Therefore, from Egs. (1.55) and (1.56) we obtain
2
2R

V.;J/(S‘Rg) Pa

where P, is the available power from the generator and P is the power dissi-
pated in the load R;. Now, let us consider the network in Fig. 1.11a. Suppose
we have interposed a two-port network between the reference planes £, and ¢,
as shown in Fig. 1.115. Let the voltages across the load resistance R; before
and after the interposition of the two-port network be ¥z and V7, respectively.
Also, let the powers dissipated in R; before and after the interposition of the
two-port network be P and P/, respectively. The insertion power ratio of the
two-port network is defined as

PL‘D
IPL =% 1.
= (158
Ry t b
+ | |Inserted| |
E v | two . VP A
> ! port !

(a) (b)
Figure 1.11 (a) Two-port network; (b) with two-port network inserted.
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Analyzing the circuit in Fig. 1.11, we obtain

P V)P R}

L (1.59)
PL o |V)* (Ry+ Ry)?
Combining Egs. (1.57) and (1.59) gives
P 4R R 1
" Ryt R ISl (160
L (Rg+Rp)” |Su]
Under a perfectly matched condition
P 1
Lo (1.61)
PL |S12|2

Equation (1.61) is a very useful relationship in network synthesis.

1.4.5 Chain Matrix (ABCD) Representation

The chain, or ABCD, matrix is particularly useful in cascading or chain con-
necting microwave networks. The networks may be purely two-port ones or
may have multiports. For a single isolated network, the ABCD matrix relates
the output voltages and currents to the input voltages and currents. Let us
consider the multiport network shown in Fig. 1.12. The input voltages and
currents are Vi,..., Vy and I,...,Iy. The output voltages and currents are
Viily---, Von and Iy, ..., Ly, respectively. The input and the output pa-
rameters are related using the following matrix equation:

I1 IN+1
v, o——11 N+l |—e—oV,, ,
Iz IN+2
V; o—p—oy1>o N+2—e€—oVy,»
Iy In+a
V;o—»—13 N+3p—€—oVy, 3
IN I2N
VNo—»—iN 2N |—e—oV,y

—_— Figure 1.12 Multiport network.
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O] / ———o0
Reciprocal
o | two port
Figure 1.13 Reciprocal two-port network.
RA [ Vi1 |
v, Vni2
Vv | _ | 4] [B] Voaw (1.62)
I [C] D} | Invn
L Iy,
| Iy | | Ly |

where [4], [B], [C], and [D] are N x N square matrices. For a two-port net-
work, Eq. (1.62) reduces to

[2] - [g g] [11122] (1.63)

For a reciprocal two-port network, shown in Fig. 1.13, it can be shown that
AD - BC=1 (1.64)
or in general,
[4][D] — [B][C] = [U] (1.65)

where [U] is the identity matrix of order N.

As mentioned above, the ABCD matrix is very useful in obtaining the over-
all response of a chain connection of a number of two-port networks. Let us
consider the chain connection of two two-port networks, as shown in Fig. 1.14.

Let the ABCD matrices of the individual networks be [T1] and [73]. Then it
can be very easily shown that the 4BCD matrix of the cascaded network is
given by

[T] = [N][T>] (1.66)

Equation (1.66) can be generalized for the cascade of more than two networks
using the same principle.
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— b -

' (T4l I [T2] '
— f —
\{ ;2 ")
: (7] 1
t i
4 )

Figure 1.14 Two-port networks in tandem.

Use of ABCD Matrix in Computing Network Properties. In the previous
section we have shown that a chain of cascaded two-port networks can be
reduced to an equivalent two-port network by finding the overall 4BCD
matrix. Let such an equivalent two-port network be fed at the input port by a
voltage source of output impedance Z, and terminated at the output port by a
load Z,, as shown in Fig. 1.15.

Using Eq. (1.63) and the relationship

Va=Z.I (1.67)

it can be shown that the input impedance of the network is given by

ZiA+ B
Zig = 1~ 1.68
" Z,.C+D (1.68)
and the output impedance is
Z,D+C
ut = 1.
Zot ZgB-l—A ( 69)
Z b
: f !
V, Vv, AB V. 4
'\ l‘ [C D} 12 ;

4 Zout
Figure 1.15 Two-port network ABCD matrix analysis.
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The reflection coefficients looking into the input and the output are given by

Zn—Z
Tp==2——1¢ 1.7
=Ty (1.70)
and
Zon —Z1L
out Zout + ZL ( 71)
respectively. The voltage gain is given by
VL V2 ZL
A, =—=—= 1.72
V, V; ZLA+B+Z2.2,C+ZsD (172)
The power is given by
PL Re Zin ZL 2
C==%==— i 1.
P ReZ; |ZLA+ B ( 73)
where
Py ="l (1.74)
is power delivered to the input port of the network and
PL=V] (1.75)

is the power delivered to the load. The transducer power gain is given by

P. _,ReZ Zy 2

Gr=—2=
T =P ReZy|ZiA+B+Z1Z,C+ZD

(1.76)

where P, is available power from the source.

Normalized ABCD Matrix. Using the normalized voltage and current defi-
nitions in Eq. (1.17), we can define the normalized ABCD matrix as follows
[14]. Suppose the multiport network in Fig. 1.12 is terminated by a set of
impedances Zj (i=1,2,...,2N). Then we can define a set of normalized
voltages and currents v; and i; respectively (i=1,2,...,2N) according to Eq.
(1.17). These normalized voltages and currents can be related using the nor-
malized A BCD matrix as follows:
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1 UN+1
(%] UN42
UN — [An] [Bn] N (177)
i (Ch]l [Dn] || in1
17} iNy2
| iv N

= L B

where [4,], [B], [C4], and [D,] are N x N square matrices. For a two-port
network, Eq. (1.77) reduces to

[Zl] - [?I Il;:] [IZ] (1.78)

The unnormalized and the normalized 4ABCD matrices are related through

z -2 g 17 -1/2
(4] [B]| _ | [Zw] [0] (4a]  (Bi] | | [Z12w]) (0]
[€] D] 0 [Zw]"] [IC] (D] 0 [Zny]
(1.79
where [Zy] is a diagonal matrix of real elements Zj, Zp, . .., Ziy and [Zpy] is
a diagonal matrix of real elements Zjn1), Zin+2):--->Z1n)- In case of a

simple two-port network, Eq. (1.79) reduces to

1
1 0]

1
[ e R | o B

Obviously the normalized ABCD matrix takes into consideration the effects of
the impedances terminating the ports of a network. It can be shown that the
scattering matrix of a two-port network is related to its normalized ABCD
matrix via

An+B,~Cy~D, 2(4,D, — C,By)

Sl =
15] 2 D,+ B, — A, - G,

(1.81)
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TRANSMISSION LINES AND
LUMPED ELEMENTS

Inder Bahl

Transmission lines in microwave circuits are normally used to carry infor-
mation or energy from one point to the other and as circuit elements for pas-
sive circuits such as filters, impedance transformers, couplers, delay lines, and
baluns. Passive elements in conventional microwave circuits are mostly dis-
tributed and employ sections of transmission lines and waveguides. This is be-
cause the sizes of discrete lumped elements (resistors, inductors, and capacitors)
used in electronic circuits at lower frequencies become comparable to the
wavelength at microwave frequencies. However, when the sizes of lumped ele-
ments are reduced to dimensions much smaller than the wavelength, they are
also used at microwave frequencies.

This chapter is intended to provide accurate and simple closed-form expres-
sions for characteristics of various types of lines and coupled structures. Brief
descriptions of conventional waveguide and coaxial lines are included to help
the reader in designing packages and good transitions between these media and
planar transmission lines. Design information for lumped elements (inductors,
capacitors, and resistors) is also included in the last section.

2.1 TRANSMISSION LINES

Multiconductor structures that support TEM or non-TEM modes of propaga-
tion are commonly referred to as “transmission lines.” Waveguide (single con-

Microwave Solid State Circuit Design, 2nd Edition, Edited by Inder Bahl and Prakash Bhartia
ISBN 0-471-20755-1 Copyright © 2003 by John Wiley & Sons, Inc.
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ductor) or dielectric rod (nonconductor) or their derivatives support the non-
TEM mode of propagation. The TEM transmission lines are characterized by
four basic parameters, the characteristic impedance Zy, the phase velocity v,,
the attenuation constant o, and peak power-handling capability Py.x, in terms
of physical parameters (such as the geometric cross section) and properties of
the dielectric and the conductor materials used.

In a TEM line (perfectly terminated), the ratio of the voltage to the current
at any point along the line is constant, having the units of resistance for a loss-
less medium. This ratio is defined as the characteristic impedance. The propa-
gation constant for a lossy transmission structure is a complex quantity,
comprising a real part known as the attenuation constant (which contains
information about dissipation due to conductor and dielectric losses) and an
imaginary part known as the phase constant (which contains information about
phase velocity). The attenuation constant is defined as

- average power lost per unit length 2.1)
N 2 x power transmitted '

Consider a uniform transmission line with series resistance (R), series
inductance (L), shunt conductance (G), and shunt capacitance (C), all defined
per unit length of the line, as shown in Fig. 2.1. Important transmission-line
expressions are summarized in Table 2.1.

An extensive variety of transmission and waveguide structures are used at
microwave frequencies. Figure 2.2 shows cross-sectional views of commonly
used structures. Half-wavelength, quarter-wavelength, or smaller sections of
these lines form the basic building blocks in most microwave circuits.

The power-handling capability of a transmission line is limited by dielectric
breakdown and by heating due to attenuation. The electrical breakdown limits
the peak power, while the increase in temperature due to conductor and di-
electric losses limits the average power.

At normal temperature and pressure, the breakdown electric field of dry air
is 2.9 x 10° V/m. Using this and by calculating the maximum field strength, the
peak power-handling capability of a transmission line is readily determined.

Figure 2.1 Lumped circuit representation of a transmission line.
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Figure 2.2 Transmission structures for microwave circuits.

The average power-handling capability of a transmission is determined by the
temperature rise of the line in an air environment. The parameters that play
major roles in the calculation of average power capacity are (1) attenuation
constant, (2) surface area of the line, (3) maximum tolerable temperature rise,
and (4) ambient temperature (i.e., the temperature of the medium surrounding
the transmission structure. Thus the average power rating can be raised, if
desired, by choosing a higher temperature limit and using forced cooling or

cooling fins.
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2.1.1 Characteristics of Conventional Transmission Structures

Coaxial lines and waveguides are frequently used in microwave circuits. These
are briefly discussed in this section.

Coaxial Line. The dominant mode of propagation in a coaxial line is the
TEM, and the characteristics obtained from static field analysis [1, 2] are given
in Table 2.2. Shown in Figs. 2.2a and b are the radii of the inner and outer
conductors, respectively. The effect of conductor temperature and roughness
on the attenuation is very well described by Bhartia and Bahl [3]. To compute
attenuation for temperatures other than 20°C, multiply the attenuation expres-
sion o, in Table 2.2 by [1 +0.0039(7 — 20)]"/2, where the temperature T is
expressed in degrees Celsius.

Waveguide. Waveguides of rectangular and circular cross sections (Fig. 2.2)
find frequent applications in high-power and low-loss systems. The properties
of waveguide structures can be determined by solving the wave equation with
appropriate boundary conditions [1-3]. The structure supports TE and TM

Table 2.2 Coaxial-Line Characteristics

Parameter Expression Units
. 55.556¢,
= F
Capacitance in(5/a) pF/m
Inductance L=2001In g nH/m
Characteristic impedance Zy= 60 In b Q
pedan: 0= \/5_r a
3 x 108
Ph locit =
ase velocity v, NG m/s
Delay 74 =3.33\/¢ ns/m
. . . tan .
Dielectric attenuation constant og =27.3\/e; 7 dB/unit length
0
_5 b
Conductor attenuation constant O = 2.3 x 10 b l\//;(a +h)ve dB/unit length
{for copper at 20°C) ab In(b/a)
Cutoff wavelength for higher Ae =m\/e(a+ b) Unit of a or b

order modes

. b
Maximum peak power Prax = 44|Enx|*a? /& In - kW

Note: iy = free-space wavelength; tan é = loss tangent of dielectric; f = operating frequency in
GHz; En.x = breakdown electric field.



(

q urs P urs
Auu) " \xuw) &
0

0y
o?:EA.\|
oy
—_—0
by

x,
oy

0

9q 4 2
Agv SO0 Agv S0O NV\

uw g
o?o&.\.

oy
2
by
B
¥,

(4

04/ — 1 A

oy
V\‘.

0
9 — 2/t

“J PPy OI0d} [euIpnyBuoT

2y pey onsuewl feurpn)Ifuo]

Z douepaduur oaepy

4a Kyoren aseyd

b3 fywopea dnoin

by yy3usjorem opimn)

“q yueysuoo uonededoid

7y JequInuaAem gon)

SOPOW ““INL

SOPOIN ““F L

Auadoig

sapinBaaep senbuejosy Aidwg uy seaep jo sojuadold €2 alqeL

30



(

q

(e

q 4
() (2

q

(

mmva

q

Axu

XU

(e
=

D

Xuud

v uls AIN.IV urs q
' xuuw ) °

/)
SO0
v SOJ

wuy

wuusY,

v urs

Oliw
uwOy

OQQ
wu0y

(

7 Vsoo (2 Vs ——
Auu xuwe) " w0yl

I Vurs (2 )s0o —1__
Axu) - \xuw wudlOyf

q v q
AbEv s AR&EV 809 w4y

q S0 L uis o
Auu xuwi)  uw™

q

e
PIRY SLI}I3[3 3SI2ASURI]

gy

*H

PIey onouSewr asIoAsuel]

31



32 TRANSMISSION LINES AND LUMPED ELEMENTS

waves, and the properties of these modes in a rectangular waveguide are sum-
marized in Table 2.3. The quantities #,, ko, and ¢ are defined as

Ko 1
=,/= ko=ow € c= 2.2
Mo \/60 0 = W\/Ko€o N (2.2)

where €9 and p, are the free-space permittivity and permeability, respectively.
The lowest order propagating mode is the TE;p (m =1, n=0) and is also
called the dominant mode of the rectangular waveguide. Since the modes of
propagation in waveguides are non-TEM, the characteristic impedance cannot
be defined uniquely [4].

For these structures, Z, can be defined either in terms of the voltage—current
ratio or in terms of the power transmitted (W) for a given voltage or a given
current; that is,

*

v
2w

2w
Zo(v,i):§ or Zo(W,i) =" or Zo(W,v)= (2.3)

For TEM-mode transmission structures, these definitions are identical, but
for waveguides they lead to three different values of Z;. All of these three dif-

Table 2.4 Rectangular Waveguide Characteristics

Parameter Expression Units
Cutoff wavelength Ae =2a m
. Ao
Guide wavelength Iy = —F——oe m
V11— (do/2)?
. cg
Phase velocity = m/s
0
Wave impedance A | E— Q
V1= (do/4)?
T nb
Characteristic impedance Zy= 2—Z Q
(v,1) ¢
. 7.14 x 10~2 26 (Ao :
Attenuation constant o= —X———\/L [1 +— <%> ] dB/unit length
(copper) brgyJ1 = (ho/a)* L @\

2
Maximum peak power Prax = 6.63 X 1077 ab| Epar|*4/1 - (%) kW
(4

Note: ¢ =3 x 108 m/s, f in GHz.
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ferent characteristic impedances may be expressed in terms of the wave imped-
ance Z, which is defined as the ratio of transverse components of electric and
magnetic fields. For the dominant TE;q mode the characteristics of a rectan-
gular waveguide are summarized in Table 2.4.

2.1.2 Characteristics of Planar Transmission Lines

For a transmission structure to be suitable as a circuit element in MICs, one of
the principal requirernents is that the structure should be “planar” in configu-
ration. A planar geometry implies that the characteristics of the element can be
determined from the dimensions in a single plane. As shown in Fig. 2.2, various
forms of planar transmission lines have been developed for use in MICs. The
strip line [5~11], microstrip line [12—14], inverted microstrip line [15], slot line
[14, 16], coplanar waveguide [14, 17], and coplanar strip line [14, 17} are repre-
sentative planar transmission lines. The circuits realized using any one of the
aforementioned transmission lines or combinations of them have distinct
advantages, such as light weight, small size, improved performance, better
reliability and reproducibility, and low cost, as compared to conventional
microwave circuits. They are also compatible with solid state chip devices.
Integrated circuits employing these structures at microwave frequencies have
been widely discussed in the literature [9, 14, 18, 19].

Strip Line. The strip line is one of the most commonly used transmission lines
for passive MICs. The dominant mode in a strip line is TEM, and the design
data can be obtained completely by electrostatic analysis such as conformal
mapping. Expressions for Z,, ar = a. + oy, and f. are given in Table 2.5,
where K represents a complete elliptic function of the first kind with K’ its
complementary function. An approximate expression for K/K’ (accurate to
8 ppm) is given by

-1
L[ leve for 0 <k <0.7
Kk | |” R (2.4
0N :
Lol vk for 0.7 <k <1
n 1— vk

where K'(k) = K(k’), k' = V1 — k2. The characteristic impedance versus W /b
for various values of ¢/b is shown in Fig. 2.3.
The total loss can be used to determine the quality factor Q of a %l resona-

tor as

o 888y 25)

Aot
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Figure 2.3 Strip-line characteristic impedance versus W /b for various values of t/b.

Microstrip. Unlike the strip line, the microstrip line (shown in Fig. 2.4) is an
inhomogeneous transmission line, since the field lines between the strip and the
ground plane are not contained entirely in the substrate. Therefore, the mode
propagating along the microstrip is not purely TEM but quasi-TEM.
Extensive literature dealing with the analytical and numerical solutions of
this medium exists [14]. Of these solutions, the quasi-static approach is perhaps

Lz

ITilllllillliianiineiiiiiuiua e

o=}

Figure 2.4 Microstrip-line configuration.
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38 TRANSMISSION LINES AND LUMPED ELEMENTS

the simplest but has a limited range of validity, while the full-wave approach is
complete and rigorous. In the quasi-static method, the nature of the mode of
propagation is considered to be pure TEM, and the transmission-line charac-
teristics are calculated from the electrostatic capacitances of the structure. It is
found that this analysis is adequate for designing circuits when the strip width
and the substrate thickness are much smaller than the wavelength in the
dielectric material. In the quasi-static approach, the transmission characteristics
are calculated from the values of two capacitances: one is C,, for a unit length
of the microstrip configuration with the dielectric materials replaced by air, and
the other is C, for a unit length of the microstrip with the dielectric present. The
characteristic impedance Z, and the phase constant § can be written in terms of
these capacitances as

Zy= ! (2.6)
e/ CC,
c\\2
B=ko (5) = kove, (2.7)
where
e
€ — (i—g) = a (28)

Ao being the free-space wavelength and A, the guide wavelength. The effective
dielectric constant e, takes into account the fields in the air regions. Numerical
methods for the characterization of microstrip lines involve extensive compu-
tations. Closed-form expressions are necessary for optimization and computer-
aided design of microstrip circuits. Closed-form expressions for Zy and ¢, have
been reported by Wheeler [13, 20], Schneider [21], and Hammerstad [22, 23].
Both Wheeler and Hammerstad have also given synthesis expressions for Zj.
Closed-form expressions for microstrip characteristics are summarized in Table
2.6. The characteristic impedance and effective dielectric constant versus W /h
are shown in Fig. 2.5.

The maximum frequency of operation with a microstrip is limited due to
several factors such as excitation of spurious modes, higher losses, tight fabri-
cation tolerances, handling fragility, pronounced discontinuity effects, low Q
due to radiation from discontinuities, and, of course, technological processes.
The frequency at which significant coupling occurs between the quasi-TEM
mode and the lowest order surface-wave spurious mode is given in Bahl and

Trivedi [24]:
50 [ 2
fT = E Q——T tan (6,) (29)
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Figure 2.5 Characteristic impedance and effective dielectric constant of open microstrip lines.

where f7 is in gigahertz and /4 is in millimeters. Thus the maximum thickness of
the GaAs substrate (e, ~ 12.9) for microstrip circuits designed at 100 GHz is
less than 0.3 mm. The maximum thickness is also restricted by the high radia-
tion losses incurred in microstrip discontinuities, such as open ends, gaps, slits,
steps in widths, and bends. For a %l resonator, the radiation Q factor may be
approximated as

36,2013
0 = T2l (2.10)
Thus for thicker substrates, where Q ~ Q,, the variation of Q is proportional
to 1/(fh)*. For example, a 50-Q resonator on a GaAs substrate has a
O, ~ 1.44 x 10*/(fh)?, where f is in gigahertz and A is in millimeters. At
100 GHz, the substrate thickness is <0.125 mm for Q, > 100. A substrate thick-
ness of this order results in attenuation of the order of 1 dB/cm. Fabrication
tolerances and technological processes such as photoetching limit the minimum
strip width and the spacing between two adjacent strips in the case of coupled
lines. High-impedance lines of about 100 Q require strip widths of the order of
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0.01 mm on a 0.125-mm-thick GaAs substrate, thereby also setting a limit on
the frequency of operation in microstrip lines because of low radiation Q,.

Suspended and Inverted Microstrip Lines. Suspended and inverted micro-
strip lines (shown in Fig. 2.6) provide a higher Q (500-1500) than microstrip.
The wide range of impedance values achievable makes these media particularly
suitable for filters. Expressions for the characteristic impedance and effective
dielectric constant for z/h < 1 are given as [25]

2
Zozj(e)_eln f—i”—)+ 1+<§) (2.11)

Dielectric
substrate

7 ///////:i

Ground plane :

(a)

Dielectric
substrate

L—U-——-’-‘—m——

Ground plane :

(b)

Figure 2.6 Suspended-substrate microstrip-line configurations: (a) suspended; (b) inverted.
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where

30.666 0.7528
]

fluy=6+ (27 -6) exp{—(
For suspended microstrip u = W /(a+b), and for inverted microstrip u =
W /b, where all the variables are defined in Fig. 2.6.
For suspended microstrip the effective dielectric constance €, is obtained
from

Ve = [1+%<a1 —b %) (\%-1)]_1 (2.12)

where
2\
a = <0.8621 —0.1251In E)

4
by = (0.4986 ~0.1397 In g)

and for inverted microstrip the effective dielectric constant is obtained from

¢E;=1+g(al—51 ln%)(\/a—l) (2.13)

where

2
a = (0.5173 ~0.1515n g-)

2
B = (0.3092 ~0.1047 In %)

The accuracy of (2.12) and (2.13) is within +1% for 1< W /b <38,
0.2 <a/b<1ande <6. For ¢ ~ 10, the error is less than +2%.

Slot Line. The slot-line configuration (shown in Fig. 2.7) is useful in circuits
requiring high-impedance lines, series stubs, and short circuits and in hybrid
combinations with microstrip circuits in MICs. The mode of propagation is
non-TEM and almost TE in nature. Various methods of analysis discussed in
the literature do not lead to closed-form expressions for slot-line wavelength
and impedance. This becomes a serious handicap for circuit analysis and
design, especially when computer-aided design techniques are used. However,
closed-form expressions for characteristic impedance and slot-line wavelength
have been obtained [26] by curve fitting the numerically computed results based
on work by Cohn [27]. These expressions have an accuracy of about 2% for the
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Figure 2.7 Slot-line configuration.

following sets of parameters:

9.7<¢<20

¥

02<— <.
0.0 <5 = 0

h h
0l < — —
0.01 < P ( /{0>C
where (h/4), is the cutoff value for the TE;o surface-wave mode on the slot

line and is given by
h 0.25
~ )= 2.14
(Ao)c e — 1 ( )

A

1. For0.02< W/h<0.2

e 0.923-0.1951n¢ + 02%
Ao h
~ (0126 +0.02) In LR (2.15)
h X0

(W /h— 0.02)(W /h - 0.1)
Wih

Zo=72.62—-152831In¢ + 50
+In (% X 102) (19.23 —3.693 In ¢,)

- [0.139 Ine —0.11 +%(0.465 Ine + 1.44)]

2
X (11.4—2.636 In e,—zh—x 102) (2.16)
0



2.1 TRANSMISSION LINES 43

2. For02< W/h <10

j—g =0.987-0.21Ine + % (0.111 — 0.0022¢,)
0

— (0.053 +0.041 % - 0.0014e,> In (Zh’ + 102> (2.17)
0

Zy=113.19 -23257TIn¢ + 1.25¥ (114.59 — 22.531 In ¢,)

(o)1)

- [0.15 +0.1ne + % (—0.79 + 0.899 In e,)]

w o)
x [1025 - 2171 In & + (21 = 0617 Ine) — = x 10?|  (2.18)
0

More accurate expressions for slot-line wavelength for ¢, = 9.7 and 20 are also
available [4, 14].

Coplanar Lines. Coplanar waveguides (CPWs) are finding extensive applica-
tions in MICs. Inclusion of CPWs in microwave circuits adds to the flexibility
of circuit design and improves the performance for some circuit functions. The
configuration of a CPW is shown in Fig. 2.8a. Another promising configuration
that is complementary to a CPW is known as a coplanar strip (CPS) and is

. Wl — ol
i
T
4
(a)
t W5 —sfw
4
T f

h
4 i
(b)

Figure 2.8 (&) Coplanar waveguide; (b) coplanar strips transmission line.
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Table 2.7 Expressions for Coplanar-Line Characteristic Inpedance and Effective
Dielectric Constant

Characteristic Effective Dielectric
Structure Impedance (€2) Constant
. 30n K(k') & — 1 K(k")K(ky)
Z By = —_—
Coplanar waveguide 0 & K(®) =1+ 2 KKK
. 120z K(k) e, — 1 K(k")K{k1)
1 Zy=— =~ = —— =T
Coplanar strips 0 WD =1+ 2 KOKK)
a S S
k=- = — b=— W
o T 2"
__ sinh(ma/2h)

'~ sinh(nb/2h)

Source: Ghione, G., and C. Naldi, “Analytical Formulas for Coplanar Lines in Hybrid and Mon-
olithic MICs,” Electron. Lett., Vol. 20, 1984, pp. 179-181.

shown in Fig. 2.8b. Both of these configurations belong to the category of
“coplanar lines,” wherein all the conductors are in the same plane (i.e., on the
top surface of the dielectric substrate). A distinct advantage of these two lines
lies in the fact that mounting lumped (active or passive) components in shunt
or series configuration is much easier. Drilling holes or slots through the sub-
strate is not needed.

Coplanar waveguides and coplanar strips support quasi-TEM modes and
have been analyzed using quasi-static as well as full-wave methods [14]. Ex-
pressions for Zg and ¢, of CPWs and CPSs are given in Table 2.7. Expressions
for K(k')/K (k) are given in (2.4). Approximate expressions for attenuation for
these lines are reported in Gupta et al. [14]. The variation of total loss (o, + a4)
for coplanar lines on alumina substrate of thickness 0.63 mm as a function
of aspect ratio is plotted in Fig. 2.9. It is observed that loss decreases with
decreasing impedance or increasing strip width.

2.1.3 Comparison of Various MIC Transmission Media

For hybrid MIC applications, microstrips, slot lines, CPWs, and CPSs have
been used, whereas for monolithic MICs, microstrip has been used extensively,
although there is an interest in CPW. Several other parameters of the four types
of lines are compared qualitatively in Table 2.8. It can be generally seen that
CPWs and CPSs combine some advantageous features of microstrip lines
and slot lines. Their power-handling capabilities, radiation losses, Q factors,
and dispersion behavior lie in between the corresponding values for microstrip
and slot lines. Perhaps the best feature of the two coplanar lines is the ease of
mounting components in series and shunt configurations, whereas microstrip
lines are convenient only for series mounting and slot lines can accommodate
only shunt-mounted components.
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Table 2.8 Qualitative Comparison of Various MIC Lines

Coplanar Coplanar
Characteristic Microstrips Slot Lines Waveguides Strips
Impedance range 20-110 55-300 25-155 45-280
Effective dielectric ~6.5 ~4.5 ~5 ~5
constant (¢, = 10
and & = 0.025 in.)
Power-handling High Low Medium Medium
capability
Radiation loss Low High Medium Medium
Unloaded Q High Low Medium Low (lower
impedance)
High (higher
impedance)
Dispersion Small Large Medium Medium
Mounting of components
In shunt configuration Difficult Easy Easy Easy
In series configuration Easy Difficult Easy Easy
Technological difficulties Ceramic holes  Double side — —
Edge plating etching
Elliptically polarized Not available Available Available Available
magnetic field
configuration
Enclosure dimensions Small Large Large Large

2.2 COUPLED LINES

A “coupled-line” configuration consists of two transmission lines placed
parallel to each other and in close proximity. In such a case, there is a contin-
wous coupling between the electromagnetic fields of two lines. Coupled lines are
utilized extensively as basic elements for directional couplers, filters, phase
shifters, baluns, matching networks, and a variety of other useful circuits.
Data such as characteristic impedance, phase velocity, and insertion loss are
needed for the design of circuit components. Because of the coupling of EM
fields, a pair of coupled lines can support two different modes of propagation;
the even and odd. These modes have different characteristic impedances. The
velocity of propagation of these two modes is equal when the lines are im-
bedded in a homogeneous dielectric medium. This is a desirable property for
the design of circuits such as high-directivity couplers. However, for trans-
mission lines such as coupled microstrip lines the dielectric medium is not
homogeneous. A part of the field extends into the air above the substrate. This
fraction of the total field is different for the two modes of coupled lines. Con-
sequently, the effective dielectric constants (and the phase velocities) are not
equal for the two modes. This nonsynchronous feature deteriorates the perfor-
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Figure 2.10 Coupled transmission lines: (a) strip; (b) microstrip; (¢) broadside strip.

mance of circuits using these types of coupled lines. For the sake of simplicity
only symmetrical configuration (both identical conductors) is considered here.
Figure 2.10 shows coupled strip lines, microstrip lines, and broadside-coupled
strip lines, and their characteristics are given in Table 2.9.

In coupled microstrip lines, the effect of thickness of conductors on capaci-
tances can be evaluated by using the concept of effective width W, |29]. The
expressions given in Table 2.9 are valid for S > 2¢, where AW = W, — W.
Variation of even- and odd-mode total loss as a function of gap between the
two conductors is shown in Fig. 2.11 [30].

Broadside-coupled strip lines have been widely used for realizing tight cou-
plings (e.g., 3-dB hybrids) because for greater than —8-dB coupling, the spacing
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Figure 2.11 Even- and odd-mode losses in coupled microstrip lines.
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Figure 2.12 Variation of S/b and W/b with coupling coefficient for ¢, = 2.32.
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between the strips in the case of parallel coupled transmission lines (e.g., strip
lines, microstrip lines) becomes prohibitively small. Expressions for character-
istic impedances and attenuation constants are given in Table 2.9 [31-33].
Figure 2.12 shows the variation of W /b and S/b as a function of coupling
coefficient for ¢, = 2.32 and ¢ = 0. More accurate results {34] are also included
for comparison. The total loss a = &, + &y in broadside-coupled strip lines
is plotted in Fig. 2.13 as a function of W /b for various values of S/b and f =
3.0 GHz. It may be observed that the odd-mode attenuation constant is always
higher than the even-mode values.

Broadside-coupled strip lines in inhomogeneous media [35, 36] have also
been used extensively for designing directional couplers and filters. However, to
design high-directivity directional couplers, phase velocities for the even and

107
-
Uy f=3.0 GHz
[ t/b=0.01
4}~ tan § = 0.0002
) ~—_____ S/b=005

0.0 0.4 0.8 1.2 1.6 2.0
Wib

Figure 2.13 Attenuation constants for broadside-coupled strip lines.
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odd modes must be the same. A detailed description of coupled lines and their
components can be found in Mongia et al. [37].

2.3 DISCONTINUITIES

In microwave circuits, discontinuities between distributed elements, between

lumped elements, and between distributed and lumped circuit elements always
exist. Typical discontinuities as shown in Fig. 2.14 are (1) open circuits and

1. Open ends { | Stubs

U

E Coupled line filters

2. Gap E:] Coupling to resonators

3. Steps in width :___\J: Impedance transformers

e i -
1
I |

4. Right-angled | ! Circuit layout
bends l ]
| 1
b e |

5. T - junctions i Stubs

¥ — Branch-line circuits
| A
6. Cross junction § ] Low-impedance stubs

Figure 2.14 Typical planar strip transmission-line discontinuities.
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short circuits, (2) gap between conductors, (3) step change in dimensions (in-
troduced for a change in impedance level), (4) bends (right-angled and others),
and (5) T and (6) cross-junctions. The reactances associated with these dis-
continuities may be called parasitic, as they are not introduced intentionally.
Some of the effects of discontinuities on circuit performances are

a) frequency shift in narrow-band circuits,
b) degradation in input and output voltage standing-wave ratios (VSWRs),
¢) higher ripple in gain flatness of broadband ICs,

lower circuit yield due to degradation in circuit performance, and

)
f) surface wave and radiation couplings that may cause oscillations in
high-gain amplifiers.

(
(
(
(d) interfacing problem in multifunction circuits,
(
(

The effect of discontinuities becomes more critical at higher frequencies. The
discontinuities should be either taken into account or compensated for at the
final stage of design. In most cases discontinuities are basically undesirable cir-
cuit reactances, and in a good circuit design, efforts are made to reduce or
compensate for these reactances. A complete understanding of the design of
microwave circuits requires characterization of the discontinuities present in
these circuits. Since 1t is impossible to do tuning on GaAs MMICs, an accurate
and comprehensive modeling of each device and circuit element is required to
save expensive and time-consuming iteration of mask and wafer fabrication
and evaluation. As the yield of MMICs depends on the size (the smaller the
chip, the higher the yield) and acceptable circuits’ electrical performance, dis-
continuities play an important part in the development of MMICs.

Since the discontinuity dimensions are usually much smaller than a wave-
length, the discontinuities are represented by lumped-element equivalent cir-
cuits. In many cases, when the longitudinal dimension of a discontinuity is very
short, the equivalent circuit consists of a single shunt or series-connected
reactance located at the point of the discontinuity. However, when the discon-
tinuity has a larger longitudinal extent, the equivalent circuit is usually a 7 or a
T network.

Various general methods are used to determine discontinuity reactances. The
most commonly used techniques are the variational method, mode matching,
and spectral domain. A more complete characterization involves determination
of the frequency-dependent scattering matrix coefficients associated with the
discontinuity. Such analyses are available for several types of discontinuities
[4, 10, 14, 38-41].

Compensation of discontinuity reactances in planar transmission lines can
be obtained by removing appropriate portions from the discontinuity configu-
rations, such as chamfering the bend. Compensations of step in width and T
junctions have been treated in the literature [10, 42-45]. The step-in-width dis-
continuity can be easily compensated by gradually narrowing the wider strip,
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4t
[ S NS

(a) (b) (@

Figure 2.15 Three different kinds of compensated step-in-width discontinuity configurations
with (a) linear taper, (b) curved taper, and (¢} partial linear taper.

as shown in Fig. 2.15. For a step-width ratio ranging from 3 to 13, the step
discontinuity reactance is negligible when L = % Wi and W = 0.331; and the
GaAs substrate is 75-175 pm thick. Several types of right-angled bend cham-
fering, as shown in Fig. 2.16, have been studied, and it has been found that the
configuration of Fig. 2.16¢ provides the best compensation on alumina and
GaAs substrates. The T-junction discontinuity compensation is much more
difficult than the step-in-width and right-angled bend discontinuity compensa-
tion techniques. Figure 2.17a shows T-junction compensation configurations
using rectangular and triangular notches and their approximate dimensions
for h/4 < 1. However, accurate dimensions of the compensated configuration
depend upon the line widths, dielectric constant, and substrate thickness.
Figure 2.17b illustrates T-junction discontinuity minimization configurations in
which the line widths are tapered to minimize the junction effect. In this case
the taper length is about twice the line width or GaAs substrate thickness,
whichever is larger.

2.4 LUMPED ELEMENTS

The size of a lumped circuit element, by definition, is very much smaller than
the operating wavelength and therefore exhibits negligible phase shift. Lumped
elements for use at microwave frequencies are also designed on the basis of this
consideration.

Lumped-element circuits that have lower Q than distributed circuits have the
advantage of smaller size, lower cost, and wide-band characteristics. These are
especially suitable for monolithic MICs and for broadband hybrid MICs where
real estate requirements are of prime importance. Impedance transformations
of the order of 20:1 can be easily accomplished using the lumped-element
approach. Therefore, high-power devices that have very low impedance values
can be easily tuned with large impedance transformers using lumped elements.
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(a) (b)

(d)

wi3

(e "
Figure 2.16 Six different configurations for compensated right-angled bends.

Consequently, lumped elements find applications in high-power oscillators,
power amplifiers, broadband circuits, and low-cost wireless applications.

With the advent of new photolithographic techniques, the fabrication of
lumped elements that was limited to X-band frequencies can now be extended
to about 60 GHz. The three basic building blocks for circuit design-—inductors,
capacitors, and resistors—are available in lumped form. Computer-aided
design of circuits using lumped elements requires a complete and accurate
characterization of lumped elements at microwave frequencies. This neces-
sitates the development of comprehensive mathematical models that take into
account the presence of ground planes, proximity effect, fringing fields, para-
sitics, and so on. In this section we discuss the available design and character-
ization details of lumped elements [46-67].
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Figure 2.17 (a) T-junction discontinuity compensation configurations; () minimized T-junction
discontinuity effect configuration.

2.4.1 Design of Lumped Elements

Design of lumped elements at RF, microwave, and the lower end of millimeter-
wave frequencies may be arrived at by considering them as very short sections
of (smaller than $54) TEM lines. The driving point or input impedance of the
line of length I given in Table 2.1 (when y/ < 1) may be written as

Zr + Zoyl

Zin=Zori—"
in = S0Z ¥ Ziyl

(2.19)

where Z; is the terminating or load impedance. The characteristic impedance
Z, and the propagation constant y for the TEM line shown in Fig. 2.1 are

given by
P
N L (2.20a)
G+ joC

y = /(R+joL)(G +jol) (2.20b)

Equations (2.19) and (2.20) are used to derive equivalent circuits for L, C, and
R elements.
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2.4.2 Design of Inductors

The input impedance of a very small length of a short-circuited (Z; = 0) line is
expressed as

Zin = Zoyl = (R+ joL)l = R+ joL (2.21)

where R is the resistance and L is the inductance of the line of length /. When
the thickness and width of conductors are much greater than the skin depth, for
first-order approximation, conductors may be assumed lossless (R = 0).

However, in order to realize an inductor or a resistor, it is not necessary to
have both conductoers of a transmission line. A lumped inductor may be real-
ized using a metallic strip or a wire either in the form of straight section or a
circular or square spiral.

The important characteristics of an inductor are the inductance value and its
parasitics, which determine its Q factor and resonant frequency.

Inductance. Straight sections of ribbons and wires are used for low induc-
tance values typically up to 2-3 nH. Spiral inductors (circular or rectangular)
have higher @ and can provide higher inductance values. These inductors are
commonly used for high-density circuits. The presence of a ground plane also
affects the inductance value, which decreases as the ground plane is brought
nearer [56]. This decrease can be taken into account by means of a correction
factor K. With this correction, the effective inductance L may be written as

L=K,L, (2.22)

where L is the free-space inductance value. A closed-form expression for K, of
a ribbon is given by [4, 57]

K, =0.57 — 0.145 In % % > 0.05 (2.23)

where W is the width and A is the substrate thickness. To first-order approxi-
mation, the above expression can also be used with other types of inductors.
Typical inductance values for MMICs fall in the range from 0.2 to 10 nH.

Resistance and Unloaded Q. In order to find Q, it is necessary to determine
R, the high-frequency resistance of the conductors. The expression for R is
given by

KRl

- perimeter (2.24)

where R; is the sheet resistance in ohms per square, / is the length of the con-
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ductor, and K is a correction factor that takes into account the crowding of
the current at the corners of the inductor conductors. For various structures,
expressions for K are given as

1 (wire) (2.25a)
c_ JLavo217 1n(K) 5<” <100 (ribbon) (2.25b)
= 5t t
g\
1+40.333 (1 + W) (spiral) (2.25¢)

where ¢ is the thickness of the conductors. The unloaded Q of an inductor then
may be calculated from

0="= (2.26)

Table 2.10 gives expressions for inductances and resistances of various types
of inductors. In the case of spirals # is the number of turns and S is the spacing
between the conductors. More accurate expressions for R are given by Petten-
paul et al. [59].

It is recommended that for operating frequencies above one-third of the self-
resonant frequency of the inductors, the parasitic capacitances associated with
the inductors be included in the design. The values of shunt capacitors for strip
and loop inductors can be easily obtained as described in the next section.
However, there is no easy way to calculate shunt capacitances for a spiral.
Measured inductance, parasitic capacitance, and Q values for a few typical
spiral inductors are given in Table 2.11 [55]. The substrate was 0.63-mm-thick
alumina (e, = 9.6).

In practice, Q factors on the order of 50 are observed at the X band for MIC
inductors, with higher values at higher frequencies. The maximum value is
about 100. However, for MMIC inductors, the Q factor is lower than the Q
factor for MIC inductors because of the highly unfavorable ratio of metal sur-
face area to dielectric volume.

Accurate inductor models are developed using measured two-port scattering
parameters. The inductors are represented by their inductance value, the effec-
tive quality factor Qe, and its resonant frequency fres. The two-port lumped-
element equivalent circuit model used to characterize inductors is shown in Fig.
2.18. The series resistance R used to model the dissipative loss is given by

R = R4 + Rac\/f + Rdf (2'27)

where Ry represents direct-current (DC) resistance of the trace, and R, and
R, model resistances due to skin effect, eddy current excitation and dielectric
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Table 2.11 Typical Spiral Inductor Parameters

w A D, L (theoretical) L (measured) C; C; C; Q(at4
(mm) (mm) » (mm) (nH) (nH) (pF) (pF) (pF) GHz)
0.10 0.10 15 130 3.7 4.0 0.13 0.10 0.07 87
0.05 0.05 25 150 14.1 14.3 0.11 0.09 0.05 84
0.10 0.10 25 180 9.2 9.0 0.14 0.18 0.08 81
0.10 0.10 35 2.00 18.7 19.0 0.15 0.17 0.09 91

loss in the substrate. The frequency f is expressed in GHz. In the model
L,(L+ Ly + L), R, and C’s represent the total inductance, series resistance,
and parasitic capacitances of the inductor, respectively. The Q.x factor values
are obtained by converting two-port S parameters data into one-port S pa-
rameters by placing a perfect short at the output port. The Q. factor was then
calculated from Im(Z;,)/Re(Z;,). The self-resonant frequency (frs) of an
inductor is calculated when Im|[Z;,] = 0, that is, the inductive reactance and the
parasitic capacitive reactance become equal. At this point Re[Z},] is maximum
and the angle of Z;, changes sign. The inductor’s first resonant frequency is
of the parallel resonance type. Beyond the resonant frequency, the inductor
becomes capacitive.

Table 2.12 summarizes typical model parameter values for various circular
spiral inductors fabricated on GaAs substrate. The inductor pattern having a
thickness of 4.5 um was placed on a 3-um polyimide layer backed by a 75-pm-
thick GaAs substrate. Figure 2.19 shows the plots of L;, Qef, and fi.s versus
the number of turns for inductors having W = § = 8 pm and inner diameter
D; = 50 pm. As expected, the inductance increases approximately as n?, where
n is the number of turns. For such inductors the value of the total inductance
(in nanohenrys), Qes factor and resonance frequency (in gigahertz) may be
approximately calculated using the following empirical equations:

G

L L R L
o— LYY Y L Y Yy, IV\/\, YTYYN o

7 T

) T }

Figure 2.18 Lumped-element equivalent circuit model of the inductor.
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Figure 2.19 Variations of L;, Qe, and fes as a function of number of turns for compact
inductors.

L, =0.04 +0.12n? (2.28a)
38
Qeff = W (228b)
36.52
Jrs = 5533 1 0,01 for frs < 30 GHz (2.28¢)

Several techniques to enhance the Q factor of planar inductors have also been
described in the literature, including the variable line width [68, 69, differential
excitation technique [70], multilayer dielectric and metallization approach [67,
71, 72], and micromachining technique [73].

Current-Handling Capacity. The current-handling capability of a conductor
is limited by the onset of electromigration. The conductor thickness and line
width determine the current carrying capacity of the inductor. For a given
conductor thickness, the inductor line width determines the maximum current-
handling capacity. The maximum current density should not exceed 6 x 10°
A/cm? for a gold conductor on a flat surface. Since in our case we have con-
ductors on GaAs, we have derated this rule to 3 x 105 A/em?, which is the
commonly accepted value in the literature. For example, for a 4.5-pm-thick
conductor, the calculated maximum current-handling capacity per unit line
width is 13.5 mA/pm.
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Some salient considerations useful in the design of these inductors are sum-
marized as follows:

1. In the spiral, W > S, that is, the separation S between the turns should
be as small as possible. However, in monolithic circuits processing limits
require W > 5 um and S > 5 pm, and in hybrid MICs W > 10 pm and
S > 10 um.

2. There should be some space at the center of the spiral to allow the flux
lines to pass through, which increases the stored energy. It has been
found that D,/D; = 5 yields an optimum value of Q but not the maxi-
mum inductarice value.

3. It is observed that for the same value of D,, the Q of a circular spiral is
higher than that of a square spiral by about 10%.

4. Multiturn inductors have a high @ due to higher inductance per unit
area; also, they have lower self-resonance frequencies due to interturn
capacitance.

5. The maximum diameter of the inductor should be less than 44 in order
to avoid distributed effects.

6. Spiral inductors require air bridges or dielectric crossovers.

Wire Inductor. In hybrid MICs, bond wire connections are used to connect
active and passive circuit components, and in MMICs bond wire connections
are used to connect the MMIC chip to the real world. The free-space induc-
tance L (in nanohenrys) of a wire of diameter 4 and length / (in micrometers) is
given by [4, 46, 61]

21 21\? d d\?
_ —4 it i ® =
L=2x10 l[ln <+ 1+(d) +57 ,/1+(2]) +c} (2.29)

where the frequency-dependent correction factor C is a function of bond wire
diameter and its materials skin depth J is expressed as

C = 0.25 tanh % (2.30a)

fm (2.30b)

Vraf i

where o is the conductivity of the wire material. For gold wires, 6 = 2.486f %3
where frequency f is expressed in gigahertz. When d/d is small, C =d/d. The
wire resistance R (in ohms) is given by

R

R="4

(2.30¢)



64 TRANSMISSION LINES AND LUMPED ELEMENTS

Ground Plane Effect. The effect of the ground plane on the inductance value
of a wire has also been considered [4, 47]. If the wire is at a distance /4 above the
ground plane, it sees its image at 2k from it. The wire and its image result
in mutual inductance L,,,. Since the image wire carries a current opposite to
the current flow in the bond wire, the effective inductance of the bond wire
becomes

Le=L— Ly, (2.31a)

2% 107% |In l+ 1+ —l—2 +4/1+ Lz
Lmg = 2h 2h 2h

+ (?)2 + C} (2.31b)

From Egs. (2.29)-(2.31)

L.=2x107"%

l+,/12+a’2
ln—{l—+1 /4
[+ \/12+4h2

TV oy S S
2 472 121

Multiple Wires. In many applications, multiple wires are required to carry
higher currents, reduce wire inductance, or improve wire reliability. For exam-
ple, in the case of two wires placed parallel to each other at a distance S
between their centers, above the ground plane, the total inductance of the pair
becomes

(2.32)

Ly =YL+ Ly) (2.33)

Here both wires carry current in the same direction; therefore the mutual
inductances L,, and self inductances are in parallel and for each wire the self
and mutual inductances add up in series. In this case L,, is given by

S & IO RO RO

(2.34)

Equations (2.31b) and (2.34) are identical under 22 = § and C = 0. The same
procedure can be carried out for multiple wires.

So far we have treated uniformly placed horizontal wires above the ground
plane. However, in practice, the wires are curved, nonhorizontal, and not par-
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Table 2.13 Wire Inductance of 1-mil-Diameter Gold Wires

Loop Spacing Inductance
Length  Number of  Height between Value
(mils) Wires (mils) Wires (mils) (nH) Method
19 1 7 — 0.28 EM simulated {64]
34 1 — — 0.49 Calculated [65]
45 1 — — 0.67 Calculated [65]
34 2 — 2 0.39 Calculated [65]
34 2 — 6 0.31 Calculated [65]
34 2 — 15 0.27 Calculated [65]
45 2 — 2 0.54 Calculated [65]
45 2 — 6 0.44 Calculated [65]
45 2 - 15 0.37 Calculated [65]
45 3 — 2 0.46 Calculated [65]
45 3 — 6 0.34 Calculated [65]
45 3 — 15 0.26 Calculated [65]
57 2 20 — 0.93 Measured [66]
57 3 20 — 0.73 Measured [66]
57 9 20 — 0.43 Measured [66]
57 13 20 — 0.38 Measured [66]
93 2 20 — 1.22 Measured [66]
93 8 20 — 0.60 Measured [66]
93 12 20 — 0.40 Measured [66]
93 14 20 — 0.42 Measured [66]

allel to each other. In such situations average values of S and /# can be used.
Also wires have shunt capacitance that can be calculated {58]. Table 2.13 lists
inductances of 1-mil-diameter gold wires.

When a large current is passed through a wire, there is a maximum current
value the wire can stand due to its finite resistance. At this maximum value,
known as the fusing current, the wire will melt or burn out due to metallurgical
fatigue. The fusing current is given by

I = Kd'? (2.35)

where K depends upon the wire material and the surrounding environment.
When the wire diameter d is expressed in millimeters, the K values for gold,
copper, and aluminum wires are 183, 80, and 59.2, respectively. For 1-mil-
diameter wires, Iy values for gold, copper, and aluminum wires are 0.74, 0.32,
and 0.24 A, respectively. A safer maximum value for the current in wires used
in assemblies is about half of the fusing current value. For example, to apply
1 A current, one requires three 1-mil-diameter wires of gold. When a wire is
placed on a thermally conductive material such as Si or GaAs, its fusing cur-
rent value is higher than the value given above.
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2.4.3 Design of Capacitors

A lumped capacitor may be visualized as a small length of an open-circuited
line. For y/ € 1 and G <€ wC,

Zo G 1 R
— —+—+ 2.36
W (@C)?l jwCl 3 (2.36)

in =

Its equivalent circuit will thus be a resistance [RI/3 + G/(wC)’l] in series with
the capacitor CI.

There are three types of passive capacitors generally used in microwave cir-
cuits: microstrip patch, interdigital, and metal-insulator-metal (MIM). Mi-
crostrip patch capacitors are comprised of a conductor patch on a dielectric
substrate having the ground plane on the other side. These capacitors can only
be used for low capacitance values (<0.2 pF) due to practical considerations
such as capacitance per unit area. In order to have a large value of capacitance
per unit area, it becomes necessary to use the interdigital structure or to
decrease the distance between the two conductors (top and bottom) of the
transmission-line section. The choice between the interdigital and MIM
capacitors depends on the capacitance value to be realized and the processing
technology available. Usually for values less than 1 pF, interdigital capacitors
can be used, while for values greater than 1 pF, MIM techniques are generally
used to minimize the overall size. Four types of capacitors used in MMICs are
compared in Table 2.14; Schottky capacitors are described in Chapter 8.

Capacitor configurations, equivalent circuits, and closed-form expressions
for circuit elements are summarized in Table 2.15. Analysis of interdigital
capacitors has been reported by Alley [49]. These capacitors can be fabricated
employing an interdigital microstrip conductor by the technique used in the
fabrication of MICs and do not require any additional processing steps.

On the other hand, MIM capacitors can be used in chip form or can be
fabricated by sandwiching a thin layer of dielectric between two parallel-plate
conductors during the MIC process. In later stages the dielectric layer com-
pletely covers the bottom conductor pad with some overlap to prevent shorts.
In MMICs, the dielectric layer normally used is silicon dioxide or silicon nitride
and is 0.05-0.5 pm thick. The largest dimension is less than 0.14 in dielectric

Table 2.14 Comparison of Various MMIC Capacitors

Capacitor Type Capacitance Range (pF) Tolerance
Microstrip 0-0.1 (shunt only) 2%
Interdigital 0.05-0.5 +10%

MIM 0.1-25 +10%

Schottky 0.5-100 Voltage dependent
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film. An accurate calculation for MIM capacitors should take into account the
effect of fringing field [74].

For expressions in Table 2.15, N is the number of fingers, ¢, is the effective
dielectric constant of microstrip line of width W, Z, is the characteristic
impedance, # is the substrate thickness, ¢, is the dielectric constant of the sub-
strate, €,4 is the dielectric constant of the dielectric film, and tand is its loss
tangent. All dimensions are in micrometers. The elliptic functions K (k) and
K’(k) are defined in (2.4).

When the capacitor is used in a circuit, the parasitic inductance L caused by
the connection to the capacitor plates must be accounted for. The effective
capacitance C, is then given by

2
C. = C(l +“’—2) (2.37)
i

where w? = 1/LC and w is the operating angular frequency.
The Q of MIM capacitors is given by

Qd Qc
== 2.38
Q Qd + Qc ( )
where Q. = 1/wCR and Q; = 1/tand. Quality factors of a square MIM
capacitor as a function of capacitance for various values of the loss tangent are
shown in Fig. 2.20.

2.4.4 Design of Resistors

Planar resistors can be realized either by depositing thin films of lossy metal on
a dielectric base or by employing semiconductor films on a semi-insulating
substrate. Nichrome and tantalum nitride are the most popular and useful film
materials for thin-film resistors (thickness 0.05-0.2 pum). Resistors based on
semiconductor (e.g., GaAs or Si) films can be fabricated by forming an isolated
land of semiconductor conducting layer (thickness 0.05-0.5 um).

These techniques are illustrated in Fig. 2.21 from the transmission-line ana-
log. It can easily be shown that for a shorted line (neglecting L and G),

R
Zin = {3 jwCRJ3 (2.39)
where
R=RL (2.40a)
= Ri 40a
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lt pS ,I‘, 'I:C

Here R, is the surface resistance (in ohms per square) and p, is the specific
resistivity (in ohm-meters) of the resistor film. The thickness d, width W, and
length [ of the film are measured in meters. The capacitance can be determined
from the microstrip-line considerations. When film thickness d>1 pm, the
formula containing R, should be used. However, for very thin films, d < 1 pm,
the formula with p, should be used. Desirable characteristics of film resistors
are

- good stable resistance value, which should not change with time;,

- low temperature coefficient of resistance (TCR);

+ adequate dissipation capability;

. sheet resistivities in the range of 10-1000 Q/square, so that parasitics can
be minimized; and

. maximum resistor length less than 0.14 if transmission-line effects are to be
ignored.

A problem common to all planar resistors is the parasitic capacitance
attributable to the underlying dielectric region and the distributed inductance,
which makes such resistors exhibit a frequency dependence at high frequencies.
If the substrate has a ground plane, one may determine the frequency depen-
dence by treating the resistor as a very lossy microstrip line. Figure 2.22 shows
how the VSWR increases dramatically at low values of p; because the length of
the resistor becomes too large. Also shown is the thermal resistance. Clearly, a
trade-off is necessary between VSWR and thermal resistance.

Thin-film resistor materials are made of metals such as GeAu, Ta, Ti, Cr,
and NiCr or of composite materials such as TIWN, TaN, and Ta,N. Thin-film
resistors are typically 0.1-0.4 pm thick and have limited current-carrying
capacity. The maximum current density allowed by electromigration require-
ments in thin films is about 3 x 10 A/cm?. Therefore, the current density per
unit width for such resistors is of the order of 0.3-1.2 mA/pm.

High-power chip resistors and terminations are required to absorb unwanted
power in RF and microwave couplers/hybrids and power dividers/combiners.
Reliable design of such components requires substrate materials having high
thermal conductivity and low dielectric constant values. Table 2.16 lists several
potential candidates for chip resistors, and beryllium oxide (BeO) has been
widely used for such applications as a substrate of choice. Both thin- and thick-
film technologies are being used to manufacture high-power chip resistors.
Nichrome (NiCr) and tantalum nitride (TaN) are commonly used as resistor
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Figure 2.22 Thermal resistance and VSWR of planar resistor as function of sheet resistance

and frequency.

thin films with TaN being preferred to NiCr, due to undesirable nickel in NiCr,
which is believed to introduce unwanted intermodulation products in multi-
carrier wireless systems. Thick-film resistors are manufactured using various
compositions of ruthenium dioxide (Ru), paste and a screen printing process.

Table 2.16 Comparison of Dielectric Substrates for High-Power Resistors

Property Alumina BN BeO AIN SiC Diamond
€ 9.9 42 6.7 8.5 45 5.7
K (W/m-°C)

At 25°C 30 70 280 170 270 1400

At 100°C 25 —— 200 150 190 e

At 200°C — — 150 125 150 -
Coefficient of thermal 6.9 5.0 6.4 4.6 3.8 1.2

expansion

(ppm/°C)
Shunt capacitance Medium Small Small Medium Large Small
Cost Low Low Medium Medium Medium  High
Film adhesion Excellent Poor Excellent Good Good Poor
Machinability Good Good Good Good Good Poor
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PROBLEMS

2.1

2.2

23

24

25

2.6

2.7

28

29

Calculate the magnitude of the characteristic impedance and the propa-
gation constant for a lossy coaxial line at 2 GHz. Assume b =3a =
0.5 cm and € = (2.56 — j0.005)eq.

For a lossless transmission line terminated with a load, we have the
characteristic impedance Z¢ = 100 Q. The value of VSWR measured at
the input is 4.0 and first voltage maximum is %l away from the load.
What is the load impedance? (Use the Smith chart.)

A rectangular waveguide is to be designed for operation in the frequency
range 7.5-10 GHz. Calculate the inside dimensions so that the following
design criteria are satisfied: (a) There is only one mode of propagation,
(b) the lowest usable frequency is 10% above the cutoff, and (c) highest
usable frequency is 5% below the frequency where next higher mode can
propagate.

A rectangular waveguide with inside dimensions 2.3 x 1.0 cm is used for
operation at 10 GHz. Waveguide walls are made of copper (surface
resistivity Ry = 2.6 x 1077, /f ohms). Calculate the attenuation constant
in nepers per meter and decibels per meter.

A rectangular waveguide with inside dimensions 3.1 x 1.55 mm is used
for operation at 75 GHz. The waveguide walls are made of copper with
a surface roughness of 1 pm root-mean-square (rms). Calculate the
attenuation constant in decibels per centimeter for the waveguide.

A strip line of characteristic impedance 20 Q is used at a frequency of
10 GHz with a load that is a microwave diode with conductance 0.05 S
in parallel with a 1-pF capacitor. The line is one-eighth wavelengths long
at the design frequency. Find the reflection coefficient at the load and
the input admittance. If the dielectric constant of the substrate is 2.5,
what is the physical length of the line?

Show that a pure TEM mode cannot be supported by a microstrip line.
Calculate various parameters such as Zg, 5, and « for a microstrip with
e = 10, W = 1 mm, and 4 = 0.6 mm at 10 GHz. Here gold conductors
are 6 um thick. Also calculate Q for a 11 resonator.

A microstrip line of characteristic impedance Zy; is connected to another
microstrip of higher characteristic impedance Zg,. If the step disconti-
nuity reactance is represented by a series inductance (jX), determine the
S matrix for the junction.

A microstrip line having a characteristic impedance of 50 Q has a width
W = 1 mm. The dielectric constant of the substrate is ¢, = 10. What is
the limiting frequency at which radiation starts? Is it necessary to correct
for dispersion when operating at that frequency?



2.10

2.11

2.12

PROBLEMS 77

Since modes on microstrip lines are only quasi-TEM, derive from the
basic theory of a lossless line that the inductance L and capacitance C
per unit length of a microstrip line are given by

=% _Zwe  o_ 1 _ Ve
v ¢ Zov Zyc

where Z, = characteristic impedance of the microstrip line
v = wave velocity in the microstrip line
¢ =3 x 10% m/s is the velocity of light in vacuum
¢, = effective dielectric constant

Also determine L, C, and time delay per unit meter for the microstrip
described in Problem 2.9.

A %l section of an open-circuited transmission line, with parameters
given by R=0.1 Q/cm, L=0.1 nH/cm, G =0.2 mQ/cm, and C =
1 pF/cm, is to be used as a lumped capacitor at 10 GHz. Find the value
of capacitance, its equivalent circuit, and the Q factor.

Show that for a lumped element series mounted in the middle of a reso-
nator, the value of reactance is given in terms of resonance frequency f
as

A

X=2Zocot2fn

where f, is the resonant frequency for the line length / without reactance
X being present and Zj is the characteristic impedance of the line. Stray
reactances at open ends may be ignored.
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3.1 INTRODUCTION

Resonant structures are extensively used network elements in the realization of
various microwave components [1]. At low frequencies, resonant structures are
invariably composed of the lumped elements. As the frequency of operation
increases, lumped elements in general cannot be used. Microwave resonant
circuits can be realized by various forms of transmission lines. However,
microwave resonant structures are almost invariably understood as the cavity
resonator. Conventional resonators consist of a bounded EM field in a volume
enclosed by metallic walls. The electric and magnetic energies are stored in the
electric and magnetic fields, respectively, of the EM field inside the cavity,
and the equivalent lumped inductance and capacitance of the structure can be
determined from the respective stored energy. Some energy is dissipated due to
finite conductivity of the metallic walls, and the equivalent resistance can
therefore be determined from the currents flowing on the walls of the cavity
resonator [2, 3].

In this chapter, a brief description of the resonant structures most commonly
employed in various microwave components is presented. As far as possible,
simple expressions have been provided for design applications. Basic param-
eters of microwave resonators are discussed in Section 3.2. The TE and TM
cavity resonators are described in Section 3.3, and microstrip resonant struc-
tures are described in Section 3.4. Finally, dielectric resonators and yttrium—
iron—garnet (YIG) resonators are treated in Sections 3.5 and 3.6, respectively.
Resonator measurements are discussed in Section 3.7.
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(@) (b)

Figure 3.1 Lumped element (a) parallel and (b) series resonant circuits.

3.2 RESONATOR PARAMETERS

3.2.1 Resonant Frequency

The parameters of a resonator at microwave frequencies are essentially similar
to those of a lumped-element resonator circuit at low frequencies. They can
easily be described utilizing an RLC series or parallel network. Consider, for
instance, an RLC parallel network as shown in Fig. 3.1. The input impedance
of such a network as a function of frequency has both real and imaginary parts.
At resonance, the input impedance is real and is equal to the resistance of the
circuit. The electric and magnetic stored energies are also equal, leading to the
expression for the resonant frequency as

1

= (3.1)

wy =

3.2.2 Quality Factor

The performance of a resonant circuit is described in terms of the quality factor
0, and various features such as frequency selectivity, bandwidth, and damping
factors can be deduced from this. The quality factor is defined as

time averaged stored energy

O=o energy lost per second (3.2)
For the lumped resonant circuits
R
=wRC = — .
Q0 =wRC = (3.32)
for the parallel network (Fig. 3.1a) and
1 oL
O=UeR™ R (3.35)

for the series network (Fig. 3.15).
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3.2.3 Fractional Bandwidth

The input impedance of the parallel resonant circuit of Fig. 3.1 is given by
7. = l_{,L.f_' C_l (34)
n=\R " joL ? '

At a frequency wy + Aw in the vicinity of the resonant frequency, (3.4) reduces
to
R

Zin =1 ¥ /20(Aw/wy)

(3.5)

From (3.5) it is clear that at w = wy the input impedance is only resistive.
However, when

)]

T2

the magnitude of the input impedance decreases to Rv/2 of its maximum value
R, and the phase angle is 7/4 for @ < wy and —n/4 for w > wy. From (3.6) the
fractional bandwidth BW is defined as

Aw (3.6)

20 1
BW=—=— 3.7
o "0 (3.7)

3.2.4 Loaded Quality Factor

In practical situations, the resonant circuit is coupled to an external load Ry
that also dissipates power, and the loaded quality factor Q; is given by

1 11
= 3.8
o." 0% G
where Q, is the external quality factor for a lossless resonator in the presence of
the load.

3.2.5 Damping Factor

Another important parameter associated with a resonant circuit is the damping
factor d,. It is a measure of the rate of decay of the oscillations in the absence
of an exciting source. For high-Q resonant circuits, the rate at which the stored
energy decays is proportional to the average energy stored. Consequently, the
stored energy as a function of time is given by

W = Woe_w"t = Woe_wot/Q (39)
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which implies that

)

"2

Thus, we see that the damping factor is inversely proportional to the @ of the
resonant circuit. In the presence of an external load, the Q should be replaced
by Qr.

Alternately, the input impedance in the vicinity of resonance Zj, given by
(3.5) can be rewritten to take into account the effect of losses in terms of the
complex resonant frequency

84 (3.10)

1
so that
woR/2Q
= 3.
Zin o= (3.12)

In (3.12) the parameter R/Q is called the figure of merit and describes the effect
of the cavity on the gain—bandwidth product. In terms of the lumped elements

of the resonant circuit,
R L
2= 1
0 \/; 3.13)

Coupling structures provide a means of coupling energy into and/or out of the
cavity. The excitation of the cavity can be accomplished by the following:

3.2.6 Coupling

1. Current Loops. The plane of the loop is perpendicular to the direction of
the magnetic field in the cavity (Fig. 3.2a).

2. Electric Probes. The direction of probe is parallel to the direction of the
electric field in the cavity (Fig. 3.2b).

3. Apertures. The aperture is located between the cavity and input wave-
guide so that a field component in the cavity mode has the same direction
to the one in the input waveguide (Fig. 3.2¢).

3.3 CAVITY RESONATORS

At microwave frequencies, the dimensions of lumped resonator circuits become
comparable to the wavelength, and this may cause energy loss by radiation.
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Coaxial Coaxial
line line
(a) (b)
Cavity
% . . .- .
Waveguide \— Aperture Figure 3.2 Cavity excitation using (a) loop
coupling, (b) electric probe coupling, and (c)
(0 aperture coupling.

Therefore, resonant circuits at these frequencies are shielded to prevent radia-
tion. Perfectly conducting enclosures, or cavities, provide a means of confining
energy. Usually, cavities with the largest possible surface area for the current
path are preferred for low-loss operation and the energy coupled to them by the
methods previously described.

3.3.1 Coaxial Resonators

A coaxial cavity resonator (Fig. 3.3) supporting TEM waves can easily be
formed by a shorted section of coaxial line. Resonances appear whenever the
length 2d of the cavity is an integral number of wavelengths. The resonance
modes occur at

nc

f=5; n=12.. (3.14)

where c is the speed of light. The lowest resonant frequency corresponds to

T R—

Figure 3.3 Coaxial cavity resonator and its cross section.
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n = 1 and the Q of the cavity for this mode is given by 14]

J 1
Q,TO ~ 4+ 2(d/b)(1 +b/a)/In(b/a)

(3.15)

where ¢ is the skin depth and @ and b are inner and outer radii, respectively.

It is also possible to have higher order resonance modes, depending on the
structural parameters of the coaxial line. The first higher order mode appears
when the average circumference is equal to the wavelength in the dielectric
medium of the line. The cutoff frequency of this mode is

¢
= 3.16
Je n/e(a+b) (3.16)
where ¢, is the dielectric constant of the medium. Other higher order modes
correspond to TE and TM waves that exist in a circular waveguide with the
radius of the center conductor approaching zero. The resonance condition is

e 12
Kl = [pﬁm + <§%>} (3.17)

where kpmi = 27fmi/ ¢ and puy is the cutoff wavenumber that is obtained as the
mth root of the transcendental equations

J!(ka)N, (kb) — J!(kb)N, (ka) = 0 (3.18)
for TE modes and
Ju(ka) N, (kb) — Ju(kb)Ny(ka) = 0 (3.19)

for TM modes. Here J, and N, are the nth-order Bessel functions of the first
and second kinds, respectively and the prime denotes their derivatives with
respect io their arguments.

3.3.2 Reentrant Coaxial Resonators

Another coaxial cavity configuration consists of a short section of coaxial line
with a gap in the center conductor. Figure 3.4a shows a capacitively loaded
coaxial cavity. Radial cavity as shown in Fig. 3.4b is another possible varia-
tion. They are also referred to as reentrant coaxial cavities, since the metallic
boundaries extend into the interior of the cavity. They are widely used in
microwave tubes. The resonant frequency of such a structure can be evaluated
from the solution of the transcendental equation [5]

dc

tanﬂl = m

(3.20)
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Figure 3.4 Reentrant coaxial cavity resonators: (a) capacitively loaded coaxial cavity resona-
tor; (b) radial-cavity resonators.

where d is the gap in center conductor and 2/ + d is the length of the cavity.
From (3.20) it is obvious that the capacitively loaded coaxial cavity can have
an infinite number of modes.

For the radial reentrant cavity of Fig. 3.4b, the resonant frequency can be
evaluated by calculating the inductance and capacitance of the structure. The
expression for the resonant frequency is

-1/2
al & 2075 |t (3.21)

o

Q

An approximate expression for the O of the cavity is

o 2! In(b/a)

0 =T 2nba) +[[(1/a) + (1/5)] (3.22)

For a tunable reentrant cavity, d is large, and / — d is also large compared
with b. The resonances occur whenever the length of the center conductor is
approximately a quarter wavelength.

3.3.3 Rectangular Waveguide Resonators

Rectangular resonant cavities are formed by a section of rectangular waveguide
of length d. This cavity can also support an infinite number of modes. The field
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configuration of the standing-wave pattern for the incident and reflected waves
is not unique, that is, it depends on the assumed direction of propagation of the
wave. In order to be consistent, we shall assume that wave propagation is in the
positive z direction. The standing-wave pattern is then formed by the incident
and reflected waves traveling in +z and —z directions, respectively.

The cutoff wavenumber k.., is given by

2 2
kfmn=<?)+<%”> m=0,1,2,... n=0,1,2,... (3.23)

where a and b are waveguide dimensions. The resonant wavenumber is then
expressed as
12

koo — | (72 + (72 + (22 (3.24)
w=|(7) (7)< (%) -
and the resonant frequency is defined as

KnnpC

o (3.25)

fmnp =

From the preceding discussion, we see that the resonant frequency is the
same for TE and TM modes. Therefore, they are referred to as degenerate
modes. The field configuration of the dominant TE;¢; mode is shown in Fig.
3.5b. The quality factor Q of the dominant TE;y; mode in the rectangular res-
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Figure 3.5 (a) Rectangular waveguide cavity resonator. (b) Field configuration of dominant
TE101 mode.
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onant cavity having surface resistance R; can be evaluated using the expression

1207 2b(a* + d?)**

e= 4R, |ad(a®+ d?)+2b(a® +b3) (3.26)

In rectangular cavities, the resonant frequency increases for higher order
modes, as does the ¢ at a given frequency. Higher order mode cavity or “echo
boxes” are useful in applications where a slow rate of decay of the energy
stored in the cavity after it has been excited is required.

3.3.4 Circular Waveguide Resonators

Circular waveguide cavities are most useful in various microwave applications.
Most commonly, they are used in wavemeters to measure frequency and have a
high Q factor and provide greater resolution. It consists of a section of a circu-
lar waveguide of radius a and length d (Fig. 3.6a), with end plates to provide
short circuit.

The resonance wavenumber of the circular waveguide cavity is given by

1/2

X\ In\?
knml: < a) +(g> 120,1,27-” (327)

o p!, for TE modes
" pum  for TM modes

where

Values for p,,, for various modes are given in Table 3.1. Field lines for TEq11,
TMy;;, and TEq;; modes are shown in Fig. 3.6b. Simplifying (3.27) yields

(2afum)? = (Cf:’"f + (5;5)2 (%“)2 (3.28)

The Q of the circular cavity for TE,u modes can be evaluated from

L 1= (/) o)+ Una/dP" (35
o 27[(p?2 +2a/d(Ilna/d)” + (1 - 2a/d)(nina/ p},,d)°]

and for the dominant TE;;; mode, Q can be obtained by substituting n =
m = [ = 1 in the preceding equation.

Using (3.28), plots of (2af )? versus (2a/d)* can be used to construct mode
charts, as shown in Fig. 3.7. From this it can be seen that for the TEg; mode
operation, the safe value of (2a/ d)? is between 2 and 3.
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Figure 3.6 (a) Circular cylindrical waveguide cavity resonator. (b} Field configurations for
TE111, TMo11, and TEg1; modes in cylindrical cavities.
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Table 3.1 Roots of the Transcedental Equation

Ji(ka) = 0
Modes
n m Dyom
0 1 0
1 1 1.841
2 1 3.054
0 2 3.832
3 1 4.201
4 1 5.318
For TM modes, the Q is given by
5 [p2,+ (lnajd)’]'?
— = for >0
%™ 2a(it2aja ~ !>
Prm for /=0 (3.30)

= 2n(1 + a/d)

As with rectangular cavity resonators, the @ is higher for higher order
modes.

20x 108

15x 108

10x 108

(2af )2, (cm?.mHz2)

TMo1g

5x108

0 2 4 6
(2aldy?

Figure 3.7 Mode chart of circular cylindrical cavity resonator.
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3.3.5 Elliptic Waveguide Resonators

Elliptic resonant cavities formed using a section of an elliptic waveguide offer
several advantages. There is no mode splitting due to slight deformations in the
cavity surface, and the electric field configuration in the transverse plane is
fixed with respect to its axes. Also, the longitudinal electric field of the TMi)
mode in an elliptic cavity with semimajor axis a is always greater than the cir-
cular cavity with radius a. This feature may be useful in the dielectric material
characterization utilizing perturbation techniques [6]. The resonance wave-
numbers of an elliptic resonant cavity are given by Kretzschmar [7]. However,
since elliptical waveguide cavities are not widely used, further details are not
included and the reader is referred elsewhere [6-8].

3.4 PLANAR MICROSTRIP RESONANT STRUCTURES

Particularly in the last decade, there has been a spate of technical publications
on various planar transmission lines, resonant structures, and circuits. Of the
various planar transmission lines, the microstrip lines, slot line, and fin line
have evolved as the most popular transmission lines in practice and have
received the maximum attention from the theoretical point of view. This inter-
est has stemmed from their applications in a wide variety of MIC components,
such as directional couplers, filters, and oscillators. They are also used in the
measurement of dielectric constant and of dispersion in a transmission line. The
resonant structures have been analyzed using various analytical and numerical
techniques. The main objective has been to evolve suitable design criteria so
that complex microwave circuits can be designed to perform their prescribed
functions as accurately as possible without resorting to the “cut-and-try”
approach.

Microstrip lines are commonly employed in MICs. A microstrip resonator is
a planar conductor patch on a dielectric substrate, generally of a regular shape.
The EM energy is confined to the dielectric region between the top conductor
patch and the bottom ground plane, surrounded by a perfect magnetic wall on
its contour. The dielectric materials frequently used are alumina, sapphire, and
glass or ceramic-reinforced Teflon. The properties of the dielectric material
greatly influence the characteristics of the resonant structures. Both the dielec-
tric and conductor contribute to the losses. In the open configuration, radiation
from microstrip resonators depends mainly on the dielectric constant (€,) of the
substrate material and its thickness (k). Microstrip resonators are normally
coupled through microstrip lines that excite TM modes.

Of the various microstrip resonant structures, rectangular, circular disk, and
ring geometries find extensive applications in oscillators, filters, and circulators.
Microstrip resonant structures of complex geometric shapes can, in general, be
fabricated to provide better performance and greater flexibility in the design.
This has been demonstrated for the equilateral triangle, regular hexagon, ellip-
tic disk, and ring resonators.
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Figure 3.8 Rectangular microstrip resonator in shielding waveguide: (a) top view; (b) side
view; (¢) end view.
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3.4.1 Rectangular Microstrip Resonators

Rectangular microstrip resonators are extensively used in filters, mixers, and

other microwave circuit components. As shown in Fig. 3.8, the rectangular
microstrip resonator consists of a rectangle of length / and width 2W on a

dielectric substrate of thickness 4 and relative dielectric constant «,.

To a first approximation, it can be viewed as an open-ended transmission
line of length /. The transmission line is resonant whenever the length of the line
is an integer multiple of the half guide wavelength. The open end in a micro-
strip is not truly an open circuit due to the fringing fields [9].

The fringing capacitance can be modeled as an hypothetical extension Al of
the microstrip line at each end [10, 11], as given in Section 2.3. The resonant
frequency of a rectangular microstrip resonator under quasi-static approxima-
tion is then given by [12]

¢
Ir :m' (3.31)

where ¢, is the effective dielectric constant of the microstrip, as given in Section
2.2

An accurate description of the resonant frequency can be obtained from a
solution of the threc-dimensional electromagnetic boundary-value problem.
Itoh [13] formulated the rectangular microstrip resonator problem utilizing
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Figure 3.9 Resonant frequency of rectangular microstrip resonator as function of resonator
length. (After Itoh [13]. Reprinted with permission of IEEE.)

hybrid modes in a rectangular waveguide shielding enclosure. The associated
boundary-value problem was solved utilzing the spectral domain technique.
The resonant frequencies computed using this technique are shown in Fig. 3.9.

3.4.2 Circular Microstrip Disk Resonators

Circular microstrip disk resonators have applications similar to the rectangular
microstrip resonator. The resonant structure consists of a circular disk of radius
a on a dielectric substrate, as shown in Fig. 3.10a. For a substrate thickness
much less than the free-space wavelength (h < g), the microstrip disk can be
modeled as a cylindrical cavity with magnetic walls. The field inside the dielec-
tric region corresponds to those of the TM,,,; modes with / = 0. The resonant
frequency of the cavity is given by [14]

Pum€
Jamo = W (3.32)
where p/. is mth root of the equation
J(ka) =0 (3.33)

where J/ is the derivative with respect to the argument of the Bessel function of
the first kind and order n. For various values of n and m, the root of (3.33) can
easily be found. Table 3.1 gives the first few roots. The effective radius a, is
given by [15-17]

2 1/2
a. = a[l + ;mie (ln g% + 1.7726)] (3.34)
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Figure 3.10 (a) Circular microstrip resonator. (b} Field configurations in circular microstrip disk
resonator.

The field configurations of the first few resonance modes are shown in Fig.
3.105.

The theoretical results calculated using a quasi-static formulation of the
spectral domain technique [14, 15] yield results that are within 2.5% of the
experimental values. To simplify the design of microstrip disk resonators [18],
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Figure 3.11 Design chart for microstrip disk resonator.

rearranging (3.32) produces

ﬁmop# = F@;@) (3.35)

nm a

The function on the left side is plotted in Fig. 3.11 as a function of 2a/h for
various values of ¢,.

3.4.3 Circular Microstrip Ring Resonators

The microstrip ring resonator is another extensively used MIC component for
the measurement of dispersion characteristics of microstrip lines [19-21]. The
geometry of the microstrip ring resonator is shown in Fig. 3.12, with the inner
and outer radii a and b, respectively. The resonance condition for the micro-
strip ring resonator can be obtained from EM fields existing in an annular
cavity surrounded by magnetic walls. It is given by

J!(kb) ¥, (ka) — J.(ka) ¥, (kb) = 0 (3.36)

where J, and Y, are Bessel functions of the first and second kind and order n
and the prime denotes derivative with respect to the argument. The resonance
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Figure 3.12 Circular microstrip ring resonator.

wavenumber &y, is obtained from the solution of the transcendental equation
(3.36). The resonant frequency is then given by

CkmnO

2 /e,

The mode charts for a microwave ring resonator are shown in Fig. 3.13. The
field patterns of some lower order resonance modes are shown in Fig. 3.14 [22].

(3.37)

fan =

3.4.4 Triangular Microstrip Resonators

Another important geometry for a wide variety of applications is the equilat-
eral triangular microstrip resonator, as shown in Fig. 3.15. The 120° symmetry
property of this element was utilized in an articulate design of circulators [23,
24]. Cuhaci and James [25] showed that, as a resonator, this element exhibits a
slightly higher radiation Q factor (Q,) than the corresponding circular micro-
strip disk resonator. This is a significant advantage in the design of low-loss
MICs.

The resonance wavenumber for an equilateral triangular resonator is given
as [23]

4 ————
Kmp = 52/ m2 - + 2 (3.38)
where a is the triangle side. The integers m, n, and p are such that

m+n+p=0 (3.39)

The dominant mode is achieved from one of the sets of the following integer
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Figure 3.14 Field configurations for circular microstrip ring resonators.

values:
(i) m=1 n=20 p=-1
(i) m=0 n=1 p=-1 (3.40)
(i) m=1 n=-1 p=0

Thus the dominant wavenumber is given by

k_47z

= (3.41)
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Figure 3.15 Equilateral triangular microstrip resonator.

The field patterns for the TM o and TM; modes in a triangular resonator
are shown in Fig. 3.16. Another triangular shape that has not received much
attention is the isosceles right-angled triangular microstrip resonator. The res-
onance condition, in this case, is given by [26]

Kpn = (g) Vm? + mn + 2n? (3.42)

where a is the length of the isosceles triangle side. The integers m and n deter-
mine the mode of resonance, and the dominant mode is obtained when m =0
and n = 1. The resonance wavenumber is then given by [27]

kot = \/ig (3.43)

As such, no convenient exact method exists for solving the general triangular
microstrip resonator except for equilateral and isosceles right-angled shapes
[26]. A numerical method for the eigenvalues of the TE and TM modes prop-
agating in a triangular waveguide of arbitrary dimension does exist [28]. Also,
the general isosceles triangular microstrip resonator has been analyzed using
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Figure 3.16 Field patterns for TMyg and TM;; modes in equilateral triangular microstrip
resonator.

the spectral domain technique [29, 30]. The resonant frequency for an equilat-
eral triangular microstrip resonator as a function of the triangle side is shown
in Fig. 3.17. Those for an isosceles triangle as a function of apex angle (2«) for
various values of triangle height are plotted in Fig. 3.18.

3.4.5 High-Q Resonators

Resonant structures with high Q are preferred in various applications involving
voltage-controlled ocillators and filters. Consequently, planar transmission
lines exhibiting lower dielectric, conductor, and radiation losses are preferred.
Various transmission media have been proposed to realize lower loss. Whereas
the valley microstrip line [31] and the micromachined suspended membrane
transmission line [32-34] require special fabrication techniques, the high-
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Figure 3.19 Valley microstrip.

impedance coplanar waveguide [35] and the multilayer substrate microstrip line
[36] require simpler fabrication techniques that are compatible with monolithic
fabrication processes.

The valley microstrip line [31], as the name suggests, consists of a microstrip
conductor formed in the V-groove of the dielectric substrate and is shown in
Fig. 3.19. This reduces the fringing field effects at the outer edges. Also, for a
given characteristic impedance, the width of the microstrip conductor is larger
than that of the conventional microstrip line, resulting in lower current density.
Both of these factors help in lowering the conductor loss.

A coplanar waveguide realized by elevating the center conductor on a
dielectric or forming an air-bridged center conductor results in higher charac-
teristic impedance and lower effective dielectric constant. The conductor loss is
about 0.1 dB/mm for a 97-Q line for an air-bridged coplanar waveguide (Fig.
3.20), compared to the conventional coplanar line, which shows 0.5 dB/mm at
20 GHz [34].

The approach presented by Bahl et al. [36], shown in Fig. 3.21, provides
a low-loss microstrip line by introducing low-dielectric-constant polyimide
between the conductor and the GaAs substrate. It lowers the dissipation loss
since the effective dielectric constant is lower.

Micromachined RF transmission lines and components fabricated as sus-
pended membranes are especially suitable for low-resistivity substrates such as

S w s

Stot —__ t : : j Air bridge, h,
e

Ground plane

Figure 3.20 High-impedance coplanar waveguide.
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Polyimide dielectric d

\ Ground plane

Figure 3.21 Multilayer microstrip line.

silicon at lower microwave frequencies where the excessive shunt capacitance
lowers the resonant frequency and the Q of passive structures [32]. This
approach can also be used at millimeter-wave frequencies to provide low-loss
quasi-TEM operation [33]. A photograph of fabricated micromachined induc-
tor and capacitor is shown in Fig. 3.22. Details of components realized using
micromachined transmission lines are provided in Chapter 14.

(a) (b)

Figure 3.22 Micromachined inductor and capacitor elements. (After Sun et al. [32]. Reprinted
with permission of John Wiley & Sons.)
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In practice, any form of low dielectric and conductor loss transmission line
can be used to form a resonant structure. Usually EM simulators are used to
analyze these structures due to their nonconventional geometries.

3.4.6 Tunable Resonators

Resonant structures are basic building blocks in the realization of various
components. The usefulness of these components can be extended tremen-
dously if the resonant frequency of such structures can be varied using solid
state devices such as PIN diodes, varactor or tunnel diodes, and field-effect or
bipolar transistors. Such resonators can be used to realize switchable or tunable
components such as filters, oscillators, amplifiers, and antennas.

Tuning Elements. Realizations of tunable resonators integrated with solid
state devices are schematically shown in Fig. 3.23 for microstrip and CPW
transmission lines commonly used in the realization of components [39].
Coplanar waveguides as well as coplanar strips are preferred since series and
shunt configuration are easily realized. Typically, the variable capacitance
can be achieved by changing the applied voltage across varactor diodes. The
increase in the forward bias across the varactor results in narrowing of the
depletion layer, which results in a higher capacitance value. There is a large
forward leakage current, and increased forward resistance causes a lower Q
value. Alternatively, increasing the reverse bias across the varactor causes the
capacitance to decrease due to increase in the depletion layer. There is a small
amount of leakage current, and the very low resistance value keeps the Q value
high. Therefore, in practice, reverse-biased varactor diodes are preferred.

Tunable resonators can also be realized using variable inductors. They in-
volve use of active devices such as field-effect or bipolar transitors.

(a) (b)

(0 (9

Figure 3.23 Transmission lines with solid state tuning elements.
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Figure 3.24 (a) Linear resonator with tuning elements. (b) Equivalent circuit of microstrip res-
onator with tuning varactor diodes.

Resonance Condition. In order to determine the resonant frequency of a
resonator in the presence of tuning elements, the equivalent transmission-line
structure must be analyzed. In case of a linear resonator, the capacitive loading
provided by the varactor diodes increases its effective length and consequently
reduces its resonant frequency. In the case of a microstrip ring with a series
varactor diode, only the resonant modes that satisfy the necessary boundary
conditions exist. The equivalent transmission-line simulation including the
effect of the tuning elements is used to determine its resonant frequencies.

Linear Resonator. A linear resonator loaded with varactor diodes is schemati-
cally shown along with its equivalent circuit representation in Fig. 3.24. The diode
admittances are connected with a transmission line of width W and length L
with a characteristic impedance Zo. The input admittance is given by [37]

G+j(B+ B, + Y, tan fL)
Y, +/j|G + j(B+ B,)] tan L

Yin=G+j(B+B)+ Y, (3.44)

where Y, = 1/Zy; B = 2neen/ A, is the phase constant, and e is the effective
dielectric constant. In the above equation, the microstrip open end is described
in terms of radiation conductance G and susceptance B. They are expressed as

w2904 for W<, (3.45a)
W2/12042 for W > 4, (3.45b)

and B = BAl/Z,, where Al is the equivalent line length due to fringing fields.
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Since the imaginary part of the input impedance Y;, is zero at resonance,
from (3.44)

2%, B,
tan BL = (B+B.) (3.46)
(B+B,)"+G? - Y?
or, alternatively, the resonant frequency £, is given by
2Y,(B+ B,
R (B+B.) (3.47)
2nL. /e (B+ Bv) + G2 — YOZ

As can be seen from the above equation, when B + B, = 0, the resonant fre-
quency corresponds to that of a A/2 resonator. For a given resonator length,
the resonant frequerncy is reduced due to the presence of additional capacitive
susceptance of the varactor diodes at its ends. By varying the capacitance, the
resonant frequency is changed.

Ring Resonators. The microstrip ring resonator with a series tunable varactor
diode is shown in Fig. 3.25. By changing the voltage across the varactor, a
variable-capacitance value is realized. Increasing the capacitance increases the
circumference of the ring resonator. In effect, the variable capacitance in a ring
resonator results in a variable-circumference ring resonator. In the configura-

DC block
re capacitor

Bias

voltage i

-— RF
ground

T /

Varactor diode

Figure 3.25 Ring resonator with tunable elements.
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tion shown in Fig. 3.25, the series capacitor provides DC blocking and has a
very low impedance in the frequency range of interest.

In general, it is difficult to analytically determine the resonant frequency of
the structure due to the presence of the varactor diode in a ring resonator.
Therefore, the equivalent transmission-line method is recommended [38]. The
equivalent circuit of the tuning elements in various bias states can be used to
determine the overall S-parameters of the ring resonator. Alternatively, one can
use a commercially available circuit simulator for its computation. An accurate
determination of the resonant frequency will require simulating the circuit with
a very small frequency step. The resonant frequencies are then observable as
peaks in Sz; or Sp. Typical resonant frequencies are shown in Fig. 3.26a for a
ring resonator and in Fig. 3.26b for a varactor-tuned ring resonator. A com-
parison of the modes shows that the even modes are not affected while the odd

1 (dB)

—20 v
1 2 3 4
Frequency (GHz)
(a)
5

Sy (dB)

Frequency (GHz)
()

Figure 3.26 Typical frequency response of (a) ring and (b) varactor tuned ring resonator. (After
Chung [38]. Reprinted with permission of John Wiley & Sons.)
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VCC
: Port 1
Ce
La % ; La
= Figure 3.27 (a) Active resonator building
Vb block using active inductor. (b) Active induc-
(@ (b) tor realized using bipolar transistor circuit.

modes vanish. Furthermore, the ring resonator now supports several “half-
modes.” By varying the voltage, the resonant frequencies of these half-modes
can be changed [39]. Other resonator parameters are then easily determined by
following their definitions presented earlier in the chapter.

Active Resonators. Recently, there has been considerable interest in MMICs
fabricated using bipolar complementary metal--oxide—semiconductor (CMOS)
processes. The easy availablity of this fabrication process has potential to
provide small-size circuits at lower microwave frequencies. Unfortunately,
the performance of passive elements is severely degraded on a lossy silicon
substrate. These components typically have very low Q (~5) due to series
resistances and parasitic inductances and capacitances.

In order to achieve high-Q performance of passive components, active
devices such as bipolar junction or heterojunction bipolar transistors (BJTs,
HBTs) are utilized. An active resonator, as shown in Fig. 3.27a, consists of
active inductors realized using a feedback network around the active device. As
an example, the feedback network as shown in Fig. 3.27b uses series R, L, and
C. The input impedance looking into port 1 is inductive. The bias level is
adjusted to produce low resistance and high inductance values over the fre-
quency range of interest.

An active resonator is formed using the grounded active inductors described
above with the MIM capacitors realized on a suspended membrane. The excess
substrate capacitances may reduce the resonant frequency of the resonator.
However, the bias level of the transistor can be adjusted to provide an optimum
inductance value. The Qs of such active resonators are typically in the range of
75-100 [32].

Active resonators can be used in filters and oscillators. The bias tuning can
be used to produce tunable filters and voltage-controlled oscillators.

3.5 DIELECTRIC RESONATORS

The dielectric resonator is made of a low-loss, temperature-stable, high-
permittivity, and high-Q ceramic material in a regular geometric form. It reso-
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nates in various modes at frequencies determined by its dimensions and shield-
ing conditions. Because of its small size, low price, and excellent integrability in
MICs, its application in active and passive microwave circuits has been rapidly
increasing [40, 41].

The dimensions of a dielectric resonator are considerably smaller than those
of an empty metallic cavity resonant at the same frequency, by a factor of
approximately 1/./e,. If ¢ is high, the electric and magnetic fields are confined
in and near the resonator, thus having small radiation losses. The unloaded
quality factor Q, is thus limited by the losses in the dielectric resonator. To a
first approximation, a dielectric resonator is the dual of a metallic cavity. The
radiation losses of the dielectric resonators with the commonly used permittiv-
ities, however, are generally much greater than the energy losses in the metallic
cavities, which makes proper shielding of the dielectric resonator a necessity.

The shape of a dielectric resonator is usually a solid cylinder, but one can
also find tubular, spherical, and parallelopiped shapes. A commonly used res-
onant mode in cylindrical resonators is denoted by TEos. The magnetic field
lines are contained in the meridian plane, while the electric field lines are con-
centric circles around the z axis, as shown in Fig. 3.28. For a distant observer,
this mode appears as a magnetic dipole, and for this reason sometimes this
mode is referred to as a “magnetic dipole mode.” When the relative dielectric
constant is around 40, more than 95% of the stored electric energy of the TEg15

Figure 3.28 Field lines of resonant mode TEgys in isolated dielectric resonator.
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mode as well as more than 60% of the stored magnetic energy is located within
the cylinder. The reraaining energy is distributed in the air around the resona-
tor, decaying rapidly with distance away from the resonator surface.

3.5.1 Material

The important properties of the ceramic material to be used for dielectric reso-
nators are

+ the Q factor, which is equal to the inverse of the loss tangent;

+ the temperature coefficient of the resonant frequency 7, which includes
the combined effects of the temperature coefficient of the dielectric con-
stant and the thermal expansion of the dielectric; and

+ the dielectric constant e,.

The Q, Ty, and ¢, values required for various applications differ, and in
general proper combination can be achieved by choosing an appropriate mate-
rial and composition. Until several years ago, the lack of suitable materials
possessing Q, Ty, and ¢ all of acceptable values severely limited dielectric
resonator applications. Materials such as TiO, (rutile phase), which has
Q ~ 10,000 at 4 GHz and ¢, >~ 100, were most often used for exploratory work.
But TiO; has a Ty value of 400 ppm/°C, which makes it impractical for most of
the applications.

A number of material compositions have been explored in attempts to
develop suitable dielectric materials. These include ceramic mixtures containing
TiO; [42], various titanates and zirconates [43, 44], glass ceramic [45], and
alumina-based ceramics. Development of temperature-stable dielectric reso-
nators dates back to the late 1970s. At present, several ceramic composi-
tions have been developed offering excellent dielectric properties. Table 3.2
compares the important properties of different materials developed commer-
cially.

It is not yet established if any of the dielectric compositions shown in Table
3.2 has overall superiority over the others, since many factors, such as ease
of ceramic processing and ability to hold tolerances on the dielectric proper-
ties, must be considered. The performance limitations, if any, of the lower
dielectric constant material remain to be determined, since most component
work reported thus far has used dielectric resonators possessing ¢, in the range
of 37-100. The lower dielectric constant material performance is likely to
be more sensitive to shielding due to increase in fields outside the isolated
resonator.

The temperature coefficient Ty of the resonator can be controlled in some
materials, by modifying the composition, to be anywhere within +9 to —9
ppm/°C. Circuit effects also shift 7y by a few parts per million, depending upon
the circuit configuration. An initial resonator Ty of +1 to +4 ppm/°C often
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Table 3.2 Properties of Dielectric Resonators

Loss Temperature
Material Dielectric Tangent at Coeflicient,
Composition Constant 4 GHz ppm/°C Manufacturer
Ba,TisO2 40 1x107* +2 Bell Labs
BaTisOy 39 1x10™* +4 Raytheon, Transtech
(Zr-Sn)TiO4 38 1 x 1074 —4-10 Transtech, Murata,
adjustable Siemens, Tekelec,
NTK
Ba(Zn;/3Nb,/3)0; 30 4 x 1073 0-10 adjustable Murata, Panasonic
Ba(Zn1/3Ta2/3)Oz
BaO-PbO-Nd,O;— 90 2x107%at +10to —10 Murata, Transtech
TiO, 1 GHz adjustable
MgTiO;-CaTiO; 21 1x107* +10to —10 Murata
adjustable

results in effective temperature compensation in transistor oscillators. Thus, the
limit to achievable temperature compensation results from ceramic tolerances
and the usual need for frequency tuning affecting the temperature effects.

The quality factor Q of the dielectric resonator decreases with the increase in
frequency. Typically the product f; (in gigahertz) x Qo is constant. Some deg-
radation of Q is usually incurred in component applications. Losses due to
housing walls, dielectrics, and adhesives used to support the resonators, and
other effects typically reduce Q by 10-20% as described later. Variations in the
O’s of different materials being significant (Table 3.2), it is possible to select
the right material for different applications. A higher O material is preferred
for lower noise oscillations as well as for sharp tuned filters, and lower Q for
frequency-tunable wider band components.

3.5.2 Resonant Frequency

The resonant frequency of a resonator is determined by its dimensions
and surroundings. Although the geometric form of a dielectric resonator is
extremely simple, an exact solution of the Maxwell equations is considerably
more difficult than for the hollow metallic cavity. For this reason, the exact
resonant frequency of a certain resonant mode, such as TEgs, can only be
computed by rigorous numerical procedures. A number of theories on the sub-
ject are available in the literature that have an accuracy of +1% for the given
configuration. Unfortunately these methods call for the use of high-level com-
puters. Kajfez and Guillon [46] have presented an approximate solution of the
equations involved, both for the isolated case and for the more commonly used
MIC configuration. These equations, given below, can be easily programmed
on a desktop computer and give accuracies of better than +2%.
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1. Isolated Dielectric Resonator. The resonant frequency is given in giga-

Frequency (GHz)

hertz by

34 (a
fr= Ve (ﬁ + 3.45) (3.48)

where a represents the radius of the resonator in millimeters and H the
height. This relation is accurate to about 2% in the range

a

0.5<H

<2 and 30<e <50 (3.49)

- Dielectric Resonator in MIC Configuration. Figure 3.29 (inset) represents

a dielectric resonator (DR) in a MIC configuration. The steps to deter-
mine the size of the dielectric resonator for a given frequency are as
follows:

8.0
- Reasonant frequency = 6.872 GHz
DR:
| D=8.5mm, H=3.7mm, ¢,=37.0
Substrate:
— h=0635, e,=9.9
75 % ///////////T//// 4
a .
DR—\/ D I é
T~
N /]
Microst 4
- icros np— % \ 7 ?
7.0 l—o b Substrate /]
TIT7777 7777777777
| X X
x x Measured
— Calculated
65|||||,||111f|f|
1 2 3 4 5 6 7 8

Distance shield resonator, d, (mm)

Figure 3.29 Resonant frequency as function of cover height.
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(a) The diameter (D = 2a) of the resonator is selected to be

54 a4 (3.50)

ko+/€s kov/€r

where ¢, and ¢, are the relative permittivities of the substrate and the
resonator, respectively, and ky is the free-space propagation constant.

(b) Calculate k' from

K= 2'205 + 540541 + (2.4§ ; Foromir oY
where
Yo = /tkoa) (e, — 1) — 2.4057 (3.52)
(c) Calculate propagation constant B for the TEq15 mode as
B =\/kie — k™ (3.53)

(d) Evaluate the attenuation constants o and a:

o = k/2 — kges Oy = \/k’z — kg (354)

(e) Find the resonator height H from

H :% [tan‘1 (% coth(oqh)) + tan™! (% coth(azds)>] (3.55)

The preceding relations can also be used to determine the frequency of a
dielectric resonator with known dimensions. Figure 3.29 presents the variation
of resonant frequency with the cover height. The measured points show that the
accuracy of this method is within +2%.

3.5.3 Coupling of a Dielectric Resonator in MIC Configuration

The dielectric resonator is used in a number of different configurations
depending upon the application. In order to effectively use dielectric resonators
in microwave circuits, it is necessary to have an accurate knowledge of the
coupling between the resonator and different transmission lines. The TEqis
mode of the cylindrical resonator can be easily coupled to microstrip-line, fin-
line, magnetic-loop, metallic, and dielectric waveguides [46). In this section, we
discuss the most commonly used configuration of the dielectric resonator, that
is, TEg1s mode coupling with a microstrip line.
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Figure 3.30 Coupling between microstrip line and dielectric resonator.

Figure 3.30 shows the magnetic coupling between a dielectric resonator and
microstrip. The resonator is placed on the top of the microstrip substrate. The
lateral distance between the resonator and the microstrip conductor primarily
determines the amount of coupling between the resonator and the microstrip
transmission line. Proper metallic shielding required to minimize the radiation
losses (hence to increase Q) also affects the resonant frequency of the TEy;s
mode. The reason for the modification of the resonant frequency can be
explained by the cavity perturbation theory. Namely, when a metal wall of a
resonant cavity is moved inward, the resonant frequency will decrease if the
stored energy of the displaced field is predominately electric. Otherwise, when
the stored energy close to the metal wall is mostly magnetic, as in the case of
the shielded TEy;s dielectric resonator considered here, the resonant frequency
will increase when the wall moves inward.

The TEis mode in a dielectric resonator can be approximated by a mag-
netic dipole of moment M. The coupling between the line and the resonator is
accomplished by orienting the magnetic moment of the resonator perpendicular
to the microstrip plane so that the magnetic lines of the resonator link with
those of the microstrip line, as shown in Fig. 3.30. The dielectric resonator
placed adjacent to the microstrip line operates like a reaction cavity that
reflects the RF energy at the resonant frequency [47). The equivalent circuit of
the resonator coupled to a microstrip line is shown in Fig. 3.31. In this figure
L,, C,, and R, are the equivalent parameters of the dielectric resonator; Ly, Cj,
and R; are the equivalent parameters of the microstrip line; and L,, character-
izes the magnetic coupling. The transformed resonator impedance Z in series
with the transmission line is easily determined to be

272
w L,

Z = jwlL
St R oL, - G

(3.56)
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Figure 3.31 Equivalent circuit of dielectric resonator coupled with line.

Around the center frequency, wL can be neglected and Z becomes

L: 1
Z =007 g e (3.57)

where X = 20,(Aw/w), and the unloaded Q and the resonant frequency of the
resonator are given by

woL
Quz ;rr

1
L,.C,

(3.58a)

wy = (3.58b)

:

At the resonance frequency, X = 0 and

2
Z=R= wOQ,,LL—'" (3.59)

r

Equation (3.59) indicates that the circuit shown in Fig. 3.31 can be represented
by the simple parallel tuned circuit shown in Fig. 3.32, where L, R, C satisty
the following equations:

L2 L 12
L==-= C=—2_ R = . )
i SiLL woQ i (3.60)

The coupling coefficient § at the resonant frequency wp is defined by

R R woQ, L%

P = Rew 22 2% L

(3.61)

If S110 and Sa1o are defined as the reflection and transmission coefficients of the
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Figure 3.32 (a) Simplified equivalent circuit. (b) Final equivalent of dielectric resonator coupled
with microstrip line.

resonance frequency of the resonator coupled to the microstrip, § can be shown
to be given by [48]

g = S 1 =520 _ Suo

= = = 3.62
1 — S S210 S210 ( )

This relation can be used to determine the coupling coefficient from the directly
measurable reflection and transmission coefficients. The value of § can also be
accurately calculated from a knowledge of the circuit configuration. The quan-
tity L2 /L, in (3.61) is a strong function of the distance between the resonator
and the microstrip line for given shielding conditions and substrate thickness
and permittivity. The analysis of # involves the use of known EM concepts and

finite-element techniques.
The relation between different quality factors is well known and given by

Qu=0.(1+8)=QcB (3.63)

The external quality factor Q. (=Q,/B) is generally used to characterize the
coupling. Figure 3.33 shows an example of the variation of Q. with the distance
between the resonator and the line.

The S parameters of the dielectric resonator coupled to a microstrip with the
lengths of transmission lines on input and output, as shown in Fig. 3.31, can be
determined from the relations previously presented and given by [46]

B o0 1+ jQ, Aw /o o2
B+ 1+j0uAw/wg B+14+jQuAw/awn
14+j0.Aw/wy 5 B —26
B+ 1+0.00jwe’ B+ 1+j0.A0jm’

(3.64)

where 20 is the electrical line length between the input and output planes.
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Figure 3.33 External Q factor as function of distance between line and resonator. (After Kajfez
and Guillon [46]. Reprinted with permission of Artech House.)

3.5.4 Spurious Modes

As in the case of all resonant cavities, there are many possible resonant modes
that can be excited in dielectric resonators. These modes can be divided into
three families: transverse-electric (TE), transverse-magnetic {TM), and hybrid
electromagnetic (HEM) modes. Each of the three families have a large number
of individual modes, so that one encounters a dilemma in choosing which mode
is best suited for a particular application. The TEgs is the principal or main
mode traditionally used, but for certain applications, such as for a dual-mode
filter, the HEM ;s mode has definite advantages.

The resonant frequency of the principal and spurious modes is determined
by the physical dimensions and the dielectric constant of the resonator for fixed
shielding conditions. The resonant frequency of some spurious modes, like
TMgs and HEM,;5, may be close to the resonant frequency of the principal
TEgs mode. Figure 3.34 shows a mode chart of the dielectric resonator in the
shown shielded configuration [49]. The aspect ratio D/H of the dielectric reso-
nator can be used as a design parameter to place the resonance of spurious
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Figure 3.34¢ Mode chart of dielectric resonator in cavity: e, =37.2, €51 = €0 = €53 = 1.0,
b=16mm, h=21 mm, H=8 mm, and hy =1 mm.

modes outside the operating frequency band of the principal TEq;s mode, thus
minimizing undesirable interference. As is clear from Fig. 3.34, an aspect ratio
between 2 and 2.5 results in the best separation of the spurious modes.

The TMg;s and HEM,,,; modes are far more sensitive to frequency-tuning
screws than the principal mode. For example, the same amount of tuning that
will tune the principal mode of a 6-GHz resonator by 25 MHz can move the
resonant frequency of the TMg; or HEMy;s in the opposite direction across
the entire 500-MHz radio band. Frequency tuning must be limited to avoid a
significant reduction of mode separation, which can bring the spurious response
into the frequency band of interest.
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3.5.5 Frequency Tuning

Most applications of the dielectric resonator demand frequency tunability over
a narrow band. The resonant frequency of the dielectric resonator can be tuned
with the help of a tuning screw placed directly above the resonator, in the
metallic shield, as shown in Fig. 3.35. The resonant frequency being sensitive to
the distance between the resonator and the shield, as explained earlier, the res-
onant frequency increases with the tuning-screw depth. This effect can be cal-
culated using the finite-element method [50]. Figure 3.35 also shows the possi-
ble frequency tuning for several tuning-screw diameters. The curves presented
in this figure allow one to choose an optimum screw diameter to obtain the
desired tuning margin.

D, Tuning screw
H;=0.251 mm
H,=2.31 mm
Dielectric resonator Hy+ Hy=H,
microstrip substrate (Do/H,)2 =8
€=22 € =37

15 —

10 —
D1/D2 =07

5 —

Frequency change (%)

D,/D,=0.3

0 —
—X“D1/D2 = 01
] 1

! 1 T
0.10 0.30 0.50 0.70 0.90
Hy/H,
Figure 3.35 Frequency change of dielectric resonator for several tuning-screw diameters.
(After Gil et al. [56]. Reprinted with permission of IEEE.)




3.6 YIG RESONATORS 119

3.6 YIG RESONATORS

The YIG resonator is a high-Q, ferrite resonator that can be tuned over a wide
band by varying the biasing DC magnetic field. Its high performance and con-
venient size for applications in MICs make it an excellent choice in a large
number of commercial and military applications, such as filters, oscillators,
frequency multipliers, discriminators, and limiters. A YIG resonator makes use
of the ferromagnetic resonance that occurs when a small magnetic microwave
field is applied perpendicular to a static magnetic field. Depending on the
material composition, size, and applied field, resonant frequencies between
500 MHz and 50 GHz can be achieved [51]. Single-crystal YIG (Y3FesO;;) and
gallium-doped YIG are part of the family that resonates at microwave fre-
quencies when immersed in a magnetic field. This resonance is directly propor-
tional to the applied magnetic field, and linear tuning can be achieved by
changing the magnetic field with an electric current. The resonator consists of a
YIG sphere, an electromagnet, and a coupling loop. A typical YIG resonator
in a MIC configuration is shown in Fig. 3.36. The YIG tuning magnets are
electromagnets with a single air gap. The DC current through the two series-
connected main coils provides the required DC magnetic field across the gap.

— Magnet structure
(electromagnet)

/ |_——YIG rod

_— YIG heater
>

YIG sphere -

Magnetic field -1

Y1G coupling loop -—/ \— MIC substrate

Figure 3.36 YIG oscillator elements. (After Osbrink [51]. Reprinted with permission of MSN &
Communications Technology.)
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The YIG sphere, frequency-modulated (FM) coil, and MIC substrate are
placed between the poles of the electromagnet.

3.6.1 Resonant Frequency and Quality Factor

Microwave resonance occurs when the frequency of the RF magnetic field
coincides with the natural electron dipole precessional frequency of the mate-
rial. For spherical resonators, this resonant frequency is given by

Jo=TY(Ho £+ Ha) (3.65)

where H, is the applied biasing field measured in oersteds, H, is an internal
field within the crystal known as the anisotropic field, and Y is the charge-mass

ratio of an electron and has a value of 2.8 MHz/Oe.

The upper frequency of YIG resonance is limited by the available magnetic
field, and the lower frequency limit of operation is directly proportional to the
value of its saturation magnetization (47M;), which is a measure for net density
of precessing electron spins in the material. The externally applied tuning field
must be sufficient to produce alignment of all magnetic dipoles within the
crystal. A pure YIG material has a 47 M, value of 1780 G at room temperature.
A YIG of substantially lower saturation magnetization value (typically 250 G)
can be grown by doping the crystal with gallium. However, doping increases
YIG resonator losses and can be expressed by the linewidth parameter (AH).

The linewidth, expressed in oersteds, is a direct measure of the unloaded Q,
of the YIG resonator and can be compared to the 3-dB bandwidth of an
unloaded cavity. Linewidth is related to Q, and M, by the following relation
[52]:

_ Ho —4nM. s / 3
Qu= AH (3.66)
Where Hj is the DC biasing field strength at resonance. Typical values of line-
widths are less than 0.1 Oe for pure YIG to 1.5 Oe for doped 400 G YIG.
Using (3.65)

_ fo—YdnM;/3

T (3.67)

Q.

This expression demonstrates an interesting phenomenon in YIG, that is, the
unloaded Q of the resonator decreases with the decrease in frequency and the
cutoff frequency f;, where Q, = 0 is given by

fe =3 Y4n M, (3.68)

For a pure YIG, f, = 1670 MHz.
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The resonant frequency of the YIG sphere as well as its frequency drift over
temperature depends strongly upon its orientation. Orientation is commonly
adjusted to compensate for the change in frequency caused by variation of the
EM gap with temperature.

3.6.2 Coupling and Equivalent Circuit

The RF coupling between the YIG and the microwave circuit is realized by a
loop around the sphere, as shown in Fig. 3.37a. Magnetostatic mode 110 of the
resonator is thus magnetically coupled to the transmission line. The equivalent
circuit of the loop-coupled YIG is shown in Fig. 3.37b. The parallel resonant
circuit is induced in series with the loop impedance by coupling of the YIG
sphere. Here L; and R, are the inductance and resistance, respectively, of the
coupling loop.

Ho

Coupling loop,
typically 0.1 mm diameter

8y

0]
Z.V
—>
j YIG sphere
(a)
L
R, L
— AN 1T
4
4 . L
— - ¢, =< g R, y

(b)

Figure 3.37 (a) Loop coupling circuit. (b) Equivalent circuit of loop-coupled YIG resonator.
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The YIG sphere is located at the center of the loop of wire. The coupling
coefficient is a direct function of the diameter of the sphere, saturation magne-
tization 47 M, and loop angle § and an inverse function of the loop diameter. In
order to achieve wide-band tuning, the YIG sphere needs to be tightly coupled.
The diameter of the YIG sphere is limited by high-frequency spurious modes.
Typically a diameter between 12 and 35 mils is used for most applications. A
high value of 47M, is desired. Pure YIG, which has 4zM; of 1780 G, possesses
a spurious mode in the S/C band. The frequency of this spurious mode is
decreased to lower than the useful frequency by doping with gallium at the cost
of reduced 4zM,. Reduced loop diameter can help increase coupling and hence
bandwidth but can cause surface spurious modes to appear.

3.6.3 Magnetic Circuit

Design of the magnetic circuit forms an important aspect of any YIG device
design due to the fact that it is the value of the magnetic field that determines
the resonance frequency of the YIG resonator. Frequency and linearity accu-
racy of the YIG device depends directly on the magnetic circuit design. Impor-
tant characteristics of the magnetic circuit include air gap, pole piece diameter,
and number of coil turns. These elements are optimized for necessary perfor-
mance requirements. Another important requirement of the magnetic circuit is
minimum hysteresis, which represents a difference in resonance frequency, for
the same current, between up and down current sweep. High-nickel magnetic
steels are commonly used for their high saturation magnetic field and low hys-
teresis after proper thermal treatment.

The YIG magnetic tuning circuits dissipate large DC power. Typically it is
about 5 W at 12 GHz and the tuning sensitivity lies between 15 and 25 MHz/
mA. The latter implies that the current supply must have very low noise and
ripple to minimize FM noise in oscillators. As an example, if the inherent
spectral linewidth is expected to be better than 10 kHz, the magnet power rip-
ple should not exceed 0.5 pA. Due to the large value of the inductance of the
main tuning coil, the modulation bandwidth in oscillator applications is of the
order of a few kilohertz, which is not sufficient for most commercial or military
applications. A small coil called an FM coil is generally placed on the pole
piece. This coil offers a small frequency deviation, but a modulation bandwidth
of up to a few megahertz can be achieved.

In addition to the standard magnetic structure, permanent magnet structures
are also used in some applications. Permanent magnets require smaller DC
power to tune the resonator to the low end or middle of its tuning range, and
electronic sweep adds or substracts a magnetic field sufficient to tune the entire
range of the resonator. This configuration is commonly used for narrow-band
applications offering significant reduction of size and power dissipation. A
permanent magnet also provides considerably faster switching speed, and the
low magnet main coil dissipation, especially for less than one octave coverage,
makes it suitable for easier temperature stabilization.
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Network Network
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S - parameter S - parameter
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Signal Signal
generator generator
y
DUT DUT

Figure 3.38 Measurement setups for (a) reflection and (b) transmission resonators.

3.7 RESONATOR MEASUREMENTS

Accurate characterization of microwave resonators is essential for their effec-
tive use. The important parameters that are required to fully describe a reso-
nator for a given mode are the resonant frequency fy, the coupling coefficient,
and the quality factors Q, (unloaded Q), Q, (loaded Q), and Q. (external Q).

Figure 3.38 shows an experimental setup for the measurement of resonator
parameters using a commonly available network analyzer. The network ana-
lyzer displays the magnitude and phase of the reflection and transmission
coefficients as required for the single- or two-port resonators. Many methods
for the Q measurement are possible, but we will describe here only one simple
technique using Q loci on the Smith chart.

3.7.1 Single-Port Resonator

The single-ended resonator is the most commonly used configuration among
microwave resonant circuits. The equivalent circuits of the two possible con-
figurations are shown in Fig. 3.1, where R, L, and C are the equivalent lumped
resistance, inductance, and capacitance. The parallel tuned circuit of Fig. 3.1a
is known as the detuned short configuration, and the series-tuned circuit of
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Table 3.3 Important Parameters of a Resonant Circuit

Parameter Series Tuned Parallel Tuned
# 1 1

0 VIC VLC
0 ol R

" R ol

Zy R
B 53 Zs
Ou Oy

O 1+8 1+8

Fig. 3.1b is known as the detuned open configuration. As shown, either con-
figuration can be converted to the other by displacing the reference plane by a
quarter wavelength. The important parameters of these resonant circuits are
defined in Table 3.3.

Further analysis of the resonant circuits being similar for the two config-
urations, we restrict our discussion to only the parallel tuned circuit. The input
impedance of the circuit in Fig. 3.1a can be written as

1 1 1
Sl T N .6
7 R+jcoL + jowC (3.69)
or
R
Zin=—"— 3.70
1+ 20,0 ( )

where 6 = (@ — wp)/wo represents the frequency-detuning parameter.

The locus of the impedance, using (3.70), can be drawn by varying 6 [53]. As
impedance is a linear function of frequency, a circular locus will be produced
when plotted on the Smith chart, as illustrated by circles 4, B, and C in Fig.
3.39. Circle A4, for which R = Z, passes through the origin, is called the condi-
tion of critical coupling (f = 1 from the preceding table), since it provides a
perfect match to the transmission line at resonance. Circle C, with R > Z, is
said to be overcoupled (8 > 1 from the preceding table), and circle B, with
R < Z,, is undercoupled. The coupled coefficient for any given impedance
locus can be easily determined by measuring the reflection coefficient Syj0 at
resonance.

For the undercoupled case

_1-=Si0

'8—1+5'110

(3.71)
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Undercoupled

Overcoupled

Figure 3.39 Input impedance of resonant cavity referred to detuned-short position plotted on
Smith chart for three degrees of coupling.

and for the overcoupled case

1+ S0
= 3.72
B=1- So (3.72)

The evaluation of ff locates the intersection of the impedance circle with the
real axis, as shown in Fig. 3.40.
In order to measure various quality factors, (3.70) can be written as

7 _Za_ P B B (3.73)

"TZy 1+206 1+20.(0+p) 1+20.8

- Smith chart

Impedance
locus

Figure 3.40 Identification of half-power points from Smith chart; Qp locus is given by B = G,
Q byB=G+1,and Q) by B=1.
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where Q,, Oy, and Q, are interrelated by the well-known relation

Qu = QL(1 +ﬁ) = Qeﬂ (374)

The normalized frequency deviations corresponding to various quality fac-
tors are given by

1 1
i-i— or 0=+

5u =+ e
20, 20; 20.

Il

(3.75)

The impedance locus of Q,, for example, can be determined by using (3.75) in
(3.73) and is given by

=

(Zin), = (3.76)

—

+Jj

Equation (3.76) represents the points on the impedance locus where the real
and imaginary parts of the impedance are the same. Figure 3.40 represents the
locus of these points (corresponding to R = X) for all possible values of B. This
locus is an arc whose center is at Z = 0 + j and the radius is the distance to the
point 0 + jO. The intersection of this arc with the impedance locus determines
the O, measurement points

fo

Qu:fl_fz

(3.77)

The frequencies f; and f; are called half-power points because these points
correspond to R = X on the impedance locus.

The loaded and external Q values can be determined in a similar way. From
(3.73) and (3.75), the impedances corresponding to Q. and Qy are given by

(Zin)e =7 iﬁjﬁ (3.78)
_ B
(Zin)L -1 i](l +ﬂ) (379)

Using (3.78) and (3.79), the Q. and Q loci can be easily determined. These loci
are shown in Fig. 3.40.

3.7.2 Two-Port Resonator

Two-port resonant circuits are commonly used as transmission components in
a number of applications. The equivalent circuit of a commonly used two-port
resonator is shown in Fig. 3.41a. The input and output coupling coeflicients are
represented by f#; and g, in
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£y B2
—‘T
Yo —- L G % c :'~ - Y,
ny Ny
o o
(a)
7k

Insertion loss

Frequency
(b)

Figure 3.41 (a) Equivalent circuit of two-port resonator; (b) transmission response of two-port
resonator.

Yo

Yo,
= =< 3.80
B 726G B> (3.80)

=2
ny G

where Yo and Yy, are the input and output transformed admittances. The
coupling coefficients can be directly determined by measuring the VSWR at the
input and output ports with the other port open circuited. The transmission
response of such a resonant circuit measured using the setup of Fig. 3.395 is
shown in Fig. 3.41b. The coupling coefficients and the quality factors can be
determined from the measurement of the insertion loss 7" at resonant frequency
and the 3-dB bandwidth Af using the following well-known relations [54]:

r= Vhh (3.81)

1+ B+ B

0, =L (3.82)
Ou=0:(1+p,+5,) (3.83)
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PROBLEMS

3.1 Identify the degenerate modes of a rectangular waveguide resonator

when (a) all sides are unequal, (b) two sides are equal, and (c) all sides
are equal.



3.2

33

34

35

3.6

3.7

38

3.9

3.10

311

PROBLEMS 131

Determine the lowest frequency at which degenerate modes exist in a
cylindrical waveguide cavity.

Calculate the resonant frequency of a radial reentrant coaxial cavity
having inner and outer radii of 0.5 and 1.2 cm and length of 10 cm when
the center post is 5 cm from the end wall. Determine the tuning range
when d is varied from 2 to 6 cm.

Find the resonant frequency and Q for a TE,;; mode cylindrical cavity
(copper) of radius 2 cm and length 10 cm. Repeat this for the case when
the cavity is filled with material of dielectric constant 4.0.

Calculate the lowest order resonant frequency of a microstrip resonator
havinge, =10, A =06 mm, t =6 pm, W =2 mm, and L = 1 cm.

Derive expressions for @ factors of rectangular and circular patch
microstrip resonators.

Calculate and compare the quasi-static resonant frequencies of circular,
triangular, and hexagonal microstrip resonators with identical dimension
a and substrate thickness A.

Design a TEg;s mode cylindrical dielectric resonator at 35 GHz when
placed in the shielded MIC package shown in Fig. 3.29 using the fol-
lowing parameters.

Substrate: €; =: 9.9, height # = 0.25 mm.
Dielectric resonator: ¢, = 36, D/H = 2.5 + 0.1.
Distance: d;: 1 mm.

In Problem 3.8, find the change in the resonant frequency if the dielectric
constant of the dielectric resonator is changed to 38 from 36.

The equivalent circuit of a dielectric resonator coupled to a microstrip
line is shown in Figs. 3.31 and 3.32. Find the relations, in terms of Sijo
and S310, to draw the loci of the unloaded, loaded, and external quality
factor determination points (Q circles) in the Sy; and S,; planes at PP’.
Draw the Q circles on a Smith chart and a Polar chart from the S;; and
S21 planes, respectively.

In the case of a parallel-tuned resonant circuit, 40% of the incident
power is reflected at the resonant frequency. The real part (R) equals
the imaginary part (X) on the impedance locus at 9230 and 9240
MHz. Calculate the resonant frequency, the coupling coefficient, and the
loaded, unloaded, and external quality factors for an undercoupled case
and an overcoupled case.
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4.1 INTRODUCTION

Impedance transformation or matching is an essential part of the design of
RF and microwave devices or systems. Impedance matching is important for
(a) maximum transfer of power from a generator to a device, from a device to
a load, or between devices; (b) improving the sensitivity of receivers; (c)
reducing the amplitude and phase imbalances in power distribution networks;
(d) obtaining optimum gain, output power, efficiency, and dynamic range in
amplifiers; and (e) minimizing power loss in feed lines. There are a variety of
matching networks that can be synthesized to match two given impedances.
The important factors to be considered in the selection of a matching network
are (a) complexity, (b) bandwidth, (c) frequency response, and (d) ease of
implementation.

In this chapter, impedance matching techniques for narrow-band and wide-
band applications are presented in Sections 4.2 and 4.3, respectively. The tech-
niques for synthesizing lumped as well as distributed matching networks are
illustrated by means of examples. The impedance matching techniques pre-
sented here are in general applicable to systems using parallel wire lines, coaxial
lines, waveguides, or planar transmission lines such as strip lines, microstrip
lines, and coplanar waveguides.
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oo e— Lossless
21'D reciprocal -y Z,
S ‘ network .

z,

Z

Figure 4.1 Impedance transformation by lossless reciprocal network.

The extent of published literature on impedance matching is vast. In this
chapter the author has made an attempt to cover only the important and com-
monly used techniques. For further reading on this subject, several references
have been given.

4.2 NARROW-BAND TRANSFORMATION TECHNIQUES

In this section, the techniques of narrow-band matching will be illustrated with
examples. The matching is accomplished perfectly only at the desired fre-
quency. A bandwidth around the design frequency can be defined if the tolera-
ble reflection coefficient in the band is specified.

The relationship between the impedances at the two ports of a lossless,
reciprocal matching network designed to transform Z to Z; is summarized in
Fig. 4.1. If an impedance, Z,, is connected at port 2 of the network, the
impedance measured at port 1 is Z;. Then if an impedance, Z7, is placed at
port 1, the impedance measured at port 2 will be Z;. Therefore, if Z| repre-
sents the internal impedance of a source, then maximum power transfer to the
load impedance Z; is ensured.

The foregoing property of a lossless, reciprocal network implies that the
same network is capable of transforming Z, to Z| as well as Z{ to Z3 and
hence offers the choice from two design approaches: (a) transformation of Z; to
Z; or (b) transformation of Z; to Z;. This property of the matching network
may be verified in the design examples presented in this section.

The design of lossless matching networks consisting of lumped as well as
distributed elements will be presented in the following sections. The graphical
design procedures making use of the Smith chart as a tool are illustrated by
means of examples. The theory and applications of the Smith chart are covered
in detail in the literature [1-4]. Analytical solutions to matching circuit design
problems can be found elsewhere [2, 3, 5]. Smith chart solutions are sufficiently
accurate for most applications. However, if better accuracy is needed or for
development of a computer program for the design, one may resort to analyti-
cal solutions. Therefore, analytical solutions have been provided here only for
selected design techniques.
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——————] . 9
Z Matchlng z
o o unit o

Figure 4.2 Matching an impedance Z (complex) to Z, (real).

4.2.1 Distributed-Element Techniques

The matching network design techniques that make use of lossless transmission
lines as network elements will be presented here. Typical matching problems in
practice involve matching a complex impedance (input or output impedance of
a device) to a real impedance (source, load, or characteristic impedance of a
line), as shown in Fig. 4.2, or transformation between complex impedances, as
shown in Fig. 4.1.

Transmission-Line Transformer. A lossless transmission line having char-
acteristic impedance Z; and length / can be used in the transformation of
Zy = (R £ jX)) to Z, = (R + jX;). The values of Z; and / needed for the
transformation can be determined analytically [6] or graphically (Smith chart).
However, practically realizable design usually involves a tedious iterative pro-
cess. Further, a realizable solution may not always exist.

Single-Stub Matching
Principle of Shunt Stub Matching. The basic single-shunt-stub matching sys-
tem is shown in Fig. 4.3. The normalized load admittance ¥ (normalized with

respect to the characteristic admittance Y, of the line to which it is connected)
is transformed to the unit conductance circle on the Smith chart by the trans-

y”
IN ;N

) | ]

U

z / )’]L> Z Z (or v,)
. / | -

or 1
short : /

Figure 4.3 Single-stub matching system.
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mission line of length /;. The normalized admittance looking toward the load

is, then, Yjy = 1 £ jB’. Now a length /> of an open or short-circuited stub can

be chosen such that the admittance Y4 (FjB.) of the stub equals +jB’, thereby
IN

canceling the susceptance provided by Yjy. Then the admittance Y, looking
toward the load from just left of the stub is 14 /0. Thus the match is accom-

plished.

Design Example. Consider the problem of matching Z; = 100 +;100 Q to a
line having a characteristic impedance Zy = 50 Q. The single-stub matching is
illustrated on the Smith chart in Fig. 4.4 for this example. The two solutions
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Figure 4.4 Solutions to single-stub matching example problem.
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Figure 4.5 Solutions to single-stub design problem.

(using short-circuited stubs) to the design problem are shown in Figs. 4.5a
and b.

The matching solution in Fig. 4.5a is preferable because it has a greater
bandwidth and uses shorter lengths of transmission lines, and consequently the
losses are smaller. The bandwidth of the matching unit is an important selec-
tion criterion. It should be noted that the addition of 1ni (where 7 is an integer)
lengths of lines in the designs in Fig. 4.5 will not affect the match.

In this example the line and the stub have the same characteristic imped-
ance. If different characteristic impedances are used for the line and the stub,
the impedances (or admittances) have to be appropriately normalized while
using the Smith chart. The disadvantage of a single-stub system is that it
requires an adjustable length of line of constant characteristic impedance in
order to match to an arbitrary load. Such lines are difficult to construct in
practice.

Principle of Series Stub Matching. The schematic of a series stub matching

system is shown in Fig. 4.6. The distance d is selected so that the impedance,
Zn, seen looking into the line at distance d from the load is of the form

7

)
i d
‘I.».
Z FiX Z z
—_— 1 =
4
Zn=2y % jX
Open
or
short

Figure 4.6 Series stub matching system.
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Zo + jX. Then the stub reactance is chosen as +/X, resulting in a match to the
feed-line impedance Zo. The line length 4 and the stub length { can be deter-
mined using a Smith chart. The reader is referred to the design example by
Pozar [2]. The series stub is difficult to fabricate in coaxial, strip-line, and
microstrip-line systems, and hence this technique is not commonly used in
practice. However, series stubs can be constructed easily in coplanar waveguide
systems in which the center conductor and the ground plane are located on the
same side of the circuit board.

Double-Stub Matching

Principle of Double-Stub Matching. A double-stub matching system is
shown in Fig. 4.7. The advantage of a double-stub system is that it uses only
adjustable-length stubs and a fixed length of line, unlike a single-stub tuner.
However, a double-stub tuner cannot match an arbitrary load impedance,
unlike a single-stub tuner [1}.

The length /; of the shunt stub at the load (Fig. 4.7) must be chosen such
that the admittance of the load and stub (open or shorted) is transformed to the
unit conductance circle on the Smith chart by the fixed length d of the line.
Then the normalized admittance Y}, seen looking toward the load is 1 £ jB'.
The length I, of the second stub (open or shorted) must then be chosen such
that its admittance ¥/ (¥jB!) cancels +jB’. The normalized admittance Yy
looking toward the load from just left of the second stub is then 1+ 0, and
hence the match to the feed-line impedance Z; is obtained.

In order to determine the length (J;) of the first stub, the unity conductance
circle is rotated on the Smith chart toward the load through a distance d. Then
the susceptance needed from the first stub is determined from the point of
intersection of the load conductance contour and the rotated unity conductance
circle. The susceptance needed from the second stub can then be determined
from the corresponding point on the unity conductance circle.

ZiorY,

Figure 4.7 Double-stub matching system.
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Figure 4.8 Solutions to double-stub design problem.

Design Example. Consider the problem of matching Z; = 100+ 100 Q to
Zy=50Q;d= éi. The double-stub matching is illustrated on the Smith chart
in Fig. 4.8. The two solutions (using shorted stubs) are depicted in Figs. 4.9a
and b. The design procedures are given in the following:

(a) Locate Z; and determine Y, (0.25 — j0.25) as shown in Fig. 4.8.

(b) Draw the “shifted unity conductance circle” by rotating the “normal
unity conductance circle” toward load by a distance d (=§4), as shown

in Fig. 4.8.
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(c) Determine the points of intersection of the load conductance (0.25)
contour and the shifted unity conductance circle as shown in Fig. 4.8.
The points of intersection are located at 0.25 + j0.34 and 0.25 + j1.66.
From the difference in susceptance at the intersection point and the load
susceptance, the length (/;) of the first stub can be determined. The two
solutions for /; are shown in Fig. 4.8.

(d) Move the points 0.25 + j0.34 and 0.25 + j1.66 on the shifted unity con-
ductance circle to points 1+ ;1.65 and 1 — 3.6, respectively, on the
normal unity conductance circle. This movement involves traveling on
constant standing wave ratio (SWR) circles, toward the generator,
through a distance d (=11), as shown in Fig. 4.8.

(e) Determine the length (/) of the second stub needed to cancel the sus-
ceptances at the points on the normal unity conductance circle. The two
solutions for /, are shown in Fig. 4.8, and the two solutions to the design
problem are shown in Fig. 4.9.

In this example problem, there is no appreciable difference between the
solutions with regard to losses in the lines. But the solution in Fig. 4.9a has a
greater bandwidth. The distance d between the stubs must be chosen such that
the conductance contour of the load admittance intersects the rotated unity
conductance circle. Stub spacings of %/l and %,1 have been found to be reason-
able choices in practice as far as matching range and critical adjustments are
concerned.

If the load should happen to fall in the portion of the chart such that
matching is not possible using a specified distance between the stubs, then it is
necessary to add a fixed length of line between the load and the first stub in
order to adjust the load to a value that can be matched. In this design example,
the lines and the stubs have the same characteristic impedance. If different
characteristic impedances are used for the line and the stubs, the impedances
(or admittances) have to be appropriately normalized while using the Smith
chart.

(b)

Figure 4.9 Solutions to double-stub design problem.
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% Figure 4.10 Quarter-wave impedance transformer.

In practice, when stub matching is used in devices containing active compo-
nents that need DC bias, the short circuits in the stubs are replaced by capaci-
tors in order to provide DC bias through the stubs. The stub lengths in these
cases must be calculated taking the capacitive reactance into account. Open
stubs can be used only if designed properly to prevent radiation (e.g., open-
ended microstrip lines). The fringing capacitance at the open end must be
accounted for in the design of the stubs.

Quarter-Wave Transformer. A load impedance (Z;) having only a real part
(Ry) can be matched to a transmission line having a characteristic impedance
Zy by means of a quarter-wavelength (12) of a transmission line, as shown
in Fig. 4.10. Here, 1 is the wavelength in the quarter-wave section at the
design frequency. The characteristic impedance of the quarter-wave section is
given by

Zr =/Ri.Z, (4.1)

If the load impedance is complex (Ry, + X7 ), one must convert it into a real
impedance (R} ) by means of an additional length (/) of line, as shown in Fig.
4.11a, or by tuning out the reactive part by means of a stub, as shown in Fig.

4.11b, before designing the quarter-wave transformer. Then,

Zr = /R, Z, (4.2)

Quarter-Wave and gil Transformer. The complex load impedance (Z;) can
also be converted into a real impedance (R}) by means of a {n (where n is an
odd integer) length of line having a characteristic impedance equal to the mag-
nitude of the load impedance (|Z;|). The load impedance Z;, however, must

¢ /4 Open
R ' oor
o v > Zy ¢ short
z z Z:=R +jX, 2 z .
% > T > [ﬁ =R+ X >~ T Mz R, + X,
S e ] [ Tl wva |
Z R % Ry

(a) (b)

Figure 4.11 Matching complex load to real impedance by means of quarter-wave transformer.
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be normalized with respect to |Z.| before using the Smith chart [7]. Using this
technique, complex load and source impedances can be matched with the help
of two 1 A transformers and a quarter-wave transformer [6].

The fractional bandwidth of a quarter-wave transformer is given by

éj:: 2 —i cos™! Pm 2VZoRy
o n V1=p2 |RL— 2ol )’

where p,, is the magnitude of the tolerable reflection coefficient in the band Af
and f; is the band center frequency. Equation (4.3) is valid for TEM lines only.
In non-TEM lines, the phase velocity and wave impedance are frequency
dependent, and hence the analysis based on which (4.3) has been derived is not
valid unless the bandwidth of operation is small. Discontinuities in the cross-
sectional dimensions of the lines due to the step change in impedance produce
junction capacitances. This effect can be compensated for by making an
adjustment in the length of the transformer.

(4.3)

Real to Complex Impedance Transformation. Real to complex impedance
transformation can be achieved using the techniques already discussed in this
section. The need for such a transformation arises, for example, in transistor
amplifiers in which the real load and source impedances have to be transformed
to appropriate complex impedances at the transistor output and input termi-
nals, respectively. The matching network design is illustrated here with an
example.

Design Example. Consider the design of a matching network to transform Ry
(50 Q) to Zy (25 —j25 Q). The technique of impedance transformation using
a quarter-wave transformer and a transmission line (Zo = 50 Q) is illustrated in
Fig. 4.12a.

The reference impedance in this problem is 50 Q. Therefore, Zj, = Zyy/50.
Here, Z)y is located at point A on the Smith chart in Fig. 4.12b. By
moving toward the load on a constant SWR circle on the Smith chart, point
B on the real axis is located. At point B the normalized impedance Ry (2.6)
is purely real. The length /; of the 50-Q transmission line needed to accom-
plish this is 0.1624. Then Ry (Rjy x 50) can be transformed to 50 Q by

means of a quarter-wave (} A) transformer having a characteristic impedance

Zor (V2.6 x 50 x 50 = 80.62 Q).

The second solution to this matching problem is obtained by going along the
constant SWR circle toward the load on the Smith chart and intersecting the
real axis at point C to the left of the chart center. The length /; of the line
needed is 0.412 and Zy7 = 30.82 Q.

The matching networks in this example could have been designed by trans-
forming Z;y to Ry, which is evident, for example, in Fig. 4.12b. This is due
to the property of a reciprocal lossless matching network, illustrated in Fig.
4.1.
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Zp=500Q Zot R, =50Q
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Figure 412 (a) Matching circuit example. (b) Solutions to design example; quarter-wave
transformer and transmission line.
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4.2.2 Lumped-Element Techniques

In this section, impedance transformation techniques using lossless lumped
reactive elements will be presented. The lumped elements (inductors or capaci-
tors) could be discrete components or they can be realized in microwave ICs as
electrically short lengths (< }4) of microstrip lines (high Z for an inductor and
low Z, for a shunt capacitor [8]), spiral inductors, or thin-film capacitors. The
resonant frequency, quality factor (Q factor), and size of the lumped compo-
nents are the important factors to be considered in the implementation of the
lumped-element matching networks.

Matching networks are required to transform real to complex, complex to
complex, and complex to real impedances. A matching network designed to
convert Z; to Z;y also enables one to transform Zj to Z;, as illustrated in
Fig. 4.1.

Approaches to the design of lumped-element matching networks are
described in the following sections.

L-Network Approach. Two basic topologies of L-section matching networks
are shown in Figs. 4.13a and b. These networks consist of purely reactive ele-
ments. The impedances Zsg and Zsy of the series and shunt elements are rep-
resented respectively by jX and jB. Consider a design problem where the
complex load impedance Z; (= Ry +jXL) is required to be transformed to a
real impedance Z;y (= Zo).

If Z; is outside the unity resistance circle of the Smith chart, then the circuit
in Fig. 4.13a should be used. Then the series reactance and shunt susceptance
are given by [2]

X = i\/RL(ZO — RL) - XL (443.)

Zo— R.)|R
g+ YRR (4.4b)
VA
Zse Zse
ZsH Z Zsn Z
ZiN Zin

(a) (b)

Figure 4.13 Basic topologies of lumped-element matching networks: Zsg = impedance of
series element, Zsy = impedance of shunt element (inductive or capacitive).
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Since Ry < Zy (Zy is outside the unity resistance circle of the Smith chart),
the arguments in the square roots are always positive. It is evident that there
are two possible solutions.

If Z; is inside the unity resistance circle of the Smith chart, then the circuit
in Fig. 4.13b should be used. Then the shunt susceptance and series reactance
are given by |2]

Xi + \/Ri]Zo\[Re + X} - ZoR,
B R} + X?
1 XiZo Z

X =— -
BT R, BR,

B (4.5a)

(4.5b)

Since Ry > Zy (Z is inside the unity resistance circle of Smith chart), the
arguments in the square roots are always positive. Again, it is clear that there
are two possible solutions.

Once the values of X and B are determined, one could proceed to calculate
the values of the lumped elements needed at the design frequency. Positive X
implies an inductor and negative X implies a capacitor, while positive B implies
a capacitor and negative B implies an inductor.

The design of L networks is illustrated in the following sections using the
Smith chart. The graphical design approach gives quick and accurate solutions.
Further, it also enables one to gain an insight into the matching network design
process.

ZY Smith Chart. 1t is easier to design L networks using the ZY Smith chart.
In this chart, the normal Smith chart (Z chart) is rotated by 180° and super-
imposed on the original chart. The rotated chart is an admittance chart (Y
chart); as a result, the conversion from impedance to admittance coordinates is
obtained easily. On a Smith chart, the effect of adding a reactance in series
constitutes a movement along a constant resistance circle, and the effect of
adding a shunt susceptance results in a movement along a constant conduc-
tance circle. Each motion gives the value of the component to be added.

On the basis of the matching network topologies shown in Figs. 4.13a and b,
one can conclude that, depending on the combinations of lumped elements
chosen, eight different matching networks are available, as shown in Fig. 4.14.
In a given matching network design problem, more than one of the solutions in
Fig. 4.14 are possible, and some of the matching networks may not yield the
desired match, as will be shown later in this section. In general, the networks
shown in Figs. 4.14a-d yield the desired match if Z 7 is outside the normalized
unity resistance circle on the Smith chart and the networks shown in Figs.
4.14e—h give the required match for Z 1 inside the normalized unity resistance
circle. Among the possible solutions, the solution in which the lumped elements
can be realized easily and that gives the required bandwidth and frequency
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Flgure 4.14 Matching networks.

response must be selected. The physical size and resonant frequency of the
lumped component are also important considerations in the design of the
matching network.

Complex to real and real to complex impedance transformations using
jumped-element matching networks are illustrated by means of examples to
follow. The admittances and impedances are normalized to Yy (— Q‘l) and
Zo (=50 Q) references, respectively, and represented by primed symbols
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Complex to Real Impedance Transformation

Design Example 1. Consider the transformation of ¥y = (8 —j12) x 1073 Q™!
to Ziy =50 Q at 1 GHz. Here Y] (Y, normalized to % Q‘l) = 0.4 — j0.6;
Z; =0.77+1.15.

The load impedance (Z;) is located at point A4 on the ZY Smith chart in
Fig. 4.15a. The load impedance cannot be matched to 50 Q by means of the
network shown in Fig. 4.15b because the Z; (although outside the normalized
unity resistance circle) is in the forbidden region on the Smith chart for this
network! The region shown in Fig. 4.154 is a forbidden region for this network
because adding L in series produces motion in a clockwise direction, away from
the unity normalized-conductance circle that passes through the origin.

The design of the matching network shown in Fig. 4.15¢ will be described
below using the Smith chart in Fig. 4.15a:

Y, =04—,0.6 Z; =0.77+1.15 at point 4
We need to move to point B on the unity conductance circle, where
Y' =1+;0.52 Z'=0.77 - j0.42 at point B

Therefore, the reactance (X¢) needed to reach point B is —j78.5 Q
(=—j1.57 x 50 Q).
The value of the series capacitive element is

1
c= 2nf x 78.5

Since f = 1 GHz, C = 2.027 pF.

The reactance (X;) of the shunt inductor needed to reach the center (C)
of the chart is j96.15 Q (= j1.923 x 50 Q). Therefore, the value of the shunt
inductor is

96.15

Thus the network in Fig. 4.15¢ transforms the given Y; to the specified
Ziv(50 Q).

Real to Complex Impedance Transformation

Design Example 2. In this example the design of a matching network, shown in
Fig. 4.16a, to transform a real impedance to a complex impedance will be
illustrated. It is required to transform 50 Q resistance to an admittance, Y;, at
700 MHz. Here, Y, = (4 —j4) x 1073 Q. The procedures are illustrated on
the Smith chart in Fig. 4.165.
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1fXs
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(a) (b)

Figure 4.17 Network having resistance and reactance: (@) in series; (b} in parallel.

The normalized load resistance is located at the center (point A) on the
Smith chart. A movement along the constant-resistance circle to point B trans-

forms the load resistance to a normalized impedance, Zjy at B. Here,
Z}y =1—j1.98. This requires a series reactance of —j99.0 Q. The value of C

required to accomplish this is 2.297 pF. At B Y/y =0.2+0.4. We need to
reach point C, where Y}, the normalized admittance to which the 50 Q resis-
tance needs to be transformed, is 0.2 —j0.2. We need to move along the 0.2
constant conductance circle to reach point C. This is accomplished by a shunt
inductive reactance of j5 €. At 700 MHz this reactance is obtained by an
inductance (L) equal to 18.94 nH.

Network Conversion Approach. This design approach is based on the fact
that a series combination of resistance and reactance can be converted to an
equivalent parallel combination of similar elements and vice versa.

Consider the two networks shown in Fig. 4.17.

At a given frequency, the two networks in Fig. 4.17 are equivalent if
Zg = Zp. Therefore, one can convert a “parallel network™ in Fig. 4.17b to a
“series network” in Fig. 4.17a using the following equations [5]:

RpX}

Rs = ——2 4.6
ST R+ X3 (462)
XpR2
Xg=——L 4.6b
TR+ XE (4.65)

Similarly, a series network can be converted into a parallel network using
the following equations [5]:

R:+ X2

Rp = —i;rTi (4.7a)
Ri+ X2

Xp = —S%S—S (4.7b)

It is seen in the foregoing equations that the reactances in the series and
parallel networks will be of the same type. The design of impedance matching
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networks using the network conversion approach will be illustrated using the
following examples.

Design Example 1. Consider the design of a matching network to transform
Zp =10+,25.1 Q to 50 Q [5]. Converting the impedance 10 + j25.1 Q into an
equivalent parallel network, we get

10242512

10 ~73Q

Rp

Since Rp is greater than 50 Q, we need to determine the value of Xy that
gives Rp = 50 Q. Therefore, we have to solve for Xs from the equation

2 2
50 — 10° 4+ X5
10

Solving the above equation for X;, we obtain X5 = 20 Q. In order to obtain
Xs =20 Q, we must reduce the effective Xy in the load impedance (Z;) by
connecting a capacitor having —j5.1 Q in series with the load. If this is done,
then the equivalent parallel resistance is 50 Q, and the equivalent parallel
reactance is given by

102 + 20°
Xp=j————=/j25Q
JAp =] 20 J
The inductive parallel reactance of ;25 Q must then be canceled by adding a
capacitive reactance of —j25 Q in parallel. The complete circuit is shown in
Fig. 4.18. The values of the inductance and capacitance in the matching net-
work can be calculated by using the design frequency.

Design Example 2. Consider the design of a matching network to transform
Zp =100 +,25.1 Q to 50 Q [5]. From the previous example we know that a
series-to-parallel network conversion results in a larger parallel resistance.
Therefore, here one possible solution is to cancel j25.1 Q by connecting a
—j25.1 Q in series with it and then connecting a reactance (Xp) in parallel with

..................................

: | L0000 :
f _L il Rs1Q |
—> 1 =-25Q ! ! 10Q3
50Q T P ;
Matchmg -------- L oadZL Figure 4.18 Matching network solution; De-

network sign Example 1 [5].
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L js0Q L2519 (/2510
H =, H '
—> 100 Q4 ¢
00 Ji 5 .: 100 Q
Figure 4.19 Matching network solution; De- Matchmg LoadZL
sign Example 2 [5]. network

the resultant resistance (100 Q) to obtain a series resistance (Rs) equal to 50 Q.
The resulting series reactance must then be canceled by connecting an opposite
reactance in series with the network. The reactance Xp can be calculated by
solving the equation

100X3
Rs=50Q=—>"F—>
S 1002 + X3

Solving the above equation, we get Xp = +100 Q. Here, one could either
choose an inductive reactance (j100 Q) or a capacitive reactance (—j100 Q). If
we choose an inductive reactance, then the resulting equivalent series reactance
and resistance due to the parallel combination of 100 © and ;100 Q are given
by

100° 1003

= —— = Q = =
1002 + 1002 30 Rs = 1002 + 1002 0Q

Xs

The resulting series inductive reactance must then be canceled by a capacitor
having a reactance of —j50 Q. Then the input impedance of the network is just
the series resistance of 50 Q. The resulting network in this design is shown in
Fig. 4.19.

The matching network component values can be determined in the usual
manner by using the design frequency. The matching network in Fig. 4.19 has a
high-pass frequency response. If we had chosen a capacitive reactance for Xp,
then we would have a network with a low-pass frequency response.

4.2.3 Combined Lumped- and Distributed-Element Techniques

In the previous two sections, impedance matching techniques by means of
exclusively distributed and lumped elements were described. In this section,
techniques that make use of both distributed and lumped elements in the design
of impedance matching networks will be illustrated with the help of examples.

Complex to Real Impedance Transformation

Design Example 1. Consider the problem of matching the load impedance
Z; = 100 + j100  to a 50-Q transmission line. The impedance transformation
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| ‘=03632
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(b)

Figure 4.20 (a, b} Matching networks considered in Example 1. (¢) Solutions to Example 1
problem.

can be accomplished by the networks shown in Figs. 4.20a4 and b and as illus-
trated on the Smith chart in Fig. 4.20c.

At point 4, Y; is first transformed to Y/5 (1 4 71.6) at point B on the Smith
chart. Point B lies on the unit conductance circle. Point B is reached by travel-
ing along the constant SWR circle toward the generator. This transformation is
accomplished by means of a length /; (0.2211) of a transmission line (Zy =
50 Q). The shunt susceptance needed to cancel jB!) (+j1.6) is obtained by a
lumped inductor having an inductance L = 50/2nf x 1.6 H, where f is the
design frequency (in hertz). Now Y}y, is unity.

If Y; is transformed to Y}, (1 —j1.6) at point C on the Smith chart, then
the match can be accomplished by connecting a lumped capacitor in shunt (to
produce a susceptance of +/1.6), as shown in Fig. 4.20b. The capacitance C is
given by C = 1.6 x 50/2xf farads. The length / of the transmission line needed
is 0.3634.

Real to Complex Impedance Transformation

Design Example 2. Consider the problem of transforming R; (50 Q) to
Zy (25 - j25 Q). The design of the matching network using a distributed and
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Figure 4.20 (Continued)

a lumped element is illustrated in Fig. 4.21a. The impedance transformation is
accomplished by means of a quarter-wave transformer and a lumped capacitor

in series.
A second design solution to the impedance transformation problem is shown
in Fig. 4.21b. In this network, a 50-Q transmission line of length /; and a

lumped capacitor in shunt are used.
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—j25 Q
—o—]
=V50% 25
R,=50Q 2o
Zyr =35.35Q
A4
ZIN= 25 —j25 Q ZIN1 =25 Q
(a)
Yin1=50 Q7'
o |
L
N _
/50Q7" T 2,=50Q R, =500Q

F_
ZIN= 25 —/25 Q
Yin=50+750 Q'

(o)

Figure 4.21 Matching network design using (a) quarter-wavelength transmission line and
lumped capacitor in series (Design Example 2) and (b} transmission line and shunt capacitor
(Design Example 2).

4.2.4 T- and n-Network Techniques

The impedance matching techniques presented in Sections 4.2.2 and 4.2.3 have
dealt with L-section networks. When matching with only two elements, it is
difficult to obtain a high loaded Q factor. Higher values of Q factor can be
obtained by adding a third element to the network. The addition of the third
element results in a T or 7 network, as shown in Fig. 4.22. The elements of the
T and 7 networks can be realized in the form of (1) lumped reactive elements,
(2) transmission-line elements, or (3) combination of lumped reactive and
transmission-line elements. The procedures to design T and 7 matching net-

Z 2 2
] —)
- Z
= [ l Z3 z, &, ’f:l Z Z3 ’::J Z
IN [
o o—

(@ (b)
Figure 4.22 (a) T network; (b) = network.
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works having a specified Q factor to transform Z; to Z;y (Fig. 4.22) are out-
lined elsewhere [4, 6).

4.3 WIDE-BAND TRANSFORMATION TECHNIQUES

In the previous section narrow-band impedance transformation techniques
were presented. These techniques provided perfect impedance match (zero re-
flection coefficient) at a single frequency. The bandwidth of a matching network
was defined based on the tolerable reflection coefficient away from the design
frequency. The bandwidth can be increased using the techniques presented in

Section 4.2 by transforming the impedances gradually by means of a small
number of cascaded networks. However, in this section the classical wide-band
impedance matching network design techniques will be presented with examples.

4.3.1 Bode-Fano Criterion

Before embarking on the study of wide-band impedance matching networks, it
is advisable to understand the theoretical limits that constrain the performance
of an impedance matching network. Consider the circuits shown in Fig. 4.23,
where lossless networks are used to match arbitrary complex loads. A designer
would raise the following general questions before starting to design a wide-
band impedance matching network:

1. Is it possible to achieve perfect match (zero reflection coefficient) over a
specified bandwidth?

2. If the answer to the previous question is negative, what is the optimum
solution?

3. What is the trade-off between I},, the maximum allowable reflection
coefficient in the passband, and the bandwidth?

The foregoing questions can be answered by the Bode—Fano criterion [2, 9,
10], which gives for certain types of load impedances a theoretical limit on the
minimum reflection coefficient magnitude that can be obtained with an arti-
brary matching network. The Bode-Fano criterion thus gives the optimum
solution that can be ideally achieved, even though such a solution may only be
approximated in practice. Such an optimum solution is important because it
gives the designer the upper limit of performance and provides a benchmark for
comparisons of practical designs.

The Bode—Fano criterion will be explained here by considering Fig. 4.23q,
in which a lossless network is used to match a parallel RC load impedance. The
Bode—Fano criterion for this problem states that

© 1 n
In ——do < — 4.8
L Tw)] %= ’e (48
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Bode—Fano limit
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- | network J [T}

(o)
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—_ . R
matching —— do < —
I‘(wo)_~ network 3 L J T{e)| L
(d)

Figure 4.23 Bode-Fanc limits for RC and AL loads: () paralle! RC; (b) series AC; (c) paraliel
RL; (d) series RL [2].

where I'(w) is the reflection coefficient seen looking into the arbitrary matching
network.

Assume that a designer wishes to synthesize a matching network with a
reflection coefficient response as shown in Fig. 4.24. Substituting this function
in (4.8) gives [2]

lenidw—J do=Aoln - < % (4.9)
o T JawTwm Ln = RC '

From (4.9) the following conclusions can be arrived at [2):

(a) For a given load (fixed RC product), a wider bandwidth (Aw) can be
obtained only at the expense of a higher reflection coefficient (T},) in the
passband.

(b) The passband reflection coefficient (I’,) cannot be zero unless the band-
width (Aw) is zero. Thus a perfect match (zero reflection coefficient) can
be accomplished only at a finite number of frequencies.
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Irla

1

Figure 4.24 lllustration of Bode—Fano crite-
rion; optimum response: Acw = passband; Ty

I, = maximum allowable reflection coefficient L >
in passband; wg = center frequency of pass- 0 ®o o
band [2]. < Ao —>

(c) As R or C increases, the quality of match (Aw or 1/T,) must decrease.
Thus higher Q circuits are more difficult to match than are lower Q cir-
cuits.

Since In(1/|T]) in (4.8) is proportional to the return loss (in decibels), it is
evident from (4.8) that the area between the return loss curve and the |T'| =1
(0 dB return loss) line in Fig. 4.24 must be less than or equal to a constant [2].
The optimization of the matching network design then requires the adjustment
of the return loss curve in Fig. 4.24 such that |I'| = T, over the passband and
IT| = 1 elsewhere. The response shown in Fig. 4.24 is therefore the optimum
response, which can only be approached in practice.

The ideal response in Fig. 4.24 cannot be obtained in practice because it
would require an infinite number of elements in the matching network. It can
be approximated, however, with a reasonably small number of elements as
alluded to in the introduction to Section 4.3. The response of a Chebyshev
transformer described in the following section can be viewed as a close
approximation to the ideal response of Fig. 4.24 when the ripple of the Cheby-
shev response is made equal to I},. In a Chebyshev response, perfect match
(zero reflection coefficient) is achieved at a finite number of frequencies in the
passband, as illustrated in the following section.

Application of Bode-Fano Criterion. The Bode-Fano limits for four
canonical types of loads are listed in Fig. 4.23. In order to apply the Bode-
Fano criterion and determine the upper limit of performance of the matching
network, the designer must first determine the equivalent circuit model of the
load impedance to be matched. The equivalent circuit model of the load must
conform to one of the four types of loads shown in Fig. 4.23. The elements in
the equivalent circuit model of the load (the input or output impedance of a
device) may exhibit frequency dependency. In such a situation the optimal
reflection coefficient magnitude response derived by applying the Bode-Fano
limit will also be frequency dependent.

After obtaining the equivalent circuit model of the load, the designer must
apply the appropriate Bode—Fano limit (Fig. 4.23) for a specified center fre-
quency (o), bandwidth (Aw), and maximum reflection coefficient in the pass-
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Figure 4.25 Multisection quarter-wave transformer: N = number of sections.

band (I},) and determine the optimal reflection coefficient magnitude versus
frequency response as shown before. This response then serves as a goal, an
upper limit of performance, to be reached by optimizing the matching network
design.

4.3.2 Multisection Quarter-Wave Transformers

The schematic of a multisection quarter-wave transformer is shown in Fig.
4.25, in which the load impedance Z; is transformed to Zy, the characteristic
impedance of the feed line. The load Z; is assumed to be real and may be
greater or smaller than Z,. The transformer consists of discrete sections of
lines having different characteristic impedances but the same -electrical
length, I = 6. The electrical length will be a quarter wavelength at the band
center frequency fo. The transformer is symmetrical; therefore, the reflection
coefficients at the junctions of the sections are related as To| = |T'wi,
Tt =T,

In this section, two widely known multisection quarter-wave transformers,
namely, binomial and Chebyshev, will be presented. The design equations and
data based on approximate as well as exact theories of multisection quarter-
wave transformers will be given. The design procedures will be illustrated by
means of examples.

Binomial Transformer. In a binomial transformer, the function I’ (0) is
chosen such that [I'| = p and the first N — 1 derivatives (N is the number of
sections) with respect to frequency (or ) vanish at the band center frequency
fo, where § = 7. Therefore, a maximally flat passband characteristic for the
transformer is obtained. The maximally flat passband characteristic of a bino-
mial transformer is shown in Fig. 4.26. The maximum tolerable reflection
coefficient in the passband is given as p,,. The transformer sections will be a
quarter-wavelength long at the band center frequency. The parameter 6, (Fig.
4.26) is given by

20, [V
ln(Z L / Zo)

-1

0, = cos (4.10)
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Figure 4.26 Characteristic of binomial transformer.

In the case of transmission-line sections, 8 = nf/2fo, and therefore the frac-
tional bandwidth is given by
2%, 1/N

g — 2(ﬁ) _fm) =2 4 -1
In(Z./Zo)

—— cos
fo fo n

since O, = nf,u/2fo. Note that the solution to (4.10) is chosen such that
O < %n. The maximum out-of-band reflection coefficient occurs for 6 = On,
and is given by

(4.11)

Z; — 2y
Zir+ 2

Pmax =

(4.12)

In (4.12), ppax is the reflection coefficient when Z; is directly connected to the
transmission line having the characteristic impedance Zo.

Design Based on Approximate Theory. The impedances of the sections may
be calculated using the equations

Zn+1 —N ~N ZL
In —=——=2p,=2 In = .
n Z Pn C, In Ze (4.13a)
N N

n = N —n)n! (4.13b)

where Z, and Z,,; are the impedances of the nth and (n+ 1)th sections,
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respectively, p, is the reflection coefficient at the junction between Zy,and Z,,,
and C) are the binomial coefficients. Since the theory upon which the equa-
tions are based in this section is approximate, the range of Z; is limited to
about 052y < Z; < 27Zy.

Design Example. Consider the design of a two-section transformer to match
Zr =100 Q to Zy == 50 Q. The required p,, is 0.05. The transformer is to be
realized in the form of air-filled coaxial lines. The band center frequency is 4
GHz. From (4.13a),

Z]_l ZL N 2_
lnz—zlnz since Cj = 1

z? Zr .
lnz=§1n70 since C} =2

Therefore, we have

Zy = 2,7} = (100)/4(50)* = 59.45 Q
Z, =277 = (100)*4(50)/* = 84.09 Q

Since p,, = 0.05, from (4.11), the fractional bandwidth (Af/fo) is 0.496 and the
absolute bandwidth is 1.98 GHz. From (4.12), p,.,, = 0.33. The length of each
quarter-wavelength section of the transformer is 18.75 mm. A schematic dia-
gram of the transformer is shown in Fig. 4.27.

Design Based on Exact Theory. Exact results can be obtained by solving
transmission-line equations for each section numerically. Table 4.1 lists the
exact impedance data for two, three, and four sections [3]. The table lists data
for Z;/Zy > 1. For Z; /Zy < 1, the results for Zy/Z; should be used, with Z;
beginning from the load end. This is because of the symmetry in the trans-
former; therefore, the transformer that matches Z L to Zy can be reversed and
used to match Z, to .Z;.

Chebyshev Transformer. In a Chebyshev transformer, p is allowed to vary
between 0 and p,, in a periodic manner in the passband. Thus the transformer
has an equal-ripple characteristic, as shown in Fig. 4.28. A transformer of this
type provides a considerable improvement in bandwidth over the binomial

Ald A4

Zp=50Q Z;=59.45Q Z,=84.09Q [:]ZL=100Q

Figure 4.27 Two-section binomial transformer.
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Table 4.1 Binomial Transformer Design Data
N=2 N=3 N=4
Zi)Z0 Zi)Zo Za)Z0 Zi|Zo Z2]Z0 Z3/Zo Z1/Zy Z2/Zy Z3]Zo Za|Zo

1.0 1.0000 1.0000 1.0000 1.0000 1.0000 1.0000 1 .0000 1.0000 1.0000
15 1.1067 1.3554 1.0520 1.2247 1.4259 1.0257 1.1351 1.3215 1.4624
20 1.1892 1.6818 1.0907 14142 1.8337 1.0444 1.2421 1.6102 19150
30 13161 22795 1.1479 1.7321 26135 1.0718 1.4105 2.1269 2.7990
40 14142 2.8285 1.1707 2.0000 3.3594 1.0919 1.5442 2.5903 3.6633
6.0 1.5651 3.8336 1.2544 24495 47832 1.1215 1.7553 3.4182 5.3500
80 1.6818 4.7568 13022 2.8284 6.1434 1.1436 1.9232 4.1597 6.9955
100 1.7783 5.6233 13409 3.1623 74577 1.1613 2.0651 4.8424 8.6110

transformer. Further, it should be noted that a Chebyshev transformer provides
perfect match (zero reflection coefficient) at finite number of frequencies in
the passband (Fig. 4.28), as was stated in Section 4.3.1. The ripple in the pass-
band is equal to the maximum allowable reflection coefficient (p,,). Hence the
Chebyshev response can be considered as a close approximation to the ideal
response (based on the Bode—Fano criterion) shown in Fig. 4.24.

The equal-ripple characteristic is obtained by forcing p to behave according
to a Chebyshev polynomial, thus the name Chebyshev transformer. The coeffi-
cient p can be made to vanish at as many frequencies in the passband as there
are sections of transformer.

Z-%) |
2, +2

Pm —

Figure 4.28 Characteristic of Chebyshev transformer.
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The reflection coefficient I is given by

I = 27N py cos N9+ p, cos(N —2)0+ - - + p, cos(N — 2n)6 + - -]
= Ae Ty (sec 6, cos 6) (4.14)

where pg,py,...,py are the magnitudes of the reflection coefficients at the
junctions (see Fig. 4.25) and A is a constant to be determined; T (sec By, cos 6)
is a Chebyshev polynomial of the Nth degree. The last term in the series in
(4.14) is py_yy, cos 8 for N odd and lon 12 for N even. The electrical length of
the transformer sections is ;7 at the band center frequency fo. Therefore, the
length of the transformer sections is %l at the band center frequency.

Design Based on Approximate Theory. The design equations based on
approximate theoretical analysis are given below. These equations are valid if
Z; is restricted to about 0.5Zy < Z; < 2Zy:

1 _ive In Z1, Tn(sec O, cos 0)

F=§e" Zo Tu(secfn) (4.15)

Pm = ;_;l"fvi(:ta/cié),j; (4.16a)

sec 6,, = cos -]IV cos™! %/L’:;—ZQ (4.16Db)
In 221 =2p, (4.17)

It is evident from (4.16) that if the passband, and hence 6, is specified, the
passband tolerance p,, is fixed and vice versa.
The fractional bandwidth of the transformer is given by

A0 Af 4 (=
—=—==|z— 0Oy 4.

7= (%) @1
The maximum out-of-band reflection coefficient, p,,,, occurs at § = 0, = and is

given by

VAR
Zr+ 2y

Pmax =

(4.19)

The expressions for Ty(sec 6, cos ) useful in designing transformers up to four
sections are given below:

Ty (sec 6,, cos ) = sec 0,, cos 0 (4.20a)
T»(sec O, cos A) = sec? B,,(1 + cos 26) — 1 (4.20b)
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T;(sec Oy, cos 0) = sec® B,,(cos 30 + 3 cos 6) — 3 sec 6, cos 0 (4.20c)
Ty(sec O, cos 8) = sec* ,,(cos 46 + 4 cos 26 + 3)

— 4 sec? O(cos 20+ 1) + 1 (4.204d)

Expressions for T,(sec 6,, cos 8) for degrees greater than 4 can be derived using
the following equations:

Tn(x) = 2xTy-1(x) — Th_2(x) (4.21a)
T(x) = {cos(n cos™! x) for |x| < 1 (4.21b)
"7 | cosh(n cosh™! x) for |x| > 1 (4.21¢)

n
(cos §)" =271 4 ¥ = 27" Z Creimt

m=0
= 27" cos nf + C7 cos(n — 2)0
+ -+ Cp cos(n—2m)0 + - - ] (4.21d)

The last term in (4.21d) is § Gy, for neven and Cp,_,) » cos 6 for n odd. It can
be shown that the constant 4 1n (4.14) is equal to p,,. For a given p,,, Z;, and
Zy, Tx(sec 8,,) can be found from (4.16a). In (4.14), p, can be determined by
using the expressions for Ty (sec 6, cos 6) in (4.20) and equating similar terms
of the form cos(N — 2r)0 in (4.14). Then Z, can be found using (4.17).
Alternatively, Ty (sec 8,,) and 6,, can be determined using the equations

1

Pm

Z; — 27
Z; + 2y

Ty(sec 6,) =

(4.22a)

)] (4.22b)

Then p, in (4.14) can be determined by using expressions for Ty (sec 0y, cos 8)
in (4.20) and equating similar terms of the form cos(N — 2r)6 in (4.14). Then
Z, can be found using the equations

1
sec 8,, = cosh [% cosh™! (;;

Z, -2
Zr+ 2

Z, — Zy
Po = Z 7 Z (4.22¢)
Zn+1 — Zy
= 422
pn Zn+1 +Zn ( d)
Zr-Z
LN (4.22¢)

pN:ZL+ZN
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Design Example. Consider the design of a two-section Chebyshev transformer
to match impedance Zy = 50 Q to Z; = 100 Q. The maximum passband tol-

erance required is p,, = 0.05.
Using (4.16) and (4.20b), we obtain

_ 1n(100/50)

2y — 2 — = =
Ty (sec B,) = 2 sec” Op, — 1 2(0.05) 6.93

Therefore, sec 8, = 1.99 and 6, = 1.045. From (4.18) the fractional bandwidth
is

Af
— =0.669
Jo

From (4.14), (4.15), and (4.20b) we obtain

2p, cos 20 + p, = p,, T(sec 6y, cos 0)
= p,, sec? B, cos 0 + p,,(sec? O, — 1)
Therefore, we have
Po =3P 5eC* O = p; =0.099  p; = p,(sec’ O, — 1) =0.148

The impedances of the sections can be calculated using (4.17). Thus,

Z=e¥Zy=6095Q Z,=¢*Z =8195Q
The schematic of the transformer is shown in Fig. 4.29.
Design Based on Exact Theory. The equations and data necessary to design
Chebyshev transformers based on exact theory are given here. The design data

for a three-section transformer are given. The power loss ratio Prr for the
transformer is given by [3]

1
PiR=7—— (4.23)
A4 M4
Zy=50Q Z,=6095Q Z,=81.95Q [:]zL=1oog

Figure 4.29 Two-section Chebyshev transformer.
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where p is the magnitude of the reflection coeflicient and Py g can be expressed
in the form '

Pir=1+ QZN(COS 9) (424)

where Q,n{(cos 8) is an even polynomial of degree 2N in cos § having coeffi-
cients that are functions of the impedances Z,. For a Chebyshev transformer,
Prr is specified to be

Pir = 1+ k?T2(sec 6, cos 0) (4.25)

where k? is the passband tolerance on P;g. The maximum value of Pyg in the
passband is 1 + k2.

By equating (4.24) and (4.25), the equations that can be solved for the vari-
ous characteristic impedances are obtained. The passband tolerance k* and
maximum tolerable passband ripple p,, are related by

k2 172
Pm = <—“‘1 +k2) (4.26)

From (4.26) for a specified k2, p,, can be determined and vice versa. For a
specified value of k% and the number of sections in the transformer, 6,, can be
determined. The fractional bandwidth of the transformer is given by

Af _ 2(n/2 — 6,)
7% 23 (4.27)
The Chebyshev quarter-wave transformer design data for three sections are
given in Table 4.2 [3]. More extensive tables can be found elsewhere [11]. Using
Table 4.2, for a given Z;/Zp, k?, and bandwidth, the impedances of the sec-
tions can be determined. The design procedures are illustrated by the following
example.

Table 4.2 Chebyshev Transformer Design Data

Af/fo=02 Aflfo=04 Affo=0.6
Zi/Zy  Zi/Z k2 VAV A k? Z1/Zy k?

2 1.09247  1.19x 1077 1.09908 7.98 x 10~  1.1083 9.57 x 1073
4 1.19474  535x 1077 120746 3.55x 1073  1.23087 4.31 x10~*
10 1.349 192 x 1077 137482 128 x 107%  1.4232 1.55 x 1073
20 1.48359 429 x 1077 152371 285x 107*  1.60023  3.45x 1073
100 1.87411 233 x10®  1.975 1.55x 107 2.17928 1.87 x 1072

Note: Z, = w/ZLZ(); Z3 = ZLZ()/Zl.
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Design Example. Consider the design of a three-section Chebyshev transformer
to match Z; =100 Q to Zy =50 Q over a fractional bandwidth of 0.6
and having a maximum voltage standing-wave ratio (VSWR) of 1.02 in the
passband. From the given maximum VSWR, p,, = (1.02-1)/(1.02+ 1) =
9.9 x 1073, and from (4.26),

2 pr 5
In this design problem, Z;/Zy=2. From Table 4.2 for Z;/Zy =2 and
Af/fo = 0.6, k* = 9.57 x 1075, This value of k2 is less than what we need and
hence can be accepted. If an acceptable value of k? cannot be obtained for the
chosen number of sections, the number of sections must be increased.

From Table 4.2, we get Z,/Z, = 1.1083. Therefore,

Z1 =1.1083 x 50 = 5542 Q

Zy =+/Z1Zy = V100 x 50 = 70.71 Q

10
Zy = 2170/ 2, = % 90220

The schematic of the transformer is shown in Fig. 4.30. The sections are a
quarter-wavelength long at the band center frequency. The guide wavelength in
the sections may be different as in microstrip transformers. In a microstrip

transmission line the impedance and wavelength are functions of the microstrip
width—substrate height ratio. The maximum out-of-band reflection coefficient

for this transformer is

Z; — 7y
Zi+ 27y

max

’100 — 50’ 033

100 + 50

Additional Remarks. In the realization of multisection quarter-wave trans-
formers, the designer has to contend with the discontinuities in the cross-
sectional dimensions of the sections. These discontinuities have to be modeled,
and the lengths of the sections should be appropriately adjusted. If the dis-
continuities are not compensated for in the design, the frequency response of
the reflection coefficient will be modified. For example, at an abrupt change in

Al4 Al4 Al4

Z,=50Q Z,=5542Q Z,=70.71Q Z;=90.22Q +ZL=1OOQ

0.

Figure 4.30 Schematic of three-section Chebyshev transformer.
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the microstrip width, there will be additional fringing electric fields. The effect
of the fringing field can be modeled as a shunt capacitance at the junction. The
equivalent circuit of a step in the width of a microstrip line consists of an ideal
impedance step and a shunt capacitive susceptance. The junction capacitance
can be compensated for by changing the length of each section. The junction
capacitance for a step change in the width of a microstrip line can be evaluated
13].

Another important fact that modifies the performance of the transformer is
the dispersion in the lines constituting the sections. The effects of dispersion
must be taken into account in the design of the transformer.

Finally, it should be noted that for a given number of sections and a tolera-

ble value of p (i.e., p,,) in the passband, the fractional bandwidth provided by
the Chebyshev transformer is greater than that of the binomial transformer. A

binomial design gives a maximally flat frequency response with a zero reflection
coefficient at the band center frequency irrespective of the number of sections,
unlike a Chebyshev transformer. A Chebyshev transformer will have fewer
sections than a binomial transformer for a given p,, and fractional bandwidth.
Therefore, the Chebyshev design is considered to be the optimum multisection
quarter-wave impedance transformer design. The bandwidths of the Chebyshev
and binomial designs are compared in Pozar [2] and Collin [3].

4.3.3 Tapered Transmission-Line Transformers

In multisection quarter-wave transformers, the impedance transformation is
obtained by changing the impedance in discrete steps. An alternative technique
is to change the impedance level by using a tapered transition in which the
characteristic impedance of the line varies continuously.

The schematic of a tapered transmission-line matching unit is shown in Fig.
4 31a, in which the normalized load impedance Z 7 is matched to a feed line
having a normalized impedance, Z, = 1. The impedance of the taper Z'(z)
varies with distance z along the impedance taper. Figure 4.315 illustrates that
the taper can be considered to be made up of a very large number of sections,
each having an infinitesimally small length, dz, and an impedance step, dZ’',
from section to section.

From the approximate theory (small reflections) of multisection quarter-
wave transformers, the input reflection coefficient (I'iy) can be shown to be

3]

T = 1JL iz 4 (In Z') d: (4.28)
) € dz z )

where L is the length of the taper.
For a given variation of Z' with z, I’y can be evaluated using (4.28). Three
types of practical tapers will be presented in the following sections.
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Figure 4.31 Tapered transmission-line transformer.
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Exponential Taper. In exponential tapers, Z’ varies exponentially with z and
is given by

7! = g#/L)InZ; (4.29)

and I, is given by

—; sin L
[in=ie7 InZ, ﬂf (4.30)
where it is assumed that the transmission line is a TEM line in which g is not
a function of z. A plot of p;, (|I'in|) as a function of AL is shown in Fig. 4.32.
For a given length of taper, Fig. 4.32 depicts the plot of p;, versus frequency
because in a TEM line f is proportional to frequency.

Triangular Distribution Taper. The value d(In Z')/dz is chosen as a trian-
gular function of z in a triangular distribution taper. Therefore,

4z L
d(ln Z/) ﬁ In Z}J 0<z< 5 (4 31)
-—, = .
“ LZ(L—z)an’ §SZSL

1l [MJ g (4.32)
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Figure 4.32 Reflection coefficient characteristic of exponential taper.

A plot of p;, versus L is depicted in Fig. 4.33. It is evident, by comparison
with Fig. 4.32, that the triangular distribution taper has a first minor lobe peak
value less than that for the exponential taper. However, this minor lobe peak
occurs for a length of nearly %,1.

Chebyshev Taper. The Chebyshev taper is obtained by increasing the num-

ber of sections in a Chebyshev transformer indefinitely while keeping the length
L of the transformer fixed. The input reflection coefficient is given by

. cos L /ﬂ2 — p?
Tw=le#inz— Y2 (4.33)

cosh f,L

201
in Z;

L=0.8152

0 N~ e = ‘pL=2r %
7 1.637 27 3 4 54

Figure 4.33 Reflection coefficient characteristic of triangular taper.
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Figure 4.34 Reflection coefficient characteristic of Chebyshev taper transformer.

where f, is the value of f at the lower edge of the passband, as shown in Fig.
4.34. The Chebyshev taper has an equal-ripple characteristic in the passband
and is an optimum design because it gives the smallest ripple amplitude for a
fixed taper length, and, conversely, for a specified ripple amplitude it has the
shortest length.

The exact theory of tapered transmission lines and their syntheses proce-
dures can be found elsewhere [3]. In Pozar [2] the designs of three types of
tapered transmission line transformers are illustrated by means of examples.
The variation of impedance with distance along the taper as well as the fre-
quency response of the reflection coefficient are also presented in Pozar [2).

4.3.4 Lumped- and Distributed-Element Matching Networks

The synthesis of wide-band matching networks (distributed as well as lumped
element) having a prescribed frequency response of the transmission coefficient
(S21) will be presented in this section. The need for such matching networks
arises in wide-band amplifier designs.

Consider a two-stage microwave FET amplifier schematic, shown in Fig.
4.35. By a proper choice of the transistors and matching network character-
istics, the amplifier may be designed for (a) high output power, (b) low noise,
(c) high gain, or (d) a combination of these requirements over a specified fre-
quency range. The output, input, and interstage matching networks may also
be required to have a prescribed gain (Sy) slope over the given frequency
range. The following requirements in the design are commonly encountered:

1. Z; (usually 50 Q) to Z;p (or Tp) for high power—real to complex
transformation;

2. Zp (or I'p) to Zy; (T'py) for maximum power transfer—complex to com-
plex transformation;



172 IMPEDANCE TRANSFORMATION TECHNIQUES
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Figure 4.35 Two-stage microwave amplifier schematic.

Zs

3. Zpn (Tn) to Zs (usually 50 Q) for maximum power transfer—complex to
real transformation; and
4, Zs to Zopt (Topt) for low-noise figure—real to complex transformation.

The matching networks may also be required to have a prescribed |Sa1]-
versus-frequency characteristic; either a zero slope or an appropriate positive
slope (to compensate for the transistor gain roll-off). Generally a zero-gain
slope is used to obtain low VSWR at input and output. A positive-gain slope
for an interstage network is necessary to obtain a flat gain versus frequency
response for the amplifier. The design of wide-band amplifiers and the criteria
for selection of appropriate matching network characteristics are discussed
extensively elsewhere [12]. The matching networks in Fig. 4.35 can be designed
using lumped elements, distributed elements, or a combination of lumped and
distributed elements.

Extensive work has been done in the area of synthesis of wide-band lumped
and distributed matching networks. A method known as the real-frequency
technique has been developed [13, 14, 15]. Synthesis of networks having
equal-ripple characteristics has been presented [16]. A method known as the
transformation-Q approach has also been proposed (17, 18]. Here, the real-
frequency and transformation-Q techniques will be briefly reviewed.

Real-Frequency Technique. This is a numerical method and only utilizes
real-frequency (e.g. measured) load impedance data. Neither a model or ana-
lytic impedance function for the load nor a matching network topology or
analytic form of the network transfer function is required. The real-frequency
technique is further divided into two approaches: (a) line segment approach
[13] and (b) reflection coefficient approach [15]. The line segment approach is
a single-matching technique that involves synthesis of networks to transform
complex to real impedances and vice versa; the reflection coefficient approach is
a double-matching technique that enables transformation of complex to com-
plex impedances.

A commercial matching network synthesis software known as MATCH-
NET [19] uses the real-frequency technique to synthesize low-pass, high-pass,
and bandpass lumped- as well as distributed-element matching networks hav-
ing a prescribed gain (|Sz1|) slope. Figures 4.36a and b show schematics of
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Figure 4.36 Wide-band power amplifier schematic: (&) lumped-element matching networks; (b)
distributed-element matching networks; T = microstrip lines.

wide-band (2- to 18-GHz) amplifiers. The matching networks in these ampli-
fiers were designed using MATCHNET. Figure 4.36a depicts lumped-element
matching networks, and Fig. 4.36b shows distributed-element matching net-
works. The distributed elements in Fig. 4.40b are lengths of transmission lines
and open or shorted stubs.

Transformation-Q Approach. The transformation-Q approach [17, 18] is a
double-matching technique that enables the transformation between two arbi-
trary complex impedances. Though similar to the real-frequency reflection
coefficient approach, this technique relies on extending the bandwidth of a
narrow-band matching network by systematically optimizing the number of
elements and their ) factors in the matching network. A matching network
synthesis software based on this technique is available [17]. The technique can
also be implemented as a routine in commercially available computer-aided
design (CAD) software such as ADS (Advanced Design System) [20).

Additional Remarks. The matching networks designed using the real-
frequency technique or transformation-Q technique can be further optimized
using the optimization tools available in CAD software such as ADS [20].
This optimization can be used to further improve the matching bandwidth
and frequency response of the network transmission coefficient (|Sy;|). The
Bode-Fano limit can also be implemented within the CAD software. The
passband response based on the Bode~Fano limit then serves as an optimal
solution for comparison with the solutions obtained using the real-frequency
and transformation-() approaches.
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It should also be noted that whereas the software MATCHNET provides
both lumped- and distributed-element solutions, the software based on the
transformation-Q approach [17] gives only the lumped-element solution. The
lumped-element network has to be converted into a distributed-element net-
work and optimized further if a distributed-element solution is desired.

The other commercially available software tool for matching network syn-
thesis is E-syn which is part of the software ADS [20].

435 Image Impedance Terminations

It is well known that iterative and image properties of networks can be used in
the design of attenuators and filters [21]. Filters and attenuators having single
or cascade connection of T or 7 networks can be designed by the image
parameter method [2, 21]. The attenuators and filters designed by the image
parameter method need to be terminated in their image impedances. The image
impedance of an attenuator network consisting of purely resistive elements
is frequency independent, whereas the image impedance of a filter network
consisting of purely reactive elements is frequency dependent but real in the
passband. Therefore, it is necessary to synthesize networks that transform
frequency-independent loads to impedances that vary with frequency in a pre-
scribed manner. The designs of image impedance terminations for low-pass and
bandpass filter networks are illustrated in the following examples.

Low-Pass Network. In Fig. 4.37 a wide-band low-pass distributed amplifier
[22] schematic is shown. The input and output lines are low-pass filters designed
on an image parameter basis. In Fig. 4.37, 1 is an m-derived half-section filter
[2] that transforms Ro; and Ro, (both real) to T-section image impedance in the
passband. This termination network provides an image impedance having low-

Figure 4.37 Low-pass distributed amplifier schematic; I: m = derived half-section filter.
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Figure 4.38 (Continued)

pass frequency response in the passband. The equations needed for the design
are

1 —m?
S

C=1ImCy m=06
where Cy is the FET gate—source capacitance.

Bandpass Network. A wide-band bandpass distributed amplifier [23] sche-
matic is shown in Fig. 4.38a. The input and output lines are designed to be
bandpass filter structures based on the image parameter approach. The image
terminations (m in the diagram) are m-derived half-section filters [24]. In Fig.
4.38b the image impedance termination network and the design equations are
given. This network provides an image impedance having bandpass frequency
response in the passband of the filter. The topologies of other bandpass termi-
nation networks can be found in the literature [24].



REFERENCES 177

REFERENCES

. Brown, R. G., R. A. Sharpe, and W. L. Hughes, Lines, Waves and Antennas,

Ronald, New York, 1961.

. Pozar, D. M., Microwave Engineering, Wiley, New York, 1998.
. Collin, R. E., Foundations for Microwave Engineering, 2nd ed., McGraw-Hill, New

York, 1992.

. Gonzalez, G., Microwave Transistor Amplifier Analysis and Design, Prentice-Hall,

Upper Saddle River, NJ, 1997.

. Smith, J., Modern Communication Circuits, McGraw-Hill, New York, 1997.

6. Grebennikov, A. V., “Create Transmission-Line Matching Circuits for Power

10.

11.

12.

13.

14.

15.

16.

17.

18.

19.

20.
21.
22.

Amplifiers,” Microwaves & RF, Oct. 2000, p. 113.

. Steinbrecher, D. H., “An Interesting Impedance Matching Network,” IEEE Trans.

Microwave Theory Tech., Vol. MTT-22, June 1967, p. 382.

. Edwards, T. C., Foundations for Microstrip Circuit Design, Wiley, New York,

1981.

. Bode, H. W., Network Analysis and Feedback Amplifier Design, Van Nostrand, New

York, 1945,

Fano, R. M., “Theoretical Limitations on the Broad-Band Matching of Arbitrary
Impedances,” Journal of Franklin Inst., Vol. 249, Jan. 1950, pp. 57-83, and Feb.
1950, pp. 139-154.

Matthei, G. L., L. Young, and E. M. T. Jones, Microwaves Filters, Impedance
Matching Networks and Coupling Structures, Artech House, Dedham, MA, 1980.
Vendelin, G., Design of Amplifiers and Oscillators by the S-Parameter Method,
Wiley, New York, 1981.

Carlin, H. J., ““A New Approach to Gain-Bandwidth Problems,” IEEE Trans. Cir-
cuits Syst., Vol. CAS-24, Apr. 1977, pp. 170-175.

Carlin, H. J., and P. P. Civalleri, Wideband Circuit Design, CRC Press, New York,
1998.

Carlin, H. J.,, and B. S. Yarman, “The Double Matching Problem: Analytic
and Real Frequency Solutions,” IEEE Trans. Circuits Syst., Vol. CS-30, Jan. 1983,
pp. 15-28.

Carlin, H. J,, and P. Amstutz, “On Optimum Broad-Band Matching,” IEEE Trans.
Circuits Syst., Vol. CAS-28, May 1981, pp. 401-405.

Abrie, P. L. D., Design of RF and Microwave Amplifiers and Oscillators, Artech
House, Boston, MA, 1999.

Abrie, P. L. D., The Design of Impedance Matching Networks for Radio-Frequency
and Microwave Amplifiers, Artech House, Boston, MA, 1985.

Sussman-Fort, S. E., MATCHNET: Microwave Matching Network Synthesis Soft-
ware and User’s Manual, Artech House, Dedham, MA, 1991.

Advanced Design System®, Agilent Technologies, Westlake Village, CA, 2002.
Guillemin, E. A., Communication Networks, Vol. I1, Wiley, New York, 1946.
Prasad, S. N., J. B. Beyar, and I. S. Chang, “Power-Bandwidth Considerations in
the Design of MESFET Distributed Amplifiers,” IEEE Trans. Microwave Theory
Tech., Vol. MTT-35%, July 1988, pp. 1117-1123.



178 IMPEDANCE TRANSFORMATION TECHNIQUES

23. Prasad, S. N., and J. B. Beyer, “Band-Pass Distributed Amplifiers,” Microwave
Opt. Technol. Lett., Vol. 2, Oct. 1989, pp. 349-354.

24. Reference Data for Radio Engineers, Howard W. Sams & Co., New York, 1982

FURTHER READING

Chen, W. K., “Synthesis of Optimum Butterworth and Chebyshev Broadband Imped-
ance Matching Networks,” IEEE Trans. Circuits Syst., Vol. CAS-24, Apr. 1977,
pp- 152-169.

Cohn, S. B., “Optimum Design of Stepped Transmission Line Transformers,” IRE
Trans. Microwave Theory Tech., Vol. MTT-3, Apr. 1955, pp. 16-21.

Collin, R. E., “Theory and Design of Wide Band Multisection Quarter-Wave Trans-
formers,” Proc. IRE, Vol. 43, Feb. 1955, pp. 179-185.

Collin, R. E., “The Optimum Tapered Transmission Line Matching Section,” Proc.
IRE, Vol. 44, Apr. 1956, pp. 539-548.

Karakash, J. J., Transmission Lines and Filter Networks, Macmillan, New York, 1950.

Klopfenstein, R. W., “A Transmission Line Taper of Improved Design,” Proc. IRE,
Vol. 44, Jan. 1956, pp. 31-35.

Ku, W. H., and W. C. Peterson, “Optimum Gain-Bandwidth Limitations of Transistor
Amplifiers as Reactively Constrained Active Two-Port Networks,” IEEE Trans.
Circuits Syst., Vol. CAS-22, June 1975, pp. 523-533.

Mellor, D. ., and J. G. Linvill, “Synthesis of Interstage Networks of Prescribed Gain
Versus Frequency Slopes,” IEEE Trans. Microwave Theory Tech., Vol. MTT-23,
Dec. 1975, pp. 1013-1020.

Riblet, H. J., “General Synthesis of Quarter-Wave Impedance Transformers,” IRE
Trans. Microwave Theory Tech., MTT-5, Jan. 1957, pp. 36-43.

Solymar, L., “Some Notes on the Optimum Design of Stepped Transmission Line
Transformers,” IRE Trans. Microwave Theory Tech., Vol. MTT-6, Oct. 1958, pp.
374-378.

Wang, Y., “New Method for Tapered Transmission Line Design,” Electron. Lett., Vol.
27, No. 25, Dec. 1991, pp. 2396-2397.

Youla, D. C., “A New Theory of Broadband Matching,” IEEE Trans. Circuit Theory,
Vol. CT-11, Mar. 1964, pp. 30-50.

Young, L., “Tables for Cascaded Homogeneous Quarter-Wave Transformers,” /RE
Trans. Microwave Theory Tech., Vol. MTT-7, Apr. 1959, pp. 233-237; see also Vol.
MTT-8, 1960, pp. 243-244, for corrections.

PROBLEMS

4.1 Design a single-stub matching unit to match a load impedance,
Z; =75+ j100 Q to a transmission line having Z, = 50 Q using a short-
circuited stub. All transmission lines in the matching unit should have
Zo = 50 Q. Give only the solution, which has the shorter length of line
from load to stub.
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A load impedance, Z; = 100 + 750 Q is to be matched to a transmission
line having Z, = 50 Q. Design a single-stub matching units using short-
circuited stubs having Zy = 100 Q. Give two possible solutions.

Design a single-stub matching unit at 500 MHz to transform a load
consisting of a 100 Q resistor in series with a inductor of 50/x nH, to a
transmission line having Zy = 50 Q. Give only the solution having the
shorter length (d) of line between load and stub. Use an open-circuited
stub. Determine the lengths in cm of 4 and / (the length of stub) in the
solution, if the phase velocity on the lines is 3 x 10% m/sec. All trans-
mission lines in the matching unit have Z, = 50 Q.

Design double-stub matching units to match a load impedance,
Z; = 50 +j50 Q to a transmission line having Zy = 50 Q, using short-
circuited stubs. The distance between the stubs must be 31/8. All
lines including the stubs should have Z; =50 Q. Give two possible
solutions.

Design double-stub matching units consisting of open-circuited stubs
separated by 4, to match a load admittance, Y, = (1.4 +,2)Y; to a
transmission line having Zy = 50 Q. Give two possible solutions. All
lines including the stubs should have Zy = 50 Q.

A load resistance of 100 € is to be matched to a transmission line having
Zy =50 Q at 500 MHz, using a quarter-wave transformer. Determine
the following: (a) characteristic impedance, Zor of the quarter-wave
transformer, (b) physical length (in meters) of the transformer if the €, of
the line is 2.25, and (c) the fractional bandwidth obtained if the maxi-

mum VSWR that can be tolerated is 1.5.

A load impedance, Z; = 25 — j25 Q is to be matched to a transmission
line having Zy = 50 Q. Design matching units consisting of a transmis-
sion line (Zy = 50 Q) and a quarter-wave transformer. Give two possible
solutions.

A load impedance, Z; = 25 + j25 Q is to be transformed to an imped-
ance of 25 Q. Design a matching unit consisting of an open-circuited
stub (Zp =50 Q) and a quarter-wave transformer to accomplish the
transformation.

Design a matching unit to transform a load impedance, Z; = 25 —j25 Q
to 50 Q using a %l line having Zy = |Z;| and a quarter-wave trans-
former.

Design a matching unit consisting of a quarter-wave transformer and a
transmission line (Zy = 50 Q) to transform a load impedance of 50 Q to
25+ 25 Q. Give the solution having the shorter length of transmission
line.
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Design a matching unit consisting of a quarter-wave transformer and a
short-circuited stub to transform a load impedance, Z; =50 Q to
20 — j40 Q.

Design a “series-L” and “shunt-C” lumped element matching net-
work using L-network approach, to transform the load impedance,
Zr = 15+715 Q to 50 Q at 500 MHz. Determine the element values.

Design a lumped element impedance transformation network using a
L-network approach to transform 50 Q to 100 —j100 Q at 1 GHz. De-
termine the element values. Give all possible solutions.

Design lumped element impedance matching networks using a L-
network approach to transform 50 — j50 Q to 50 Q at 2 GHz. Determine
the element values. Give all possible solutions.

Design lumped element matching networks to match Z; = 10 +j40 Q to
50 Q at 2 GHz, using a L-network approach. Determine the element
values. Give all possible solutions.

Design lumped element matching networks using a network conversion
approach to transform 400 Q to 75 Q at 900 MHz. Give all possible
solutions. Determine the element values.

A load impedance, Z; = 100 + 100 Q is to be matched to 50 €, using a
combined lumped-distributed Element Technique. Design matching net-
works at 2.4 GHz using a transmission line (Zy = 50 ) connected to
the load, and then followed by a lumped element in series. Calculate the
lumped element values. Give two possible solutions.

Design a three-section binomial transformer to transform a load imped-
ance of 100 Q to transmission line having Z, = 50 Q if the maximum
reflection coefficient (p,,) that can be tolerated is 0.05. Determine the
fractional bandwidth obtained.

Design a two-section Chebyshev transformer to match a load impedance
of 100 © to a transmission line having Zo = 50 Q if the maximum
reflection coefficient (p,,) that can be tolerated is 0.05. Determine the
fractional bandwidth obtained.

Design a three-section Chebyshev transformer using exact theory to
transform a load impedance of 100 € to a transmission line having
Zo = 50 Q if the maximum reflection coefficient (p,,) that can be tol-
erated is 0.05. Determine the fractional bandwidth obtained. Compare
the bandwidth obtained to those in Problems 4.18 and 4.19.



HYBRIDS AND COUPLERS

P. Bhartia and P. Pramanick

5.1 INTRODUCTION

Hybrids and couplers form an indispensable component group in modern MIC
technology. With the inventions of new planar transmission lines like strip line,
microstrip line, fin line, dielectric image line, and their derivatives, hybrid and
coupler technology has undergone a substantial change over the past decade
due to the rapidly growing applications of MICs in the electronic-warfare,
communications, and radar industries.

Despite the fact that the basic philosophy behind the operation of such cou-
plers remains the same as in couplers designed using conventional two-wire
transmission line, their analyses and syntheses are quite involved. This is
because most of these lines support hybrid modes due to inhomogeneity in
configuration. However, the present-day analysis and synthesis techniques for
such hybrids and couplers are believed to have gained maturity.

This chapter describes the design aspects of planar hybrids and couplers in
as self-contained a presentation as possible within a limited space. In what fol-
lows in this section, we present the basics of hybrids and couplers and discuss
different types of hybrids and couplers and their applications. The next section
describes the design of matched hybrid Ts, hybrid rings, and 90° hybrids. This
is followed by a section on coupled-line couplers, both the TEM and the dis-
tributed types, as well as other miscellaneous types of couplers. The final sec-
tion includes various aspects of coupler design, such as losses and improvement
of directivity.
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Figure 5.1 Four-port network.

5.1.1 Basics of Hybrids and Couplers

A hybrid or a directional coupler can in principle be represented as a multiport
network. In such a network the port into which the electrical power is fed is
called the incident port. The ports through which the desired amounts of cou-
pled power are extracted are called coupled ports, while the rest of the ports are
called isolated ports. Although hybrids and couplers having up to six ports find
applications in many systems, we will mostly restrict ourselves to the discussion
of four-port networks without loss of generality.

Consider the four-port network shown in Fig. 5.1. If P is the power fed into
port 1 (which is matched to the generator impedance) and P,, P3;, and P4 are
the powers available at the ports 2, 3, and 4, respectively (while each of the
ports is terminated by its image impedance), the coupling coefficient is defined
as

C=-101log n=234 (5.1)

P,
P,

If port 3 happens to be the desired coupled port, the coupling coefficient is
given by

C =-10log ?3

2l aB (5.2)
1

If port 4 is the desired uncoupled port, the desired isolation is given by

I=-10log f;‘

7| dB (5.3)

The transmission to the primary port 2 is given by

P,

T =10log B dB (5.4)
1

The measure of directivity between the coupled and the uncoupled ports is
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given by
D=I-C (5.5)

As a general practice, the performance of a hybrid or a directional coupler is
specified in terms of its coupling, directivity, and the characteristic impedance
at the center frequency of its band of operation. These data enable the circuit
designer to calculate the structural parameters of the coupler.

5.1.2 Types of Hybrids and Couplers

Hybrids are a direct-coupled type of circuit. Couplers can be direct coupled,
parallel coupled, or aperture coupled.

Figure 5.2a shows the simplest direct-coupled hybrid This is a branch-line
coupler, consisting of two main lines coupled by two i ,1 line sections spaced 3 1
apart, where A is the wavelength. Such a branch- hne coupler can also be in
circular form as shown in Fig. 5.2b. In either case, the total length of all the
lines is one wavelength.

1‘l—_—' f ‘L_fﬁz

Series arm 2y

A4 «— Shunt arm

Figure 5.2 (a) Single-section branch-line coupler, (b) circular form of branch-line coupler.
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Figure 5.3 Direct-coupled coupler.  Port 1 Port 3

Figure 5.3 shows a direct-coupled coupler. It consists of two directly coupled
transmission lines. The lines can have any form depending upon the applica-
tion.

A parallel-coupled line coupler (Fig. 5.4) can be of two types, that is, the
TEM type or the distributed type. In the former, the coupled transmission lines
support a pure TEM or a quasi-TEM mode. In the latter, the mode supported
by the coupled lines are non-TEM in nature. While all of these types of cou-
plers are realized using planar IC technology, there can be another type of
coupler using aperture coupling, through some common ground plane (as used
in conventional aperture-coupled waveguide couplers as shown in Fig. 5.5)
with two similar or dissimilar types of planar transmission lines.

To achieve tighter coupling over a wider bandwidth multisections of the
previously mentioned couplers can be cascaded in tandem (to be discussed in a
later section).

5.1.3 Applications

Virtually all kinds of microwave circuits use hybrids or couplers in one form or
the other. In general, the areas of application can be divided into two parts.

Port 1 Pon.'t 2
! i
Line 1 :
!
'
! i
Line 2 A 1
1 ]
L l —-7
0 £
Port 4 Port 3

Figure 5.4 Parallel-coupled line coupler.
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(b)

Figure 6.5 Aperture-coupled couplers: (a) narrow wall coupling and (b) broad wall coupling.

1. Passive. Tuners, delay lines, filters, and matching networks. Sometimes
an array of couplers may be needed for a desired performance of the
network.

2. Active Circuits. Mainly used as directional couplers in balanced ampli-
fiers, mixers, attenuators, modulators, discriminators, and phase shifters.

5.2 DESIGN OF HYBRIDS

5.2.1 90" Hybrid

The simplest 90° hybrid is the branch-line coupler shown in Fig. 5.2a. For a
certain input power at port 1, under matched condition, there will be 90° phase
difference between the waves appearing at ports 2 and 3, at the center fre-
quency at which each arm is exactly a quarter wavelength long. This 90° phase
difference varies over +5° for a 10% change in frequency around the center
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frequency. The coupling bandwidth is 20%, but its usable bandwidth is lim-
ited to 10% due to an unacceptable change in the isolation over a bandwidth
exceeding 10%. Ideally such couplers can be designed for 3—-9 dB coupling.

There are three main arm losses in branch-line couplers. They are losses due
to the portion of power coupled to the secondary arm and the power dissipated
due to dielectric and copper losses.

Branch-line couplers can be realized using virtually all kinds of planar
transmission lines, for example, strip line, microstrip line, slot line, fin line, and
image line. However, the basic design principle is extremely simple and the
same in all cases.

The coupling factor is determined by the ratio of the impedance of the shunt
and series arms and is optimized to meet the proper match over the required
bandwidth.

For 90° hybrids the following conditions hold good (see Fig. 5.2a).

Zo\2  (ZoY
-G 5

Although the two-branch coupler is the most fundamental structure, it has a
very narrow bandwidth. This disadvantage is overcome by using multisection
couplers. But in most cases planar transmission lines require too wide a range
of impedances for this purpose. These may sometimes be difficult to realize
physically. On the other hand, very wide linewidths may require unreasonable
aspect ratios at higher frequencies due to shorter wavelengths. The physically
unrealizable high-impedance line can be avoided by using a modified hybrid
ring [1].

Complete analytical design techniques for such hybrids using Chebyshev
and Zolotarev [2, 3] functions are available. However, such techniques may
sometimes be unsuitable for the design of planar circuits because of the wide
impedance range problem, as previously mentioned. Muraguchi et al. [4] pre-
sented a computer-aided design technique that is most suitable for an optimum
design. The method is as follows.

Let us consider the lossless reciprocal four-port branch-line hybrid that has a
twofold symmetry around the x,y planes, as shown in Fig. 5.6a. The S matrix
of the hybrid can be written as

S S Su Sa
S Su Sa Su
Sy S Su S»n
Sa Sat Sm Sn

(8] = (5-8)

together with the unitary relationship
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Figure 5.6 (a) Multisection branch-line coupler. (b) Frequency response of a three-branch
optimized branch-line coupler. (After Muraguchi et al. [4]. Reprinted with permission of IEEE.)

|5'11|2+|5'21|2+|531|2+|S41l2= 1 (5.9)

Other conditions for the return loss, the power-coupling coefficient C, and
the isolation are

ISul’=0  |Sul’=C |SyP=1-C |Syl*=0
The previous quantities are required to be within certain tolerance limits

over a broad frequency band. Such tolerance limits depend upon the design
requirements. For instance, for a two-branch 3-dB microstrip hybrid reported
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by Muraguchi et al. [4], assuming less than +0.43 dB variation in coupling and
better than —20 dB isolation, a bandwidth of 30% was realized about the 1-
GHz center frequency.
Having defined the tolerance limits, the following penalty function is formed
4

F(al,...,an,bl,...,bm)=Zg]~ (510)
Jj=1

N N
g =Y ISu(A  g= S ISu () - €]
i=1 i=1

N N
g3 =Y (Sn(M=(1=C)  ga= 1Sa(f)I
i=1 i=1

where

ﬁ:fo(1+i;1) i=1,...,N (5.11)

and N is the number of sampling points. The f; are the corresponding sampling
frequencies, and fo/D is the sampling interval. All four scattering parameters
S11, Sa1, Sa1, and Sy are considered despite the fact that they are not inde-
pendent of each other for a lossless hybrid. The parameters ay,...,a, and
by, ..., by, are obtained numerically in order that the penalty function F'may be
minimized by a suitable search method. The optimization process has the fol-
lowing steps:

Step 1: The first computation is performed without any restrictions on the line
impedances by changing the sampling interval 1/D only.

Step 2: If some undesirably low and/or high impedance is encountered in the
result of the first computation, the second computation is performed after
one of their impedance values is changed to an appropriate fixed value.

Step 3: If there still happens to be undesirably low- and/or high-impedance
lines in the result of the second computation, the third computation is per-
formed after two or three impedance values are held constant.

The computation process is repeated until the prescribed tolerance limits are
exceeded.

Because of the two-dimensional nature of a planar transmission line, it is
impossible to define the circuit uniquely. Therefore a transmission-line or one-
dimensional approach is used. For hybrids with large impedance steps, junction
reactance effects are added after the optimization has been carried out. A final
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experimental correction of the electrical length is also needed. Typical fre-
quency characteristics of an optimized three-branch coupler are shown in
Fig. 5.6b.

5.2.2 Ring Form of Branch-Line Hybrid

This is a circular ring version of the square 90° hybrid described in the previous
section. Therefore, the discussion of the previous section is equally valid for
hybrid rings. The configuration is shown in Fig. 5.2b and is particularly
advantageous in the realization of microstrip phase detectors and balanced
mixers, with all ports matched.

5.2.3 Matched Hybrid T (Rat-Race Hybrid)

A matched hybrid T is a special kind of ring form of the branch-line coupler
in which the circumference is an odd multiple of %,1. As a result, the phase
response is 0°/180°. The simplest version of a matched hybrid T is shown in
Fig. 5.7. The ports A-B, B-C, and C-D are separated by 90°, and port A and
port D are three quarter-wavelengths away from each other.

Because of the impedance and the phase relationships shown in the struc-
ture, any power fed into port C splits equally into two parts that add up in
phase at ports B and D and out of phase of port A. As a result port A is iso-
lated from the input. Similarly, power fed at port A divides equally between
ports B and D with 180° phase difference, and port C remains isolated.

The frequency response of a typical % wavelength hybrid T is shown in Figs.
5.84 and b. It is observed that it offers around a 20% bandwidth in terms of
matching, split, and isolation. Moreover, the 180° phase relationship is much
more frequency sensitive than the 0° phase relationship. Still, such a response is
quite adequate for applications in mixers, SSB generators, and so on.

Figure 5.7 Hybrid ring.
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Figure 5.8 (a) Response curves for (g) rat-race magic T. Power split and isolation are express

in decibels. (b) Phase response curves for (g) rat-race magic T.

For high-frequency applications, a circumferential length of % wavelengths
may pose fabricational difficulties due to unrealizable aspect ratios of the
transmission lines. This problem is overcome by having a ring of circum-
ferential length of two wavelengths, where port A and port D are located %/1
away on the ring. The bandwidth of the ring length is around 20%.

The idealized S matrix of a matched hybrid T is given by

01 1 0
110 o 1

=110 o _i (5.12)
01 -1 0
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Figure 5.8 (Continued)

The design of a hybrid amounts to realizing the required transmission-line
sections with proper phase velocities and characteristic impedances. Direct
synthesis equations can be used in cases of strip line [5], microstrip [6], sus-
pended microstrip, and inverted microstrip [7], which support pure TEM or
quasi-TEM modes of propagation.

Realizations of the hybrids using non-TEM transmission lines like slot line,
fin line, or image line use iterative techniques with the help of accurate analysis
equations [7-9] depending upon the mode of propagation. However, closed-
form design equations are also available.

Microstrip and strip-line hybrids have been realized and successfully used in
commercially available microwave-balanced mixers and other circuit compo-
nents. Development of fin-line and image-line hybrids were researched [10].
Figure 5.9a shows a unilateral fin-line matched hybrid T, and Fig. 5.9 shows
its frequency response in the Ka band [11].
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Figure 5.9 (a) Fin-line hybrid ring. (b) Frequency response of fin-line hybrid ring. (After Rycroft
[11]. Reprinted with permission of Marconi Research Center.)




5.2 DESIGN OF HYBRIDS 193

—_— G — N

—l 4 Figure 5.10 (a) Quarter-wave long transmis-
- - sion section. (b) Reduced-size circuit equivalent
)] to quarter-wave section.

5.2.4 Reduced-Size Quasi-Lumped Quadrate Hybrid [12]

The basic building block of a distributed-line branch-line hybrid is a 90° trans-
mission line as shown in Fig. 5.10a. The 4ABCD matrix of the line is given by

FE Lj ’fﬂ] 19

The same 90° transrnission line can be replaced by combination of a shorter
transmission line cascaded with two shunt capacitances as shown in Fig. 5.105.
The ABCD matrix of the network in Fig. 5.105 is given by

4 B] ] 0 .co.sﬁe JZ sin 6 1 0 (5.14)
C D] |juwC 1 JS; cosf | [jwCy 1 '

Comparing Egs. (5.13) and (5.14) it can be shown that ¢ and C, are obtained

from
_ gnt (%
g = sin (Z (5.15)
cos 0
Cp = o7, (5.16)

It is apparent from the above two equations that one may choose either 8 or Z
and calculate the other from Eq. (5.15) and subsequently obtain C, from Eq.
(5.16). Let us consider a typical distributed-line 3-dB branch-line hybrid. The
line impedances in such a network are Zy and Zy/+/2 of the main and the shunt
are arms, respectively. If the impedances of the main and the shunt arms are
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made equal and replaced by a value Z > Z;, then both arms will have their
electrical lengths less than 90°. It can be shown that in that case the lengths of
the main and the shunt arms are given by

Brmain = sin”~' (v) (5.17)
Ocpune = sin~! <i) 5.18
hunt \/E ( )
and
0ZyCp = V1 — 02 + V2 — 12 (5.19)
where
Zy
v=" (5.20)

In MMIC technology, C, can be realized in a very small size. At the same time,
the electrical lengths of the main and the shunt arms can be made much smaller
than 90°, choosing an appropriate value of Z. For example, if we choose
\/_o, then the main and the shunt arms will have the lengths 1 §h and
respectlvely Once Z is known, C, can be obtained from Eq. (5.19). Figure 5 11

T ]
Co —_— p—
rg/12
© o— H— ®
rg/8 707 Q
| 707 Q L
® o— H——o ®
e — — ¢

Figure 5.11 Reduced-size branch-line hybrid.
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Figure 5.12 Calculated phase difference between Sy and Sy of the reduced-size hybrid, the
conventional hybrid, and the purely lumped-element hybrid. (From Hirota et al., [EEE-MTT, Vol.
38, 1990, pp. 270-275. Reprinted with permission.)

shows the reduced size branch-line hybrid. The reduction in size of this
branch-line hybrid, of course, comes with a price. Figure 5.12 shows that the
distributed-line branch-line hybrid offers a wider bandwidth. However, the
modified circuit needs groundings at two locations.

5.2.5 Modified Rat Race

The rat-race hybrid discussed in the previous section offers a narrow bandwidth
of nearly 20%. However, a modified form of conventional rat-race hybrid can
offer a much larger bandwidth. The modified version is obtained by replacing
the 3 144 long section of the conventional rat race by a pair of 1 A4 long coupled
lies as shown in Fig. 5.13.

The even- and the odd-mode impedances of the coupled lines are given by

Zoe = 2.414Zy (5.21)
_Zj
20, = 3 (5.22)

Figure 5.14 compares the performances of a modified rat-race hybrid with that
of a conventional hybrid. The modified rat-race hybrid not only offers a wider
bandwidth but also a more compact size.

Reduced-Size Rat Race [12]. Let us consider the conventional rat-race hy-
brid shown in Fig. 5.7. A reduced size quasi-lumped rat-race hybrid is obtained
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Figure 5.13 Broadband hybrid ring using a shorted parallei-coupled quarter-wave section.

by replacing the 3, and the 11, section of a conventional rat-race hybrid by
379 479

the 7 networks shown in Figs. 5.15a and b, respectively.

Figure 5.16a shows the overall network. Since the parallel combination of
L, and C, offers a very high impedance at the center frequency of the rat race,
it is eliminated in the actual physical realization of the rat-race hybrid. Figure
5.16b shows the final form of the circuit.

Lumped-Element Rat Race [13]. The %Ag and the %lg lines in a conventional
distributed rat-race hybrid can be replaced by a low-pass and a high-pass net-
work, respectively, as shown in Figs. 5.17a and b. The overall rat-race hybrid
then assumes the completely lumped-element form as shown in Fig. 5.18. On
equating the 4 BCD matrices of the corresponding distributed and lumped net-
works the values of the lumped elements are obtained as

1 1 —cos 6,
C = ’/ 5.23
! \/EZOQ) 1 +cos 01 ( )

1 1 —~cos 8,
C = 5.24
2 V2Zow V 14 cos 8 ( )

L1 = gZ() sin 01 (525)
V2
L= - Zo (5.26)

The element values of a rat for 50 Q system impedance are L} = L, = 11.25/f
nanohenrys and C; = C, = 2.25/f picofarads where fis in gigahertz.
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Figure 5.14 Broadband hybrid response (a) coupling, (b) isolation, and (c) return loss.

5.3 COUPLED-LINE DIRECTIONAL COUPLERS

The couplers described in the previous sections are inherently of narrow band-
width. Broadbanding of microwave couplers is achieved in a number of differ-
ent ways, depending upon the application.

Broadband couplers are either aperture coupled or parallel coupled. Aper-
ture coupling is used very successfully in conventional waveguide techniques

197



198 HYBRIDS AND COUPLERS
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Figure 5.14 (Continued)

for realizing directional couplers with large bandwidths. Although aperture
coupling is a convenient way of realizing directional couplers using two differ-
ent planar transmission lines, directional couplers using the same kind of pla-
nar transmission lines are realized more efficiently using parallel coupling.

5.3.1 Directional Couplers Using Aperture-Coupled Lines

Figure 5.19 shows a simple two-hole directional coupler. Electromagnetic
energy is coupled from the primary guide to the secondary guide due to the
field radiated by the excited electric and magnetic dipoles generated at the holes

(a) (b)

Figure 5.15 (a) Lumped-element circuit to replace %Ag section and (b) reduced-size circuit to
replace }/lg section of a rat-race hybrid.
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Figure 5.17 (a) Equivalent lumped-circuit of a transmission-line section of length ‘lg and (b)

lumped-element circuit for S,lg
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Figure 5.18 Lumped-element 180° hybrid.

by the propagating electromagnetic wave in the primary guide. The holes are
spaced such that the round-trip phase shift of a wave through them should be
180°. Therefore the backward-traveling waves in the secondary guide will be
completely out of phase to cancel each other at port 3. If the coupled lines have
the same propagation constant, then the forward-traveling waves in the sec-
ondary guide will be of the same phase regardless of hole spacing and are
added at port 4.

Such aperture-coupled directional couplers can be realized using various
kinds of planar transmission-line combinations, for example (1) microstrip—
microstrip, (2) microstrip-image line, (3) image line—image line, (4) image line—
trough guide, or (5) trough guide—trough guide. Some possible combinations
are shown in Fig. 5.20.

Primary

waveguide fa—(2n-1 )}‘Tg_q
Port 1 J— — —_— _ - . -
- "1 - -3 > Port 2
] ]
Cﬁarlc:el S i _édd
Port 3 Ty TS TS T T T 7y Port4

S

Secondary waveguide

Figure 5.19 Schematic of a two-aperture directional coupler.
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Expressions for Single-Aperture Coupling. The design of aperture-
coupled directional couplers requires an evaluation of the coupling and the
directivity of a simple single-aperture coupler. This is accomplished in the fol-
lowing way.

Let «, and a,, be the electric and magnetic polarizabilities of the aperture,
respectively. Then the fields radiated into the secondary guide by the electric
dipole may be expressed as

Microstrip . .
Microstrip

lines
Aperture

coupling \ /

Waveguide

(a) (b)

Microstrip

Image

)

| smmoworsms o srrwvr s

Aperture

coupling —_*,\\\\\<

72

Image line
(0) ()
Trough lines Dielectric
X slabs
S Apertyre azrrr
coupling
=7/ ]
rrri

(e) ()

Figure 5.20 Possible combinations of various aperture-coupled lines: (a) microstrip—
waveguide coupling, (b) microstrip~microstrip line, {c) microstrip—image line, (d) image line—
image line, (e) trough line--trough line, and ( ) dielectric guide—dielectric guide.
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+
E — {A‘E, zz0 (5.27a)
AE z<0
+
H, = {A‘H_ 220 (5.27b)
AH z<0
whereas those radiated by the magnetic dipole are
+
E, = {B‘E_ 220 (5.282)
BE z<0
+
H, = {B‘H_ 220 (5.28b)
BH z<0

where the superscript plus denotes propagation along the positive z direction
and the superscript minus indicates propagation along the negative z direction.
The electric and magnetic fields in the secondary guide are represented by E7,
E-, H, and H™. The subscripts e and m denote the electric and the magnetic
components, respectively.

The expressions for the amplitude coefficients can be written as

A=Ay =-2E-P
n

_ (5.29)
Bi=-B = ]—%H-M

n

where o is the angular frequency, i is the permeability of free space, and P, is
defined at z =0 as

P,,:Zj JE+ x H' - 2ds (5.30)
S

The electric and magnetic dipole moments P and M, respectively, are given by

P = —¢e(f)e.E (5.31a)
M= —uo,H (5.31b)

where E and H are the electric and magnetic fields, respectively, in the primary

guide and (f) is the effective dielectric constant at the aperture. An expression
for the effective dielectric constant is given as

N EEP(f)Ees(f)
e(f) = ) Feld) (5.32)
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where €., (f) and e.(f) are the frequency-dependent effective dielectric con-
stants in the primary and the secondary guides, respectively.
The total field radiated into the secondary guide is given by

E_{(A1+31)E+ z>0 (5.33a)

(L4 B)E <0 ‘

H_{(A1+BI)H+ z>0 (5.33b)
- (42 + B)H™ z<0 .

For all cases just described, it can be shown that 4; + By # 0. This implies that
for the single-aperture coupler the forward-coupled wave is never equal to zero,
that is, there is always radiation in the forward direction or toward port 4. For
no radiation in the backward direction, that is, to port 3, the following condi-
tion needs to be satisfied [14, 15]:

i— = cos @ (5.34)
€ep([f)€es(f) %e

where 6 is the angle between the longitudinal axes of the two guides.
For a circular aperture

% = —2p3 (5.35a)
Oy =217 (5.35b)

where r is the radius of the aperture.
For rectangular slots

_ nd¥l,
Ue = T (5363)
- 2 . wd?l
&m = (0.233d1* +- 0.044/ )x+72 (5.36b)
where d x [ are the dimensions of the slot.
The forward coupling coefficient is given by
Cr = =20 log|(A4; + B cos 6)] (5.37a)
and the backward coupling coefficient is given by
Cp = —20 log|(A2 + B, cos )| (5.37b)

Using the preceding analysis, expressions for the coupling coefficients for vari-
ous couplers are shown in Table 5.1.
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Table 5.1 Expressions for the Coupling Coefficients for Couplers

For Image Guide to Image Guide*

Cr = —20 log|(41 + By cos 0|

2ar’ cos?(kxxo) [% eo€rto + (44 c0s 0/ ’70)]

= —20 log i (2kea) /2K 1 (b + [5in(2K,6) /2K }
C, = —20 log|(42 + B cos 0)|

2wr? cos? (kxxo) [% o€y — (g €OS 0/770)]

= o (a2, 1} b + B b) 26}

Cr=-20log

C, = -201lo0g

Cr = -20log

Cy = —20log

Cr = —20 log?

Cp, = —201log

Cr=—201log

C, = —201log

For Microstrip Line to Image Line®

P Leoerty + (oeel)/m0)]
a1b1{1 + [sin(2kxa1)/2kxa1]}{l + [Sin(Zkybl)/Zkybl]}

%r3a) [% €0Ero — (,uofe(f)/no)]

@b {1 + [sin(Zkyar)/2kxar ] H{1 + [sin(Zkyb1)/ 2k, b1 ]}

%730) [% €0€Mg + (/lofe(f)/ﬂo)]

hWe(f)v ee(f)
4P Loy — (e 1)/10)]
hW(f)/e(f)
For Waveguide to Image Line*

4130 cos(kyd) cos(nd/2a)[(w/2)eoerno + B cos 6]
{al + [sin(2kxa1)/2kx]}{b1 + [sin(2k b])/Zk ]}

4130 cos(kxd) cos(nd/2a)[(w/2)eoern — B cos 6] I
Tar + 5in(2kear) /2k:]} (b1 + [sin(2k,b1)/2k,]} |

w

For Image Line to Waveguide®

2r3w cos(kxd) cos(nd/2a)[(€o€r/2) + po Y cOS 0/19]
2abY,

413w cos(kyd) cos(nd/2a)[(ocr/2) — o ¥ €OS 9/no)]
2aby, |

aFor definition of parameters, see Lange [21].

bFor definition of parameters, see [13].

For definition of parameters, see [15].
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Effects of Large-Size Aperture and Finite Conductor Thickness. The
preceding expressions for coupling ignored the effects of the finite common
ground plane thickness and large aperture size. It is assumed that the aperture’s
major dimension is considerably smaller than a quarter wavelength. The cor-
rection factor for both these coupling factors can be expressed as [14, 16]

o, _ SxPA(2ntd/h) T - (Ae/20)"]

o T T (5.38)

where ¢ is the thickness of the ground plane, A, is the cutoff wavelength of the
aperture for the appropriate mode of operation excited, Ay is the operating
wavelength, and factor 4 accounts for the interactions of local fields on either
side of the aperture. Factor 4 has been determined empirically to be 3 for a
narrow slot and unity for a circular aperture. Cutoff wavelengths . for rect-
angular and circular apertures are given in Table 5.2. The proper values for the
coupling factors with the thickness of ground plane and larger aperture effect
taken into account are obtained by multiplying 4, By, 4;, and B> by Cr with
Ac related to the type of coupling involved.

The coupling characteristics of single-hole couplers using image line—image
line reported by Bahl and Bhartia [16] are shown in Fig. 5.21a.

Design of Directional Coupler. The design of a directional coupler requires
the use of an array of apertures to obtain good directivity and coupling. For
N + 1 apertures the forward and backward coupled waves are given by [15]

Cr = AeNBid i C,e mb~Bd (5.39a)
n=0
N
Cp =AY Dpeo"hitha) (5.39b)
n=0

where B) = \/ep(f)ko, B2 = \/€es(fko (ko =2m/2o, and B, and B, are the
propagation constants in the primary and the secondary guide, respectively),
and 4 is a constant.

For a symmetrical array of apertures r; = ry_; and expressing C, = d,7; and
D, =d,t, where d, is a frequency-independent term, the forward and back-
ward coupling coefficients are given by

CF = -20 log|ts| — 20 log

zM: 2d, cos(N —2n)(0 — ﬂld)l (5.40a)

n=0

M
Z 2d,, cos(N — 2n)0
n=0

CB = —20 log|tp| — 20 log (5.40b)
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Table 5.2 Cutoff Wavelengths for Circular and Rectangular Apertures

A
Aperture Cutoff Mode  Magnetic Coupling  Electric Coupling
Circular hole
TE1 1 341 \/Er
2
e r— TMo; 261 /67
Rectangular
slot
¥ TEso 2./61
w
i TMH \/a

DE— (/D (a/ W)}

where

0 =3B+ Br)d (5.40c)

Hence, the directivity is given by

Tb
= — = — 1 —_—
D =CB-CF=-20log 7

M, 2d, cos(N —2n)0
S M 2d, cos(N — 2n)(0 — B,d)

— 20 log (5.41)

where CB, the total backward coupled wave, is zero for 6 = %n at the center
frequency, and hence M :%(N —1) for N odd and M = %N for N even, and
the aperture spacing

d=n(By+pBy)" (5.42)

An examination of (5.41) shows that unless f; and f, are widely different, the
numerator of the right-hand side has a much faster variation than the denomi-
nator. Hence an approximate broadband coupler design is possible by equating
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Figure 5.21 (a) Characteristics of single-aperture image-guide coupler. (b) Frequency re-
sponse of aperture-coupled image-guide coupler.

the numerator to an appropriate polynomial according to the desired frequency
response of the directivity. We illustrate the method for an approximate
Chebyshev-type response. Only the design steps are given. For a detailed deri-
vation of the method, the reader is referred to Ref. [17].

We write from (5.41)

M
Fx }: 2d, cos(N — 2n)8| = K|Ty(sec 6,, cos 6)] (5.43)
n=0
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Figure 5.21 (Continued)

The minimum value of directivity D,, in the passband as contributed by the
array factor Fis given by

m = 20 log| Ty (sec 6,)] (5.44)

The Chebyshev polynomial, Ty(x), is of order N with an argument x, and
6,, is the value at the upper and lower edges of the passband. According to
(5.44), therefore, if D,, is specified, then 6, automatically gets fixed and vice
versa. Or in other words, the bandwidth and the minimum passband directivity
fix each other.

The constant K is chosen to give the desired value of coupling C at the cen-
ter frequency. This is done in the following way. The coupling at the center
frequency is given by

C = —20 log[K|z/| | Tw(sec O,)]] (5.45)

Polynomial s is obtained by dividing Cy by the frequency-independent term
in C;. For example, for a circular aperture, 1y is obtained from
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Figure 5.22 (a) Conceptual design drawings of microstrip—image guide coupler. (b} Frequency
response of microstrip—irnage-line coupler.

10-G/20

7 = (5.46)

r3

Knowing C and 77, K is obtained from (5.45). Having obtained K, the
aperture dimensions are obtained from (5.43) by equating the coefficients of
cosnfd (n=0,...,M).

Using the preceding procedure, an image guide-image guide broadband
coupler was designed for operation in the Ka band. The computed response is
shown in Fig. 5.215 for 10-, 20-, and 30-dB couplers.

A conceptual design drawing and the characteristics are shown in Figs.
5.22a and b, respectively, for a Ka-band microstrip-image guide aperture-
coupled coupler.

5.3.2 TEM Line Directional Couplers

When the center conductors of two coaxial lines supporting a pure TEM mode
of propagation are brought in close proximity of each other, electromagnetic
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Figure 5.22 (Continued)

energy is coupled from one line to the other. This property has given rise to a
class of broadband planar directional couplers. Most such couplers use strip-
line or microstrip transmission lines that support pure TEM or quasi-TEM
modes.

Planer TEM line directional couplers can be either edge coupled or broad-
side coupled as shown in Figs. 5.23a and b.

In general, such coupled TEM lines support two modes that interact to give
rise to the coupling. These are the even and odd modes. Properties of the cou-
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Figure 5.23 (a) Edge-coupled microstrip lines. (b) Broadside-coupled microstrip line.

pled lines can be evaluated by suitable linear combinations of even and odd
modes.

TEM line couplers can be reduced to a four-port network as shown in Fig.
5.24a. There is a plane of symmetry that becomes a perfect magnetic wall for
the incident signals of equal amplitude and same phase at ports 1 and 4.

The plane of symmetry becomes a perfect electric wall for the incident sig-
nals of equal amplitude but of exactly opposite phases at the same ports.
Therefore each mode corresponds to a two-port network as shown in Figs.
5.24b and ¢ for even and odd modes, respectively. Analysis of the directional
coupler is accomplished by analyzing these two networks and superimposing
the responses as shown in Fig. 5.244d.

The S-matrix equation of a symmetrical and reciprocal network can be
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Figure 5.24 Schematic of directional coupler: (a) wave parameters, (b) even-mode excitation,
(c) odd-mode excitation, and (d) input excitation.

written as
by Su Sz Sz Su||a
b S S S S
2| _ [S2 Su Su Su||a (5.47)
b3 Si3 S Su Suj||as
by Siu Sz Sz Su |aa

For the even-mode excitation a; = a5 = % The corresponding reflection coeffi-
cient I, and the transmission coefficient T, are given by

by b

[=—=2=58+5Su (5.48a)
a 27}
by b

T,=====8,+5n (5.48b)

a as
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For the odd-mode excitation a; = —a; = —%. The reflection and the transmis-
sion coefficients may be written as

_bi_bs

l",, = = —= S11 - S14 (5.493)
a a4
b

-2 b_g, s, (5.49b)
a) ag

Superposition of the preceding solution gives

S =3l +T,) (5.50a)
Sip=3(Te + T,) (5.50b)
Si3=3T.—T,) (5.50¢)
Sy = %(Fe -T5) (5.50d)

Evaluation of the even- and odd-mode reflection and transmission coefficients
is done from the corresponding effective dielectric constants and the character-
istic impedances:

_Ai+Bi/Zy — CiZy — D;

= 5.51a
""" 4;+Bi/Zy+ CiZy + D; ( )
T, = 2 (5.51b)
"7 A;+ Bi/Zy+ CiZy + D; '
where the transmission matrix
A B, f:o.s Hé- JZy; sin 6; ' 552
= sin 6; i=e0 .
C,' Di J S o COS 0,'

Zy;

Knowing Zy,, 8., Z,, 8,, and Zy, and the system characteristic equation, the
performance of the directional coupler can be calculated by using (5.50) and
(5.51). For the computation of the even- and the odd-mode characteristic
impedance and phase velocity in terms of the physical parameters, the reader is
referred to Section 2.2.

Coupled TEM Line. For coupling between the purely TEM lines shown in
Fig. 5.25, we have the following special case:

0, =6,=0 (5.53)
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Figure 5.25 Coupling between two TEM lines.

which means equal, even-, and odd-mode phase velocities, which gives

Zo =/ ZoeZoo (5.54)

j[(ZOE/ZOa)l/z - (Zog/Zoe)l/Z] sin

I.=-I,= < (5.55)
where
_ A { Zoe 12 ZOo 172 :

T=2cos 0+j (ZOo> + Zo. sin (5.56)

Substitution of (5.55) and (5.56) into (5.50) gives
S11 =0 : (5578,)
Sz=T. (5.57b)
513 =0 (5.570)
S =T, (5.57d)

Such couplers are known as backward wave couplers, and are in general a
quarter wavelength long at the center frequency or § = %n.
From (5.54) and (5.55) the coupling coefficient is given by

ZOe - ZOo

C = —20 log|Sia| = —20 log|=2— =%
0 Ogl 14l 20 OgZOe+ZOO

dB (5.58)

Moreover, for a system impedance Zo of 50 Q, the matching condition (condi-
tion for a perfect input match) gives

Z2 = ZoeZoo (5.59)
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Therefore, for a specified coupling C the design equations become

1 4 10-C/20)'/2

Zoe = 2y [I_—I—O—WJ (560a)
1 - 10-C/2012

Zoo = Zy [Tm:i (5.60Db)

Once Zy, and Z, are known, the physical dimensions of the coupler can be
obtained using the equations for coupled TEM transmission lines.

Coupled Quasi-TEM Line. In coupled quasi-TEM lines, for example, in
microstrip, the odd-mode phase velocity is different from the even-mode phase
velocity. Therefore, the condition given by (5.53) does not hold good. However,
for weak couplings, (5.53) can be assumed to be approximately true. Hence the
designer may go ahead and determine the initial design using (5.58)—(5.60).
However, as the coupling gets tighter, the previous equations tend to be less
valid. In such a case, the condition for input matching becomes

Zye sin 6, + Zo, sin 6,\"/?
Zy = - - vV ZooZ! 5.61
0 (ZOe sin 8, + Zg, sin 6, 00 0e (5-61)

and the electrical length at the center frequency is

6’:1(9e+90) _ 2 Ve t Ve ) oo (5.62)
2 Ao 2

where / is the physical length of the coupler.

Single-section quarter-wave parallel-coupled line couplers are used exten-
sively in many applications. They are usually of narrow bandwidth of approx-
imately one octave. To obtain the desired coupling at the band edges, the cou-
pler has to be designed for overcoupling at the center frequency.

Frequency Response of a Single-Section Coupler. Using the analysis
equations (5.50)—(5.58), it can be shown that the frequency response of the
coupling coefficient is given by
JCsin 8
c(0) = 5.63a
©) V1 —C%cos @+ jsin 6 ( )

where C is the midband coupling for a matched, loosely coupled coupler. The
approximate frequency response of a quasi-TEM coupler is shown in Fig. 5.26.
The response is exact for a TEM coupler.

The general expression for the directivity or the undesired coupling is given
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Figure 5.26 Approximate frequency response of a quasi-TEM line.

by [18]
2
=g -1
D= [———4| 5 ] (5.63b)
where
ﬂe _Bo
A="re Fo
B,
_ pe _ po
¢= (1 +pz> § +p3)
Zoe — 2y Zoo — Zy

pe=ZOe+ZO Po = Zoo + Zo

and §, and B, are the even- and odd-mode propagation constants, respectively,
D =0 for B, = f,, that is, for a TEM coupler.

Multisection Couplers for Wider Bandwidth. For many applications, the
single-section coupler proves to be of inadequate bandwidth. Therefore, the
designer should have recourse to a multisection design. A multisection coupler
is a cascaded combination of more than one single-section coupler, each being
a quarter wavelength long at the center frequency of the band. The number of
sections to be used depends upon the tolerable insertion loss, bandwidth, and
the available physical space.

Multisection couplers can be either symmetric or asymmetric around the
center section, as shown in Fig. 5.27.

Symmetric Coupler. The symmetric coupler gives 90° phase difference be-
tween the direct and the coupled output ports under matched conditions. In
what follows we present a direct synthesis technique.
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Figure 5.27 Multisection (a) symmetrical and (b) asymmetrical couplers.

Figure 5.27a shows an n-section symmetric coupler. The coupling factor
for such an n-section symmetric coupler with weak coupling can be written as
[19]

() = %

= C sin(nf) + (C; — Cy) sin[(n — 2)6) + - - -
+ (C,' - C,'_l) sin[(n -2+ 2)0]
+ (Cnt1y/2) = Cign-1yy2)) sin 0 (5.64)

If the desired coupling response is maximally flat, then C; must satisfy a set of

L (n — 1) linear equations obtained from

[dd%(,a)} =0 r=2,46,....n—1 (5.65)
O=n/2
Note that n is always an odd integer.

The design concept is based on the fact that the backward coupled wave of a
TEM coupler corresponds to the reflected wave of a quarter-wave filter.
Therefore the designer of a TEM wave coupler has to synthesize only a two
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port in place of a four port with the reflection coefficient response the same as
the desired coupling coefficient response of the four-port directional coupler.

In terms of the midband VSWR R of the quarter-wave filter, the coupling
coefficient is given by [19]

R-1

Co=r31

(5.66)

Design of Three-Section Maximally Flat Coupler. From (5.66) we obtain

o 1+ Gy
The step VSWRs, ¥ and ¥, are calculated from
Vi = 1.1592 — 0.01666C, + 0.000474C} (5.68)
where C, is in decibels and V> = V1VR.
The step impedances of the quarter-wave filter are determined as
21 = V1 (5.69&)
Z=nh (5.69b)
Couplings of the individual sections are given by
Z? -1
C == 5.7
T Z2 41 (5.70a)
G = Z; - | (5.70b)
T 72241 '
The odd- and even-mode impedances are obtained from
1+ G 172
(Zoe)i = Zo [1 — Ci] (5.71a)
1-C'"?
Zyo); = Z - [ = 17 .
(Zoo); 0[1 - Ci] i=1,2 (5.71b)

Once (Zy.); and (Zo,); are known, the physical dimensions can be obtained
depending upon the type of transmission line. The preceding design method
holds exactly for purely TEM lines. However, a multisection symmetric micro-
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Figure 5.28 Asymmetric coupler.

strip coupler can be designed approximately with the help of the previous
method. Then the design can be improved using optimization techniques.

Asymmetric Coupler. The asymmetric coupler provides a phase difference of
0° or 180° between the coupled and the direct output ports over a wide fre-
quency band. In such couplers the two transmission lines become more lightly
coupled gradually or in steps until they reach the center of the coupler, where
they become uncoupled, as shown in Fig. 5.28. The scattering matrix for the
asymmetric coupler is obtained in the following way.

If ports 2 and 3 are excited by a pair of even- and odd-mode generators, then
analogous to (5.50), we obtain the scattering parameters at ports 2 and 3 as

S» =833 = %(1"29 + I“z,,) (5.723)
Sx3 = Sz = 3T — o) (5.72b)
Now if one assumes that the coupler is matched, so that

2y Zy(0)
C=gt = (5.73)

then the maximum coupling is at x = 0, where there is a discontinuity due to an
abrupt change from either Zy, or Zy, to Z;. Therefore the even- and the odd-



220 HYBRIDS AND COUPLERS

mode reflection coefficients at input port 1 are given by [20]

C—1

M=o
= Cc+1

(5.74a)

1-C o

:—-r =
I“la le 1+C

(5.74b)

Looking from port 2, a transmission line of characteristic impedance Zy is
terminated either by Zy, or Zgp, at x = 0. Therefore the even-mode reflection
coefficient at port 2 is given by

—

= C (5.74c)

1—‘Ze:“r20:1_+_c,

For the energy conservation principle and the electrical length of the coupler,
the transmission coefficients are given by

T =4/1—|[?e7? (5.75a)

Tie =T = IZ‘FC e (5.75b)
Therefore the scattering matrix is given by
0 p 0 —¢
p 04 O
S] = 5.76
S1=1% 40 (576)
-4 0 p 0
where
2vC
p= i:\/:ce_ﬂg (5.77a)
1-C _;
q= 1—+—Ee_120 (5.77b)

From (5.76) the relative amplitudes of the waves in the coupled and uncoupled
ports are given by coupling response Cq, at infinite frequency.

The design of the tapered asymmetric coupler can be obtained using opti-
mization programs [21]. But the Klopfenstein [22] taper seems to be the easiest
to realize for the best performance.

Three main parameters of an asymmetric coupler are the cutoff frequency
fo, the sidelobe level in the passband, and the physical length of the coupler.
Out of these, any two can be chosen by the designer.
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The even-mode impedance distribution is obtained from

, A% In(Z,/Z 2
In Z(x) =1 In(Z,2,) + %(fshz({‘l—)‘)cb (TX , A) (5.78)

where Z), and Z; are the even-mode impedances at the ends of the asymmetric
coupler, and

o

D(x,4) = > ab, (5.79)

n=0

ao=1 b0=%x

AZ
a, = man_l (5803)
— x2)"
b, = (x/2)(1 2;+) 1+ 2nb,_; (5.80D)

Usually Z; = 1 and Z; is obtained from the desired coupling response C,, at
infinite frequency.

_ Zo(0) _ 1+]Ca

Z =
2T 7Zy T 1-0Cy|

(5.81)

Once Zy, has been obtained, Z;, is obtained from (5.59). Suitable taper distri-
bution is used for optimum performance [21, 22]. For each set of Zo, and Zo,
the required physical dimensions of the coupler are obtained using a suitable
synthesis technique depending upon the type of coupled transmission lines.

5.3.3 Multiconductor Couplers

The interdigital coupler, or multiconductor coupler, invented by Lange [23],
has always been a popular component in planar circuits. Figure 5.29 shows a
four-element interdigital coupler, although in certain applications the number
of elements may be greater than four. The coupler is usually designed for 3 dB
coupling and the output phases are in quadrature. Obviously, the best realiza-
tion is in the microstrip form.

An interdigital coupler has advantages because of its small size and rela-
tively large line separation when compared with the two-coupled line device
and has a much larger bandwidth when compared with branch-line couplers.

Interdigital couplers are used for balanced MIC amplifiers, balanced mixers,
and binary power divider trees.

Design of Interdigital Couplers. Kajfez et al. [24] have described a sim-
plified design technique for the interdigital coupler. The proposed technique
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Figure 5.29 Lange coupler. |

serves many practical purposes but seems to be inadequate for an accurate
design. So far the method due to Presser [25] has been found to be the most
accurate and simplest. Moreover, it has the provision for finite strip-thickness
correction.

Consider the layout shown in Fig. 5.29. The designer is supplied with the
desired coupling coefficient, C, and the system characteristic impedance Zj.
The length of the coupled region / has to be a quarter wavelength at the center
of the band.

The main design equations for an N element (N even) coupler are written

as
ZOo
" Zo. (5.82a)
_ (N-DH(-RY
C=WW-Di+R)+2KR (5.82b)
7= %0 VR -+ RV - DR+ 1 (5.820)

Zy 1+R

Figure 5.30 shows the impedance ratio R as a function of the coupling coeffi-
cient, while Fig. 5.31 shows the normalized odd-mode impedance as a function
of the coupling coefficient. Equations (5.82a)—(5.82c) can be solved for Zo, and
Zo.. Knowing Zg, and Zj,, the physical shape ratios can be obtained using the
design equations of Garg and Bahl [26).

When the finite thickness of conductors is neglected, the designed coupler
shows an overcoupled characteristic. This is because the conductor thickness
considerably influences the coupling between the lines. The overcoupling can be
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Figure 5.30 Impedance ratio vs. coupling coefficient of a Lange coupler.

corrected by adding an extra gap AS to S expressed as

AS  t/h 4 W /h
h e <1+ln t/h ) (5:83)

where ¢/h is the actual normalized thickness of the metallization and €eo 15 the
odd-mode effective dielectric constant of the coupled lines.

Normalized odd-mode impedance, Z

o L
0 05 1.0
Coupling, C

Figure 5.31 Normalized odd-mode impedance vs. coupling coefficient of a Lange coupler.
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5.3.4 Distributed-Type Couplers

Distributed-type coupling takes place between two adjacent transmission lines
supporting purely non-TEM modes. For example, distributed-type couplers
can be realized using two open dielectric waveguides (or image guides) or fin
lines.

In general, two distributed-type coupled lines can be represented as shown in
Fig. 5.32a. Under the assumption that all four ports are matched and the cou-
pling structure has the length /, the ratio of the fields in the two lines can be
shown to be [14]

20— tan <(ﬂe _B) é) (5.84)

where f, and g, are the even- and the odd-mode phase constants, respectively.
Therefore for complete transfer of power from line a to line b requires

(Be = Bo)

(S TR

¥/
=3 (5.85)

or

4

Lzﬁe_ﬂo

(5.86)

The scattering coefficients of the structure can be written as a function of /
normalized by L as

|S12| =

cos <g é) l (5.87a)
sin (g %) ‘ (5.87b)

Equation (5.87b) shows that the required length for 3 dB coupling is one half
of L.

The preceding equations are based on the assumptions that the bent portion
of the guides have no effect on coupling. Branch junction effects near the bends
are negligible, but the assumed uncoupled lines z < 0 and z > zp do get cou-
pled. This extra coupling can be taken into consideration by defining the effec-
tive length of the coupler as

|S13] =

=1+ 22 [ [0 - R (5:88)
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Figure 5.32 (a) Schematic of distributed coupler. (b) Coupled fin lines and the field distribu-
tions. (¢} Coupled image lines and the field distributions.
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A4
i V27,
Zs
27,
. - 22,
Figure 5.33 Single-section Wilkinson coupler. 2

The integration limit z’ is chosen to be the point at which the coupling is prac-
tically negligible.

From the preceding discussions it appears that the design of any distributed
coupler requires a precise knowledge of the even- and the odd-mode phase
constants of the coupled lines. Figures 5.32b and ¢ show the cross sections of a
coupled fin lines and image lines, respectively, as examples of two commonly
used distributed couplers.

5.3.5 Wilkinson Couplers, Power Dividers, and Combiners

A Wilkinson coupler [27, 28] offers broad bandwidth and equal phase charac-
teristics at each of its output ports. Figure 5.33 shows the schematic diagram
of a Wilkinson coupler. The output port isolation is obtained by series termi-
nating the output port. Each of the quarter-wave lines has the characteristic
impedance of V27, and the output is terminated by a resistor of 2Zy ohms, Z,
being the system impedance.

A Wilkinson power divider offers a bandwidth of about one octave. The
typical frequency response is shown in Fig. 5.34. An adequately flat response is

+ 50 Q

Input 70.7 Q
50 Q
15 707 Q 1
- - 50 Q .
% I~ Uncompensated 7
>

- .
1 1

0 I t |
05 06 07 08 09 10 11 12 13 14 15
Normalized frequency

Figure 5.34 Frequency response of Wilkinson coupler. (After Howe [5]. Reprinted with per-
mission of Artech House.)
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Figure 5.35 Multisection Wilkinson coupler.

obtained over more than one octave band. But at the band edges the isolation
is affected by the load impedance.

The performance of a Wilkinson coupler can be further improved, depend-
ing upon the availability of space, by the addition of a %/l transformer in front
of the power division step. The input VSWR of the uncompensated coupler is
better than the input VSWR of the compensated circuit.

Multisection Wilkinson Coupler. The octave bandwidth of a single-section
coupler proves to be inadequate in many applications. Therefore Cohn [28]
proposed the use of multisections for bandwidth expansion. The use of multi-
sections makes it possible to obtain a decade bandwidth.

A multisection Wilkinson power-divider coupler consists of a number of
quarter-wave sections with resistive terminations at the end of every section, as
shown schematically in Fig. 5.35. Larger bandwidth and greater isolation are
obtained when a larger number of sections are used.

The characteristic impedances of the sections are obtained from the nor-
malized impedances for ii transformer sections for a 2:1 transformer. This can
be done with the help of Fig. 5.36, which presents design curves up to four
sections. Similar figures are also available for higher numbers of sections.
Having obtained the impedance of each section, values of the terminating
resistors for each section can be obtained.

For a two-section divider the values of the terminating resistors are given by

R; = 202 (5.89a)

(Z) + Z,)(Z, — Z, cot? ¢)]'/?
2R2(Zl + Zz)

Ry = Ry(Zy + Z2) - 27, (5.890)
where
T - h
$=3 [1 0.707( 2+f1)} (5.89¢)

and fy, f> are the upper and lower band edge frequencies of operation.
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Figure 5.36 Design curves for impedance transformer: (@) two section, (b) three section, and
(c) four section. (After Howe [5]. Reprinted with permission of Artech House.)

Although the design of a two-section coupler is straightforward, that of
more than two sections is cumbersome. The characteristic admittance of each
section is chosen as it is in the case of a two-section coupler. The output resistor

is obtained from

i
—_—=1=
R n

The intermediate resistor is obtained from

1

Y1 — Y

=G
Rx X

T Yi LT .. Tk

forK=2,...,N—1

(5.90a)

(5.90b)
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Figure 5.36 (Continued)

Ty = 4 Y1 Yi . forK=1,...,N (5.90¢)
(YK—I + Y + 2GK)
1
R~
_ 05¥2,
= o3
—2G-y + =2
_ZGn—Z + n—3
YZ
-2G, + 1 (5.904)

—2G, + 1+ 0.7(Sw0 — 1)
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where

S =1 for N odd
0 = S.n for N even

Use of (5.90d) requires the knowledge of the maximum ripple VSWR for the
prototype transformer sections chosen for the design. These data are obtained
from Fig. 5.37.

The minimum isolation in decibels is computed from

I>~20 log(Szj_5 1) (5.91)

where S, is the maximum VSWR ripple.
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Figure 5.37 Maximum input—output VSWR vs. bandwidth for a multisection Wilkinson coupler.
(After Howe [5]. Reprinted with permission of Artech House.)

Theoretically speaking, the performance of a multisection Wilkinson power-
divider or combiner is the same as that of a single section except for the equi-
ripple VSWR characteristics. In reality, much depends upon the fabrication
and the tolerance in the values of the terminating resistors. Smaller degrada-
tion in performance is observed over the L through the S band. However,
in the X or Ka band the degradation may be severe, lowering the minimum
isolation by even 40%. Table 5.3 gives the values of R’s and Z’s for N = 3,47
[28].

Unequal Split Wilkinson Power Dividers. Figure 5.38 shows the schematic
of the unequal split Wilkinson divider [29]. As can be seen from the figure,
output impedance transformers are also required, in contrast to the equal
power split case.

The design equations for the compensated case are as follows:
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Table 5.3 Parameters of Power Divider and Common Design Parameters for Both

Wilkinson and Improved Version Power Dividers

Number R Z

Width (mm)

Number of Expected Section = 3, Epsilon = 2.150, Thickness of Sub = 1.600 mm

1 400.000 57.485
2 211.460 70.710
3 107.180 86.980

Expected Section = 4, Epsilon = 2.150, Thickness of Sub = 1.600 mm

2.506
1.729
1.096

1 482.160 55.785 2.547
2 291.630 64.785 1.973
3 172.620 77.175 1.401
4 103.165 89.630 0.985

Expected Section = 7, Epsilon = 2.150, Thickness of Sub = 1.600 mm
1 442.480 56.370 2.415
2 616.145 60.255 2.161
3 446.230 65.085 1.887
4 319.900 70.710 1.615
5 217.580 76.820 1.365
6 129.620 82.985 1.150
7 248.260 88.700 0.978

Py
K==
P,
PP L S LA o1
1+K?
(5.92)
(1+ K2)1/4 _ 2
Z3:ZO<——KS—/4—_ Z4—Zo\/k— Z5—7—T<_

2
R=ZO<1 +KK>

while those for the uncompensated case are available elsewhere [30].

M gt /4 x/4-—1
Ps
Z
Z Z4 J
P S x
Sz —
Z Z3 Z
R P,

Figure 5.38 Schematic of unequal power split Wilkinson coupler.
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Example. If one wishes to design a split-T power combiner, with one output
port having three times the power of the other, and if the input-output line
impedances are 50 €, then K? = 3, and substituting into the preceding equa-
tions,

Z, =40.56 Z; =106.77 Z3 =35.59
Z4=66.0 Zs =37.88 R=11547

5.3.6 Other Couplers

Tandem Coupler. The design of a multisection coupler with tight coupling
over a broad bandwidth requires some of its sections to have tighter coupling
than the overall coupling. This invariably leads to physically unrealizable
spacings between the two conductors or severely reduced directivity due to sig-
nificant mechanical discontinuities in the sections. To solve this problem, in a
restricted physical space, various combinations of symmetric and asymmetric
couplers are tandemed (S5, 20]. Since in the majority of applications, the tightest
coupling may be 3 dB, two couplers may be connected in tandem to achieve the
goal. Figure 5.39a shows the symmetric tandem of two 8.34-dB couplers, while
Fig. 5.39b shows the symmetric tandem of two asymmetric couplers. Each of
the couplers of 8.34 dB when tandemed gives an overall coupling of 3 dB. This
configuration offers high power-handling capability and often represents a
good choice, provided the particular application does not require maximum
bandwidth with very low loss.

Coupler 1 Isolation
Zn
Coupler 2
Z1 22 ZN ZN-—1 zN—-(N—1)
-3dB _3dB
(a)
In Coupler 1 Isolation
|2 2
[ 4 2 Zy
-3dB 348

(b)

Figure 5.39 Tandem coupler: (a) Symmetric tandem of symmetric couplers; (b) symmetric
tandem of asymmetric couplers.



234 HYBRIDS AND COUPLERS

in Isolation
2.9
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Za,1)
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Figure 5.40 Asymmetric tandem of symmetric coupler.

Figure 5.40 shows the configuration of an asymmetric tandem of symmetric
couplers. As in the symmetric tandem of symmetric couplers, the quadrature
phase shift is maintained between the outputs.

As is apparent from the interconnections, the 90° phase relationship is
maintained in the symmetric case, but in the asymmetric case, the phase rela-
tion depends upon the number of sections.

De Ronde Coupler. The De Ronde coupler is suitable for realization of 3-dB
hybrids in MICs. The structure, shown in Fig. 5.41, was first proposed by De
Ronde [31] and has been named after him. Figure 5.41 shows that the hybrid
consists of a coupled section of a microstrip and a slot line connected by four
microstrip lines of width W),. The effective length / of the coupled section is
defined by the reference planes 77 and T3. The slot line of length 1+ 2l is ter-
minated on either side by a disc-shaped slot, D, forming an open circuit. The
effects of the parasitics due to the field perturbation occurring at the junctions
at each end are nullified by proper choice of the distance d between the two
reference planes 77 and T>.

As can be seen in Fig. 5.41, the hybrid has a double symmetry with respect
to planes P, and P,, as shown in Fig. 5.42, and itis a reciprocal four-port net-
work. The scattering parameters of the network can be written in terms of the
even- and the odd-mode reflection coefficients as in [32]

S = i(rem + Tee + Tom + Toe) (5.93a)
Sat = 3(Tem — Tee + Tom — Toe) (5.93b)
S31 = §(Tem + Tee = Tom — Toe) (5.93c)
Si1 = XTem = Tee = Tom + Toe) (5.93d)

The reflection coefficients T, Tve, Tom, and T, are referenced to Zp (the char-
acteristic impedance of the connecting section) appearing at each of the ports
on application of certain combinations of perfect electric (pec) and perfect
magnetic (pmc) planes at the planes of symmetry P; and P;.
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Figure 5.41 De Ronde microstrip slot coupler: (a) Upperside of substrate, (b) bottom side of
substrate, and (c) cross section.

A pmc at Py (Fig. 5.43a) corresponds to an even-mode excitation with ter-
minal voltages of equal amplitude and the same phase. The corresponding
quasi-microstrip field pattern is shown in Fig. 5.43b. This pattern divides the
network shown in Fig. 5.43b into two identical transmission lines of character-

istic impedance Z,

Z, =27y €re = €cp (5.94)



236 HYBRIDS AND COUPLERS

(a)

P,
|
®— | —®
1
'[
|

—_—— 1 —————F
® —|
(b) i . .
Tem) _L_ —r < Magnetic wall: e (even mode)
Il:ee | Electric wall: o (odd mode)
om
Toe I Magnetic wall: m

P> <
Electric wall: e

Figure 542 Common four-port network with double symmetry.

where Z, is the characteristic impedance of the microstrip and ¢, €, are the
effective dielectric constants of the even mode of the coupled lines and the
microstrip, respectively. The corresponding relation for the odd mode (pec at
P)) are given by (Fig. 5.43¢)

ZO = %Zs Ero = 680 (595)
where Z, and e,, are the characteristic impedance and the effective dielectric

constant of the quasi-slot-mode due to the odd-mode excitation.
In terms of the preceding parameters, the reflection coefficients are given by

_ . ZO ae
T = exp{ -j2 arctan [ZZM tan(z)} } (5.96a)

6,
T.. = expq j2 arctan [2ZM cot( > )] } (5.96b)

{
Tom = exp{ —j2 arctan[ Z. tan (02) +2B Zo]} (5.96¢)
{

27
I,. = expq —j2 arctan | — cot o +2B.Z (5.96d)
Zs 2

where
0. =p,! (5.97a)
0, =p,1 (5.97b)

and B, = (21/40)+/Eec and B, = (27/4o)+/€eo are the even- and odd-mode prop-
agation constants, respectively.
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< Magnetic wall: e (even mode)
! Electric wall: o (odd mode)

Zs€q0
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Figure 5.43 (a) Even-mode excitation of De Ronde coupler. (b) Quasi-microstrip field pattern
corresponding to even-mode excitation. (¢) Odd-mode excitation.

The term 2B.Z, accounts for the slot compensation length /; (see Fig. 5.44):

1
B. = 7 tan 6 = wC, (5.98a)
, , 2n
Oy =pl;  By= 7, Ve (5.98b)

where Z{ and e, are the characteristic impedance and the effective dielectric
constant, respectively, of the slot 5. The compensation length /; does not affect
the even-mode excitation. The capacitance C, effectively increases the odd-
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Figure 5.44 Equivalent circuit of compensated De Ronde coupler.

mode transmission phase between terminals 1 and 3, and 2 and 4. Therefore the
compensation in terms of C. leads to equal phase velocities and consequently
infinite directivity.

Special Cases of De Ronde Coupler. Ideal TEM. Although the modes
supported by the slot line and the microstrip are truly non-TEM in nature, one
can think of an ideal coupler where either supports a purely TEM mode. Such
a coupler is physically impossible to realize. However, it can be analyzed to
derive the design equations for an ideal coupler.

For an ideal coupler that is matched, Sy = S41 = 0 over the entire useful
band of frequencies. This gives, from (5.93),

1_‘ee = —rom Lem = —Too
which requires equal, even-, and odd-mode effective dielectric constants, or
€re = €rp = €¢ €ee = €eo = €e

and

Zo = \/ZeZo = ZuZs (5.99)

With the preceding conditions, the coupling and transmission coefficients are
given by



5.3 COUPLED-LINE DIRECTIONAL COUPLERS 239

(1-cy)'?
S = 5.100a
ulf) (1—C2)Y? cos 6+ sin 6 ( )
Su(f) = sCsin 0 (5.100b)

(1-C2)"?cos 6+ jsin @

where

6=2" /el
Ao

At the center frequency 6 = %n. These are the parameters of an ideal TEM
coupler as shown in Section 5.3.2. Since

ZOe - ZOo

C=—7——H 5.101
ZOe + ZOo ( )
which gives
4Zy — Z
Combining (5.99) and (5.102) gives
_Z [i+C
Zu=\1"¢ (5.103a)
I-C
Z, =27 5.103b
Vit (5.103b)

For a 3-dB coupler in a 50-Q system, one obtains, using the previous equations,
Zy =6035Q Z;,=414Q

Real Uncompensated Coupler. In a real uncompensated coupler /; = 0. For
all couplers of conventional dimensions, €,, < ¢€,,. This gives the odd-mode
phase velocity greater than the even-mode phase velocity. However, the fol-
lowing condition is always satisfied

2(6—1) <1 (5.104)

€ee T €¢p

Equation (5.104) implies that for feeding at port 1, the direct port 2, the cou-
pled port 3, and the isolated port 4 remain unchanged.
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In the preceding case certainly the directivity log D < oo and S11 > 0.
However, if the synthesis equation (5.103) is used for designing the coupler, the
following conditions hold:

S, Sa1 €1

and a first-order approximation yields

€ee T €co

T [ €ce — €eo 1-C?
4 \ €pe + €0 C

Su(fo) = —jg (e“ — 6‘“’) CV1-C? (5.105a)

D(fo) = —20 log (5.105b)

where f; is the center frequency.

Real Compensated Coupler. For compensation, the slot length is increased
by an amount /; and Z; is changed to Z. Under the assumption that the com-
pensation is realized at the center frequency referenced to the microstrip line

and Z; = Z;, €], X €, the required compensation parameters are given by

x Zs T [€eo T [€eo
Z: =5 {cot<4 -—eee) +tan(4,/——eee)} (5.106a)
g fee 2 o {E ) in? (B [
=1 P tan {Zs [1 sin (4 688)]} (5.106b)

Computation of Even- and Odd-Mode Parameters. It is obvious that the
coupled section of the device is not purely microstrip nor purely slot line either.
An exact analysis of the structure therefore requires the help of numerical
techniques. Such techniques are often difficult to carry out. On the other hand,
accurate models for analysis of microstrip and slot line are available (6] These
models can be used to approximately realize the design parameters, and the
approximations have been found to be valid for all practical purposes as long
as the coupling coefficient is less than 6 dB over the 2- to 18-GHz range. The
typical performance of an uncompensated coupler is shown in Figs. 5.45a and
b, where ay; and a3 are the transmission loss and coupling loss, respectively.

5.4 DESIGN CONSIDERATIONS

5.4.1 Losses in Hybrids

The total loss in direct-coupled hybrids can be estimated from the combined
dielectric and conductor losses in the individual lines. These are obtained using
closed-form equations for microstrip- and strip-line-type transmissions lines
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Figure 5.45 Performance of uncompensated coupler. (After Hoffmann and Siegel [32]. Re-
printed with permission of IEEE.)

[26]. For other types of transmission lines, numerical techniques are used [33].
The loss in coupled lines was dealt with in Chapter 2.

The attenuation due to the even mode «f is always less than that due to the
odd mode . In coupled lines the loss is given by the average of the losses due
to even and odd modes. In almost all planar coupled lines the conductor loss
greatly exceeds the dielectric loss [26)].
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Figure 5.46 Parallel coupler microstrip with grounded shield.

As in strip lines and microstrip lines, the primary contributors to losses
in dielectric-based planar waveguide complers are the dielectric loss and the
metallic loss. Such losses are always computed numerically from the associated
field equations [34].

5.4.2 Directivity Improvement

Because of the inhomogeneity in dielectric structure the directivity of microstrip
couplers offers a poor bandwidth resulting from different odd- and even-mode
phase velocities. There are several ways to equalize the phase velocities, which
are as follows.

Use of a Shield. These structures nearly equalize even- and odd-mode phase
velocities. The cross section of the structure is shown in Fig. 5.46. This config-
uration essentially redistributes the field with a substantial amount of the field
in the air dielectric medium above the coupled strips. For d = h the phase
velocities are exactly equal and each is equal to

c

Ve = Up = —————r (5.107)
(e +1)/2
50 Q 50 Q
Wo W,
‘ w
C-| Tr S f -LCZ
!
J\
0.43W
, £
50 Q 50 Q

Figure 5.47 Lumped-capacitor compensation of microstrip coupler.
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o

Figure 5.48 Parallel coupled microstrip with overlay compensation.

Strictly speaking improvement in directivity is obtained at the cost of man-
ufacturing difficulties in this case.

Use of Lumped Capacitors. Using lumped capacitors at the ends of the
coupled section is the simplest way of achieving equal phase velocities. The
structure is shown in Fig. 5.47. This effectively increases the odd-mode phase
angle by [14]

AG, = 27‘[f0(C1 -+ Cz)Z()o (5108)

where f; is the center frequency of the coupled line.

Use of a Dielectric Overlay. The presence of another dielectric layer of the
same permittivity as that of the substrate reduces the odd-mode phase velocity
to a large extent without considerably affecting the even-mode phase velocity
[35]. Thus controlling the thickness and width of the overlay, the even- and the

odd-mode phase velocities can be equalized within 1% over quite a broad band.
As shown in Fig. 5.48, the overlay covers the two strips where the main cou-

pling takes place. The overlay is bonded with the help of some kind of epoxy.
However, this method is practically cumbersome due to its poor repeatability.
To overcome this problem a multilayer structure using different dielectric con-
stants materials has been recently proposed [35].
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PROBLEMS

5.1 Determine the aperture radii of five-section Chebyshev rectangular

waveguide to image-line and image-line to rectangular waveguide direc-
tional couplers for 20 dB coupling, with minimum directivity of 40 dB, a
bandwidth of 4%, and operational frequency of 35 GHz. Choose suit-
able guide dimensions for the fundamental mode of operation. Assume
that the image line has a dielectric constant of 2.54.

5.2 Determine the aperture radii of five-section Chebyshev image-line—

microstrip and microstrip—image-line couplers for a required coupling of
10 dB, directivity of 50 dB, bandwidth of 16%, ¢, of 2.54, and center
frequency 35 GHz.

5.3 Design a single-section microstrip directional coupler with the following

specifications: Coupling 10 dB, substrate ¢, = 9.0, substrate thickness
0.635 mm, system center frequency 4.0 GHz, impedance 50 Q. Neglect
dispersion.

5.4 (a) Find the impedances of a hybrid ring directional coupler for the fol-

lowing power split ratios:
1.0dB
2.3dB
3.9dB
(b) For a strip-line-type coupler, find the corresponding strip width di-
mensions for a substrate ¢, = 3.8 and ground plane spacing of 2.5 mm.
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55

5.6

5.7

58

5.9

5.10

HYBRIDS AND COUPLERS

Design an image-line edge-coupled directional coupler with 0 dB cou-
pling at 33 GHz, return loss <25 dB, and directivity <30 dB over the 30-
to 40-GHz frequency band. Assume ¢, = 2.22.

A TEM-mode asymmetric directional coupler has Co, = 3.01 dB. Draw
the even- and odd-mode impedance profile as a function of the elec-
trical length of the coupled section, which is required to be of %/1 length.
Repeat the plot for Cy, = 10 dB.

Design an edge-coupled 10-dB microstrip coupler on 0.25-mm alumina
substrate for operation over the 30- to 40-GHz band. The required
return loss and the directivity are 30 and 45 dB, respectively. Use suit-
able capacitances for phase velocity compensation.

Design a 3-dB Lange coupler on a 0.38-mm fused quartz microstrip
substrate with isolation and return loss >25 dB over the 8- to 12-GHz
range. Redesign the circuit for operation over 11-15 GHz.

Design a four-way symmetric power divider in microstrip configuration
with the following specifications:

Center frequency =4 GHz
Power in the outermost arms = 20%
Power in the innermost arms = 30%
Input and output impedance = 50 Q

The microstrip parameters are ¢, = 9.9, £ = 0.63 mm, and 7 = 5 pm.

Design a three-branch symmetric branch-line coupler in strip line having
3 dB coupling at 4 GHz. Compare its 3 + 0.5 dB coupling bandwidth
with a two-branch coupler. The strip-line parameters are b = 1.2 mm,
t =0, ¢, = 2.32, and discontinuity effects may be ignored.
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Edward Griffin and Inder Bahl

6.1 INTRODUCTION

Most microwave systems consist of many active and passive components that
are difficult to design and manufacture with precise frequency characteristics.
In contrast, microwzave passive filters can be designed and manufactured with
remarkably predictable performance. As a result, microwave systems are usu-
ally designed so that all of the troublesome components are relatively wide in
frequency response to minimize their effect on the overall system. Filters are
then incorporated to very precisely set the system frequency response. Since the
filters are the narrowest bandwidth components in the system, it is usually the
filters that limit such system parameters as gain and group delay flatness over
frequency.

A passive microwave filter is a circuit component consisting of lumped ele-
ments (inductors, capacitors, and resistors) only or distributed elements (wave-
guide sections or microstrip or fin line or any other medium) or both arranged
in a particular configuration (topology), so that desired signal frequencies are
allowed to pass with minimum possible attenuation while undesired frequencies
are attenuated. In the broadest sense, all microwave components can be
considered as filters, since each will exhibit some band-limiting behavior when
used in a system. Sometimes filters are also used for impedance matching, as
described in Chapter 4.

Immense work has been done on filters, and it is not possible to include
every aspect of filters in this book due to its limited scope. However, the intent
of this chapter is to touch upon the important topics dealing with design of
printed-circuit filters and provide references to facilitate more in-depth study.

Microwave Solid State Circuit Design, 2nd Edition, Edited by Inder Bahl and Prakash Bhartia
ISBN 0-471-20755-1 Copyright © 2003 by John Wiley & Sons, Inc.
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Figure 6.1 (a) General form of a filter network. (b) Equivalent circuit for power transfer calcu-
lations.

The microwave filters that are described in this chapter are two-port recip-
rocal, doubly terminated, passive, linear, reflective, and lossy. A filter may be
viewed conceptually as shown in Fig. 6.1. Two port simply refers to the fact
that the device has two electrical terminals: The input is driven by a signal
generator while the output is connected to a load. A reciprocal device is one for
which there is no preferred signal propagation direction between ports. This
does not mean that a reciprocal device can have input and output interchanged
without changing electrical performance, because the impedance levels of the
two ports may be different. If the generator and load impedances are identical,
a reciprocal device will have identical transmission characteristics when hooked
up in either direction, but the reflection characteristics may be different. Prac-
tical filters are never precisely identical in reflection characteristics at the input
and output due to manufacturing tolerances. Most microwave systems are
designed to operate with resistive source and load impedances of 50 Q. A filter
designed to operate with resistive source and load impedances (not necessarily
50 Q) is called a doubly terminated filter.

A passive device is one that has no internal energy sources. Incident signal
power is reflected, absorbed, or transmitted but not amplified. A linear device is
one for which all power levels (reflected, absorbed, transmitted) are propor-
tional to the incident power. A linear device generates no new frequency com-
ponents and no intermodulation products and does not compress the signal.
Since there is no interaction between signals, problems with multiple transmis-
sion can be treated by superposition. For example, independent signals could
be propagating both ways simultaneously through the filter.
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Figure 6.2 Dissipative filter.

No device is truly linear for all input powers, since at some power level, the
device will either arc out or melt. Practical filters operating below their maxi-
mum rated power levels are generally well treated as linear devices. One
exception to this rule occurs in sensitive systems with high power levels where
passive low-level (typically 100 dB below the signal level) intermodulation
generation can be a problem, particularly at joints and connections between
dissimilar metals.

A reflective filter is one that achieves rejection by reflecting the incident
power. Reflective filters can be thought of as transformers that impedance
match the source and load at frequencies where minimum loss is desired
and mismatch the source and load at frequencies where rejection is desired.
Filters using capacitor and inductor lumped elements and low-loss distributed
elements are of the reflective type. Filters that dissipate the rejected signal
internally are called dissipative or absorbtive filters. A dissipative filter can also
be realized using a reflective filter and two isolators, as shown in Fig. 6.2. A
lossy filter is one for which the incident power is greater than the sum of the
reflected and transmitted power; some power is always attenuated within the
filter. All practical filters are lossy to varying degrees. Filters made using
superconductors can be nearly lossless. Recent advances in high-temperature
superconductors may cause much greater exploitation of superconducting ele-
ments in filters.

6.1.1 Filter Parameter Definition

We now go on to define some of the commonly used terms in the design of
filters. When one is designing a filter, the important specifications one looks
into are frequency range, bandwidth, insertion loss, stopband attenuation and
frequencies, input and output impedance levels, voltage standing-wave ratio
(VSWR), group delay, phase linearity, temperature range, and transient
response.

As shown in Fig. 6.1a, the input is driven by a signal generator with the
output passing to a load. At the input plane of the filter, the power may be
broken into three components: Py, the incident power from the generator; Pg,
the power reflected back toward the generator; and Py, the power absorbed by
the filter. The power passed on to the load is P;.
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Conservation of energy demands that

Py, =Pr+ Py P <Py (61)

where P, = P, if the filter is lossless and Pp = Piy if the filter is lossless and
there are no reflections.

The incident power is the same as the maximum available power from the
generator. Then

_

n = 1Re (6.2a)
P = |I.|*Ry (6.2b)
Py =Rellg(Vs - I6Rg)] (6.2¢)

VZ
PR = —G _ Re[lg(VG t IgRg)] (62d)
4R¢

where Re denotes the real part of the argument and other quantities have their
usual meanings. Complex notation has been introduced because filters will
usually impose phase shifts on the signals passed.

Insertion Loss. The insertion loss IL (in decibels) at a particular frequency is
defined as

IL = -10log I}’)—L (6.3)

Thus if IL = 3 dB, only 50% of the available or incident power is delivered to
the load. The filter rejection RJ (in decibels) at a given frequency is defined as

P

RJ = —10 log == — IL,, (6.4)
P in

where IL,, is the midband, or sometimes the minimum insertion loss. For

example, a filter that has 2 dB minimum insertion loss must reach 22 dB inser-

tion loss to obtain 20 dB of rejection.

Return Loss. Three related parameters, the return loss (RL), VSWR, and
reflection coefficient (p), are commonly used to characterize filter reflections.
Return loss is used with filters because it is a sensitive parameter describing fil-
ter performance. The return loss is the ratio of the input to reflected power:

3 Pr VSWR — 1\
RL = —10log P —10 10g<VSWR n 1>

— ~10 log(lo]") (6.5)
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Table 6.1 Return Loss, Insertion Loss, and Related Parameters

RL IL Transmitted
(dB) (V) VSWR (dB) Power (%)
0 1 0 0 0
0.5 0.9441 34.75 9.64 10.87
1 0.8913 17.39 6.87 20.6
2 0.7943 8.72 4.33 36.9
3 0.7079 5.85 3.02 49.9
4 0.6310 4.42 2.20 60.2
6 0.5012 3.01 1.26 74.9
8 0.3981 2.32 0.75 84.2
10 0.3162 1.93 0.46 90.0
12 0.2512 1.67 0.28 93.7
15 0.1778 1.43 0.14 96.8
20 0.1000 1.22 0.04 99.0
25 0.0560 1.12 0.01 99.7
30 0.0316 1.07 <0.01 99.9

Some typical values for RL, p, VSWR, IL, and percentage of transmitted
power are given in Table 6.1.

In addition to the insertion loss and return loss, phase characteristics of a
filter are often very important. The transmission phase ¢7 (in radians) is given
by

¢r = arg(lL) (6.6a)

and the group delay t, (in seconds) is defined as

d¢r _ 1 dgr
where o is in radians per second.

Group delay is important in several ways. It is a measure of how long a
signal takes to propagate through the filter. Deviation from constant group
delay over a given frequency band will cause FM signals to become distorted.
With constant group delay, components of multifrequency signals will travel at
the same velocity through the device with the result that there will be no fre-
quency dispersion; sharp pulses will remain sharp; and so on.

Typically, signal delay can be compensated for in a system, but one has to
live with dispersion. There are two ways commonly used to define the limits of
frequency dispersion. Most common is to specify maximum permissible group
delay variation over frequency. Alternatively, the maximum deviation from
linear phase (DLP) may be specified. The DLP over a given frequency range is
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the maximum deviation between the device phase and a linear phase, that is,
DLP = max(¢; — Kwt) (6.7)

where constant K has been chosen to minimize the deviation from linear phase.
Note that if the group delay is constant (namely for an idealized transmission
line), DLP is zero.

There are some pitfalls associated with equating the device group delay with
the signal time delay through the device. When the group delay is calculated by
most analytic techniques, the actual physical extent of the filter is ignored, and
the transient response is incompletely considered. The group delay will be a
reasonable estimate of how long the main body of the signal takes to go
through the filter, but the situation is more complicated.

Every filter has both a “steady state” and a “transient” response that may
be quite different. That means, for the pulse-modulated signals whose outputs
are complex functions of time, the rejection of a filter may be seriously altered
from the steady state for pulsed signals with pulse length on the same order as
or shorter than the group delay. In a channelized receiver, accounting for a
transient phenomenon through filters is one of the most challenging tasks in the
design, especially if the receiver is designed to measure the most accurate fre-
quency information on short pulses.

If a single-frequency signal within the passband of a filter is abruptly turned
on at time ¢ = 0, the envelope of the output signal will look something like that
shown in Fig. 6.3. Signal packets that arrive before the main body of the signal
are called precursors. Note that the signal will typically overshoot and then
follow a damped oscillation about its final value.

A different manifestation of the same phenomenon is shown in Fig. 6.4,
which compares the steady state and rapidly pulsed on and off insertion loss

—_

Envelope of single-frequency
output signal

0

Time

Figure 6.3 Typical output of a filter when a single-frequency input signal is abruptly switched
onatf=0.
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Figure 6.4 Qualitative curves comparing a bandpass filter response to pulsed and steady state
signals.

response versus frequency. The two dips in the curve due to the transient
response of the filter are called rabbit ears. In most applications, transient
effects can be ignored if pulsewidths are longer than the group delays.

6.1.2 Basic Types

Basically there are four types of filters: low pass, bandpass, bandstop (also
called band reject or notch) and high pass. Their frequency response is shown
in Fig. 6.5. An ideal filter would have zero insertion loss and constant group
delay across the desired frequency passbands and infinite rejection everywhere
else. Practical filters deviate substantially from the ideal, however. In particular,
no filter can operate over an unlimited frequency range. All filters exhibit spu-
rious responses where they have rejection in the passband or regions of low loss
where the rejection should be high. The best that can be accomplished is to
have the filter perform well over frequencies of interest.

6.1.3 Applications

Over the past decade, the explosive growth in wireless personal communication
and other portable receiver and transmitter applications has generated a sig-
nificant market for low-loss, smaller size, lightweight, and lower cost filters.
Various technologies such as ceramic block, low-temperature cofired ceramic
(LTCC), micromachining, and high-temperature superconductors are being
pursued to meet often stringent requirements for RF filters.

Almost all microwave receivers, transmitters, and test setups require filter
action. The main filter functions are to reject undesirable signal frequencies



254 FILTERS

Rejection (dB)
Rejection (dB)

Frequency Frequency
(a) (b)

Rejection (dB)
Rejection (dB)

Freudency Frequency
(0 (d)
Figure 6.5 Basic types of filters: (a) low pass; (b) high pass; (c) bandpass; (d) bandstop.

outside the filter passband and to channelize or combine different frequency
signals. Good examples for the former applications are mixers and multipliers.
In mixers, a low-pass filter is required at the IF port to pass intermediate fre-
quencies only while attenuating RF local oscillator, image, and other spurious
frequencies. In multipliers, a passband filter is required to pass the desired
harmonic while attenuating the fundamental and other harmonics. A well-
described example for the latter application is the channelized receiver in which
a bank of filters is used to separate input signals.

Specific applications include electronic support measure (ESM) receivers,
satellite communications, mobile communications, direct broadcast satellite
systems, pulse code modulation (PCM) communications, and microwave FM
multiplexers.
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Figure 6.6 Measurement setup for insertion loss and return loss.

6.2 FILTER MEASUREMENTS

Insertion loss and return loss of filters can be measured by measuring signal
magnitude only, while transmission phase and group delay measurements re-
quire a vector network. Filter measurements are briefly described in the fol-
lowing two sections.

6.2.1 Insertion Loss and Return Loss

A typical microwave setup for measuring insertion loss and return loss of a fil-
ter is shown in Fig. 6.6. A sweep oscillator is used as the signal source. An iso-
lator minimizes reflections for signals flowing toward the generator. A precision
attenuator is used to calibrate the detector. Directional couplers with detectors
are used to monitor reflected and transmitted power. A dual-trace oscilloscope
or scalar network analyzer with horizontal sweep synchronized to the sweep
generator frequency ramp is used to simultaneously display the reflected and
transmitted power. When designing a test setup for a particular filter, care must
be taken to get the same impedance levels for the source and load as will be
used in the filter operation, since filter performance is a strong function of
source and load impedances.

6.2.2 S Parameters

Filters can be fully characterized by measuring S parameters by a setup using
an automatic vector network analyzer, as shown in Fig. 6.7. Measurement of
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Figure 6.7 Automated S-parameter measurement setup.

group delay on the HP 8510 is accomplished using the phase-slope difference
method. Here adjacent data buckets for Sy are manipulated to construct the
group delay at each frequency increment, and then (6.6b) is used to determine
group delay.

6.3 FILTER SYNTHESIS

Several methods are available for designing filters. Of these, the low-pass pro-
totype filter synthesis and numerical method have been the most successful.
Both methods depend critically on the judgment of the designer to choose
between many possible solutions. The traditional design approach (low-pass
prototype), which dates back to before computers, is to focus on special cases
that allow the use of analytic solutions under highly idealized conditions.
Despite drawbacks, this technique has been very successful and has been the
basis for the vast majority of filter designs [1]. Furthermore, traditional design
is the starting point for the second type of design using numerical methods.
Therefore, we start with a discussion of the traditional approach [1-5].

6.3.1 Filter Design from Low-Pass Filter Synthesis

This method consists of the following steps:

1. design of a prototype low-pass filter with the desired passband character-
istics,

2. transformation of this prototype network to the required type (low pass,
high pass, bandpass, or bandstop) filter with the specified center and/or
band-edge frequencies, and

3 realization of the network in terms of lumped and/or distributed circuit
elements.
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Figure 6.8 Prototype low-pass filter.

Low-pass prototype filter design using the insertion loss method is used
extensively. In this method, the design of the filter starts with specifying the
insertion loss as defined by (6.3) or the return loss for a lossless network as
defined by (6.5) over the desired frequency band. After specifying the magni-
tude of the insertion loss as a function of frequency in the passband, a network
that will give the desired insertion loss is then synthesized.

The combination of inductors and capacitors shown in Fig. 6.8 is obviously
a low-pass circuit, since at high frequencies the series inductors open up and
the shunt capacitor shorts out the signal, while at low frequencies, the series
inductors short, the shunt capacitors open, and the input is connected without
loss to the output. The immediate problem is how to choose element values.

There are virtually an unlimited number of different solutions to the low-
pass prototype design. Here we focus on the two that have been applied the
most: maximally flat (Butterworth) response, as shown in Fig. 6.9¢, and equal-
ripple (Chebyshev also often spelled Tchebycheff), as shown in Fig. 6.95. Here
o] and oy are the passband-edge and stopband-edge frequencies, respectively,
and A,, is the allowed attenuation in the passband.

Maximally Flat Response. In a Butterworth low-pass prototype we want the
low-pass insertion loss to be as flat as possible at zero frequency and then rise
monotonically as fast as possible with increasing frequency. The attenuation
loss (in decibels) for this response for @] = 1 may be expressed as

IL = 10 log(1 + ') (6.8)
) ) -
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Figure 6.9 Typical aitenuation response of (a) maximally flat and (b) Chebyshev filters.
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Figure 6.10 Nomograph for selecting number of sections of maximally flat filter for given
insertion loss in stopband. This chart is separated into stopband (left-hand side) and passband
(right-band side) regions. (Microwaves & RF, [6], 1985. Reprinted with permission.)

where n (order of the filter) is the number of reactive elements required to
obtain the desired response. The characteristics such as stopband attenuation
versus number of sections for the required bandwidth of maximally flat filters
can be determined with the help of nomographs like those shown in Fig. 6.10
[6]. In most cases wj is defined as the 3-dB band-edge point. The left-hand-side
nomograph is used for ’/w{ > 1 (stopband), and the right-hand-side nomo-
graph for o'/} < 1 (passband). For example, o’ Jw] = 2.0 for eight sections
(n=8) gives an attenuation of about 48 dB in the stopband, while for
w'/w| = 0.8, the attenuation is about 0.35 dB in the passband.

For a Butterworth low-pass prototype, the element values gx (shown in Fig.
6.8) may be calculated from the following equations:

go=1 (6.9a)

gi = 2 sin [(ik_—_l)_n} k
2n

gn1 =1 foralln (6.9c)

=1,2,...,n (6.9b)
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Table 6.2 gives element values for such filters having n =1, ..., 10 reactive
elements.

The maximally flat filter design is optimum in the sense that it provides an
insertion loss response with a maximum number of frequency derivatives equal
to zero at zero frequency with the rejection monotonically increasing as rapidly
as possible with frequency. At microwave frequencies, maximally flat design is
not as popular as the Chebyshev design.

Chebyshev Response. The Chebyshev solution addresses a slightly differ-
ent problem: The insertion loss remains less than a specified level 4,, up to a
specified frequency w{ and then rises monotonically with frequency as fast as
possible. For Chebyshev response, the attenuation loss (in decibels) for wf = 1
and ' < 1 may be expressed as

A =10log[l + (10419 — 1) cos?(n cos™! )] (6.10)

where 7 is the order of the filter, 4,, is the ripple magnitude in decibels, and ]
is bandwidth over which the insertion loss has maximum ripple A4,,. The Che-
byshev filter nomograph [6] is shown in Fig. 6.11 illustrating (left to right) four
variables: normalized frequency ’/w]{, number of sections n, stopband inser-
tion loss, and passband ripple. For example, for passband ripple of 0.5 dB and
o'/w; = 4.6, the insertion loss in the stopband for four sections is about 61 dB.

The g; values for Chebyshev response may be calculated from the following
equations:

go=1 (6.11a)
g =24 (6.11b)
4

U A N (6.11c)

k bk‘lgk_l y Ay ey .
Gnr1 = 1 n odd (6.11d)
gnt1 = coth? g n even (6.11e)

where
akzsin(Zkz;nl)n k=1,2,....n (6.12a)
2 .2 kn

by = y* + sin " k=12,...,n (6.12b)
B = In( coth Am (6.12¢)

- 17.37 '
y— sinh 2. (6.12d)

2n
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Figure 6.11 Nomograph for selecting number of sections of Chebyshev filter for given ripple
and insertion loss in stopband. (Microwaves & RF, [6], 1985. Reprinted with permission.)

Table 6.3 gives element values for Chebyshev low-pass prototype filters having
go=1,w;=1,and n=1,...,10 with various ripple values. Most microwave
Chebyshev designs use a ripple value in the 0.01-dB (VSWR = 1:1.1) to 0.2-dB
(VSWR = 1:1.54) range. Higher ripple values give rise to excessive ripples
caused by interaction between cascaded components.

The Chebyshev filter design is optimum in the sense that for any », and
all possible element value choices, it provides the maximum possible stop-
band monotonic insertion loss for a specified maximum passband insertion loss

ripple.

6.3.2 Special Response Filter Synthesis

The elliptic function response and generalized Chebyshev response are also
frequently used for microwave filters. Bessel and Gaussian and many other
similar responses realizable with a ladder prototype are seldom used at micro-
wave frequencies because of beating effects caused by long phase lengths
between cascaded components and high passband VSWRs of the preceding
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Attenuation (dB)

- 1Q

(b)

Figure 6.12 (a) Elliptic function response. (b) Prototype low-pass elliptic filter (n is odd
integer).

type of designs. Synthesis of elliptic and generalized Chebyshev filters is briefly
described below.

Elliptic Function Response. The elliptic filter stopband response has a series
of peaks, corresponding to the number of sections, and a minimum attenua-
tion level L,, (Fig. 6.12a) rather than monotonically increasing attenuation
value provided by Butterworth and Chebyshev filters. The attenuation loss is
expressible in several forms using elliptic functions or Chebyshev rational
functions. However, these forms are not suitable for a simple calculation of
attenuation loss. A complete discussion on elliptic filters is given in the litera-
ture [3-5]. Unlike the simple method of calculating g values for the Butter-
worth and Chebyshev filters previously described, the normalized L and C
values of this class of filter as shown in Fig. 6.12b have been derived by syn-
thesis [2—5]. Element values of some of the more useful cases for VSWRs up to
1.5and n = 3, 5, 7, 9 sections is given by Howe [7]. In each case, the minimum
attenuation L,, and the frequency w; at which this attenuation occurs are also
given.

The elliptic filter design is optimum in the sense that it provides a steeper
stopband skirt for a given value of n with reduced passband insertion loss as
compared to maximally flat and Chebyshev filters.

Generalized Chebyshev Response. Generalized Chebyshev response filters
have been used [8, 9] to improve selectivity and physical realization in MICs.
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The odd-degree generalized Chebyshev response having an equial-ripple pass-
band, three transmission zeros at infinity, and an even multiple of transmission
zeros close to the band edge has a selectivity nearly as good as the same-degree
elliptic function prototype. Such filters are easier to realize physically in MICs,
as impedance variation is typically less than 2: 1. However, in elliptic filters, for
normally required specifications, the impedance variation is as large as 10: 1.

A typical insertion loss response for a generalized Chebyshev filter is shown
in Fig. 6.13a, where w{, w7, w(, and w}, are the passband edge, stopband edge,
transmission zeros, and minimum insertion loss frequencies, respectively. Ele-
ment values for the doubly terminated low-pass prototype network shown in
Fig. 6.13b are given in [8].

6.3.3 Filter Transformations

In principle, one could build low-pass prototype designs exactly, having the
source and load resistance at 1 Q and the upper edge of the passband at
1 rad/s. However, the utility of these prototypes arises from the fact that they

'
_________ e
' !
'
o l: :
=l I !
5 W
E .
g 'L 1
g o |
An =~ nooy
o] @y Wy '
oy
(a)
Ly(n-1) Lo(n-3) Ly(4) Lo(2)

Lp(n-1) Ly(n-3)

-l-c1(’7)
Tcz(n- 1) T Cz(n—3)_].
' (b)

Figure 6.13 (a) Generalized Chebyshev insertion loss response. (b) Generalized Chebyshev
low-pass prototype.

L,(6)

10 Ci(1) gm
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1. |




266 FILTERS

can be scaled to any frequency and transformed into any of the four filter types:
low pass, high pass, bandpass, and bandstop.

The transformations of low-pass prototype filters with cutoff at w] =1 and
terminated in a 1-Q source and load impedance into low-pass, high-pass,
bandpass, and bandstop filters with arbitrary source and load impedance Zj
are described in this section.

Low Pass. For low-pass filters, transformation of the low-pass prototype to
the desired frequency band and impedance level is accomplished by multiplying
gk as follows:

Z ..

Ly =gk (—0—) (for series inductors) (6.13a)
wLp

Cr = gk( ! ) (for shunt capacitors) (6.13b)
wrpZo

where wpp is the required low-pass bandwidth. The following example
describes step by step the design of a low-pass filter.

Example. Design a low-pass filter with a ripple factor of 0.2 dB having band-
width of 2 GHz and attenuation at 2.4 GHz of 30 dB.

Step 1: Calculate the number of sections from Fig. 6.11:

o 2xmx24

!

51_:2><7z><2.0—1'2

For o' /wj = 1.2, ripple is 0.2 dB and insertion loss is 30 dB; n = 9.

Step 2: Find the prototype element values from Table 6.3 for n = 9 and ripple
of 0.2 dB:

g1 = go = 1.3860 g2 = gs = 1.3938 gs = g7 = 2.3093
ga = g¢ = 1.5340 gs = 2.3728

Step 3: Determine the lumped-element values from (6.13). For Zy = 50 Q and
wLp = 21 X 2 x 10° = 12.57 x 10° rad/s,

50

C, = Cg = 1.3938 x =22pF

50 x 12.57 x 10°
Ly = L; =9.1858 nH

Cs = Cs =24 pF

Ls = 9.4383 nH
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High Pass. The low-pass prototype network is transformed into a high-pass

filter by transforming series inductances into series capacitances and shunt

capacitances into shunt inductances. Using the frequency transformation gives
o' WHP

s (6.14)

where wyp and w are the band-edge and variable angular frequencies of the
high-pass filter. The element values are obtained from

1
Cr, = ————— (for series capacitors 6.15a
, grwupZy ( P ) ( )
Zy .
Ly = (for shunt inductors) (6.15b)
JiWOHpP

In order to illustrate the previously described transformation, we consider an
example of a lumped-element high-pass filter with a passband ripple of 0.1 dB,
band-edge frequency at 3 GHz, and 30 dB attenuation at 2 GHz.

Step 1. Calculate the number of sections from Fig. 6.11:

' ogp 2xmx3

1.5

ol o 2xax2

For o' /wy = 1.5, ripple is 0.1 dB and insertion loss is 25 dB; n = 6.
Step 2: Find the prototype element values from Table 6.3 for n = 6 and ripple
of 0.1 dB:

g1=11681 g, =14039 g3=2052 gs=1.5170
gs =1.9029  g¢=08618 g; = 1.3554

Step 3: Determine the lumped-element values from (6.15). For Zy = 50 Q and
wup = 27 x 3 x 10° = 18.855 x 10° rad/s,

1

" 1.1681 x 18.855 x 109 x 50
50

~ 1.4039 x 18.855 x 10°

C3=051602pF Ly =1.7485nH Cs=0.5576 pF L = 3.0779 nH

R; = R; =50 x 1.3554 = 67.77 Q

C = 0.90834 pF

= 1.8894 nH

L,

For n even, Ry # 50 Q, that is, input and output impedances are different.
This can be avoided by selecting odd numbers of filter sections.
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Bandpass. To map the low-pass prototype to a bandpass filter, the following
transformation is used:

o  fo ([ S — - f—
a_ﬁv—v(%——f—) f=Vih BW=fh-fi  (616)

where fp, f, and BW are the center frequency (wo/2n), variable frequency, and
bandwidth, respectively, and fi and f; are the frequency band limits. The
transformation does not result in a unique bandpass prototype. Several band-
pass prototype networks are shown in Fig. 6.14. Note that the element values
may be different in each circuit.

Applying the frequency transformation to series inductances and shunt

Ra

ANA— MF—I—’VYNF
J'Cm -|—C12 T

.I. —Coy e e e A
(@
Rg |
f—
({; %Lm Lyz Lyg oo jRL
(b)
Rg Mo+ Mo Mz3
1%) ?é ?é ? o 0 0 %RL
(o)
Rg
T2 a0 | ™ mumnaois o '[HE gy TN
= Ko Kiz Kas oo %RL

(@)

Figure 6.14 Several bandbass prototype networks: (a) capacitively coupled; (b) inductively
coupled; (c) transformer coupled; (d) impedance inverted coupled.
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capacitances of the low-pass prototype gives

2n BW . .
Ly = g ZnZI;)W k= g:70w—g (series-tuned series elements)  (6.17a)
2n BW Z() gk
=7 = - 17
Ly o “ =3 BW Z (shunt-tuned shunt elements) (6.17b)
where
1
2 =
U oA

Example. Design a Chebyshev bandpass filter using LCs with 0.5 dB ripple
and 5% bandwidth centered at 6 GHz. The minimum desirable rejection at
6 + 1 GHz is 45 dB.

Step 1: Calculate the number of resonators from Fig. 6.11:

o 6 (71 6
—=—|=—2]=6.19
w; 03 (6 7)
For o' /w] = 6.19, ripple is 0.5 dB and insertion loss is 45 dB; n = 3.

Step 2: Find the prototype element values from Table 6.3 for n = 3 and ripple
of 0.5 dB:

Ggo=94=10 g =g3=159%3 g, = 10967

Step 3. Determine the lumped-element values from (6.17). For Zy = 50 Q,
27 BW = 27 x 0.3 x 10° = 1.8850 x 10° rad/s, and wy =27 x 6 x 10° =
37.7 x 10° rad/s: For shunt-tuned shunt elements,

_ 2uBW Z,

2
glwo

Ly =1L, = 0.0415 nH

—Ci=_9
C = C = 27 BW Zo 16.94 pF

and for series-tuned series elements,

Zo 2n BW
Ly, = g2 ZT—W = 29.09 nH Cz =

= 0.0242 pF
92Zow} P

Bandstop. The transformation from low-pass prototype to bandstop is given

by
o fo (f fo
w} - BW (ﬂ) —f) (6.18)
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where all the quantities used in (6.18) were defined before. Here series induc-
tance is mapped into a shunt-tuned circuit with element values

1 (20
Cy = = 6.19
otk CD()Lk 2n BW Zogk ( a)
and shunt capacitance into a series-tuned circuit with element values
1 Z
woLy = BoL0 (6.19b)

woCr - 27 BW g
Example. Design a stopband filter with the following specifications:

Frequency of infinite attenuation, fo=6GHz
Bandwidth, BW = 300 MHz
Passband ripple = 0.5 dB

Minimum attenuation over 2% stopband = 20 dB

Step 1: Calculate the number of resonators from Fig. 6.11:
1 6.06
&:i(_o___i> =04

or

For o'/} = 2.5, ripple is 0.5 dB and insertion loss is 20 dB; n = 3.

Step 2: Find the prototype element values from Table 6.3 for n = 3 and ripple
of 0.5 dB:

go =94 =10 g1 = g3 = 1.5963 g2 = 1.0967
Step 3: Determine the lumped-element values from (6.19). For Zy = 50 €,

2n BW = 27 x 0.3 x 107 = 1.8850 x 10° rad/s, and wo =27 x 6 X 10° =
37.7 x 10° rad/s: For shunt-tuned series elements,

2 BW Z

Ly =Ly = 22220903 = 0.106 nH
@p

Ci = Cy= e = 6.65 pF

2n BW Zog113
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and for series-tuned shunt elements,

Zy

21 BW g,
L2 = ——— = —_—
27 BW ¢,

=24.19 nH C
n 2 CO(%Z()

= 0.029 pF

6.3.4 Impedance and Admittance Inverters

Impedance and admittance inverters play a very important role in classical fil-
ter design. Because of the inverting action, a series inductance (or shunt capac-
itance) with an inverter on each side looks like a shunt capacitance (or series
inductance) from its external terminals. Making use of this property, low-pass
filters can be realized with only one kind of reactance. Similarly, bandpass fil-
ters may be realized by series inductance-capacitance (LC), series resonant
circuits separated by impedance inverters or shunt LC parallel resonant circuits
separated by admittance inverters. Under ideal conditions, both networks,
prototypes and circuits with inverters, will have identical transmission charac-
teristics.

The impedance inverter K and admittance inverter J are defined in Fig. 6.15,
and their simple realizations are a quarter-wavelength transmission line of
characteristic impedance K and characteristic admittance J, respectively. Since
in the design equations these inverters operate like quarter-wavelength lines at
all frequencies, they are useful in filter designs having bandwidths up to 20%.
This bandwidth limitation may be increased to about 40% if K and J inverters
are used alternately.

The inverter derives its name from the impedance seen looking into a
reactively terminated inverter:

, K? :

Z'= - (K inverter) (6.20a)
R L

Y' = ¥ (J inverter) (6.20b)

The calculation of element values for bandpass filters using distributed reso-
nators proceeds as follows:

o— O—]
K J
r~ +90° Z r~ +90°
z Y o]
— —_—————
Irr]pedance Admittance
inverter inverter

(@) (b)

Figure 6.15 Definition of inverters: (a) impedance (K); (b) admittance (J).
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K01 J()1 v BW 1
s R LY Al 21
Zy Yo 2 fo V9091 (6.212)
Kr r+1 Jr r+1 v BW 1
= —— 6.21b
Zy Yo 2 fo Orgrr1 ( )
Kn,n+1 — Jn,n+1 _ _TE_V Eﬂ 1 (6 210)
Zy Yo 2 fo /GnGn+1 ’
where go, g1, - - -, gn+1 are low-pass prototype values, v = 1 for half-wavelength-

long resonators, and v = % for quarter-wavelength-long resonators.

There are numerous other circuit elements that have good inverting proper-
ties over a much wider bandwidth than does a quarter-wavelength line. Figure
6.16 shows four inverting circuits for use as K inverters (i.e., inverters to be
used with series resonators). They are particularly useful in circuits where the
negative L or C can be absorbed into adjacent positive series elements. Here
negative L and C means that the reactance X and susceptance B are negative,
respectively, and ¢ negative or positive designates the transmission phase lags
or leads, respectively. For Fig. 6.16,

K =2 tanl%dﬁ‘ Q (6.22)
¢ = —tan 2% rad (6.23)
0
X|_  K/Z
ST (6.24)
-L -L

o_:‘i_l?‘.i_o
T

o~ ) o » —0
K=oL = —
K oC
(@
e ¢ o — ¢ ——f
[ 0
Z X = Positive Z X = Negative
o— o o——T————c
¢ =Negative ¢ = Positive

(b)

Figure 6.16 K-inverter circuit elements.
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c
~ ©

© —O0

g J=0C

ol
(a)

o o2 o fe 02 o fo— 92 —sdfe— 912 —f
o~ A 0 o {F -0

B = Negative B = Positive

Y.
o2 o o— o
¢ = Positive ¢ = Negative

(b)

Figure 6.17 J-inverter circuit elements.

Figure 6.17 shows four inverting circuits that are useful as J inverters. In this
case, for Fig. 6.17b

J=Y, tan‘%cﬁ’ mho (6.25)
¢ = —tan 2B rad (6.26)
Yo
B
== _‘_]_/ﬁ_i (6.27)
Yo 1-(J/¥)

An open-circuited coupled line functioning as a K inverter is another exam-
ple of a commonly used inverter circuit component in bandpass filters.

6.4 EXPERIMENTAL METHOD OF DESIGNING FILTERS

Bandpass filters that are physically symmetric can be realized as a simple com-
bination of resonators. Narrow- to moderate-bandwidth bandpass filters using
resonators can be designed by measuring the coupling coefficient between res- -
onators and the external quality factor of the input and output resonators [10-
13]. These measured values are then related to a normalized low-pass prototype
value and can be used to realize all possible response shapes. This procedure is
the most practical design method when the filter structure is complex or its
equivalent circuit model is not readily available. The method can be used with
microstrip, waveguide, or any other medium. For cases where accurate and
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o o o L=X/4
Input Outputl
£ 14
1 1

T I T
2 e o o L=)A/4
Input Output l
£ £
L X

(d) Output

Figure 6.18 Tapped-line filter configurations: (a) interdigital; (b) combline; (¢) hairpin line; (d)
parallel coupled.

relatively simple equivalent circuits are available, the experimental method can
be used to test the validity of the circuit models.

The experimental approach is very suitable for microstrip bandpass filters
such as interdigital, combline, hairpin line, and parallel coupled. Tapped-line
versions of these filters (Fig. 6.18) have more flexibility in terms of parallel cou-
pling for the end sections and they offer space advantage. Since exact designs of
tapped-line microstrip filters are not available [12, 13], experimental procedure
and design curves for the sample filters are described in the following.

The first step in the filter design is to determine the coupling coefficients as a
function of resonator spacing. This requires an assembly, as shown in Fig.
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Shorting pin

7

Signal r—\

generator

r~

/

JhL [ _’:/S/‘- W__- Detector
]l' L Ground plane

(a)

10 dB or more

o~
[l

(b)

Figure 6.19 (a) Measurement of coupling coefficients. (b) Frequency response of a double-
tuned resonator pair.

6.19a, for interdigital structure. Nonresonant probes are attached to a test fix-
ture and both at the input and output the probes are loosely coupled to the
electric field of the resonators. The widths of all resonators are identical with
dimensions that give good Q and sufficient freedom from spurious responses
[12]. When a source is connected to the first resonator and a detector to the
second resonator, the pair of resonators become a double-tuned circuit. The
pair is tuned so that two peaks are of equal height, and the valley is at least
10 dB down, as shown in Fig. 6.19b. The coupling coefficient K of the pair of
resonators is related as

_fa—fi_Af
K=22 = (6.28)

where f =%(f1 + /).
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Thus, by selecting a number of pairs of resonators with physically realizable
gaps between each pair (ranging from very narrow to very wide), a curve of K
versus S/h can be experimentally obtained. Figure 6.20a shows the measured
coupling coefficient as a function of S/A for e, = 2.22 and W /h = 1.8, which
corresponds to a single-strip impedance of approximately 70 Q. A similar curve
can be obtained for other linewidths and dielectric substrates. Figure 6.20b
shows the measured coupling coefficient as a function of S/ for alumina sub-
strate (¢, = 9.8) and W /h = 0.7, which corresponds to single-strip impedance
of approximately 58 Q.

The next step in the design procedure is finding the necessary normalized
coupling coefficients in terms of low-pass prototype element values and design
frequencies as follows:

BW

K, = .
n,n+1 ﬁ) \/m (6 29)
where BW is the equal-ripple bandwidth for Chebyshev response or the 3-dB
bandwidth for maximally flat response, fo is the center frequency of the pro-
posed filter, and g, are the low-pass prototype element values normalized to
o] =1and Zp=1.

The final step in the tapped filter is to measure the loaded Q of the first and
the last resonators in order to obtain tap-point locations. With a simple test
fixture as shown in Fig. 6.21a, where the signal generator is well matched and
the nonresonant detector is loosely coupled, the frequency response of the first
resonator is measured for various tap locations. In this case both ends of reso-
nator 2 are short circuited, and resonator 1 becomes a single-tuned circuit
whose frequency response is shown in Fig. 6.215. The loaded Q is then calcu-
lated using

_h
QL= BWigp

(6.30)

Variation of singly loaded Q for a tapped interdigital resonator on RT/
duroid as described previously is plotted in Fig. 6.22 as a function of //L for
Zo = 50 Q and Zy; = 70 Q, where Zy; is the filter internal impedance.

In a filter design, the singly loaded Q is calculated from

_ S _ S
103 =aw? T gw I+ (6.31)

where all these variables were defined previously. Once the singly loaded Qr is
known, the tap point //L of Fig. 6.21a can be calculated from Fig. 6.22 or from
the equation [12]
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Figure 6.20 Measured combline coupling coefficient versus S/h for (a) RT/duroid and (b) alu-
mina. (After Wong [12)]. Reprinted with permission of IEEE.)
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(6.32)

The procedure just described is applicable to all types of coupled resonator
filters whether realized in microstrip or in any other medium.

6.5 FILTER MODELING

6.5.1 Narrow-Band Approximation

In developing the prototype bandpass filter just presented, it has been assumed
that couplings between resonators were frequency independent and that the
resonator impedances were antisymmetric in frequency about the center fre-
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Figure 6.22 Singly loaded Q for tapped interdigital resonator. (After Wong [12). Reprinted with
permission of IEEE.)

quency ( fp). These two assumptions make up the narrow-band approximation
and result in the insertion loss as well as the group delay being symmetric in
frequency about f;. This “approximation term” derives its name from the fact

that the result will be accurate for any type of resonator or coupling provided
that the percentage frequency range of interest is small enough. The narrow-

band approximation typically works reasonably well for percentage band-
widths of up to 1-2% for waveguide filters and 10—15% for MIC filters.

In all cases the narrow-band approximation is a good design starting point
for bandpass filters. Your intuition will at least tell you in what direction you
are erring. For example, series capacitively coupled filters will have tighter
coupling above fy than below, with the result that there will be relatively less
rejection above fp than below. Series inductively coupled resonators are skewed
the other way, however. To calculate the response more exactly, one can apply
the techniques to be presented next.

6.5.2 Filter Analysis

Analytical formulations for the insertion loss and return loss for Butterworth
filters, Chebyshev filters, and so on, were described in Section 6.3, but phase
characteristics have not been calculated yet. Also, at microwave frequencies, all
lumped elements have distributed effects (each element has to be characterized
as a suitable combination of LRC; see Chapter 2) and resonators have finite 0.
One can calculate phase information along with actual performance of the filter
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structure by calculating the electrical response directly from the circuits instead
of using the analytic formulation. The objective is to calculate I and I as
shown in Fig. 6.1b, since once these currents are known, we have already
shown in Section 6.2 how to calculate the parameters we are interested in.
There are two techniques commonly used to solve filter circuits: the ABCD
matrix and Kirchhoff’s equations. These methods are briefly described below.

ABCD-Matrix Method. The definition and properties of the ABCD matrix are
given in Appendix C. From Figs. 6.1 and C.1,

Ig =1
Ve
IL=5h= 6.33
L=2= 4R, + B+ RG(CR_ + D) (6.33)
Using (6.33) in (6.3) yields
4RGR
IL = —10 log RoRy (6.34)

[AR, + B+ RG(CRr + D))

Similarly return loss and other electrical parameters of a filter can be expressed
in terms of 4, B, C, and D. If two-port devices are connected together, the
overall ABCD matrix is just the matrix product of the individual matrices. One
must remember that matrices are not multiplicatively transitive; one has to
multiply the matrices in the right order. Thus the problem at hand is reduced to
finding the ABCD matrix of the overall circuit.

A circuit that can be constructed as a series connection of two-port devices is
called a ladder network. If one knows the ABCD matrix for each two-port cir-
cuit element in the ladder network, one can multiply the matrices together two
by two to eventually get the overall ABCD matrix. This is an efficient way of
doing the calculation that lends itself well to computer simulation. The ABCD
matrices for a variety of elements are given in Table C.1 (in Appendix O). Itis
a simple matter to write a computer program to calculate the resultant response
once the individual 4BCD matrices are known.

The main limitation of the ABCD-matrix technique is that it cannot handle
reentrant combinations (nonladder networks) of two ports that play a very
important role in high-performance bandpass filters. This limitation can be
overcome by solving Kirchhoff’s equations or using nodal analysis.

Kirchhoff's Equations Method. To illustrate this method, an example of a
prototype bandpass filter of order » is chosen. A typical two-resonator band-
pass filter with all possible couplings included is shown in Fig. 6.23. The resul-
tant equations for the n resonator network are given in Table 6.4. In this case,
each resonator is coupled to every circuit node in the filter. The resonators that
lie next to each other in the ladder network (Z;, Z, or Z7, Z3) are called adja-
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Figure 6.23 A two-resonator bandpass filter with all bridge couplings included.

cent resonators and couplings between them are called mainline couplings.
Couplings between nonadjacent resonators are called bridge couplings. If all the
bridge couplings are zero, the network reduces to the original ladder network.

The usual technique to solve a set of equations such as given in Table 6.4 is
to perform Gaussian elimination with pivoting followed by back substitution as
is described in most linear algebra texts. The calculation speed will likely not be
an issue if all that is desired is to calculate the response, so a generalized linear
equation solving subroutine should work fine. If speed is an issue, as may be
the case in numerical design, the following comments may be useful:

1. If triangularization begins with the first term and proceeds down the
main diagonal, good accuracy can usually be obtained without pivoting.

2. The matrix has symmetry about the main diagonal. About a factor of 2
speed up can be obtained by making use of this symmetry.

Table 6.4 Resultant Set of n + 2 Linear Equations for Resonator Bandpass Filter with
all Possible Bridge Couplings

[ Rg JKo JKn JKo3 JKo,n+1 - i
. . . . ( IO ’—VG
JKor Z JK13 JKi3 SR I 0
K  jKo  Zo jKn o jKpan 1‘
JKp JKi3 JK» Z; o JKa e >
L 0
Zn an,n-H . .
. i . . . _In+1_ L 0 J
_]KO,nH JKi1,n11 JK2 ni1 JK3 41 JKn nt1 RL ]
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3. Finally, many designs, including Butterworth and Chebyshev designs,
result in matrix symmetry about the minor axis as well as the major axis.
These symmetries can be used to obtain a factor-of-4 computer speed up.
One way to obtain this is to use an even—odd solution as shown in Fig.
6.24.

When the symmetrical filter is driven at both ends with in-phase signals (even
symmetry), Ip = Iit1, [y = In,..., by symmetry, so only %(n + 3) equations
need to be solved. Similarly, when both ends are driven with out-of-phase sig-
nals (odd symmetry), Io = —Iwi1, T = —In, .-+, and again %(n + 3) equations
must be solved. Since the time to solve n equations is roughly proportional to
n?, solving half as many equations twice results in a factor-of-4 savings.

6.5.3 Numerical Techniques

Microwave filters have traditionally been designed using the filter synthesis
approach described in Section 6.3, in which the design is based on a previously
derived transfer function. This technique is simple and accurate when applied
to narrow-band and high-Q filters where nonideal effects can be ignored.
Problems that arise when nonideal effects such as low Q and coupling disper-
sion become important are often manageable by designing with enough margin
so that, although the filter response differs from the transfer function, the re-
sponse is still acceptable. A fundamental concern remains. One would really
prefer a response that is the best obtainable as limited by physical constraints,
not a response limited by how well the filter approximates a transfer function
that itself was an approximate solution to the design problem.
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Figure 6.25 Numerical design techniques flowchart.

In this section, we introduce numerical methods that can be applied when
the highest performance and accuracy are needed. These techniques are applied
most frequently to high-performance waveguide filters; traditional design will
normally suffice for MIC filters. However, it is important to be aware that
more advanced techniques are available should the need arise.

The numerical design method, as summarized in Fig. 6.25, has been suc-
cessfully applied to design filters that are close to truly optimal performance in
the sense that the response is limited by physical constraints. The design pro-
cedure begins by selecting the construction to be used to meet the filter specifi-
cations. Next, one must model the filter response versus the physical param-
eters of the filter. At this point, accurate models (measured or analytical) for
filter structure must be used. Once the response can be calculated, one must
optimize the filter parameters to fit the application. This is done by first defin-
ing an error function that measures the difference between the calculated and
the desired response. For filters, the error function chosen might be

Error = (RLc — RLg)? + (RJ¢ — RJp)% + - - (6.35)
where RL and RJ are return loss and rejection defined over the required band-

width and subscripts C and O denote calculated and optimum, respectively.
Next, a numerical optimization routine is used to minimize the error function.
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6.6 ELECTROMAGNETIC SIMULATION

Passive components such as filters can be accurately simulated using an EM
simulator also known as an EM field solver. In the past decade, outstanding
progress made on personal computers and workstations in terms of speed,
memory, and cost has led to the development of many commercial EM simu-
lators. These simulators are commonly used to model circuit elements such as
microstrip and coplanar waveguide structures, discontinuities, and coupling
between transmission-line sections and discontinuities and structures using
multilayer dielectric and plating.

6.6.1 Electromagnetic Simulation Methods

Several different field solver methods have been used and described in the lit-
erature [14, 15]. The most commonly used technique for planar structures is the
method of moments (MoM), and for three-dimensional structures, the finite-
element method (FEM) is usually used. Both these techniques perform EM
analysis in the frequency domain. The FEM as compared to the MoM can
analyze more complex structures but requires much more memory and longer
computation time. There are several time-domain analysis techniques; among
them the transmission-line matrix (TLM) and finite-difference time-domain
(FDTD) methods are commonly used. Fast Fourier transformation is used to
convert time-domain data into frequency-domain results. Typically, single
time-domain analysis yields unlimited comprehensive frequency-based S pa-
rameters. An overview of commercially available EM simulators is given in
Table 6.5. More comprehensive information on these tools can be found in
recent publications [16—18].

In EM simulators the filter structure is divided into finite cells with two- and
three-dimensional meshing. Maxwell’s equations are solved in terms of electric
and magnetic fields or current densities, which are in the form of integral-
differential equations, by applying boundary conditions on these cells. Once the
structure is analyzed and laid out, the input ports are excited by known sources
(fields or currents), and the EM simulator solves numerically the integral-
differential equations to determine unknown fields or induced current densities.
Using the FEM, the six field components (three electric and three magnetic) in
an enclosed three-dimensional space are determined while the MoM results
in current distribution on the surface of metallic structures. Smaller cell sizes
result in more accurate simulated data at the expense of longer simulation
times.

All EM simulators are designed to solve arbitrarily shaped strip conductor
structures and provide simulated single- or multiport S-parameter data that can
be read in a circuit simulator. To perform an EM simulation, the structure to
be simulated is defined in terms of dielectric and metal layers and their thick-
nesses and material properties. After creating the complete circuit/structure, the
ports are defined and the layout file is saved as an input file for EM simu-
lations. Then an EM simulation engine is used to perform EM analysis. After



6.6 ELECTROMAGNETIC SIMULATION 285

Table 6.5 An Overview of Selected Electromagnetic Simulators Used for
Passive Components

Type of Three- Method Domain

Dimensional of of
Company Software Name Structure Analysis Analysis
HP-EEsof Momentum Planar FEM Frequency
HFSS Arbitrary
Sonnet Software Em Planar MoM Frequency
Jansen Microwave Unisim Planar Spectral Frequency
SFMIC Planar domain
MoM
Ansoft Maxwell-Strata Planar MoM Frequency
Maxwell SI Arbitrary FEM
Eminence
Compact Software Microwave Planar MoM Frequency
Explorer
MacNeal-Schwendler MSC/EMAS Arbitrary FEM Frequency
Zeland Software IE3D Arbitrary MoM Frequency
Kimberly Micro-Stripes Arbitrary TLM Time
Communications
Consultants
Remco XFDTD Arbitrary FDTD Time

the simulation is complete, the field or current information is converted into S
parameters and saved to be used with other computer-aided design (CAD)
tools.

6.6.2 Filter Example

Electromagnetic simulation of several filter types has been described in the lit-
erature [19, 20]. Currently these simulators are extensively used in the design of
RF/microwave filters. As an example we have selected a two-pole microstrip
filter topology, as shown in Fig. 6.26a. It uses three interdigital capacitors as
coupling elements and two %A high-impedance microstrip lines. The physical
dimensions of the various components are given in Table 6.6. The filter is
designed on a 75-um-thick GaAs substrate. A 10-um polyimide (e, = 3.2) layer
was placed between the filter conductors and the GaAs substrate. The physical
layout of the bandpass filter is shown in Fig. 6.26b. The structure has ground—
signal-ground pad configuration to make measurements on the wafer with
CPW RF probes.

The filter was analyzed using the Electromagnetic Simulator from Sonnet
Software. Different simulation conditions were employed in order to determine
the appropriate grid size and layer thickness for greatest simulation accuracy.
To improve simulation accuracy, the filter was divided into two parts. The first
part is the input (and output) interdigital capacitor. This capacitor was simu-
lated with a 10 x 2.5-um grid size. The plating gold thickness (4.5 um) effect



286 FILTERS

A2 A2
resonator c resonator

@
N
m
=
N
®
X
>
3
B
S

()

Figure 6.26 Two-pole filter: (a) Schematic and (b) physical layout. Dimensions in pm.

was taken into account by adding three 1.5-pm-thick metal layers. The internal
part of the filter includes the two meandered transmission lines and a small in-
terdigital capacitor in the center. This section was simulated using a 2.5 x
2.5-um grid and one 4.5-pm layer. Figure 6.27 compares the EM simulated and
measured performance and shows excellent agreement between them.

6.7 FILTER REALIZATIONS

A historical account of microwave filters is given by Levy and Cohn [21]. Filter
developments include low pass, bandpass, and high pass in a variety of media
such as waveguide, coaxial line, microstrip, and strip line as well as dielectric
resonators. Filters can be realized in any medium depending on the desired
application. The maximum useful frequency limits of various circuit elements
are given in Table 6.7. Since the emphasis in this book is on integrated-type

Table 6.6 Summary of Two-Pole Filter Dimensions

Interdigital capacitor C;: W, = S = 10 pm, 5, =350 pm, N =4

Interdigital capacitor C;: W2 = S = 10 mm, L =85um, N =4

Resonator microstrip line: W = 20 pm, / = 3200 pm measured along center line
Edge-to-edge spacing between microstrip conductors: 40 pm

Chamfer length W' = V2W
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Figure 6.27 Measured and simulated performance of the two-pole filter with polyimide on a
75-pm thick GaAs substrate.

circuits, filter examples are restricted to microstrip-type and microstrip-coupled
dielectric-resonator-type structures.

6.7.1 Printed-Circuit Filters

Satellite, airborne communications, and electronic warfare (EW) systems have
requirements for small size, light weight, and low-cost filters. Microstrip- and
strip-line filters are very suitable for wide-band applications and where the
demand on selectivity is not severe. Various kinds of filters, as shown in Figs.
6.18 and 6.28, can be realized using microstrip-type structures (see Chapter 2 or
Gupta et al. [22]). Note that fspp is the frequency of higher order resonances.

Table 6.7 Characteristics of Various Structures for Filters

Useful
Frequency Bandwidth

Structure Range (GHz) (%) Q°
Waveguide 1-100 0.1-20 ~5000
Coaxial 0.1-40 1-30 ~2000
Strip line 0.1-20 S-octave ~150
Microstrip 0.1-100 5-octave ~200
Suspended Microstrip 1-200 2-20 ~1000
Fin line 20-100 2-50 ~500
Dielectric resonator 1-40 0.2-20 ~10,000
Lumped elements 0.01-10 (hybrid) 20-octave ~200

0.1-60 (monolithic) 20-octave ~100

Surface acoustic wave (SAW) 0.01-5

“At X-band frequencies.
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Figure 6.28 Microstrip-type filter configurations.

Do

The suspended microstrip provides a higher Q than microstrip or strip line,
as most of the energy is propagating in the air. This results in lower loss filters
with sharper band edges. The wide range of impedance values achievable
makes this medium particularly suitable for low-pass and broadband bandpass
filters. An account of the development of many different types of filters in this
medium was given in Rooney and Underkofler [23].

Filters can be realized using lumped elements, described in Chapter 2, or by
employing microstrip sections. Kuroda’s identities [24, 25] allow one to realize
low-pass structures using shunt elements with the identical response. Richards’s
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Figure 6.29 Equivalent circuits for TEM strip-line resonators: (a) stub configuration; (b) equiv-
alent LRC network; (c) element values.

transformation [25, 26], which establishes a simple relationship between lumped
and distributed circuit elements, enables one to design filters using distributed
circuits.

In many microwave filter designs, a length of transmission line terminated in
either an open circuit or a short circuit is often used as a resonator. Figure 6.29
illustrates four such resonators with their equivalent LRC networks, which
were determined by equating slope parameters for both of these configurations
at resonance « = wy.

Low-Pass Filters. Low-pass filters in waveguide, coaxial, and strip-line form
are very important components in microwave systems. A very good account of
the early development is given in the classic book of Matthaei et al. [1]. Trans-
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Table 6.8 Distributed Inductors and Capacitors

Approximate
Distributed Element Equivalent Circuit Expressions Expressions
Mainly inductive L Zor . (2nl fAgL
L="sinl—) L~
|—— 4 | © AL ZoL
G G 1 nly
C; = t -
o T L P Zo <,19L>
High Z,
Low Zoe Low Zoc
Mainly capacitive L L 1 . [2al
y cap < c._. C=——sin (79— I = fAgeZocC

t——ec_———‘ o__nva_MM—o - COZOC
c Z
T L.= 29€ tan (n—lc>
o o 7 Age

verse EM structures such as coaxial lines, strip lines, and microstrip lines are
ideal for low-pass filters, and the design is approximated as nearly as possible
to an idealized lumped-element circuit.

Consider an example for a microstrip low-pass filter with the following
specifications:

Cutoff frequency 2 GHz

Response Chebyshev with 0.2 dB ripple

30-dB attenuation frequency 3.5GHz

Substrate material Alumina, ¢, = 9.9, A = 0.63 mm, ¢ = 6 pm

The number of resonators required is 5. The prototype values are
go=10 g1 = gs = 1.3394 g2 = ga = 1.337 g3 = 2.166
The lumped-element values are
C,=Cs=213pF L, =Ly =5318nH C; = 3.446 pF

The filter was realized using microstrip sections as described in Table 6.8.
The microstrip layout of the filter is shown in Fig. 6.30. Various dimensions for

51, W1 12, W2 53, W3 64, W4 55, W5

4N .-

Figure 6.30 Layout of five-section low-pass filter.
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Table 6.9 Design Parameters for Low-Pass Filter

From Table 6.8 Optimized with Discontinuities
[ =I5 (mm) 4.85 5.15
le = lL4 (mm) 7.25 6.07
I3 (mm) 8.99 6.92
Zy=50Q W =0.6 mm € = 6.58 Ag =5.85cm at 2 GHz

Zoc =200Q W = 2.64 mm € =774 Age = 5.39 cm at 2 GHz
Zor, =100 Q W =0.075 mm € =5.82 Agr = 6.22 cm at 2 GHz

microstrip sections are given in Table 6.9. Figure 6.31 shows insertion loss and
return loss for this filter for ideal design, based on Table 6.8 and when opti-
mized with discontinuities. No conductor and dielectric losses are included
so far. Figure 6.32 shows a comparison between the measured and calculated

responses (with losses).

Bandpass Filters. Popular configurations for printed-circuit filters (Figs. 6.18
and 6.28) are direct coupled, parallel coupled, interdigital, combline, and hair-
pin line. Direct-coupled resonator filters [1] have excessive length. The dimen-
stons can be reduced by a factor of 2 with the introduction of parallel-coupled
lines. Parallel coupling is much stronger than end coupling, so that realizable
bandwidths could be much greater [24, 27]. In this configuration the first spu-
rious response occurs at three times the center frequency and a much larger gap

0 -
Y
I\
From prototype values
10 -——-—— From Table 6.8
~—=—-~—~ Optimized with
\ discontinuities
! \ insertion
dB 20 ll
! /
i '
j ‘\"v \/
30 i iy
40 L .
0 2.0 3.0 4.0 5.0

Frequency (GHz)

Figure 6.31 Calculated performance of five-section low-pass filter.
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Figure 6.32 Comparison of calculated and measured responses of five-section low-pass filter

realized using microstrip.

is permitted between parallel adjacent strips. The gap tolerance is also reduced,
permitting a broader bandwidth for a given tolerance. Filters can be designed
with reasonable accuracy using design information from the literature [1, 27—
32]. In order to fabricate compact filters, resonators are placed side by side.
Interdigital, combline, and hairpin-line filters are realized using this concept.
Accurate design analysis of these filters, interdigital (1, 33, 34], combline {1, 35—

37), and hairpin line [38, 39], are also available.
To illustrate a design example of an interdigital bandpass filter, the follow-

ing specifications have been chosen:

Center frequency fo - 4 GHz

Response Chebyshev with 0.2 dB ripple
Bandwidth 0.4 GHz

35-dB attenuation points 4+ 04 GHz

Substrate e =9.8and A =127 mm

From Fig. 6.11, the number of resonators is 5. The prototype values are the
same calculated for the low-pass filter example. Here Zo = 50 Q and Zy =
58 O are selected for the tapped interdigital filter [12]. The coupling parameters

from (6.29) and (6.31) are

_fo
0L = gy = 134

Ky = K45 =0.0747
K>3 = K3y = 0.0588
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Figure 6.33 Five-section interdigital filter.

The dimensions of this filter, shown in Fig. 6.33, are determined from Figs.
6.20 and 6.22 and are given below:

W =0.889 mm L =7.43 mm
SIZ = S45 = 2.2 mm S23 = S34 =2.52 mm

é =0.145 [=1077 mm

Advanced RF/microwave bandpass filters such as microstrip cascaded qua-
druplet and trisection filters, as shown in Fig. 6.34, that meet stringent
requirements for wireless communications systems have also been described in
the literature [40]. These filters use microstrip open-loop resonators and are
arranged in such a way that each resonator has one cross coupling. The cas-
caded quadruplet filter contains cascaded sections of four resonators while tri-
section filters consist of three resonators. In such filters, the cross couplings are
adjusted to realize a pair of attenuation poles at finite frequencies to improve
the insertion loss and the selectivity for a given number of resonators. Figure
6.35 shows the measured performance of a narrow-band trisection filter shown
in Fig. 6.34b and fabricated on a 1.27-mm thick alumina substrate using copper
conductors. The measured insertion loss is about 1.2 dB over the 860- to
910-MHz frequency range.

6.7.2 Dielectric Resonator Filters

Microwave IC structures have suffered from a lack of high-Q miniature
elements, which are required to construct high-performance, highly stable,
narrow-band filters. Filters such as bandpass and bandstop are frequently real-



294 FILTERS

'4___20___’”(_1.2

Tapped fee line

1.5

1.3

22 3.0~

5
iﬂ

1

Itllliff

» e
1.4 1.75
(a)
| 23.0 L
r Unit: mm
e 14
1.2

12.0

12.0

14—— 1.8

(b)
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Figure 6.35 Measured performance of microstrip trisection filter.

ized using high-quality dielectric resonators. The dielectric constant is around
40, and resonator  (~1/tand) lies between 5000 and 10,000 in the 2- to
7-GHz frequency range [41, 42]. The commercially available dielectric resona-
tors have temperature stability as good as Invar these days. Filters may be
constructed in all the common transmission media ranging from waveguide
to microstrip. Such filters are small in size, lightweight, and low cost.

Most of the early work was carried on in the early 1960s as summarized by
Cohn [43]. The basic bandpass filter topology consists of an evanescent-mode
waveguide section (waveguide below cutoff) in which the dielectric resonators
are housed. Figure 6.36 shows a microstrip-coupled dielectric resonator band-
pass filter configuration. The most commonly used mode in the resonators is
the TEq;s. The dual-mode or hybrid-mode HEq;s resonators find applications
in sophisticated elliptic function dielectric filters. Various kinds of dielectric
resonator filters have been treated in the literature [44-49).

[Pre

YIS d I, Y
Substrate DR 50-Q
Microstrip
line

Figure 6.36 Microstrip-coupled dielectric resonator bandpass filter.
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6.7.3 Ceramic Block Filters

Coaxial interdigital and combline filters using ceramic blocks are commonly
used for 200- to 3000-MHz applications. These filters are based on high-
dielectric-constant ceramic technology, in which filter size reduction is accom-
plished by a reduction in guide wavelength. A number of very high dielectric
constant (¢, = 40—100) ceramic materials (e.g., barium titanates and zirconates)
with very low loss (Q factor = 5000) are currently available. The filters using
these materials have typically 2 dB insertion loss and have bandwidth from 1 to
20%. Ceramic block filters are temperature stable (3 ppm/°C) and their tem-
perature range of operation is normally from —30 to +85°C. They are surface
mountable, and in high volume their cost is $2-$5. Their specific applications
include cellular radio, mobile radio, wireless local-area network (LAN), per-
sonal communication network (PCN), global positioning system (GPS), cable
TV, and industrial, scientific, and medical (ISM) band.

Figure 6.37a shows a schematic of a three-resonator combline ceramic block
filter. The coupling between pairs of adjacent resonators is realized by circular/
rectangular air holes. The inhomogeneous interface between the high-dielectric-
constant ceramic and air hole gives rise to different phase velocities for the even
and odd modes of the coupled lines. This difference provides the required cou-
pling between the resonators to realize a filter and effectively reduces its size
and cost. The design of such filters, although straightforward, requires numeri-
cal methods such as EM simulators to determine the coupling between the res-
onators. Normally filters are designed empirically and tuned after fabrication
using ceramic grinders and metal scrapers. Analysis, design, and test results for
various ceramic block filters have been discussed by many authors [50-55]. In
this section, we briefly describe the design of such filters.

In Fig. 6.37a, A, B, and C are metallized center conductors of coaxial reso-
nators. All resonators are short circuited at the bottom and open circuited at
the top and are designed to be %/1 long at the operating center frequency. Res-
onators A, B, and C are coupled, to each other for filter action, through air
holes between them. The first and last resonators are coupled to input and
output ports, respectively, by coupling pads P, and P, located near them. The
capacitive coupling between the filter and input and output ports is usually
accomplished by a cut-and-try method. Figure 6.37b shows a lumped-element
equivalent circuit for this filter; %/1 resonators are represented by parallel reso-
nant circuits (C;, L;). Air holes provide magnetic/inductive coupling (Ly) and
the filter is connected to the input and output (usually 50 Q) through capacitive
coupling represented by Ci, and Cout.

At the center frequency fo, the length of each resonator is given by

Jo _ 0.25¢
Vee  Jov/ée

where 1o, ¢, and ¢, are the free-space wavelength, velocity of light, and effec-
tive dielectric constant, respectively and ¢, is obtained from

L=0252=025

(6.36)
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Figure 6.37 (a) High-K ceramic back comline bandpass filter. All surfaces are metallized except
top surface; A, B, and C are metallized coaxial resonators. Metallized side walls of ceramic block
act as outer conductors. (b) Lumped-element equivalent circuit for three-resonator filter.

€re = %(free + €reo) (6.37)

where €., and e, are respectively the even- and odd-mode effective dielectric
constants of the medium in which coaxial resonators are embedded. Thus, the
thickness of the ceramic block, L, determines the frequency of operation.
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Conductor Ceramic

Figure 6.38 Cross-sectional view of three-resonator ceramic block combline.

The coupling coefficient is given by [52]

2(\/ €ree — \/€Ereo )
K=—Y——"—- 6.38
v/ €ree + V/€reo ( )

Figure 6.38 shows a cross-sectional view of an air hole coupled line structure
with dimensions, and the calculated values of the even- and odd-mode effective
dielectric constants are plotted in Figure 6.39. The FEM [52] was used to ana-
lyze the structure, with ¢, =80, D =2.4 mm, H = 6 mm, and S = 0.8 mm.
Figures 6.40a and b show the coupling coefficient versus air hole radius and
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Figure 6.38 Effective dielectric constant for even and odd modes as function of air hole radius:
e =80,D=24mm, H=6mm,and S=0.8 mm {52].
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Figure 6.40 (a) Coupling coefficient as function of air hole radius: ¢, = 80, D = 2.4 mm, H =
6 mm, and S = 0.8 mm. (b) Coupling coefficient as function of separation between metallized
resonator and air hole: ¢, = 80, D =24 mm, H =6 mm, and R = 1.2 mm. (From [52], Micro-
wave Journal, 1994, reprinted with permission.)
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separation between the resonator and air hole, respectively. More extensive
data for coupling coefficient have also been published by Yao et al. [54, 55].

To illustrate a design example of a bandpass ceramic block filter, the fol-
lowing specifications are chosen:

Center frequency 900 MHz

Response Chebyshev with 0.05 dB ripple
Bandwidth 30 MHz

Number of resonators 3

This filter can be designed by using normalized coupling coefficients in terms of
low-pass prototype element values and design frequencies as given in Egs.
(6.29) and (6.30) The nomalized bandwidth is given as BW/fy = 30/900 = %.
From Matthaei et al. [1], the low-pass prototype element values are go =
gs =1, g1 = g5 = 0.8794, and g, = 1.1132. From Eq. (6.29), the coupling co-
efficient K1, = K»3 = 0.0339. For the structure shown in Fig. 6.38 and using
the data in Figure 6.40, the filter design parameters are €, = 80, H = 6 mm,
D=24 R=12mm, S=0.8 mm, and L =9.55 mm. The input and output
impedance values are 50 Q.

Figure 6.41 shows the measured frequency response of the three-resonator
ceramic block filter where the input and output couplings were obtained by
experiments. In 50 MHz bandwidth, the measured insertion loss was better
than 1.5 dB. The ceramic materials loss tangent (tand) was 2.5 x 10~* and
temperature coefficient was 3 ppm/°C.

6.7.4 Compact Filters

Several techniques to design miniature planar bandpass filters at the L band
have been used: meander or folded resonators [56, 57, high-K dielectric mate-

511/5,1 (dB)

-50
0.8 0.9 1.0

Frequency (GHz)

Figure 6.41 Measured frequency response of three-resonator ceramic block combline filter.
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rials [58, 59], a multilayer dielectric and metallization circuit configuration [60],
and stepped-impedance resonator circuits [61-64]. Pseudo-interdigital [65],
hairpin resonator, and open-loop resonator [66] filters do not require any
grounding of the resonators. Therefore, these filters are more suitable for low-
cost and high-volume production, as a large number of filters can be simulta-
neously printed on a single substrate board. Their high-temperature super-
conducting versions are suitable for satellite applications [67]. Pramanick [59]
provides a step-by-step design of hairpin resonator filters on high-K materials.

At RF frequencies, printed resonators using thin- and thick-film hybrid
technologies have been successfully used to develop miniature and low-cost fil-
ters. The Q of microstrip resonators can be increased by 20-50% by employing
a multilayer filter structure. To achieve lower insertion loss with narrower
bandwidths and low cost, LTCC technology is preferred, a technology that,
using high-K material such as BiCaNbO with a dielectric constant of about 60,
is capable of producing low-loss (<2 dB), miniature, and narrow-band filters
for mobile applications.

6.7.5 Lumped-Element Filters

At RF frequencies and the lower end of the microwave frequency band, filters
have been realized using lumped elements (chip/coil inductors and chip ca-
pacitors), printed inductors, and discrete chip capacitors and employing multi-
layer printed-circuit technique such as LTCC or printed-circuit boards.
Lumped-element filters can be implemented easily, and using currently avail-
able surface-mounted components, one can meet size and cost targets in high-
volume production. Due to the low Q of inductors and capacitors, it is not
possible to realize narrow-band filters using MIC or MMIC technologies for
some wireless applications.

6.8 PRACTICAL CONSIDERATIONS

In the preceding sections, various design parameters of filters were described.
The important design considerations are size, weight, cost, effect of finite 0,
group delay, temperature effect, power-handling capability, and tuning of the
filters.

6.8.1 Size, Weight, and Cost

Applications such as electronic countermeasure (ECM), airborne, satellite, and
mobile communication demand small size, light weight, and less expensive fil-
ters. Filters constructed using strip line, microstrip, and fin line are limited to
relatively wide band applications where the selectivity is not severe. Further-
more, for highly selective applications, these structures exhibit temperature
instability and tuning difficulties. The suspended-substrate techniques provide a
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higher Q (500-1500) than similar microstrip techniques. This results in lower
loss filters with sharper band edges and with an excellent temperature stability.
In certain cases, filters are available with temperature stabilities of +0.1% over
_54°C to +125°C. Dielectric resonator filters have shown potential and are
being developed from ultrahigh frequency (UHF) to millimeter-wave fre-
quencies. Size can also be reduced using a high-dielectric-constant substrate,
such as barium tetratitanate (BaTisOo) or other compounds of barium.

Up to a couple of gigahertz surface acoustic wave (SAW) filters are com-
monly used to build channelized receivers that can include several hundred fil-
ters. Surface acoustic wave filters are very attractive in terms of size, weight,
and cost at lower microwave frequencies.

6.8.2 Finite Q

So far no attempt has been made to consider the effect of losses of the filter
circuits on their performance. In other words, what happens if the resonators
have a finite 07 When the lossy line sections are used, the insertion loss in the
passband increases. In the case of the equal-ripple response filter, the losses
result in a suppression of the ripples, as shown in Fig. 6.42 for different
unloaded Q values of the filter. It is assumed that all the five sections of the
filters have the same unloaded Q and resonant frequency.

In practice the bandwidth of a filter is set by the loaded Q of the resonator.
The loaded Q, Q;, of a resonator depends on its losses and the external circuit
connected to it and is given by

1 1 1
0.-0." @ (6:39)
where Q, is the unloaded resonator quality factor and Q. is the external Q,
which accounts for the energy coupled into the external circuitry. When
Q. < @, (or BW » fo/Q,), the bandwidth of the filter (BW) is almost inde-
pendent of the unloaded Q values, but as Q. approaches Q,, the circuit gets
very lossy. Thus unloaded Q sets a lower limit for the bandwidth of the filter.
As Q, approaches Q,, it has three effects on the performance of filters: It
broadens the bandwidth, introduces extra insertion loss, and reduces rejection
in the stopband.

The insertion loss at the center of the passband of small-ripple Chebyshev
bandpass filters is approximately given by

N
4.343f, o (6.40)
1

L (d4B) =5 o,

i=

where BW/f; is the equal-ripple frequency bandwidth.
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Figure 6.42 Bandpass response of direct-coupled filter for different Q values of filter: fo=
9 GHz, BW = 900 MHz, and A, = 0.5 dB.

6.8.3 Power-Handling Capability

The amount of peak power or average power that a filter can handle without
voltage breakdown or excessive heating depends on bandwidth, filter size, filter
type, and operating environment and altitude. Printed-circuit filters can handle
up to a few hundred watts, whereas for higher power applications, conven-
tional waveguide and coaxial structures have to be used.

The power-handling capabilities of filters can be determined by knowing the
power-handling capability of the transmission media [1, 12, 13] and filter
structure geometries. Since it is not in the scope of this book to go into detail,
readers are referred to the references. The larger gaps in the filter structure
permit higher filter power rating.
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For high-power applications (>10 kW) pressurized force-cooled waveguide
filters are often the only choice. Coaxial filters are next, while strip-line, micro-
strip, lumped-element, and SAW filters are usually used for low-power appli-
cations. However, printed-circuit filters are capable of handling pulse powers
on the order of a few kilowatts peak and up to 50 W average.

6.8.4 Temperature Effects

When the temperature of the environment surrounding the filter changes, the
physical dimensions of the structure also change. Therefore, the electrical
characteristics of the filter are modified. Since most solids expand linearly with
an increase in temperature, a physical dimension / will expand by A/ when the
temperature increases by AT, that is,

# = a AT (6.41)

where o is the linear expansion coefficient. For commonly used materials its
values are given in Table 6.10. For bandpass filters using %l resonators,

Af—f = —a AT (6.42)

Thus, the temperature coefficient of TEM resonators made of copper is —17
ppm/°C, while Invar resonators has —0.7 ppm/°C. The second effect of tem-
perature on filters is due to the temperature dependence of the relative dielectric
constant ¢, of dielectric materials. As a first approximation, the change is linear
with temperature, that is,

Ae,
2 o 4 AT (6.43)

€r

where «, is the linear temperature coefficient of the dielectric constant. If the
resonant frequency of resonators is inversely proportional to the square root of

Table 6.10 Linear Expansion Coefficients for Metals

Metal a (per °C) x 1076 Dielectric a (per °C) x 107°
Aluminum 23 Teflon 90

Brass 19 Glass 9
Copper 17 Alumina 7

Gold 15 RT/Duroid 6

Steel 11 Glass (Pyrex) 3

Invar 0.7 Fused quartz 0.6
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Table 6.11 Properties of Dielectric Resonators

o ot
Material Q € (ppm/°C)  (ppm/°C) Company
(Zr, Sn)TiOy 15,000 (4 GHz) 373+0.5 6.5 —-13+2 Murata
type C
Ba(Zr, Zn, Ta)O; 10,000 (10 GHz) 28.6 + 0.5 10.2 —-204+4 Murata
type C
Zr/Sn titanate 10,000 (4 GHz) 36.0£0.5 5.6 —6.9 Trans Tech
D-8515 type
Barium tetra- 10,000 (4 GHz) 38.6 + 0.6 9.5 -10.4 Trans Tech
titante D-8512
type
(Zr, Zn)TiO4 4000 (10 GHz) 37.04+04 5 -10+1 Thomson-CSF
E-2036 type

€, then net change in resonant frequency is given by

N AT - 054 AT (6.44)

f

The previous equation suggests that by properly selecting o and «,, Af can
be made zero. Table 6.11 gives « and a, for commonly used materials in
dielectric resonators. It is evident from this table that the temperature stability

of most dielectric resonators is excellent. Temperature coefficients of other filter
components are given in Table 6.12.

Consider an example of combline filters whose required performance over
operating temperatures —50°C to 125°C is as follows:

So 2 GHz

3-dB points 1.8 GHz
2.2 GHz

40-dB points 1.5 GHz
2.5 GHz

Table 6.12 Temperature Coefficients of Filter Elements

Center Temperature
Frequency Coeflicients
Description (GHz) (ppm/°C)
Standard lumped elements >0.1 75
Stable lumped elements 0.1-16 10
Microstrip resonators 0.5-18 25

(e.g., combline, interdigital)
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If 25°C is the room temperature,

AT (cold) = ~75°C

AT (hot) = 100°C

Af (cold) = —75 x 2000 x 25 x 1076 = —3.75 MHz
Af (hot) = 100 x 2000 x 25 x 107° = 5 MHz

Specifications adjusted for temperature variation are as follows:

fo=2GHz
3-dB points 1.8 + (—0.00375) = 1.79625 GHz
2.2 + (0.005) = 2.25 GHz
40-dB points 1.5 + (0.005) = 1.505 GHz

2.5+ (—0.00375) = 2.49625 GHz

In other words, the filter must be designed with about 9 MHz larger 3-dB
bandwidth and about 9 MHz shorter 40-dB bandwidth to meet the specifica-
tions over the required temperature range.

6.8.5 Group Delay

The group delay of a filter is dependent on both the selected prototype and the
number of sections used. Band-center group delay and group delay variation
both increase with increasing number of sections. Many applications require
constant group delay over the desired bandwidth.

The design of constant-group-delay filters has been described in the litera-
ture [1, 2, 68]. A general approach to design a constant group delay in the
passband is to specify a function that describes the desired phase response, such
as [68]

Yr(w) = Aw[l + B(—“i)p] (6.45)

c

and then to force the filter response to assume values that satisfy the above
equation at a number of discrete frequencies while maintaining acceptable
amplitude properties. Then the group delay 7p is calculated using (6.6b).

6.8.6 Mechanical Tuning of Filters

The filters we have discussed are synchronously tuned. For ladder network fil-
ters, this means that all of the resonator frequencies would be at the same fre-
quency (fy) in the absence of coupling to the other resonators. The definition of
synchronous is more complex for asymmetric bridge-coupled filters but the idea
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Figure 6.43 Mechanical tuning of a filter: A, pole tuned low; B, perfectly tuned; C, pole turned
high.

is the same; the resonators comprise a coupled network resonator matched in
the passbands.

On first construction, nearly all new filter designs must be tuned to account
for design approximations and manufacturing tolerances. Tuning of high-
performance filters {especially as the bandwidth narrows) is a routine part of
the manufacturing process.

Tuning involves adjusting the resonator frequencies and sometimes the cou-
pling values between the resonators. How this is accomplished depends on the
filter construction. Waveguide and coaxial filters often incorporate tuning
screws into the filter assembly. Microwave IC filters are often tuned by attach-
ing dielectric chips to the resonators. Lumped filters may have provision for
capacitance adjustment. Manual tuning of complex filters is an act that can be
quite daunting to the uninitiated.

Filter tuning is frequently done using a test set that continuously displays
return loss and insertion loss over frequency, as demonstrated by the response
of the three-pole bandpass filter shown in Fig. 6.43. The resonator frequencies
are seen as return loss poles with associated insertion loss minimums.

When a synchronous filter is properly tuned, the resonators form a coupled
system such that the association between each return loss pole and each reso-
nator frequency is lost. However, if a resonator frequency is high or low, an
associated return loss pole will emerge from the coupled response, moving high
or low in frequency with the resonator frequency. Describing how to tune the
coupling values from the measured insertion loss and return loss is beyond the
scope of this section, but it is done by recognizing characteristic patterns of
under- or overcoupling.

6.9 ELECTRICALLY TUNED FILTERS

Electrically tunable filters have many applications in communication, EW, and
ESM systems. System requirements necessitate that the filters exhibit high-Q
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and broad tuning bandwidths with minimum degradation in passband perfor-
mance. Yttrium—iron—garnet (YIG) spheres [69] and varactor diodes [70-79]
are commonly used as tuning devices. Varactor @ factors are considerably
lower than those of YIG spheres, and thus varactor-tuned filters are not gener-
ally used above 10 GHz. On the other hand, the tuning speed of YIG filters is
severely limited by magnetic hysteresis effects, whereas in the case of varactor-
tuned filters, it is limited by the time constant of the varactor bias circuitry.

A new design for a tunable bandpass filter having elliptic-type transfer
function was developed using bridged networks [78]. The filter consists of
microstrip sections, fixed metal-insulator—metal (MIM) capacitors, and tun-
able capacitors to get a compact size. The filter’s performance was optimized in
terms of insertion loss, bandpass bandwidth, and bandstop rejection. The tun-
able capacitors may be realized by high-Q varactors or Schottky diodes whose
junction capacitance is varied by changing the junction voltage. These devices
are small in size with tuning speed (limited by the time constant of the variable
bias circuitry) on the order of 1 ns.

The schematic diagram of the filter is shown in Fig. 6.44. The microstrip
transmission lines are designated by 77, T3, and 73. The fixed MIM capacitor is
given as Cp, and C, is the variable capacitor. The ground connections are real-
ized using via holes. The via hole model used consists of a series combination
of R and L, where R = 0.03 Q and L = 0.01 nH. The filter response includes
losses in the microstrip lines, MIM capacitors, and varactors. Measurement-

Input : : Output

Figure 6.44 Schematic of elliptic-type filter.
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based models for MIM capacitors [80] and a fixed value of Q of 200 for var-
actors were used in the design.

Substrate parameters used are €, = 12.9, # = 200 pm, ¢ = 4.5 um, gold bulk
conductivity, and tand = 0.0005. The microstrip sections have W) = 50,
Ly =200, W, =50, L, = 580, W5 = 30, and L; = 580 pum.
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Figure 6.45 Simulated response of variable-bandwidth elliptic-type filter: (a) insertion loss; (b)
return loss.
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Figure 6.46 Simulated response of variable-center-frequency elliptic-type filter: (a) insertion
loss; (b) return loss.
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Simulated Results

Variable-Bandwidth Filter. In this case the shunt capacitance C, = 1.7 pF is
fixed. For various values of Cp, the filter response is shown in Fig. 6.45. When
the value of Cj is varied from 0.05 to 0.32 pF, the bandwidth of the filter is
increased from 12 to 30% and the insertion loss in the passband remains con-
stant at 1.2 dB. The rejection was better than 50 dB in the stopband up to 20
GHz. Elliptic-type performance of this filter is also evident from Fig. 6.45q.
When the value of the bridge capacitance C is lowered, the selectivity of the
passband response at the higher frequency end degrades. Over the variable
bandwidth, the return loss is better than 10 dB. In this configuration, when the
Q of the varactor is lowered, it hardly changes the performance of the filter.

Variable-Center-Frequency Filter. In this case the bridge capacitance C, is
fixed at 0.15 pF and the varactor capacitance C, is varied. For three values of
C,, the filter response is shown in Fig. 6.46. When the value of C, is changed
from 1.5 to 3.3 pF, the passband response is varied and the center frequency
is shifted from 4.3 to 6.2 GHz while the passband bandwidth (in gigahertz)
remains almost constant. Over this tunable frequency range the worst-case
insertion loss, rejection, and return loss were better than 1.2, 38, and 10 dB,
respectively. In this configuration, when the Q of varactors is lowered from 200
to 100, the insertion loss is increased by less than 0.2 dB.
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PROBLEMS

6.1 Calculate low-pass prototype element values (g’s) for maximally flat and

Chebyshev response (0.1 dB ripple) when the number of sections is 3. If
the edge frequency is 1 GHz, determine LC values for low- and high-pass
filters.
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6.2

6.3

6.4

6.5

6.6

6.7

6.8

6.9

FILTERS

Determine LC values for bandpass and bandstop filters when the center
frequency is 2 GHz in Problem 6.1.

Design a low-pass strip-line filter having a ripple of 0.1 dB and stopband
attenuation of 30 dB at 3 GHz. The filter may be realized using high- and
low-impedance sections. The input and output impedances are 50 Q.

Develop a low-pass filter using lumped elements with the specifications
given in Problem 6.1.

Develop design equations for a parallel-coupled microstrip-line bandpass
filter. Design a six-section bandpass filter at 4 GHz. For the microstrip,
the parameters to be used are ¢, = 3.8 and 4 = 0.5 mm. The input and
output impedances are 50 Q.

Develop design equations for an end-coupled microstrip-line bandpass
filter. Describe limitations of this configuration with respect to the
parallel-coupled microstrip-line filter. Suggest how these limitations can
be overcome.

Suppose that a filter is desired with a 0.5-dB-ripple Chebyshev passband
from 3 to 3.2 GHz and that 30 dB attenuation is required at 2.5 and 3.5
GHz. Determine the physical dimensions for an end-coupled strip-line
filter. The input and output impedances are 50 Q.

Design an eight-resonator, 0.1-dB-Chebyshev-ripple, and 25% bandwidth
tapped-line interdigital bandpass filter on a 5880 RT/Duroid substrate
using Figs. 6.20 and 6.22. The center frequency is 1 GHz. The input and
output impedances are 50 Q.

Design an LC high-pass filter with an f, of 4 GHz and a minimum
attenuation of 30 dB at 3 GHz by assuming that 0.1 dB passband ripple
is tolerable. Calculate and compare performance using ideal LC com-
ponents and monolithic LC components. The monolithic substrate is
200-um-thick GaAs (e, = 12.9) and MIM capacitance is 300 pF/mm?.
The input and output impedances are 50 Q.



ACTIVE DEVICES

Robert J. Trew

7.1 INTRODUCTION

The development of microwave solid state circuits is directly dependent upon
the availability of suitable active devices. Active devices are required as gain
blocks in circuit applications and to allow a circuit to increase the RF energy at
a desired frequency. For microwave circuit applications the microwave bipolar
transistor, GaAs metal-semiconductor field-effect transistor (MESFET), and
GaAs-based high-electron-mobility transistor (HEMT) are the most important
and commonly used active elements. The basic operational principles of these
devices are presented in this chapter. The emphasis upon basic physical phe-
nomena and the development of physically based equivalent circuits should
provide the information required as background for device design as well as
analysis.

The chapter begins with a presentation of the basic equations that describe
the operation of all semiconductor devices. Material parameters and their effect
upon the operation of the devices are discussed. This is followed by sections
discussing the two types of transistors.

7.2 BASIC SEMICONDUCTOR DEVICE EQUATIONS

The set of equations generally referred to as the semiconductor equations serves
as the starting point for most device investigations. These equations consist of
the current density equations, the continuity equations, Poisson’s equation, and
Faraday’s law. In general, these equations must be solved simultaneously with
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Faraday’s law, and the appropriate boundary conditions in order to obtain an
accurate representation of the device operation. For devices such as bipolar
transistors where both electrons and holes are important to the operation of the
device, two sets of equations are required, one for each type of charge carrier.
These equations form the drift-diffusion approximation that is applicable to
conditions where the mobile charge carriers are in thermal equilibrium with the
crystal lattice. These conditions are generally valid when the device dimensions
are large compared to the wavelength of the operation frequency or when the
RF period is long compared to the charge carrier relaxation time. When these
conditions are not applicable, nonequilibrium (hot-electron) effects can be sig-
nificant and the drift-diffusion approximation is, in general, not valid. Under

these conditions additional terms must be added to the semiconductor equa-
tions.

The current density equations for electrons and holes are given in Egs. (7.1)
and (7.2), respectively:

J, = qu,nE + gD, Vn (7.1)
J, = qu,pE — 4D, v, (1.2)

The p and n are charge densities, ¢ is the electronic charge, and p, and D, are
material transport parameters. The first term in these equations indicates that
the mobile carriers drift in response to an applied electric field, whereas the
second term indicates that a diffusion current also flows due to a gradient in the
mobile charge density. These equations, as written, apply to relatively low
electric field regions where linear charge transport is dominant. In this region
the charge carrier velocity is linearly dependent upon the magnitude of the
electric field, as shown in the expression

v=_uE (1.3)
The proportionality constant relating the velocity and electric field is called the
mobility (units of cm?/V-s) and is a characteristic of the particular semicon-

ductor. In the linear region the drift terms can be written in terms of the semi-
conductor conductivity, where

0 = 0n + 0y = q{u,1 + {,P) (7.4)

The total semiconductor current density is composed of both the electron and
hole current densities and is given by the expression

J=J,+3, (1.5)

For nondegenerate semiconductors the diffusion coefficient (units of cm?/s)
can be determined from the mobility with use of the Einstein relation
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D= ,uk?T (7.6)

Equations (7.1)-(7.6) apply to ohmic operation where the carrier mobility
and diffusion coefficient are electric field independent. Many devices, however,
are operated under high-field conditions. At high electric fields the carrier
velocity saturates and the diffusion coefficient becomes field dependent. The
current density equations must be modified. For high-field operation the equa-
tions can be modified by substituting the carrier velocity into the drift term and
replacing the diffusion constant with a field-dependent equivalent according to
the expressions

HE — v (7.7)

D — D(E) (7.8)

This substitution, of course, requires knowledge of the velocity—field and diffu-
sion coefficient—field characteristics.

The continuity equations for electrons and holes are given in (7.9) and
(7.10), respectively, as

on 1

——at = Gn— U+§V'Jn (79)
dp 1

LG -U--V-J 1
ot P q 14 (7 0)

These equations simply state that the time rate of change of charge within a
volume is equal to the rate of flow of charge out of the volume. Charge within
the volume may be generated by some mechanism, such as optical excitation or
avalanche ionization, extinguished by recombination, or forced out of the vol-
ume by divergence. The recombination rate, represented by the U term, is given
on a net basis and represents the decay of free charge in excess of thermal
equilibrium within the semiconductor. It can be represented, in simple cases, as

_on

5
U or 2 (7.11)

Tn T

where 7, and 7, are the carrier lifetimes and Jn and ép are the mobile charge
densities in excess of thermal equilibrium. They can be written in the form

ontn—-ny JpLp—po (7.12)
where po and ng are the thermal equilibrium charge densities. The G, and G,

terms in the continuity equations represent charge generation mechanisms
other than thermal generation. Possible mechanisms include avalanche multi-
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plication, tunneling, or generation by radiation sources such as light and
X rays.

Poisson’s equation and Faraday’s law complete the basic set of equations
required for device analyses. Poisson’s equation is

V-E=

a

mo

(p—n+Nj—N;) (7.13)

where N, and N, represent the density of ionized donor and acceptor atoms,
and Faraday’s law is

B
VxE=- = (7.14)
Generally, the semiconductor equations must be solved simultaneously in a

self-consistent manner to accurately describe device performance.

7.3 MATERIAL PARAMETERS

The properties of semiconductor crystals are very important to the operation of
semiconductor devices. Normally, it is the particular properties of certain types
of crystals that permit a device to be fabricated. Ultimate performance limi-
tations of the device are quite often determined by the properties of the crystal.

All semiconductor devices are only possible because of the unique property
that the conductivity of certain crystals can be controlled by the addition of
very small amounts of certain impurities. The conductivity is determined by the
amount of free charge in the crystal and the transport characteristics of the
charge. The operation of the device is determined by the ability to move, gen-
erate, and remove this free charge in a controlled manner.

The material characteristics vary widely in various semiconductors, and only
certain materials are suitable for use in device fabrication. The most common
materials in current use are Si and GaAs, although InP and various ternary and
quaternary III-V compounds (e.g., GalnAs, GalnAsP, and AlGaAs) have
been developed for device applications.

The requirement that the conductivity must be controllable with small
impurity levels is probably the single most important material consideration.
This implies that the intrinsic background concentration at the device operating
temperature must be low, typically in the range of 10'4-10'> cm™>. Since the
intrinsic density in GaAs is less than that in Si, higher resistivity substrates are
available in GaAs. High-resistivity substrates are desirable since they allow the
active region of a device (e.g., the conducting channel in a GaAs MESFET) to
be isolated. Also, for MMIC applications device isolation can be achieved
without the use of current-blocking techniques, such as back-biased junctions.
The availability of high-resistivity GaAs substrates is one reason that this
material has found such widespread use for MESFET devices and for MMICs.
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Figure 7.1 (a) Electron velocity—field characteristic for some common semiconductors at room
temperature. (b) Velocity—field relationship for r-type GaAs at 107 em-2. The upper curve is for
electrons and the lower curve is for holes.

The ability to move charge is determined by the transport characteristics of
the material. This information is most often presented in the charge carrier
velocity—electric field characteristic. For example, the velocity-field character-
istics for some commonly used semiconductors are shown in Fig. 7.1a, and the
velocity-field characteristics for electrons and holes in GaAs are shown in Fig.
7.1b.

For low values of electric field the carrier velocity is linearly related to the
electric field strength. The proportionality constant is the mobility, and this
parameter is important in determining the low-field operation of a device. Par-
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asitic resistances in a device are directly dependent upon the low-field mobility.
The low-field mobility is also important in determining the RF noise charac-
teristics of a semiconductor device. Generally, a high value of mobility is
desired for optimum device performance. Since the mobility of electrons in
GaAs (~6500 cm?/V-s) is about six times that of Si (~1200 cm?/V-s), GaAs is
a more attractive material for high-RF and high-speed digital applications.
This mobility advantage along with the availability of high-resistivity substrates
makes GaAs the preferred and most widely used semiconductor material for
these applications.

As the magnitude of the electric field increases, the carrier velocity saturates.
Saturated velocity values for GaAs that have been reported in the literature for
equilibrium conditions range from about 2 x 106 to 8 x 10° cm/s. For maxi-
mum high-frequency performance it is desirable to operate the device in a
transit time mode at maximum velocity, which requires high fields. Of the
semiconductors, Si has a vy ~ 107 cm/s and would appear to be the material of
choice. In fact, Si generally demonstrates higher operation frequencies than
GaAs or other compound semiconductors only when certain devices are fab-
ricated and compared. For example, fundamental-mode Si impact avalanche
and transit time (IMPATT) oscillators have been operated as high as 341 GHz
[1), whereas a GaAs device has produced RF power at about 248 GHz [2]. For
three-terminal devices the compound semiconductors produce the highest fre-
quency operation. These devices, have been operated to about 300 GHz [3).

The velocity—field transport characteristics are functions of various physical
and operation parameters. An increase in doping produces a reduction in the
low-field mobility and a decrease in the carrier velocity due to an increase in
impurity scattering. The transport characteristics vary with temperature, and in
the normal operating temperature range the mobility usually decreases with
temperature. The saturated velocity also decreases with temperature, demon-
strating a v, ~ 1/T relationship.

The behavior of the charge carrier diffusion coefficient with electric field is
very important in the operation of certain solid state devices. Basically, the
diffusion process will be important to a device that operates by the injection of
a charge pulse into a high-field drift region and the extraction of the pulse from
the opposite end. A high magnitude for the diffusion coefficient will result in a
spreading out of the pulse and a degradation of information-transferring capa-
bility. The behavior of the diffusion coefficient with electric field for GaAs is
shown in Fig. 7.2.

Thermal conductivity is important to devices intended for operation at
higher power levels or in low-noise applications. Power dissipation requires
that the device be adequately heat sinked. The thermal conductivity of com-
pound semiconductors is generally much worse than for Si. For this reason Si
transistors are often preferred for power applications. When compound semi-
conductors are used, careful heat sinking is required. Most heat sinks are fab-
ricated from gold-plated copper. However, for high-power applications the use
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Figure 7.2 Electron diffusivity—field relationship for n-type GaAs at 1017 ¢cm~3.

of heat sink materials such as AIN, SiC, or type II diamond can improve the
thermal conductivity over that obtainable from copper by about a factor of 6 at
room temperature and a factor of 2 at 500 K.

7.4 BIPOLAR TRANSISTORS

The bipolar transistor was invented by Shockley, Bardeen, and Brittain in
1948. Since that time it has undergone continuous development and is currently
one of the most widely used semiconductor devices [4]. For microwave appli-
cations the Si bipolar junction transistor (BJT) is useful for frequencies ranging
from ultrahigh frequencies (UHF) (i.e., hundreds of megahertz) to about the X
band (8-12 GHz), and the AlGaAs/GaAs heterojunction bipolar transistor
(HBT) is useful to over 200 GHz. As the technology improves, the upper fre-
quency limit for these devices is continuously being extended, and state-of-the-
art Si devices now are capable of producing useful power through the Ka band
and compound semiconductor HBTs can produce useful levels of RF power to
well over 100 GHz. The majority of bipolar transistors are fabricated from Si-
and GaAs-based epitaxial material. The Si BJT is inexpensive, durable, and
integratable and offers higher gain than competing field-effect transistors. The
bipolar transistor has moderate noise figure in RF applications and 1/f noise
characteristics that are about 10-20 dB superior to field-effect transistors. For
this reason it is often used for local oscillator applications. The bipolar transis-
tor also has greater linearity than field-effect transistors, which makes it ideal
for applications that require wide dynamic range.

The bipolar transistor is a pn-junction device and is formed from back-to-
back junctions, as shown in Fig. 7.3. Since it is a three-terminal device it can be
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Emitter bonding pad

Collector Base bonding pad

(a) (b)

Figure 7.3 (a) Cross section for Si npn bipolar transistor. (b) Top view for Si npn bipolar tran-
sistor showing interdigitated planar geometry.

either pnp or npn. For high-frequency applications, the npn structure is pre-
ferred because the operation of the device is dependent upon the ability of
minority carriers to diffuse across the base region. Since electrons generally
have superior transport characteristics compared to holes, the npn structure is
indicated.

Although there are many ways of fabricating a transistor, diffusion and ion
implantation are generally used. For example, the structure in Fig. 7.3a would
typically start with a lightly doped n-type epitaxial layer as the collector. The
base region would be formed by counterdoping the base-region p type by dif-
fusion. The emitter would be formed by a shallow heavily doped n-type diffu-
sion or ion implantation. The emitter and base contacts are generally located
on the semiconductor surface in an interdigitated, planar arrangement, as
shown in Fig. 7.3b. The interdigitated geometry always provides for n + 1 base
fingers, where 7 is the number of emitter fingers. The number of fingers varies
with the application, with more fingers required as the output power capability
of the transistor increases. Additional fingers, however, increase the device
parasitics and degrade the noise and upper frequency capability of the device.
An excellent review of microwave bipolar transistors is presented elsewhere [5].
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Figure 7.4 A pnp bipolar transistor connected in common-base configuration. Diagram defines
terminology used in formulation given in the text.

7.4.1 Basic Transistor Operation

The basic physics responsible for the operation of bipolar transistors can be
revealed through analysis of the common-base device shown in Fig. 7.4. For
this analysis a pnp transistor is considered, although the arguments are analo-
gous for an npn device. Under normal bias the emitter—base junction is for-
ward biased and the collector-base junction is reverse biased. Holes are
injected across the emitter—base junction, travel through the base region, and
are extracted at the collector—base junction. The active characteristics of the
device derive from the ability of a small potential applied across the base—
emitter junction to control, in an efficient manner, a large emitter—collector
current. This mechanism is the source for the name transistor, which is a unifi-
cation of the words transfer resistor.

To derive the device I-V characteristics, the densities of free charges in each
region of the device must be determined. From this information the device ter-
minal currents can be calculated. The excess minority density in the base region
[pe(x)] can be determined from a one-dimensional solution of the continuity
equation. Using the geometry shown in Fig. 7.4 and the injected charge den-
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5pg(0) = pgo(e?VeskT) — 1)
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Figure 7.5 Minority-charge distribution in base region of bipolar transistor operated with normal
biasing. The boundary conditions at the emitter and collector sides of the base region are
indicated. The dotted line shows the situation for no minority-charge recombination.

sities for a biased pn junction, where

6ps(0) = pao [eXp (‘i?) - 1} (7.15)
ops(Wg) = Pro [exp (q:;3> - 1] (7.16)

and ppo is the thermal equilibrium density of minority-charge carriers in the
base region, the excess minority density at the edges of the base region can be
written for normal biasing (i.e., a forward-biased emitter—base junction and a
reverse-biased collector—base junction) as

Vi V;
ops(0) = pro [exp <%§) - 1} = ppo €Xp (q—k%> (7.17)

ops(Wg) = —pso

When these boundary conditions are applied to the solution, the result shown
in Fig. 7.5 is obtained. The minority charge is injected into the base from
the emitter and moves across the base region to be extracted at the collector.
The operation of the transistor is therefore dependent upon the ability of the
minority charge to travel the length of the base region. Effects that decrease the
minority charge in the base will result in a degradation in transistor operation.
For example, if some of the charge recombines before it reaches the collector,
the gain capability of the transistor is degraded. For no minority-charge
recombination in the base, the minority lifetime is infinite and the excess charge
has a linear distribution. The minority-charge recombination in the base con-
stitutes the base current, and high-performance transistors require a low base
current.
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The identical procedure can be applied to determine the minority-charge
densities in the emitter and collector regions. The solutions applicable to these
regions are

ong(x) = ng(x) — ngy = ngy [exp (%ZE}?) - 1] exp (x ZEXE> (7.18)

onc(x) = ne(x) —neo = neo [exp (q{ga) - 1] exp <:(XL_C—XC)> (7.19)

where Lg = +/Dngtg and L¢ = /Dpctc are the minority-carrier diffusion
lengths in the emitter and collector regions. The majority densities in each of
the transistor regions are essentially equal to the background impurity den-
sities.

Expressions for the emitter and collector currents as a function of the
applied potentials can now be derived. Following basic pn-junction theory, it is
customary to assume that the electron and hole currents are constant across the
depletion regions. This assumption allows the depletion regions to be consid-
ered as a single node. The minority-carrier currents can be summed on each
side of the depletion region to get the total current. If, in addition, the electric
field in the bulk semiconductor regions is assumed to be very small, the total
current can be determined from only diffusion currents. The emitter current
density is

Jg = JpB(O) + J,,E(—xE)
or

ong(x)
0x

Opa(x)
ox

JE = *quB + qD,,E (720)

0 —XE

which when applied to a one-sided, abrupt p*» junction yields

-~ 4DpsP30 W qVes
Jg = Is coth(LB> exp( T (7.21)

In a similar manner the collector current density is

- m quBPBO I/VB q] EB
c=——F—— - 22
J I CSCh(L ) exp( kT (/2 )

The base current can be determined as the difference between the emitter
and collector currents as

Ip=1Ig—Ic (7.23)
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where
Ig 2 JpAgs Ic & JcAcs

where the term A is the area through which the current flows. Note that, in
general, Agp # Acs.

If it is assumed, for simplicity, that the base—emitter and base—collector
junctions have the same area A, the base current can be written as

Wg qVes

Ig ~gA— 24
B=q erBpBoeXp<kT> (7.24)

Note that the base current is directly proportional to Wy and inversely pro-
portional to 7,5. For no recombination in the base region 7,3 — o0 and
Iz — 0. Also, for wide base regions, the minority charge has more opportunity
to recombine and the base current increases.

7.4.2 Current Gain

The static common-base current gain is called alpha and is defined as

. Al¢

v (7.25)

&0

In the common-emitter configuration, the static current gain is called beta and
is

» Al

AL (7.26)

Bo

Since the base current is defined as the difference between the emitter and col-
lector currents according to (7.23), it follows that the alpha and beta are related
according to the expression

xo

Bo (7.27)

:1—060

The alpha current gain can be defined as the product of two additional
parameters as

%o £ By (7.28)

where B is a base transport factor and y is the emitter injection efficiency. The
emitter injection efficiency is defined for a prp transistor as
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, hole current injected from emitter into base
~total emitter current (hole and electron)

y (7.29)

This can be written as

1

= T I ) 7,500) (7:30)

4

and if the expressions previously derived are substituted, the emitter injection
efficiency can be written as

D,pLpNp < WB) J -1
~ |1 4 ZHEZEE anh (22 7.31
Y [ D,sLzNg Ly (7.31)

where Np and Ng are the base and emitter region dopings, respectively. For
high injection efficiency the second term in the denominator must be mini-
mized. This requires that the emitter doping be much greater than that in the
base and also that the base-region length be much less than the minority-carrier
diffusion length in the base.

The base transport factor is defined as

hole current reaching collector
total hole current injected into base

>

B

(7.32)

Substituting these expressions into the current gain expression, it follows

that

W, -1

B= {cosh (—BH (7.33)
Lp
The alpha current gain can then be written in the form
WB> DueLgN5 . ( WB)F

a9 = By = |cosh| — ) + ———Fsinh{ — 7.34
o [ (LB DpsLeNg  \Lg (734

The current gain expressed in (7.34) is the static, or DC, current gain. Under
RF conditions the cutrent gain will decrease, as shown in Fig. 7.6. From this
figure the commonly used cutoff frequencies can be defined and are as follows:

1. w,—the alpha cutoff frequency is the frequency at which the common-
base current gain is reduced to 0.707«, (3 dB down),

2. wp—the beta cutoff frequency is the frequency at which the common-
emitter current gain is reduced to 0.7078,, and

3. wr—the gain-bandwidth product is the frequency at which the common-
emitter current gain is reduced to unity.
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Figure 7.6 Current gains versus frequency, indicating the definitions for the various cutoff fre-
quencies.

The frequency dependence of the current gain can be determined by repeat-
ing in the time domain the procedure used to determine the DC gain. For
microwave transistors the current gain becomes

#(@) = sech (-LVVf) (7.35)

where L} is a frequency-dependent diffusion length. A simple one-pole model
for « results as described by the expression

o

o= -1—;]—(07/2)“—) (736)

7.4.3 Limitations and Second-Order Effects

There are several effects that limit the operation of bipolar transistors to
restricted ranges of applied bias. These effects are examined in this section.

Collector Bias Variation (Early Effect). A changing collector—base bias
causes a variation in the space-charge layer width at the base—collector junction
and, consequently, in the width of the bulk base region. Base-width modulation
by the collector—base voltage is called the Early effect [6]. An increase in Vcp
reduces the base width, thereby increasing the gradient of the minority charge.
A decrease in total minority charge in the base and an increase in collector
current result. The base current is also decreased, since base current is propor-
tional to base-charge storage.

Collector High-Injection Effects (Kirk Effect). Free carriers entering the
base—collector depletion region modify the background charge in that region
and thereby affect the electric field. For a constant collector—base voltage the
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width of the depletion region changes to accommodate changes in the electric
field. Under high injection the width of the depletion region tends to decrease,
thereby increasing the effective neutral base region. This phenomenon is called
the Kirk effect [7]. As the current increases, the neutral base region increases
and the current gain is reduced.

The Kirk effect can have a significant effect upon device performance, since
the neutral base region can increase by a large factor under high-injection
conditions. The base transit time can be significantly increased under high cur-
rent injection due to the added base length. Under these conditions, the high-
frequency performance of the transistor will be degraded.

Base-Region High-injection Effects. Under high-current-injection condi-
tions, it is possible for the injected minority density in the base region to be
on the same order of magnitude as the doping density. The large density of
injected minority carriers causes an increase in majority carriers in order to
satisfy charge neutrality conditions. The increase in majority carriers causes an
effective increase in the base-region charge and a reduction in the alpha current
gain. The reduction in « with /¢ is known as the Webster effect [8].

7.4.4 Microwave Transistor

The state of the art in microwave bipolar transistors has developed rapidly, and
these devices are now capable of operation approaching the Ka band. Much of
the improvement in device performance is due to improvements in fine-line
lithography where submicrometer emitter—base spacing and finger widths are
now possible. Improvements in material growth and doping techniques have
also contributed to the excellent performance now available from these devices.
The Si bipolar transistor is the most widely used device in analog circuit design
at microwave frequencies ranging from UHF to approximately the S band. In
the S through C bands, the Si bipolar transistor and the GaAs MESFET are
direct competitors.

The frequency performance of the bipolar transistor can be examined by
consideration of the delay times encountered by a signal traveling through the
device. For this analysis, it is convenient to consider the common-base config-
uration and normal biasing.

Four principal delay regions can be identified. The total emitter-to-collector
delay time can be written as

Tee =Te+Th+T.+1, (7.37)

where 7., = the total emitter-to-collector delay time
7, = the emitter—base junction capacitance charging time
7, = the base region transit time
7. = the collector-region depletion layer transit time
7/ = the collector capacitance charging time
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Since a forward-biased emitter—base junction is assumed, the transit time asso-
ciated with this depletion region can be ignored.

These delay times can be expressed as characteristic frequencies with the
relationship

Therefore,
1
—_—=—t—+—+— (7.38)

where
T = 27‘[fT

and fr is the gain—bandwidth product.
Expressions for each of these delay terms can be determined in the following
manner.

Base—Emitter Junction. Since the base—emitter junction is forward biased,
an equivalent circuit is as shown in Fig. 7.7. The emitter current Z entering the
junction is divided into two paths. Due to the capacitance, a time delay results.
The current that flows through r, represents the charge carriers that are injected
into the base region. This current is

i L

= 7.39
e Tl 1+ jowr.C, ( )

By normalizing to the terminal current, a high-frequency emitter efficiency can
be defined as

el & V2
/hfl & Y2 7.40
% 5 (7.40)
iy
. VW
Ig r
———r ]
o— 0
Ce
dt
| Y

Figure 7.7 Equivalent circuit for the forward-biased base—emitter junction of a bipolar tran-
sistor.
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and it follows that

e =— =r.(, 7.41
T o r.C, ( )

For microwave devices this expression must be modified due to the increased
capacitance from the base—collector junction and other external capacitance
connected to the base.

The expression is written as

L =r1.(C.+ C. + Cp) (7.42)

We

where C is the base—collector junction capacitance and C, is any other capac-
itance connected to the base.
An expression can be derived for 7, from the relationship

dv 1

Te = aZ = zl/_dl; (7.43)

where i = Ig, the current through the base—emitter junction. It follows that

kT

= — 7.44
ez o (7.4

1 kT
Te = w—e = qTE (Ce + CC + Cp) (745)

Base Region. The transit time across this region is
Wi

Tp = 7.46
’ ”DpB ( )

where 7 is a factor that includes the effects of a graded doping profile in the
base region. For uniform doping 7 = 2.

Base—-Collector Junction. Since the base—collector junction is reverse biased,
it has a significant width. The transit time of carriers across the depletion re-
gion must be considered. The transit time across the depletion region is

A depletion width _ Xc— Wpg
carrier velocity 2v

(7.47)

For a uniformly doped transistor and using the one-sided, abrupt junction
approximation, it follows that
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26(VCB + (obi)]l/z (748)

Xc— Wy
¢ g [ gNc

where g, is the base—collector junction built-in potential and N is the collector
region doping. Therefore,

1 [M]” 2 (7.49)

fe= 2_03 qN.
Low doping and high Vg cause increases in 7.

The base—collector capacitance charging time is calculated in a manner
analogous to that for the emitter—base junction. The charging time is

1
! —— —
7, = 507 =r.C, (7.50)
where r, is the collector series resistance.
For typical microwave transistors the total emitter—collector delay time

divides in the following manner:
7o ~ 40% T, 75 ~ 10% T, T, ~ 45% T, T/ ~ 5% Tec
The emitter—base charging time and collector depletion region transit time

dominate (i.e., limit) the transistor frequency response.
The transistor gain-bandwidth product, f7, is expressed as

1 KT(C,+Cc+C,)  WE  Xc— W5\
_ ~ 51
Jr 2T e {Zn[ qlc + nDyp + 204 (7.51)

assuming that Ic = Ig. For maximum frequency response the transistor should
be operated at high collector current and low collector—base potential.

7.4.5 Equivalent Circuit

The Ebers—Moll mode [9] is generally considered to be the basic model for the
bipolar transistor. It is a device physics model and is shown in both the
common-base and common-emitter configurations in Fig. 7.8. The basic model
consists of back-to-back diodes in shunt with current sources.

A useful measure of high-frequency performance is the unilateral gain
(Mason’s gain [10]), which can be defined from the y-parameter expression

Iy =yl
7.52
4 Re y1; Re yn» —4 Re ypyn (7:52)

>

U
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Figure 7.8 Ebers—Moll high-frequency equivalent circuits for a bipolar transistor connected in
the common-base and common-emitter configurations.

where
Yim = 9im +jb1m

and g and b are the device terminal conductance and susceptance, respectively.
The unilateral gain is of interest because it excludes any effect of package par-
asitic reactances. It provides a useful figure of merit for the intrinsic device.

By applying the U definition to the common-base equivalent circuit, the
transistor gain can be determined to be

)
16721, C, f 2 (e + 1. Ce/0tg)

U= (1.53)

The unilateral gain is therefore proportional to 1/f2, 1/r, and 1/z,.. The 1/f?
dependence results in the 6-dB/octave gain rolloff, as shown in Fig. 7.9. The
maximum frequency of oscillation, fiax, is defined as the frequency at which U
goes to unity. From the U expression it follows that
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)

f

Figure 7.9 Unilateral gain vs. frequency for the single-pole equivalent circuit for a transistor.

1 o 1/2
)] (7.54)

fmax - E |:rbCC(Tec + reCC/O(()

Maximum oscillation frequency frax can be expressed as a function of fr as

(e )2
Jmax = (gm Cc> (7.55)

In general, fmax > fr for Si transistors. That is, the transistor is capable of
producing power gain at frequencies above that at which the current gain is
unity. In GaAs transistors, it is possible for fr to be greater than fn.x due to
series losses and the effect the high mobility of GaAs has upon the relative sizes
of the terms ry, C,, 7. and 7. in a particular transistor structure.

Maximum oscillation frequency fnax is a useful figure of merit, since it gives
an upper limit to the frequency at which a given device should be capable of
useful gain. In practice, parasitics and second-order effects will limit operation
to frequencies below fmax.

For the analysis and design of practical microwave transistors the 7-
equivalent circuit shown in Fig. 7.10 is useful [11]. This circuit is essentially the
Ebers—Moll circuit with a distributed RC network in the base to account for
the capacitances and lateral base resistance elements associated with the planar
transistor geometry. This circuit, when applied to the HP 505 microwave bi-
polar transistor, yields the element values shown in Table 7.1.

7.46 Noise Figure Analysis

Noise figure is a measure of the amount of noise added to a signal by a lossy
device through which the signal passes. It is defined as the ratio of the input-to-
output signal-to-noise ratios and is generally expressed in decibels according to
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the expression
S/N);
F=101log (S/N)iy (7.56)
(S/N)out

Note that a noise-free device would have equal input and output signal-to-noise
ratios and the noise figure is therefore zero. Another parameter sometimes used
to describe the noise of an amplifier is noise measure. The noise measure is
defined in terms of noise figure and the gain of the device as

F' -1

M=1"l767

(7.57)

where the primes indicate nondecibel magnitudes. Noise measure is also gener-
ally specified in decibels and is of interest because it combines the effects of
noise figure and gain into a single parameter. In low-noise design, especially for
front-end stages of receivers, it is often desirable to design for minimum noise
measure, rather than simply minimum noise figure.

In terms of a two-port device, the noise figure can be calculated by consid-
ering a noise-free two-port to which noise generators are added. The noise
added by the two-port can be represented as shunt current generators at the
input and output ports or as a series noise voltage generator and shunt noise
current generator at the two-port input [12]. In circuit design the amplifier noise
figure calculations are generally performed with all noise sources referenced to
the input.

The minimum noise figure for the bipolar transistor can be expressed in the
form [13]

ry + Ropt fz 1
Fon=a——+ += | — .
min = & X <1 sz " (7 58)

where the optimum source resistance is [14]
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1/2
2\ ro(2rp + 1)
Ropt = [r,f - X2+ (1 +f_b2) T (7.59)
and the optimum source reactance is
Xopo— (142 ) 2Crere (7.60)
opt — sz %od .

where

o T R TR

Here f, and f, are the base and emitter—base junction cutoff frequencies,
respectively. These expressions were derived neglecting the parasitic bonding
pad capacitances and the collector-base junction capacitance. When the
parameters listed in Table 7.1 for the HP 505 transistor are used in the noise
figure equations, the noise figure performance shown in Fig. 7.11 is obtained.

3
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Figure 7.11  Minimum noise figure at 0.1, 1, 2, and 4 GHz vs. emitter opening width for a HP
505 transistor [14].
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Figure 7.12 Measured and calculated noise figure for the HP 505 as a function of frequency.
(After Hsu and Snapp [14]. Reprinted with permission of IEEE.)

The measured and calculated gain and noise figure performance for this tran-
sistor are compared in Fig. 7.12.

7.4.7 Heterojunction Bipolar Transistors

Since the bipolar transistor was invented by Shockly [49], and Bardeen and
Brittain [50], in 1948 the HBT has undergone continued development and
improvement and is now in wide use for microwave and millimeter-wave
applications. Although the advantages of utilizing a wide-bandgap semicon-
ductor for the emitter of a bipolar transistor were discussed by Shockley in his
transistor patent, the modern HBT was proposed in 1957 by Kroemer [15],
who also discussed the advantages of HBTs over conventional bipolar tran-
sistors. Significant development followed and promising results started to
appear in the 1970s [16-18] with HBT development in III-V compound semi-
conductors based upon the AlGaAs/GaAs system. However, it was not until
the development of MBE semiconductor growth technology that practical het-
erojunctions of sufficient quality for practical device application could be pro-
duced, and by the 1980s the technology of fabricating HBTs with excellent
microwave performance was advancing [19-21]. By the early 1990s the current
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gain frequency response of these devices had reached 200 GHz [4]. Sub-
micrometer scaling has now pushed the fr’s to the range of 300 GHz [3]. The
development of HBTs using SiGe as the base was reported in 1987 [22], and
these devices advanced rapidly and now produce RF performance essentially
equivalent to AlGaAs/GaAs HBTs. The SiGe material is used as the base
region, and since SiGe has a smaller bandgap than Si, a device with the
advantages of a wide-bandgap emitter is obtained. The SiGe/Si HBT has the
advantage of being compatible with standard Si processing technology, which
makes the device attractive from a cost perspective.

A HBT is fabricated by utilizing a semiconductor for the emitter that has a
wider bandgap than for the base. The advantages of this structure were out-
lined by Shockly in his original bipolar transistor patent. Basically, in order to
achieve good performance it is desirable for the emitter current injected into the
base to consist essentially of minority current in the base region, as discussed
earlier in this chapter. The currents in the base and emitter regions, however,
consist of both minority and majority currents, and some majority current in
the base is back injected into the emitter, where it degrades transistor perfor-
mance. The back-injected current degrades the current injection efficiency and
reduces transistor gain. In a standard bipolar transistor the back injection can
only be minimized by fabricating the device with an emitter impurity concen-
tration much larger than that in the base, typically by one to two orders of
magnitude. However, by introducing a wide-bandgap semiconductor for the
emitter, the back injection of current can be blocked by the energy band dis-
continuity. The emitter region doping can, therefore, be optimized for tran-
sistor performance without back-injection concerns. This is the advantage of
the HBT noted by Shockley. The heterojunction bandgap can be chosen so that
the HBT will have current gain independent of the base and emitter doping.
This permits fabrication of a microwave transistor with a heavily doped base
region and a lightly doped emitter region. Therefore, compared to a standard
bipolar transistor, the HBT has reduced base resistance, output conductance,
and emitter depletion capacitance and greatly improved high-frequency per-
formance.

The ability to employ highly doped base regions permits low base-region
resistance r, to be obtained. Primarily for this reason HBTs have excellent
high-frequency performance capability, as indicated in Eq. (7.54). Hetero-
junction bipolar transistors produce increased Jr compared to standard bipolar
transistors and fu.. values exceeding 200 GHz have been obtained with
AlGaAs/GaAs devices and 300 GHz with InGaAs/InP devices. Good results
have also been obtained from SiGe/Si HBTs. In these devices SiGe is used as
the base region, and since SiGe has a reduced bandwidth compared to Si, a
HBT can be fabricated. A comparison of gain—bandwidth products for similar
GaAs and SiGe HBTs has been reported by Ning [4]. A GaAs HBT with a
0.6 x 4.6-um? emitter produced an Jr of 140 GHz whereas a SiGe HBT with a
0.35 x 3.55-um? emitter produced an Jr of 130 GHz. The peak fr occurs at
slightly lower collector current for the GaAs HBT compared to the SiGe HBT.
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These results indicated that the two HBTs have comparable high-frequency
performance. The SiGe/Si HBTs also have excellent low-noise performance
due to high mobility in the SiGe material, which helps produce a low base re-
sistance. Heterojunction bipolar transistors have improved performance and
noise figures compared to standard Si bipolar transistors, and noise figures in
the range of 2 dB at the K band can be obtained from AlGaAs/GaAs HBTs.
Silicon-germanium HBTs produce noise figures just under 2 dB at the X band
and in the range of 3 dB at 20 GHz.

7.5 FIELD-EFFECT TRANSISTORS

The basic idea for the field-effect transistor (FET) goes back at least as far as
Lilienfeld’s [51, 52] patents in 1930 and 1933. The concept for the FET pre-
dates the invention of the bipolar transistor that was presented in 1948. Devel-
opment work on FETs was hindered in the early years by poor semiconductor
quality, large feature size available with current lithography, and difficulty in
obtaining suitable contacts. Most development work was temporarily inter-
rupted by the invention of the bipolar transistor, as this device came under
intense investigation and development.

The modern FET derives from the work of Stuetzer [23] in 1950 and
Shockley [24] in 1952. Most of the early FET work was directed toward pro-
ducing a high-frequency, high-power solid state analog to the vacuum triode.
The basic structure was (and still is) similar to a triode in that two conducting
electrodes are separated by some distance with a control electrode (grid) in
between, as shown in Fig. 7.13. The control grid (called a gate) is biased nega-
tive with respect to the source so that a retarding potential barrier is presented

-V,
Gate
, — Vg< Vs
i fe— L, —l ]
V=0 Electron +Vy

Ot mammm— ]
current .
i Drain

Source L L

L
OF L Distance

Figure 7.13 Basic electrode placement for a FET.
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Figure 7.14 Typical cross-sectional structure of a microwave FET.

to electrons attempting to flow from the source to the drain. The FET depends
upon only one type of charge carrier flow and is therefore called “unipolar.”

7.5.1 Basic Operation Principles

The GaAs MESFET is one of the most commonly used and important active
devices for use in microwave analog and high-speed digital ICs. The transistor
consists of a highly conducting layer of high-quality semiconductor grown epi-
taxially upon a semi-insulating (i.e., high-resistivity) substrate, as shown in Fig.
7.14. The conducting channel is interfaced with external circuitry through two
ohmic contacts (called the source and drain) separated by a distance and placed
upon the semiconductor. The gate electrode is constructed by placing a rec-
tifying (Schottky) contact between the two ohmic contacts. The conducting
channel is very thin, typically on the order of 0.1-0.3 pm, so that the depletion
region that forms under the Schottky contact (gate) can efficiently control the
flow of current in the thin layer. The device therefore behaves as a voltage-
controlled switch, capable of very high modulation rates.

The operation of the device can be understood by first considering a device
without the gate, as shown in Fig. 7.15. As the drain-source potential is
increased, a current will flow, as indicated by region 4. The current—voltage
behavior is linear and directly follows the velocity—field characteristic for the
semiconductor from which the device is fabricated. As the drain—source voltage
is increased to the magnitude at which the internal electric field achieves the
saturation condition, deviations from linear performance occur (region B).
The device is simply a resistor and the slope of the IV characteristic defines
the sum of the channel and contact resistances. Note in Fig. 7.15 that the
parameter l ;s is defined for such a structure without a gate. The I, parameter
is important in MESFET analyses and appears in the discussion that follows.
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Figure 7.15 (a) Cross-sectional view of gateless FET. (b) Internal electric field for structure
biased in linear (A) and saturation (B) regions. (c) The I-V characteristic for the device.

If a gate electrode is located between the source and drain contacts as shown
in Fig. 7.16, a depletion region is formed under the gate metal. The depletion
region affects the device I-V characteristic by constricting the cross-sectional
area through which current can flow. This results in an increase in channel
resistance [i.e., Rean (¥; =0) > Ren (no gate)]. The gate depletion region also
causes the electric field under the gate to increase with distance toward the
drain because of the potential drop along the channel. This, in turn, results in
the saturation field being achieved first at the drain side of the gate. The drain
voltage at which the maximum field in the channel achieves E; is defined as
Vasat- As the gate voltage is increased in the negative direction, the depletion
region is moved deeper into the conducting channel, thereby reducing the cross-
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Figure 7.16 (a) Cross-sectional view of biased FET. (b) internal electric field for device biased
in linear and saturation regions. (¢) The /-V characteristic for the device. Dashed line shows
gateless device for comparison.

sectional area through which current can flow. The channel resistance increases
and the terminal voltage at which saturation occurs is reduced.

Consider a biased condition and the region under the gate when the peak
electric field exceeds the saturation field E,. The current at all cross-sectional
planes must be constant to satisfy current continuity requirements. The cross-
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sectional area under the gate, however, is reduced in the direction of current
flow. The channel current can be expressed as

I = Zgn(x)v(x)b(x) (7.62)

where 4 = Zb(x), the channel cross-sectional area, Z is the channel width, and
b(x) is the channel opening. In the linear region n(x) = N; # f(x) for uniform
doping. The reduction in b(x) is compensated for by an increase in £ (x) and
the corresponding increase in carrier velocity v(x). The result is that Iy is con-
stant.

When E = E,, however, v(x) can no longer increase. The reduction in b(x)
can only be compensated for by an increase in n(x). It follows that n(x) > Ny
and an accumulation region is created. In the region between the gate and
drain b(x) reaches a minimum and then starts to increase again as the depletion
region is passed. Since the channel is still in velocity saturation, the increase in
b(x) is compensated for by a decrease in n(x). A depletion of electrons [i.e.,
n(x) < Ny) is created, resulting in an electric field dipole in the gate—drain
region [25]. This situation is illustrated in Fig. 7.17a.

As Vj, is increased beyond ¥ i, the depletion region moves toward the
drain. The point x; (Fig. 7.17a) moves toward the source and the potential at
x; decreases. The channel opening at x; increases and more current is injected
into the velocity saturation region. Therefore, an increasing ¥, produces an
increase in I, and a positive slope to the I;—V characteristic is obtained in
the saturation region. The channel has a finite positive resistance.

Note that the dipole formation is material independent, since it occurs
because of geometry considerations in conjunction with velocity saturation.
Dipoles can therefore form in Si as well as ITI-V materials. The negative dif-
ferential mobility characteristics of materials such as GaAs, however, enhance
the process and much larger dipoles are formed. This situation is illustrated in
Fig. 7.17b. The existence of the dipole has significant influence upon the oper-
ation of field-effect-type devices, since it creates a feedback path from the out-
put to the input. This feedback path affects the device gain and frequency per-
formance. It is shown in the equivalent circuit analysis presented in Section
7.5.4 that the dipole results in a —12-dB/octave rolloff in the unilateral gain.
The dipole also affects the output impedance of the device and is especially
important in understanding the operation of devices designed for power and
large-signal applications.

The operation of a MESFET is very sensitive to the channel thickness.
Maximum performance is obtained when the device is designed so that the gate
depletion region exercises optimum control over the current flow. This gener-
ally occurs for L/a =~ 3, where L is the gate length and a is the conducting
channel thickness.

Since the operation of the FET is determined by the gating action of a
reverse-biased rectifying junction, two modes of operation are possible. The
device can be designed so that with zero gate bias a channel current flows. Such
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Figure 7.17 (a) Internal device physics for FET showing formation of gate~drain region electric
dipole. (b) internal device physics for GaAs FET showing formation of enhanced gate—drain
region electric dipole due to negative differential mobility region in GaAs velocity—field charac-
teristic (see Fig. 7.1).

operation occurs with relatively thick channels and is termed “normally on.”
The device can also be designed with a relatively narrow channel so that the
zero bias depletion region is sufficient to pinch the channel off, resulting in no
channel current. This situation is termed “normally off.” In this mode of oper-
ation the gate must be forward biased to obtain current flow. The normally off
mode is particularly interesting for high-speed logic applications, since very low
power consumption occurs. The device will only dissipate energy when the
channel conducts, and this only occurs for a fraction of an operation cycle. The
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low power consumption is very attractive for high-density ICs, where large
numbers of devices are located in a very small area. Heat dissipation is a fun-
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Figure 7.17 (Continued)

damental limit to the level of integration that can be achieved.

7.5.2 MESFET Model

In a short-gate GaAs MESFET, part of the channel region under the gate will
be dominated by linear current flow and part will be dominated by saturation.
That is, electrons will be accelerated from a low velocity at the source end of
the channel to their saturation velocity at the drain end of the gate region. The
electric fields near the drain end of the gate region almost always exceed the
saturation field in short-gate-length GaAs MESFETSs. A two-region model that

can satisfactorily account for these effects has been presented [26].
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Figure 7.18 Field-effect geometry used in the formulation of the two-region model.

The channel region under the gate can be divided into linear and saturation
parts, as shown in Fig. 7.18. In region I, the current is assumed dominated by
linear behavior, and the electron velocity is linearly dependent upon the
strength of the electric field. In region II, the carrier velocity is assumed con-
stant and independent of field. The assumed velocity—field characteristic is
shown in Fig. 7.19. Note that the saturation velocity is an “effective” param-
eter and not the true saturation velocity. An effective velocity is required since
the two-region model is not capable of describing the negative differential
mobility region of the GaAs velocity—field characteristic. The effective satura-
tion velocity has values between the peak and true saturation values. An aver-
aging method for determining an appropriate value for the effective saturation
velocity has been presented [27].

The model is derived with the use of the depletion approximation and
Shockley’s gradual channel approximation. A two-sided device geometry is
assumed, and only the region under the gate is simulated. The other regions of
the device are considered as parasitic elements in the complete device equiva-
lent circuit. The two-sided channel region eliminates the substrate from the
analysis, thereby simplifying the derivation of the model. The chief advantage
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Figure 7.19 Piecewise linear two-region velocity—field characteristic used in the MESFET
model.

in considering only the region under the gate is that the fringing fields that are
associated with the edge regions of the gate do not need to be considered.
Although this simplification allows solutions to be obtained in a direct manner,
the simplification establishes limits to the model’s validity. In fact, this model
does not work well for submicrometer-gate-length devices where the fringing
areas occupy a significant proportion of the gate depletion region. The model
works well for 1-um-gate-length devices and produces acceptable results, in
certain instances, for gate lengths down to % pum. It does not produce accurate
results for shorter gate lengths.

The model is derived by writing a potential drop equation along the channel.
The channel potential is written as

W(x) = Vgs + o — V() (7.63)

where ¥, is the gate voltage, V(x) is the potential across the depletion region,
and g,; is the built-in potential. At the source end of the channel the potential is

Wi & Vs + o (7.64)
At the boundary between the linear and saturation regions the potential is
W, 2 Vo toni—Vp (7.65)
and at the drain end of the channel the potential is
Wy & Vi + op — Vi (7.66)

It is convenient to introduce normalized potentials defined as
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s (V;’jo)l/z (7.67a)
pa <%)l/2 (7.67b)
4o (%)m (7.67¢)
(%) [”;f:]l/z (7.68)

where Wy £ (gN;/2e)a?, the channel pinchoff potential. The model is derived
by considering the two channel regions separately and then invoking current
continuity at the interface to obtain an overall channel current expression.

Region I. The channel opening is calculated by solving Poisson’s equation in
the depletion region to get

W (x) = W [1 - b_EZ’QJ i (7.69)

where b(x) is the channel opening under the depletion region. The drain current
is calculated to be

Iy = Jyd = GEod = a(d—VZ)Efl)Z[Zb(x)] (7.70)

where o is the conductivity of the conducting channel. After some manipula-
tion this can be written in terms of the normalized potentials as

ZW,
Ii =272~ =3 - ) (7.71)

where gy = 2ao is the channel conductance and Z is the gate width.
Region Il. In the saturation region the channel current is

1 = JyA = 0E,(2b,)Z (7.72)
where 2b, is the conducting channel opening at pinchoff. It can be shown that

bp =a(l —p) (7.73)
1i = goZEs(1 - p) = I(1 - p) (7.74)
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where I, is the saturation current (i.e., the maximum current that could flow if
the channel were fully undepleted and the charge carriers were moving at the
saturation velocity vy).

By equating drain current expressions of regions I and II, the boundary L,
between the linear and saturation regions can be determined. It follows that

_ 9oZWoo

Ll B Is(l —p)

[p?-s*— Yp*-5)) (1.75)

To define the drain current in terms of the applied potentials, the normalized
potentials must be related to the applied bias potentials. This can be accom-
plished with the relationships

L
Vi = —J E.dx (7.76)

0

and
Ly L
Vas = —J Exdx—J E,dx (7.77)
0
Region 1 éégion I

For region I, the integral can be written as
Vi =—[W(L) - W(0) (7.78)
and
Vi = —(W, — W;) = —Wa(p* — ) (7.79)

For region II, the potential is inherently two dimensional and, in general, is
very difficult to determine in an analytic fashion. An approximation for the
potential can be determined by using the superposition principle and an
approach presented by Grebene and Ghandhi [28]. This approach results in an
expression for the source—drain potential drop that has the form

2(1Es 7ZL2

Vis = — Woo(p? — 52) — sinh == (7.80)

where L, is the length of the channel region in saturation. This equation, along
with those for L; and I, allows the I-V characteristics for the device to be
determined. A small-signal model can then be determined by taking various
partial derivatives to define the critical equivalent-circuit elements.
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*Intrinsic” FET

Figure 7.20 Equivalent circuit for MESFET superimposed upon device geometry to show
physical basis for various elements.

7.5.3 Small-Signal Model

An equivalent circuit for the MESFET is superimposed upon the FET struc-
ture in the sketch in Fig. 7.20. The equivalent-circuit elements consist of both
passive parasitic parameters and the parameters responsible for the active
characteristics of the device. The sketch in Fig. 7.20 shows the physical origin

of the various elements. The circuit is generally shown as a T-equivalent circuit,
as depicted in Fig. 7.21. In this section expressions for some of the most

important elements in the circuit are derived.

Transconductance. The critical elements can be determined by perturbation
of the DC I-V characteristics. The device transconductance gm 18 defined as

Ry
AN—0

ds

Figure 7.21 A T-equivalent circuit for MESFET shown in standard form.
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Im = (7.81)

When this definition is applied to the expressions previously derived, the trans-
conductance is written for short-gate-length devices (i.e., L = Ly, L1 — 0, and
s=p)as

I I ( 1 )
m = = 7.82
9 W00(2p) 2W()() 1- Id/Is ( )

This approximation is quite accurate when Iy /I, > 0.1. Note that the trans-
conductance is proportional to the ratio I, /I and also to the value of L.

Channel Resistance. The channel resistance Ry (also commonly designated
by Rp) is determined from

oV
ol

Ry =

(7.83)
Vg:

which, when applied to short-gate-length devices, results in the expression

S Wity _ Wi Val (L)

Ry = 84
as al.E, aE, I, 1, (7.84)

Note that Ry is independent of gate length and is linearly dependent upon Fg.
Also, Ry is linearly dependent upon ;.

Gate-Source Capacitance. The gate—source capacitance Cg is the rate of
change of the free charge on the gate electrode with respect to the gate bias
voltage when the drain potential is held constant. This definition actually
includes the gate-source and gate—drain capacitances. If Cgs < Cys (typically
Cya = 0.1Cy, for microwave FETs), the definition for Cy, can be used. Therefore,

00,
Cpo = =2
gs aI/gs Y

(7.85)

The gate charge Q, can be determined from Poisson’s equation by integrating
the normal component of the electric field under the gate over the gate area. In
region I, the w(x) expression is integrated. In region II, the contributions from
the drain and depletion regions must be considered. The normal components of
the electric field are

Eu(x,a) = 2—%/@ [1 - b—(aﬁ] (region I) (7.86)

2W,
Eyu(x,a) = (—aio

) p + E; sinh [ﬁ{aﬁl] (region II) (7.87)



7.5 FIELD-EFFECT TRANSISTORS 355

where
by
p=1- 7
The gate charge is determined from
Ll L
0, =2eZ “ Eji(x,a)dx + J Ejn(x,a) dx} (7.88)
0 L,

Integrating and substituting into the capacitance definition, the gate—source
capacitance for short-gate-length FETs and bias voltages not close to Wy,
results in the expression

L L{ 1
s =2 Z( = 4+1.56) =2eZ| = (— ) +1. _
C, eZ(ap+1 6) ez[a (1—1,,/1)“56] (7.89)

The 1.56 term in the expression accounts for fringing area capacitance [29]. The
gate depletion region appears as a parallel-plate capacitor with the addition of
the fringing area factor.

Drain—-Gate and Source-Drain Capacitances. The capacitances Cya and
Cys are considered parasitic parameters to the first order in this model. They
are not intrinsic to the gain mechanism of the FET and are due to fringing
fields of the contact electrodes. Expressions for these elements can be obtained
from an analysis of strip conductors on a dielectric medium. Expressions for
these capacitances have been determined [26] to be

K(1 — k2)1/?

ng, Cy = (Er + I)EOZ IR0 (7.90)
where K (k) is the complete elliptic integral of the first kind and
0 L 1/2
1/2
iy = |t La)La (7.92)
(Ls + Lds)

where L,y and Ly are the separation between gate—drain and drain—source
electrodes, respectively. In these expressions it is assumed that L;> L,
L, = Ly, and the contact areas are large compared to the electrode spacings.
Note that Cyy and Cy, are constant and not functions of potential. This is, of
course, an approximation and only accurate in certain applications. This
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approximation is not generally valid when the switching characteristics of these
devices are considered.

Gate—Source Capacitance Charging Resistor. The charging resistor R; is
difficult to relate to bulk material parameters in the device. It represents the
time required to charge the gate depletion region capacitance. A suitable
expression can be determined from time-constant arguments. For example, the
gate—source capacitance charging time can be expressed as

= RiCys (1.93)

For short-gate-length devices it is known that
L

Cys=€Z— (7.94)
ap

The time constant T can be determined from the time required for the electrons
to travel the length of the gate region. Therefore,

[t L L 759

For short-gate devices at moderate to high drain potentials the first integral
becomes small, since most of the gate region is in velocity saturation. For a first
approximation, we can neglect the first integral. Therefore,

L-L L
T L 2 (7.96)
Vs g
ap
;= Kl .
Ri=K' (7.97)

where K’ is a proportionality constant chosen to match actual devices. For
typical 1-um-gate-length FETs

K' ~1.65x 10 Q-m/s

7.5.4 Equivalent Circuit and Figures of Merit

The GaAs MESFET equivalent circuit is shown in Fig. 7.21. This circuit can
be analyzed to determine the performance of the device. For purposes of anal-
ysis it is common to reduce the equivalent circuit to a simplified form, retaining
only the most significant elements. The circuit reduces as shown in Fig. 7.22.
Note that all elements that provide coupling from the output loop to the input
loop have been removed. This simplification produces a circuit that is easily
analyzed but does not necessarily accurately predict device performance, espe-
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Figure 7.22 Simplified equivalent circuit for MESFET. Only elements of first-order importance
are included.

cially at microwave frequencies. The simplified circuit produces the gain—
bandwidth product f7 and the maximum frequency of oscillation fin.y, which
are commonly used as figures of merit. These parameters will be derived and
then the complete circuit will be analyzed to show the significance of the feed-
back elements.

The short-circuit current gain is calculated by placing a short circuit on the
output and calculating the current gain from the expression

Iout Im
by = = _Im 7.98
2 Iin jwcgs ( )

The frequency at which the magnitude of hy; is reduced to unity is defined as
the gain—bandwidth product,

Im
Jr= Il (7.99)
gs

For short-gate-length devices, the transconductance and gate—source capaci-
tance can be written as

I 2eZvg
S 7.100
Weo(2) ~ ap (7.100)
Cgs =2eZ <£ + 1.56) (7.101)
ap

If the fringing-field term is neglected, these expressions can be substituted into
the fr expression to get

T 2nL

Jr (7.102)

The fr of the device is directly proportional to the saturated velocity of the
charge carriers under the gate and inversely proportional to the gate length.
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Since high fr is desirable for high-frequency performance, short gate lengths
and high-velocity semiconductors are required.

Power Gain and fmax- The power gain of the device can be calculated from
the admittance matrix for the device,

[Ii ] _ [J’n Jﬂz] [ Vin] (7.103)
Lot Y21 Y22 Vout

The device circuit couples energy from an external source to an external load.
The unilateral power gain is defined as the ratio between the power delivered to
the load over the power available from the source when the feedback network
is tuned so that no feedback occurs and the input and output are simulta-
neously and conjugately matched.

The unilateral power gain expression can be applied to the simplified equiv-
alent circuit in Fig. 7.22. It follows that the admittance matrix is

1
YT R+ 170Gy
Y2 = _9m
1 +ijgng (7_104)

1
— — tjoC
Y22 Rds+]a) ds
y2=0

Substituting into the unilateral gain definition, it follows that

U= % (%)2 I;‘j (7.105)

The maximum frequency of oscillation, fmax, is defined as the frequency at
which the unilateral power gain is reduced to unity and is given as

_Jr |Ras
Jwax =5 \/R:g (7.106)

The fmax frequency separates the active and passive regions for the network.
Above finax the network is passive and incapable of amplifying RF energy. The
unilateral gain can be written in terms of fmax as

U= (f‘}a")Z (7.107)
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and to increase the gain, it is necessary to maximize fy.x. Also, from the U
expression the importance of a large channel resistance Ry and a low input
resistance R, for obtaining optimum gain is seen.

This single-pole model predicts that the unilateral gain will decrease with
frequency at a rate of 6 dB/octave or 20 dB/decade. At low frequencies (i.c.,
J < fmax), this approximation is quite accurate. At higher frequencies, the other
elements in the equivalent circuit become important and add complexity to the
calculation. For example, when the complete equivalent circuit is analyzed, it
is found that the unilateral gain decreases at a 6-dB/octave rate at low fre-
quencies, as predicted from the simple analysis, but the rolloff rate increases to
about 12 dB/octave at higher frequencies. It has been noted by Das [30] that
parasitic common lead elements produce the increased unilateral gain rolloff.
Steer and Trew [31] and Trew and Steer [32] have shown that internal feedback,
caused by the charge dipole domain that forms in the channels of field-effect-
type transistors, precduces a complex pole in the unilateral gain, and above the
pole frequency the gain decreases at a 12-dB/octave rate. If the complete
equivalent circuit of Fig. 7.21 is analyzed, an approximation for the unilateral
gain is found to be

U

I

IR as ! (7.108)
4CgsRi(Cgs - Cdcngds) w2(1 _p2w2) .

where

e (R2Cys)(Cic + Cgs)? + CacmRas(12/2) (7.109)
Cdcngds - Cgs

This calculation includes the elements listed in Table 7.2 and indicates the sig-
nificance of the domain capacitance (Cy.) in establishing the additional pole.

Table 7.2 Equivalent Circuit Parameters for }-um-Gate-
Length Millimeter-Wave GaAs MESFET

Element Value
R, 4,550
R 1.46 Q
Ry 6.7Q

R; 2.69 Q
Ry 556 Q
Cys 0.071 pF
Cod 0.001 pF
Cus 0.025 pF
Ca 0.011 pF
Im 15.2 mS

T 1.25 ps




360 ACTIVE DEVICES

50 T T T T T T T T T TV 1] T
Q:B/octave

40 |- -
)
A=) -
= 30 -
«©
o
©
L
o
= 20 - -1
o

10 =1

-12 dB/octave\
0 I llIllJI' S llllllll
1 2 5 10 20 50 100 300

Frequency (GHz)

Figure 7.23 Unilateral gain calculated from complete equivalent circuit shown in Fig. 7.21.

Using the parameter values listed in Table 7.2 for a millimeter-wave GaAs
MESFET, the unilateral gain performance shown in Fig. 7.23 results. Note the
12-dB/octave rolloff at the higher frequencies. If the domain capacitance is
removed from the full circuit, the unilateral gain decreases at a 6-dB/octave
rate throughout the frequency range. It should be noted that this analysis does
not consider distributed effects, and these effects will result in even greater
rolloff rates. When these effects and the effects of lead parasitics are included,
rolloff rates greater than 12 dB/octave can occur.

7.5.5 Noise Figure Analysis

The noise figure performance of GaAs MESFETs is most readily calculated
using the equivalent circuit shown in Fig. 7.24, where shunt current noise gen-
erators are located at the input and output ports. This representation is partic-
ularly meaningful for GaAs MESFETSs, since the shunt generators represent
noise sources at the gate, source, and drain electrodes. The noise source at the
output represents the short-circuit drain-source channel noise. The drain cur-
rent generator is defined in mean-square terms as [33]

2, = 4kTo Afgm P 7.110
nd

where k is Boltzmann’s constant, T is the lattice temperature, Af is a band-
width, g,, is the device transconductance, and P is a dimensionless drain noise
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Figure 7.24 Noise equivalent circuit for GaAs MESFET. Noise sources Ings Jnd» €ng, and eng
represent induced gate noise, drain circuit noise, and thermal noise of gate and source
resistances.

factor that depends upon device geometry and bias conditions. For zero drain—
source voltage P = (Raysgm)_1 and P usually has a numerical value between 1
and 3. The gate noise generator is defined as [34]

~ w?C2R

i3, = 4kTo Af (7.111)

m

where R is a dimensionless gate noise factor that depends upon bias. For zero
drain-source voltage, R ~ g,,R;.

The gate and drain current generators are capacitively coupled and, there-
fore, partially correlated. The degree of correlation can be expressed by a factor
C [34], where

i;;g - Ind

/i2 .42
lng lnd

The star stands for the complex conjugate and j is the imaginary representa-
tion. The magnitude of C is generally about 0.8 or smaller.
The minimum noise figure for the intrinsic MESFET can be expressed [26]

as
2
Fin = 1+2,/PR(1 — C? 1+2ng,-1’<1 - C\/E> (i> (7.113)
Jr R

jC = (7.112)

Jr

This expression can be applied to the equivalent circuit in Fig. 7.24 to obtain

Cys
Fopjn =1 +2<27Zf gg

){Kg[Kr T gn(Ry + R}

42 (an j—g) (K ygm(Ry + Ry + K.R))] (7.114)
m
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2
K, =P (1-0@) +(1-C2)I—;

K - R(1-C?)
" (1-C\/R/P)*+(1- CH)R/P

K 1 - Cy/R/P
7 (1- C\/R/P)* + (1 — C?)R/P

This expression has been simplified by Fukui [35], and for devices operating at
frequencies below fr the minimum noise figure can be approximated as

Foin = 10 log[l + KfLy/gm(Ry + Ry)] (7.115)

where L is the gate length and K is a fitting factor selected to match experi-
mental data. Generally, for 1-um-gate-length devices K varies from 0.25 to 0.3
and a value of 0.27 is found to be generally valid. This expression indicates that
low minimum noise figures are obtained with short-gate-length devices that
have low parasitic resistance. This expression agrees well with experimental
data, as shown in Fig. 7.25, where the noise measure and noise figure are
shown for devices of various gate lengths [36].

The minimum noise figure can be defined in terms of practical device
parameters. The device transconductance can be expressed as [37]

1/3
m = KZ(;E) (7.116)

where

where Z is the gate width in millimeters, a is the channel thickness in micro-
meters, N is the channel doping in 10'® cm™, and K is the fitting factor pre-
viously described. The gate resistance can be written as

Z2

Ry =117

(7.117)
where z is a unit gate width in millimeters, Z is the actual gate width in milli-
meters, & is the gate metallization height in micrometers, and L is the gate
length in micrometers.

For a recessed gate device the source resistance can be expressed as a sum of
three component resistances as

R, =R +Ry+ R (7.118)

where R; represents the source contact resistance and R, and Rj are resistances
of the semiconductor between the source and gate electrodes. The resistance R;
is calculated for the region outside the recessed area, and R; is calculated for
the region under the recess. These resistances are given by the expressions
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Figure 7.25 Noise measure and noise figure measured for GaAs MESFETs as a function of
gate length (After Goronkin and Nair. Reprinted with permission of IEEE.)

2.1
1.1L;
Ry~ " _"~-_ 7.1190
2T ZaN9® (7.115)
1.1L;
R ——— 7.119
= ZaND® (7-115¢)

where a is the channel thickness under the source electrode in micrometers, N,
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is the doping density under the source electrode in 10'® cm™, L, and Ls are
the lengths of the respective fractions of the channel between the source and
gate electrodes in micrometers, a; and a; are the thicknesses of their respec-
tive regions in micrometers, and N, and Nj are the doping densities of their
respective regions in 10'¢ cm™3.

By defining the maximum unit gate width as the limit when R, exceeds R;,
an expression for the minimum noise figure in a form suitable for practical
device design is obtained. The expression is

NLS\S 1722 2.1 1L,  11Ls |7
Fon =1+ /K[ — —q - : 2
mi +f ( p ) X [ 3 ( +s)+a(1).5N10.66+a2N20.82+a3N§).82
(7.120)

where s = 0.081/7AL is a factor that accounts for the skin effect on the gate
metal. In this expression a noise coefficient factor K = 0.040 is found to give
good results.

From the circuit perspective it is useful to treat the device as a noisy two-
port with the noise sources referenced to the input. Using this formulation, the
minimum noise figure can be written in the form [38]

b o R [(Re = Rl + (X~ Xep)®
min Rs Rgp + onp

(7.121)

where R, is an equivalent noise resistance, R; and X, are the signal source
impedances, and R, and Xop are the signal source impedances that produce
the lowest noise figure. Note that when the source impedance is equal to the
optimum value, the noise figure is equal to its minimum value. This equation is
very useful for circuit design, since it shows the effect of input circuit mismatch
upon noise figure.

The minimum noise figure is presented in (7.120) in a form useful for prac-
tical design. Fukui [39] has presented expressions for the other terms in a simi-
lar form. The expressions are

40 [aL\?
R, = 70 (%) (1.122)
1/3 2
B . aL 17z 2.1 1.1L,
Rop=22Z [12.5 ( N) oLt NS T @ a)NoE (7.123)
450 [ a \'/?
Xop = f—Z <—]\7ﬁ> (7124)

where L, is the distance between the source and gate electrodes in micro-
meters. The a, term is the depletion depth in micrometers at the surface in the
source—gate region.
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Table 7.3 Comparison of Predicted Value of Optimal Noise Figure from Geometric and
Material Parameters with Directly Measured Value for Sample GaAs MESFETs A-E

Parameter
Symbol Unit A B C D E
Predicted by (7.120) Foin dB 1.72 1.80 2.12 1.56 1.70
Measured directly Fain dB 1.75 1.76 2.22 1.51 1.74

As indicated by (7.121), the device noise figure is a sensitive function of
input impedance matching. In order to decrease this sensitivity, it is necessary
to decrease the magnitude of the equivalent noise resistance R,. This is ac-
complished by designing the device with a short gate length and high channel
doping. A comparison of five low-noise designs based upon these calculations is
presented in Tables 7.3 and 7.4. The device dimensions are indicated in Fig.
7.26.

7.5.6 Arbitrary Doping Profile Model and Deep Levels

The two-region model discussed in Section 7.5.2 has been extended by Golio
and Trew [40], so that arbitrary doping profile devices and the effects of deep
levels in the conducting channel can be investigated. The noise analysis tech-
nique presented by Pucel et al. [26] has been applied to the general profile

Table 7.4 Design Parameters of Five Representative GaAs MESFETs (a—e) Used for
Calculation of Optimal Noise Figure as Function of Frequency as Shown in Fig. 7.26

Parameter

Symbol Unit a b c d e
L pum 0.9 0.9 0.5 0.5 0.25
L, pm 0.9 1.2 0.8 0.8 04
L, pm 1.0 0.75 0.75 0.75 04
L pm 0 04 0.3 0.3 0.2
h pm 0.5 1.0 0.65 0.65 0.4
N 1016 cm—3 7 4 8 8 18
M 1016 cm—3 7 200 200 200 200
N, 1016 ¢m—3 7 200 200 200 200
N3 10" cm—3 — 4 8 8 18

a pm 0.3 0.27 0.15 0.15 0.1
a pm 0.3 0.15 0.15 0.15 0.15
a, pm 0.17 0.12 0.12 0.12 0.12
a3 um — 0.27 0.15 0.15 0.1
z mm 0.25 0.25 0.25 0.1 0.065

Zm mm 0.24 0.23 0.14 0.14 0.065
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Figure 7.26 Device geometry for recessed-gate GaAs MESFET showing device dimensions
used in noise figure calculations in text.

model by Trew et al. [41]. An investigation of recessed-gate, ion-implanted
devices shows that an optimum recess depth exists for a given channel doping.
For example, the device transconductance and gate—source capacitance are
shown in Fig. 7.27 for devices fabricated with various implants and recess
depths. Each implanted profile has the same peak doping density. The maxi-
mum transconductance is independent of implant energy but is obtained at a
critical recess depth. The optimum recess depth occurs when the gate depletion
region is able to exercise maximum control over the channel current, and this
occurs with a gate length—channel thickness ratio of about 3. Thicker channels
decrease the modulation efficiency, and thinner channels decrease the channel
current.

Although deep levels generally charge and discharge with time constants too
long to directly affect the RF performance of microwave devices, they influence
the gain and noise performance of MESFETs through an indirect process.
They degrade the charge carrier transport characteristics by introducing addi-
tional scattering centers. This effect is illustrated in Fig. 7.28 where the elec-
tron mobility for an ion-implanted channel is shown for various deep-level
densities. The degree of degradation increases rapidly as the deep-level density
approaches the channel donor density.

The gain and noise figure performances of GaAs MESFETs are degraded by
deep levels, as shown in Fig. 7.29. This figure presents the associated gain and
minimum noise figure calculated for devices fabricated with various channel
implants. Each device has the same peak doping density and is recessed so that
all devices have the same I The data are shown for a frequency of 8 GHz.
This figure shows the associated gain to be independent of implant energy but
to be reduced by the deep-level density. The minimum noise figure decreases
with implant energy for low deep-level density but increases with implant
energy for high deep-level density. This indicates that the lowest noise figures
will be obtained from devices fabricated from high-quality material (i.e., low
deep-level density) and relatively high implant energy. Deep recess depths are
indicated.
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Figure 7.27 (a) Device transconductance vs. recess depth for devices fabricated with various
implant energies. (b) Gate—source capacitance vs. recess depth for GaAs MESFETs fabricated

with various implant energies.
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7.5.7 Power Field-Effect Transistors

Field-effect transistors are very useful as power devices. Transistors can be
optimized for maximum RF output power or maximum power-added efficiency
(PAE), although it is difficult to obtain both conditions simultaneously. The
RF performance available from commercial FETs up to the Ka band is shown
in Fig. 7.30. Power FETs producing 80 W RF output power at 3 GHz and on
the order of 1 W at the Ka band are available. Power-added efficiency on the
order of 40% is obtained at the S band. However, due to power cell combining
losses and phase matching considerations, PAE is reduced to below 30% at the
X band and 20% at the Ka band. Gain is typically on the order of 6 dB. The
high RF output power shown in Fig. 7.30 is generally only possible over rela-
tively narrow bandwidth, and it is difficult to broadband power devices due to
low input impedance.

In order to obtain high output RF power, it is necessary to operate the FET
at high drain-source voltage and current. This requirement has implications for
the design of power devices. In order to support high drain bias voltage, it is
necessary that the structure have a high gate—drain breakdown voltage. This
suggests low channel doping density and large gate—drain spacing. Low chan-
nel doping density, however, is inconsistent with high channel current, and
large gate—drain spacing increases parasitics and limits operation frequency.
The spacing criterion is addressed with the use of recessed-gate structures. For
example, the basic power FET structures are shown in Fig. 7.31. The flat
channel device has a low breakdown voltage. A simple recess of the gate into
the channel increases the gate-drain spacing and results in an increase in
breakdown voltage [42]. Frensley [43] has presented a good analysis of the
power-limiting effects of breakdown. The RF performance principles of power
FETs, including the effects of RF breakdown, have been presented by Winslow
and Trew [44].
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Figure 7.30 RF performance of commercial
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1t is known that breakdown occurs in the high-field domain that forms in the
gate—drain region of the channel. A smooth electric field transition in this
region results in an increase in the breakdown voltage, and this situation can be
achieved with the graded recess structure. Breakdown voltages in excess of
20 V can be obtained with this structure. Excellent performance has also been
obtained with an n* contact ledge structure with a double recess. An investi-
gation of this structure [45] shows that the gate recess should be as narrow as
possible. The wide recess should be 0.5-0.7 pm wider than the gate and the
gate recess depth should be about 0.05-0.09 um. Devices of this type produce
more than 1 W/mm of gate width at the X band with high gain (~10 dB) and
efficiency (~40%).

The breakdown condition limits the extent to which doping can be increased
to achieve high channel current. Other ways to increase the current are re-
quired. One technique is to increase the thickness of the channel. This method,
however, decreases the modulation efficiency of the gate and the gain of the
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Figure 7.31 Basic power GaAs MESFET geometries.

device. Typical channel thickness is limited to the range of 0.2-0.4 pm at the X
band, and the thickness must be scaled inversely with frequency. The most
effective method for increasing channel current is to increase the gate width. At
the X band, gate widths in the range of 0.4-4 mm are typically used, and
gate widths in the range of 20-40 mm are possible. Gate widths of this mag-
nitude are long relative to a wavelength, and in order to avoid distributed
effects, multiple gate feeds and power-combining techniques are used. Gener-
ally, the gate width that an individual gate feeds should be less than a tenth of a
wavelength, and at the X band this limits the gate width cell to the range of
150-300 pm. Higher frequency devices, of course, require reduced gate width
per gate feed.

Various power-combining techniques have been used. The most commonly
used technique involves the direct paralleling of multiple gate feeds, or fingers.
This technique requires multiple bond wires or crossover structures, as shown
in Fig. 7.32. The crossover is achieved with a metal that connects the various
gate fingers. The metal must be isolated from the source contacts, and this is
achieved by depositing the metal over a dielectric or air dielectric. The air
bridge crossover is fabricated by depositing the metal over a photoresist layer
that has been deposited over the source contact and channel region, excluding
the gate contact. The air bridge results when the photoresist is dissolved and
removed. The air bridge is preferred to the dielectric overlay due to reduced
parasitic capacitance. From a circuit perspective, wide gate widths produce low
input and output impedances, and this makes it difficult to design broadband
power amplifiers.

Heat dissipation is important in power FET design, and adequate heat
sinking must be provided. Various techniques have been investigated for
reducing the thermal resistance of the device and mounting structure so that the
temperature rise of the channel can be limited. The heat dissipation problem in
power FETs is increased by the poor thermal conductivity of GaAs. This fun-
damental problem can be addressed by thinning the semi-insulating substrate
as much as possible. The device can also be flip-chip mounted, so that the main
heat flow path does not pass through the substrate. This technique is difficult to
apply in many situations. The most effective technique for heat sinking involves
the use of via holes with thin substrate chips. The via holes are fabricated by
etching holes through the substrate under the source contacts and then filling
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Figure 7.32 Power GaAs MESFET structure using overlays to connect gate fingers.

the holes with a metal. When used with plated heat sink technology this tech-
nique produces devices with low thermal resistance. It also produces low para-
sitic source resistance and inductance.

7.6 HEMTs

Field-effect transistors based upon heterojunctions can also be fabricated.
These devices make use of the modulation doping principle proposed by Esaki
and Tsu in 1969 [46], as shown in Fig. 7.33. Free charge from the high-doped
regions diffuses into the low-doped regions where it is able to flow with high
mobility due to the lack of impurity scattering in the low-doped regions. High
current results. If the high-doped region is fabricated from a semiconductor
with a wider bandgap than the low-doped regions and the discontinuity in the
energy bands is restricted to the conduction band, a quantum well is created in
the conduction bands at the interface between the two semiconductors. As
electrons from the wide-bandgap semiconductor diffuse into the quantum well,
a two-dimensional electron gas (2DEG) is created, as shown in Fig. 7.34.

The concept was demonstrated by Stormer et al. in 1979 [47]. The 2DEG
can be used to form the channel region for a FET, as shown in Fig. 7.35. The
resulting transistor is called a high-electron-mobility transistor (HEMT) and
was demonstrated by Mimura et al. in 1980 [48]. HEMTs have extremely high
frequency performance capability and very low noise performance, primarily
due to the very high mobility characteristics of the 2DEG. These devices are
also used for microwave and millimeter-wave power applications and above the
X band are superior to MESFETs.

7.6.1 HEMT Model

A small-signal equivalent circuit for a HEMT can be derived in the same
manner as for the MESFET. Starting from the basic semiconductor equations,
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the fundamental approach is to develop an expression for the channel current
as a function of applied voltage. The current expression can then be appropri-
ately differentiated to derive expressions for the equivalent circuit element
values such as Cgy, gm, and so on.

The 2DEG that forms at the interface between the AlGaAs and GaAs, as
shown in Fig. 7.34, consists of electron charge confined in discrete energy
levels. If a two-energy-level model is assumed, the charge in the 2DEG can be
written as

d

0s=-4 L nsdy (7.125)

where d is the thickness of the AlGaAs layer and n, is the charge at the
AlGaAs—GaAs interface and is expressed as

D
n = ’;T In[(1 + c@<TIEE) (] 4 (Ja/RT)E~ED)] (7.126)

were Ey and E; are the positions of the first two allowed energy levels in the
interface charge quantum well and

_qm

b= 7h?

Eo =y  Ey=yn?? (7.127)

The terms y, and y, are constants that can be theoretically derived or measured
from Shubnikov-DeHaas measurements. Measurements indicate values of

2 =2.5%x1072V.m*? 5 =32x1072V.m*’

Also, the constant D has been measured to have a value
D=324x10"m2/V

The charge in the 2DEG arises from depletion from the AlGaAs and can be
calculated from the expression

E AE,
-] o

where
_ qNadj

sz 262

(7.129)
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Simultaneous solution of these equations yields an expression for the 2DEG

charge density as a function of distance along the channel. The resulting
expression is

m) = 5( = Vr = V() (7.130)

where V (x) 1s the channel potential and
I’T—““(p ——t+———Vp 7.131
b q q i ( )

The channel current is given by the expression

Iy = Wany(x)v(x) (7.132)
The channel current dependence upon channel voltage is contained within the
ny(x) and v(x) terms. After some manipulation, the following equation for

current as a function of voltage is obtained:

Wier [(Vg = Vro)® = (V= Vo — Va)?)

~ N
L= S Ad (L, + Va/E.) (7.133)
where
AE, AEn(T
Vio =@, ———+ —-—fl( ) — Ve (7134)
q q
Ad =% (7.135)

€2

The equivalent circuit element values as a function of gate—source voltage
are shown in Fig. 7.36. The gate-source voltage can vary from pinch-off to
forward bias. At pinch-off the negative voltage applied to the gate electrode is
sufficient to force all charge from the 2DEG, thereby eliminating it. For for-
ward bias more charge is injected into the 2DEG, thereby increasing its density.
The channel current, represented by I; st in Fig. 7.36 follows the channel
2DEG density and varies from 0 at pinch-off to a maximum under forward
bias. The transconductance has minimum values near pinch-off and for for-
ward bias. Transconductance typically has a maximum for slight reverse bias
on the gate. The gate—source capacitance tends to low values near pinch-off,
with a broad region for moderate bias where Cys 1s only weakly dependent
upon gate--source voltage. For forward bias, C,, increases due to the increased
2DEG charge density.
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7.6.2 Noise Performance

High-electron-mobility transistors have excellent noise performance with very
low noise figures. The excellent noise performance results primarily from low
channel and source resistance due to the high 2DEG channel charge density
and very high electron mobility. The HEMTs have the lowest noise figures of
any transistor and are extensively used in front ends for low-noise receivers for
satellite communications, cellular telephones, radiometers, and other applica-
tions.

The noise performance of HEMTs optimized for low-noise performance as a
function of frequency is shown in Fig. 7.37. As shown, HEMTs produce noise
figures on the order of 0.2-0.3 dB at the X band and noise figure approaching
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Figure 7.37 Noise figure performance for HEMTs.
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slightly greater than 1 dB at 100 GHz. These devices produce excellent low-
noise amplifiers for millimeter-wave applications.

7.7 COMPARISON OF BIPOLAR TRANSISTOR AND
FET NOISE FIGURES

In low-noise applications FETs are preferred to bipolar transistors. The FET
demonstrates a lower noise figure than the bipolar transistor throughout the
microwave and millimeter-wave frequency range, and the advantage increases
with frequency. This advantage is demonstrated by the comparison of the
expressions for the minimum noise figure for the two devices. The bipolar
transistor has a minimum noise figure of the form

2
Fmingl+bf2<1+ 1+bf—2> (7.136)
where
401.r,
b= 7.137
7 7

where r, is the parasitic base resistance and I, is the collector current. The
minimum noise figure for the FET is written in the form

Fomin = 1 + mf (7.138)

where

m gm(Ry + Ry) (7.139)

25

Jr
Comparing these expressions shows that the minimum noise figure increases
with frequency quadratically for bipolar transistors and linearly for FETs.
Therefore, the FET demonstrates increasingly superior noise figure perfor-
mance as compared to bipolar transistors as the operating frequency is
increased.
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PROBLEMS

7.1 The one-dimensional time-dependent continuity equation for free holes in
the base of a uniformly doped pnp transistor is

?*(ps